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Introduction

Digital transmission is constantly evolving. Yet many fundamentals within the field
of digital transmission remain constant. This book serves as an introduction both to
digital transmission theory and to current applications.

Since early times people have used digital transmission as a way to send important
messages: from signaling with beacons of light to today’s cellular systems and the
Internet. Digital transmission is a way to send messages over various media with the
minimal amount of confusion at the receiver. The earliest electronic communications
system, the telegraph, was digital using Morse code. Using digital communications
with the early telegraph was necessary to avoid the problem of electronic noise and
its effect on a low-power signal. It is much easier to distinguish between a dot and
a dash and then to reconstruct alphanumeric messages, than it is an analog voice
message. Moreover, digital transmission easily admits encryption for security and
message routing in networks. Twentieth-century analog communications is in some
ways an anomaly in the history of communications and has mostly, although not
entirely, been replaced by digital transmission.

This book provides both a foundation in modern digital communications as well
as an exploration of current digital transmission issues. Chapters 1–5 present the
basics of digital communications theory and would represent material covered in
a graduate course in digital communications. Chapters 6–10 delve deeper into the
field of communications by exploring particular types of digital communications,
(spread-spectrum, single-carrier, multicarrier) as well as required receiver methods
such as synchronization and equalization. Chapters 11–16 focus on more specific ap-
plications of communications, for example, power line and optical communications.
This book should serve both as an introduction and reference to the field of digital
transmission.

Chapter 1 by Stephen Weinstein introduces the history and general issues
associated with digital information. It provides context for the rest of the book and
the field in general. Chapter 2 by Stephen Wilson and Tingjun Xie outlines the
principle of baseband (low-frequency) representation of passband (assigned carrier
frequency) modulation in digital communications. Michael Rice introduces single-
carrier modulation in Chapter 3; this is a basis for all other types of communications
and provides a fundamental lesson in how to send digital signals. Chapter 4 by Erik
Strom explains how to optimally demodulate/decode these signals in an additive
white Gaussian noise environment. Chapter 5 by Matthew Valenti and Mohammed
Fanaei explains how coding and modulation relate. Note that a more complete book
on error control coding can be found in our sister book, Error Control Coding.

Chapter 6 by Henry Bertoni and Saul Torrico describes the propagation issues
and challenges associated with the radio channel. This leads to two chapters on how
to resolve issues due to channel conditions: Chapter 7 by Marc Moeneclaey and
Nele Noels, and Chapter 8 by John Barry. Chapter 7 focuses on how to synchronize
a digital transmission signal while Chapter 8 focuses on how to compensate for

xxi



xxii Introduction

frequency-selective channels with equalization. Chapter 9 by Sarah Kate Wilson and
Octavia Dobre focuses on multicarrier modulation, a technique that simplifies the
equalization that is required for single-carrier signals found in Chapter 8. Chapter 10
by Scott Miller introduces spread-spectrum modulation, a technique developed in
military communication, but now used in the third-generation cellular system.

Chapter 11 on MIMO by Constantinos Papadias expands on how to increase the
efficiency of digital communications through the use of multiple antennas at the
transmitter and/or the receiver. Chapter 12 by Henk Wyrmeesch and Attila Erylmaz
discusses how to accommodate several users in communications system.

Chapter 13, Cognitive Radio and Spectrum Sensing, by Ekram Hossain shows
how we can further increase the number of users in a communications system
through smart sensing and use of the radio spectrum. Chapters 14 and 15, by
Steven Gorshe and Ahmad Sassani respectively, are devoted to communications
standards. Chapter 14 focuses on wireline standards while Chapter 15 focuses on
wireless standards. Chapters 16 and 17 focus on power line transmission and optical
transmission. In Chapter 16 Maite Brandt-Pearce and Mohammad Noshad focus on
the issues associated with digital transmission in an optical channel. In Chapter 17,
Lutz Lampe and Lars Berger discuss the issues associated with another challenging
channel, the power line. Finally, Alan Gatherer addresses issues associated with
building transceivers in a cellular system in Chapter 18.
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This first chapter is a broad introduction to digital transmission that introduces basic
concepts and techniques and their application in major wired and wireless networks.
It leaves detailed development to the later chapters. Topics in this chapter cover
backbone and access technologies and networks, the rise of data communications
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2 CHAPTER 1 Introduction to digital transmission

and Internet technologies, and the wireless networks that are the current focus of
development. The following concise guide may help to tie the sections together.

1.1 WHY DIGITAL?
There are still a few exceptions, notably analog amplitude modulation (AM) and
frequency modulation (FM) radio broadcasting that have surprised us all with
their longevity, but digital transmission is dominant for all media in wired and
wireless communications, terrestrial and satellite television, and everything that
comes through the Internet. Consumers today do not expect anything else and the
phrase “analog communication” is rarely heard. Before embarking on the weightier
technical content of this book, which specifically addresses digital transmission, it
helps our understanding and appreciation of these digital technologies to look back
at the motivations, the technical basics, and the social and economic pressures to
work with digital representations and transmission of information, particularly voice
and video information. We recognize that digital transmission has a very long history
and in fact, for long-distance transmission, was used millennia before long-distance
analog transmission. The demand for high-quality long-distance transmission was, in
fact, one of the main motivators for digitizing analog voice in modern times.

But let us begin thousands of years ago, when people began using drumbeats and
smoke signals to convey simple messages. It is likely, although we cannot know for
sure, that information was not sent as continuous variations in smoke or drumbeat
volume but rather as the presence or absence of signal or as a coarse quantization
of volume such as “lots of smoke” versus “not much smoke” or “no smoke.” This
reflected, in part, the reality that humans had not yet created signal analogs of
information waveforms such as speech, although they could have conceived of a
signal analog of a nearly continuously varied parameter such as, for example, the
amount of food on hand. But more relevant to contemporary digital communications,
this coarse quantization was de facto recognition of the noise immunity advantage of
digital signaling. Continuous variations of smoke or sound (or any other detectable-
from-a-distance representation) would be difficult to do, degraded by both human
error and environmental influences such as wind. Quantized, easily differentiated
digital signals could, in contrast, be correctly received and interpreted almost all the
time despite (usually) small perturbations caused by these impairing factors. This
was especially important for information relayed over several hops, where the effects
of noise might add and cause even more perturbation of continuous analog signals
but would, with an appropriate digital quantization, have only a small probability of
causing a detection error for the digital signal. Similarly for information storage,
digital representation of information avoids distortions due to the degradation of
the medium used for information storage, most obvious in phonograph records.
The information will very likely be as accurate the 1000th time it is read as the
first. These properties are as true for electrical communication as they were for
smoke signals, and with current achievements in very large-scale integration (VLSI)
of semiconductor memories, we have an additional advantage of very large digital
memories in very small volumes.
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More sophisticated digital transmission systems also evolved quite early. In
Greece in 350 BC, Aeneas documented a sight-based relay network in which the
information data were represented by different water levels in a visible container [1].
Without telescopes, the water levels would have to be quantized into just a few values
readable from a distance. This system had a control mechanism in which the raising
of torches signaled the beginning and end of transmission of data, a separate channel
demonstrating that today’s software defined network (SDN) is not the first example
of a system separating control and data planes.

Jumping forward to modern times and coding of analog information waveforms
such as speech and video into digital data streams for transmission and/or storage,
we recognize that the absence of analog noise perturbation enjoyed by digital
transmission does not mean the absence of any noise perturbation. Quantization
noise, the difference between a sample value of an analog waveform and its quantized
representation, is an aspect of the digital coding process explained below, and the
design of a transmission or storage system requires selection of parameters that
result in an acceptable quantization noise level. Not surprisingly, lower quantization
noise requires higher transmission rate with its attendant cost in bandwidth and other
transmission and storage resources.

Another motivation for going digital is the relative ease of implementing coding
for secrecy, authentication, and error detection and correction. Secrecy, meaning
protection from interception and reading by a third party, always vital in espionage
and war, is more important than ever in a global business environment in which
hacking into corporate databases has become a common crime. Authentication, proof
that a message comes from the claimed source and not a “spoofer,” also has great
importance to the value and safety of communications. Coding for error detection
and correction covers a broad range of techniques that, at the cost of adding a
little redundancy to a digital data stream, make it possible to learn that an error
has occurred in transmission and, with a little more redundancy, to correct at least
occasional errors.

Finally, digital transmission is appropriate and convenient for very low rate chan-
nels, initially long wires in the early 19th century and more recently radio channels
linking spacecraft with Earth, characterized by a low ratio of signal to noise (SNR)
and interference. An information object, such as a speech segment, photograph, or
video clip, can be digitally “compressed,” meaning removal of redundancy that can
consume transmission resources without adding much if any information, and then
transmitted at any feasible speed to be reconstructed later and, for voice and video,
displayed at a “real time” rate. Of course, there are delay penalties for this processing,
and compromises must be made among the available tradeoffs.

1.2 HISTORICAL PERSPECTIVE ON DIGITAL TRANSMISSION
Electrical telegraphy was one of the greatest technical innovations of the 19th
century. Although the poorly understood and generally uncompensated transmis-
sion characteristics of a long pair of wires forced very low transmission rates,
these rates were sufficient for transmission of the most urgent news and personal
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A B C D 0 1
E F G H 2 3
I J K L 4 5
M N O P 6 7
Q R S T 8 9
U V W X
Y Z

FIG. 1.1

Morse code for basic letters and numbers (there are additional codes for other characters
and punctuation).

communications. Samuel Morse devised, in 1838, a variable-length coding from one
digital representation (letters and numbers) to another digital representation (brief
presses of the telegraph key called “dots” and twice as long presses called “dashes”)
that achieved a remarkable data compression of the information stream. In Morse’s
coding scheme, frequently used letters received the shortest representations such as
one dot for “e,” two dots for “i,” and one dash for “t,” while the less frequently used
(in those days) numbers are represented by various combinations of five dots and
dashes (Fig. 1.1).

Morse code has the drawback of not being prefix free; that is, the representations
for some letters could be misinterpreted as the beginnings of other letters, such as
“e” (one dot) being a prefix of “a” (two dots), or “s” (three dots). Telegraphers had
to leave a considerable space between letters to avoid ambiguous reception. Huffman
coding [2], the best variable-length coding that systematically assigns the number of
bits as the log of the inverse of the probability of occurrence, is prefix free, as are all
fixed-length codes including the popular ASCII. Fixed-length codes do not generate
any compression of alphabetic letters.

Alexander Graham Bell, remembered today principally for the analog telephone,
was in fact funded to develop a multitone digital transmission system. The objective
was to multiply the capacity of telegraph (ie, digital) transmission lines by simultane-
ously communicating using tones of different frequencies. Although Bell retreated to
his family’s farm in Canada to escape from this work and focus on the telephone,
he developed and patented a workable two-tone apparatus, shown in Fig. 1.2.
This accomplishment, in heated competition with other inventors just as with the
telephone, received US Patent 174465 and was an early example of digital frequency-
division multiplexing (FDM). Bell’s telephone company later was desperate to
develop analog FDM for analog voice traffic, which was not really effective until
application of vacuum tubes to provide amplification at relay points [3].

1.2.1 THE SAMPLING THEOREM: TRANSITIONING MEDIA
FROM ANALOG TO DIGITAL
Digital transmission of voice traffic had to wait many more decades, requiring first
the discovery of the “sampling theorem.” This was a mathematical demonstration,
often credited to Harry Nyquist, that an analog (continuous) waveform can be exactly
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FIG. 1.2

Diagram in US Patent 174465 for Alexander Graham Bell’s “harmonic telegraph” in which
armatures vibrating at different frequencies may be modulated to produce noninterfering
telegraph signals. Similar tuned devices respond as receivers.

reconstructed from just a set of samples taken at a rate equal to (at least) twice the
highest frequency component of the analog waveform. Credit is also due to Vladimir
Kotelnikov, E.T. Whittaker, and others working in this area in the late 1920s and early
1930s. This powerful sampling theorem [4] is expressed and proved as follows:

Theorem 1.1. If a continuous time function x(t) is bandlimited to frequencies in
the range −W < f < W Hz, then

x(t) = (1/2W)
∑

n
x(n/2W)[sin 2πW(t − n/2W)/2πW(t − n/2W)], (1.1)

where the samples of x(t) are taken at time intervals of 1/2W.
Proof. Since the Fourier transform X(f ) of x(t) is limited to |f | < W, we can

represent it (in the frequency domain) by a Fourier series for a periodic function,
with period 2W, that equals X(f ) in the interval −W < f < W:

X(f ) =
{ ∑

n cn exp[−j2πnf /2W], |f | ≤ W
0 elsewhere

}
=

∑
n

cn exp[−j2πnf /2W]UW (f ),

(1.2)

where UW(f ) equals 1 for |f | < W and is 0 otherwise, and the {cn} are Fourier
coefficients to be determined below. Recalling that multiplication in the frequency
domain corresponds to convolution (indicated by a star “*”) in the time domain, and
denoting the inverse Fourier transform by F−1,
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x(t) = F−1

[∑
n

cn exp[−j2πnf /2W]
]

∗ F−1UW (f ) =
∑

n
cnδ[t − n/2W]

∗ 2W[sin(j2πWt)/2πWt]
= 2W

∑
n

cn[sin 2πW(t − n/2W)/2πW(t − n/2W)], (1.3)

where we have used the facts that the Fourier transform of the delta time function
δ[t − n/2W] is the exponential exp[−j2πnf /2W], the Fourier transform of the time
function 2W [sin(jπWt)/2πWt] is UW(f ), and the convolution of a delta function
with a time function simply picks out a specific sample of that time function. We
determine the values of the Fourier coefficients {cn} in Eq. (1.3) as follows to
complete the proof:

x(m/2W) =
ˆ −∞
∞

X(f )ej2π f (m/2W)df =
∑

cn

ˆ W

−W
ej2π f (m−n)/2Wdf = 2Wcm, (1.4)

where Eq. (1.2) has been substituted for X(f ) and it has been noted that all integrals
are 0 except when n = m. Thus

cm = x(m/2W)/2W, (1.5)

and substitution into Eq. (1.3) completes the proof.

1.2.2 PULSE CODE MODULATION
Digital transmission was not seriously implemented in the telephone network until
the 1960s although the foundation for it was the invention of pulse code modulation
(PCM) by Alec Reeves in the UK in 1938 [5]. PCM saw limited use during World
War II, notably for encrypted communication between President Roosevelt and Prime
Minister Churchill. PCM started with the sampling theorem, presuming samples
taken at (typically) 8000 samples/s to represent a telephone voice signal bandlimited
to 4 kHz. Reeves’ big additional step was to define a fixed set of discrete quantization
levels over the dynamic range of the signal and to represent each level by a fixed-
length digital word, normally 8 bits long. He demonstrated that good quality speech
could be reproduced from a sequence of these approximate sample values rather than
the actual ones. Each sample is rounded off to 1 of 256 quantization levels, each of
which is represented by an 8-bit digital word, that with 8000 samples/s results in a
64 kbps data stream. Fig. 1.3 shows a simplified PCM coding into eight quantization
levels, each represented by a 3-bit digital word. For the waveform shown, the six
quantized samples result in the digital data stream 110 011 001 100 001 101.

The difference between an actual sample value and the nearest quantization level
is the quantization noise. SNR is a common criterion for transmission quality. When
the only noise is quantization noise, the quantization levels are uniformly spaced, as
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Level  Word

6 110
5 101
4 100
3 011
2 010
1 001
0 000

7 111

FIG. 1.3

Pulse-code modulation (PCM) rounds off a sample to the nearest quantization level and
represents that quantization level with a fixed-length digital word.

shown in Fig. 1.3, and both the signal and the noise can be statistically described, the
SNR is the ratio of signal power to noise power expressed as [6]:

SNR = Signal variance/Quantization noise variance = 3(σ 2
x /x2

max)22b, (1.6)

where σ 2
x is the signal variance, x2

max is the square of the maximum signal amplitude,
and b is the number of bits per digital word, eight in the usual case for voice.
This expression makes the important point that although digital transmission is not
without noise, it has the great advantage that this noise level is set in advance, as
small as possible consistent with the capacity of the transmission channel, and is
not increased during transmission or storage. Of course, digital errors can occur
during transmission due to channel noise and distortion that the design of digital
transmission systems must take into account. Later chapters of this book will describe
in detail many of the mechanisms used in modern telecommunications to realize high
transmission efficiencies (bits per second per hertz of bandwidth) while keeping the
digital error rate below an acceptable level.

Although digital transmission is commonly associated with efficient use of
bandwidth, uncompressed PCM is not necessarily bandwidth efficient. For example,
baseband bipolar encoding (that transmits 2 bits/s per Hz) of a PCM data stream
will require 32 kHz bandwidth for a 64 kbps PCM stream, far more than the 4
kHz bandwidth of the original analog speech waveform. It is only through highly
effective compressive coding that we realize rates as low as 8 kbps for speech signals
of reasonably good quality. Together with efficient modulation techniques, this can
result in spectrum occupancy significantly lower than 4 kHz.

1.2.3 DIGITAL TRANSMISSION HIERARCHY AND SONET
A major motivation for applying PCM in the public switched telephone network
(PSTN) was to realize efficient time-division multiplexed (TDM) transmission for
multiple voice channels between telephone offices. For the relatively short distances
within a local exchange network, existing copper circuits could carry not just 1 but
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24 simultaneous conversations. TDM operates with a frame containing one word
from each of a number of digitized voice streams, as illustrated by the 128 µs
DS-1 frame representing digitized samples of 24 voice channels (8 bits each)
and 1 synchronization bit shown in Fig. 1.4, which transmits data at 1.544 Mb/s.
Frames are transmitted synchronously—strictly clocked and regular—8000 times/s,
suitable for regularly sampled signals such as voice and (some) video. This rate
was widely implemented on T1 carrier facilities. As time went on and transmission
rates increased on microwave and optical facilities, a TDM hierarchy developed with
much higher rates (Table 1.1) to accommodate far more voice channels on high-speed
media, up to the Synchronous Optical Network (SONET) standards extending to the
OC-768 rate of almost 40 Gbps.

Software-controlled electronic switching systems were deployed even before the
voice signals themselves were digitized, with “stored program control” of switching
functions. And when PCM transmission was introduced, so was fully digital circuit
switching. Internally, the telephone network became a fully digitized line-switched
system, with analog telephone signals from subscriber access lines converted in the
central office channel banks into digitized signals. Only 4 kHz of the bandwidth

1 2 3 4 24

Voice channels (8 bits each)

Payload 192 bits

……..

Timing bit

FIG. 1.4

The 128 µs DS-1 frame. Each slot contains the bits representing one PCM sample of a
particular source.

Table 1.1 Digital Transmission Hierarchies [7]

DS-0: 64.000 kbps (one voice channel)
DS-1: 1.544 Mbps in North American and 2.048 Mbps in Europe
DS-2: 6.312 Mbps
DS-3: 44.736 Mbps
DS-4: 273.000 Mbps
SONET commonly used rates
OC-1: 51.84 Mbps
OC-3: 155.52 Mbps
OC-12: 622.08 Mbps
OC-48: 2.48832 Mbps
OC-192: 9.95328 Gbps
OC-768: 39.81312 Gbps
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International
gateway switch

Third-level trunk
switching center

Third-level trunk
switching center

Subscriber lines

Second-level 
trunk switches

Local central
office channel 
banks & switches

Access networks Access networks Access networks Access networks

Trunk
circuits

Trunk circuits Trunk circuits

Trunk circuits

Trunk circuits

FIG. 1.5

The digitized public network.
Source: Drawn in part from R.J. Chapuis, 100 Years of Telephone Switching (1878–1978), North Holland

Publishing Company, 1982.

available on the subscriber access line was used, assured by cutoff filters. Fig. 1.5
provides an overview of the organization of the digitized public telephone network,
including assembly of traffic from diverse access systems, subscriber and trunk lines,
and digital switches in a hierarchy of functions and capacities.

Fig. 1.6 illustrates three typical access systems: a two-wire analog telephone
line converted into four-wire (separate in each direction) circuits, in which the

Digital framing

(eg, SONET)

A/D

2 wire/4 wire &
voiceband 
filtering

D/A

Twisted pair
(analog)

Digital transmission
systems

CORE NETWORKACCESS NETWORK

Twisted pair
(digital) DSLAM

OLT

Passive splitter

PON-optical 
subscriber
lines (digital)

Digital switch

Analog
telephony

Digital
subscriber
line

FIG. 1.6

Assembling traffic in a central office for digital transmission systems. DSLAM, digital
subscriber line access multiplexer; OLT, optical line termination; PON, passive optical
network.
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upstream analog voice signal from the subscriber line is converted to digital and the
downstream digital voice signal from the transmission system is converted to analog;
digital subscriber line (DSL); and passive optical network (PON). Note that a low-
pass filter in the analog to digital (A/D) converter limits use of the copper subscriber
line to 4 kHz, appropriate for voice but a severe limitation for data transmission.
The digitized information streams from these access systems may be combined
(multiplexed) in the frames used for digital transmission systems, from the modest
DS-1 frame at 1.544 Mbps to SONET frames at the high rates described in Table 1.1.

SONET, an international standard since 1988, enabled high speed transmission in
the international public backbone network of both synchronous (regularly clocked)
traffic, such as PCM speech, and asynchronous traffic such as asynchronous transfer
mode (ATM) and IP. SONET originated and is most widely used in North America,
while a similar international standard, synchronous digital hierarchy (SDH), is more
widely used in Europe.

Fig. 1.7 shows the earliest and lowest rate SONET frame. The frame consists
of 9 rows of 90 bytes, that is, 9 rows of 720 bits each. Frames are transmitted

Transport overhead

Section
overhead

Line
overhead

Framing

A1 A2 ID

DS-1 
(synchronous)

Pointer to SPE

Synchronous payload 
envelope (SPE)

Column
90

MUX MUX
Section

Line

….

SPE
column

87

Path overhead column

H1 H2

SPE
column 

1

PATH
TERMINA-
TION

PATH
TERMINA-
TION

Path
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A SONET frame for transmission at the OC-1 rate. Each square represents 1 byte (8 bits).
The rows of 90 bytes are transmitted sequentially.
Source: Drawn in part from R. Gitlin, J. Hayes, S. Weinstein, Data Communications Principles, Plenum, 1992.
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8000 times/s, so that a single byte per frame can carry a 64 kbps PCM data stream.
The total transmission rate is 8000 × 9 × 720 = 51.84 Mbps, the OC-1 rate shown
in Table 1.1. With three columns of frame overhead and one of path overhead, the
user data payload is 49.536 Mbps. It is carried in a subframe called the synchronous
payload envelope (SPE), with 9 rows and 87 columns including the path overhead
column, leaving 86 columns for user data. The SPE may be contained in a single
frame or overlap two frames as illustrated in Fig. 1.7. When it overlaps, bytes shown
to the right of the frame wrap around into the slots to the left of the SPE. Bytes
shown underneath the frame map into columns 4–90 of the next transmitted frame.
A multiple of OC-1 frames are byte interleaved to realize a higher SONET rate, but
path overhead may be constrained to one column instead of the multiple number
of columns. Fig. 1.7 illustrates transport of a single DS-1 stream at 1.544 Mbps,
corresponding to 24.125 bytes in each SONET frame, in three columns, a bit wasteful
since three columns imply 27 bytes/frame.

Although for trunk circuits, digital TDM largely replaced the analog FDM sys-
tems for carrying multiple telephone calls, FDM has returned in optical transmission
systems where use of multiple carrier wavelengths can vastly increase the capacity.
Each wavelength in such a wavelength division multiplexed (WDM) system is likely
to carry one of the SONET TDM rates shown in Table 1.1.

Many different kinds of traffic can be multiplexed into a SONET frame, not only
PCM voice streams. Although SONET is designed for synchronous traffic only, of
which DS-1 is an example, other traffic types such as ATM and IP, both described
later in this chapter, can be encapsulated into synchronous streams. Ordinarily a
single SPE will carry only one type of traffic since traffic requirements may differ,
such as a delay for IP packets that may be unacceptable for synchronous voice
traffic; but mixes are possible. The path overhead column allows identification of
the traffic type.

1.3 MICROWAVE, OPTICAL, AND SATELLITE TRANSMISSION
SYSTEMS
Before optical transmission systems became the workhorses of the backbone net-
work, analog voice and the early digitized voice traffic were transmitted over long
distances using either coaxial cables or (on land) through fixed microwave transmis-
sion systems. A voice channel often used both coaxial and microwave transmission
segments. In 1932 Marconi designed what was probably the first regular microwave
relay link for telephony, connecting Vatican City with the Pope’s summer residence
at Castel Gandolfo (www.seas.columbia.edu/marconi/history.html). However, it was
the invention of a good microwave amplifier, the klystron, in the late 1930s, that made
microwave carrier systems practical.

The earliest implementation in the public network was probably the 1947
microwave transmission carrier system linking New York and Boston through a
sequence of seven microwave relay towers [8]. It used four radio channels in the

www.seas.columbia.edu/marconi/history.html
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FIG. 1.8

The Bear Hill microwave relay tower near Waltham, Massachusetts in 1947.
Source: www.long-lines.net/ documents/ latest-word/ P06.html.

4 GHz band, each carrying 480 analog telephone circuits or 1 analog television
signal. Fig. 1.8 shows one of the relay towers. Microwave relay was a relatively
low cost option for long-haul transmission and its use expanded rapidly until optical
transmission systems, with their vast capacity and high reliability, took over in the
1980s.

1.3.1 OPTICAL TRANSMISSION IN THE BACKBONE NETWORK
The huge and rapidly increasing demands for high-rate digital communication,
created in large part by streaming of video content, drove introduction of optical
transmission systems beginning in the 1970s. Experimentation with fiber optic
transmission had begun much earlier. In 1960, glass fibers showed a loss of around
1 dB/m, not yet usable for communication over a reasonable distance [9]. The laser
(Light Amplification by Stimulated Emission of Radiation) needed to generate a
strong light carrier signal was invented about the same time, prototyped by Theodore
Maiman with reference to the theoretical work of Charles Townes and Arthur
Schawlow, who had invented the microwave “maser.” The great advance in low-
loss optical fiber came from the pioneering experimental work of Charles Kao at the

www.long-lines.net/documents/latest-word/P06.html
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FIG. 1.9

Transmission media for millimeter microwave and optical transmission systems.

Standard Telecommunications Laboratories in the UK. He realized that impurities in
glass led to high loss but predicted in 1966 that loss could be driven below 20 db/km
even though it was still, at that time, of the order of 100 db/km. He demonstrated
a physically robust structure with a glass core of 3–4 µm diameter clad in glass
of slightly smaller refractive index, with a total waveguide diameter of 300–400 µm.
Optical waves were propagated along the interface between the core and the cladding.
By 1970 the Corning Glass Works, using fused silica, had realized single-mode fibers
with loss below 20 dB/km at 633 nm wavelength [9]. Semiconductor diode lasers
were developed at about the same time. By the 1980s, fiber loss was well below
1 dB/km and long distance fiber transmission was a reality.

While this history was evolving, it was, for some time, not sure that optical
transmission would be adopted rather than millimeter microwave systems of small
waveguides, both illustrated in Fig. 1.9. The rapid reduction in the transmission loss
of single-mode (one coherent optical wave) transmission, together with development
of low-loss splicing and other favorable attributes, carried the day in favor of optical
transmission.

There followed a rapid development of long-haul optical transmission (Fig. 1.10),
achieving a span of more than 1000 km with repeaters at 80–100 km intervals and
offering an effective bandwidth of several THz when wavelength division multiplex-
ing (WDM) is employed [10]. Tunable lasers also helped. Each wavelength in a set
of carriers feeding a WDM long-haul optical transmission system is individually
modulated by, for example, a Mach-Zehnder modulator, typically at a rate a little
over 40 Gbps to accommodate an OC-768 data stream; 100 Gbps transmission
was also being deployed as this book was sent to press. The modulation initially
used on-off keying, but current preference, to achieve very high rates, appears to
be for coherent (phase-sensitive) modulation such as quadrature phase-shift keying
(QPSK) together with use of quadrature polarizations. Orthogonal frequency division
multiplexing (OFDM) is also a serious candidate for optical transmission systems
with its potential to “eliminate virtually all intersymbol interference (ISI) caused by
chromatic dispersion and polarization mode dispersion (PMD),” together with its
spectrum utilization flexibility that “makes it an ideal candidate for networks with
many reconfigurable optical add and drop multiplexers (ROADMs).” [11]
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A long-haul WDM optical transmission system.
Source: Adapted from S. Pachnicke, Fiber-Optic Transmission Networks, Springer-Verlag, Berlin, 2012.

Optical fiber transmission, with its freedom from interference and attenuation
beyond that of the fiber, dominates optical transmission but free space optical
transmission, used since ancient times, still has a role. It is found in infrared
transmission within a room and in campus-scale building-to-building transmission
systems. Outdoor use is constrained by vulnerability to high transmission loss in bad
weather.

1.3.2 COMMUNICATION SATELLITES FOR BACKBONE
TRANSMISSION AND BROADCASTING
Satellite applications may be roughly organized in to three categories: Backbone
transmission similar to that of the microwave and optical systems just described;
broadcasting of programming to local distributors (cable operators and telcos) and to
end users (direct broadcast satellite or DBS); and point-to-point communications.
The British scientist and writer, Arthur C. Clarke, in 1945 envisioned DBS via
a system of three space stations in geosynchronous orbit 36,000 km above the
surface of the Earth, with a large population of users receiving with 30 cm
antennas [12]. Although acceptable for broadcasting purposes, the propagation
delay up to a geosynchronous satellite and back down again is a bit more than
1/4 s, which combined with other network delays can be unpleasant for real-time
voice communication. Echo cancelers mitigate but do not entirely eliminate this
disadvantage. For this reason low earth orbiting (LEO) satellite systems were also
introduced into the global communications infrastructure although they have been
largely overtaken by terrestrial and undersea optical fiber transmission systems.

The first communications satellite, Echo 1, a passive reflective balloon, launched
in 1960, was not in geostationary orbit, nor were the active Telstar satellites of the
early 1960s [13]. In 1964, when the international consortium Intelsat was formed,
the first geostationary satellite, Syncom 3, was put into orbit, followed in 1965
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(A) Geosynchronous satellite with spot beams. (B) Low earth orbiting satellite system with
moving satellites. (C) Frequency bands in which satellites operate. K band is sometimes
included in Ka band.
Source: www.esa.int/ Our_Activities/ Telecommunications_Integrated_Applications/ Satellite_frequency_bands.

by Intelsat 1 (“Early Bird”) that supported two-hundred forty 4 kHz voice circuits
between the United States and Europe. These satellites and others that followed still
relayed analog, not digital, signals.

Intelsat satellites began the full operational use of digital time-division multiple
access (TDMA) in the mid-1980s, with Intelsat-V transponders operating in the
C-band, with frequency bands defined in Fig. 1.11C. Each transponder was capable
of 120.8 Mbps transmission in a 72 MHz bandwidth and the satellite also performed
dynamic beam switching [14]. Spot beams covering relatively small areas on the
Earth’s surface permit reuse of frequencies for customized content and even individ-
ual communications channels to a much larger population of users than if everyone
received the same broadcast content. Digital transmission advanced to a much
higher frequency band in 1993 with NASA’s ACTS experimental geosynchronous
satellite [15]. It operated in a portion of the lightly used Ka band (26–40 GHz) and
featured onboard switching and the use of “hopping” (rapidly switched) very thin
spot beams (Fig. 1.11A).

Fig. 1.11B illustrates a LEO system, with satellites that are not stationary but
instead move in several different orbits at low altitudes, typically 800 km above the
surface of the Earth. The much shorter transmission path results in short propagation
delays that make this system suitable for real-time applications. Signals from the
satellite are also much stronger, when received by communications devices on the
Earth’s surface, than those from the distant geosynchronous satellites. Traffic is
relayed among satellites in addition to the links to earth stations. The famous Iridium
system, with 66 satellites, was launched in 1998 using C-band uplinks and downlinks
for compressed digital voice at 2.4 kbps. It was a commercial failure in terms of return
on the huge investment it required but continues in operation with large upgrades in
data rates underway.

www.esa.int/Our{_}Activities/Telecommunications{_}Integrated{_}Applications/Satellite{_}frequency{_}bands
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Attenuation of a received 20 GHz signal at different times during a rainstorm [17].

Even before digital transmission, distribution of video programming to cable
headends had become a major business for satellite operators. Unlike real-time
voice communication, this broadcast application was tolerant of the long propa-
gation time through geosynchronous satellites. By the mid-1980s several C-band
geosynchronous satellites were devoted largely to supplying cable programming
to cable headends [16]. A single video channel initially required the full 36 MHz
bandwidth of an early transponder, but digitally compressed video now has more
modest capacity requirements.

Consumers first had direct access to satellites through C-band receiving sta-
tions, with relatively large (2-m) and expensive dish antennas that tapped into
programming intended for cable operators. DBS with small (46 cm) antennas began
with geosynchronous satellite orbital assignments made by World and Regional
Administrative Radio Conferences in the late 1970s and early 1980s, with eight
satellites allocated to the United States. Currently, DBS services are available in
the C-band (3.7–4.2 GHz), Ku-band (11.7–12.7 GHz), and Ka-band (18.3–18.8 and
19.7–20.2 GHz) (https://sbca.com/receiver-network/satellite-overview.htm). A high-
powered Ku-band satellite radiates 120–240 W per transponder, 10 times as much as
a typical C-band transponder, making possible the small dish antennas and reception
in moving vehicles. In addition to downstream video and satellite radio programming,
DBS satellites also support two-way broadband Internet access that is sometimes the
only option for people living in rural areas.

Satellite propagation is usually in line of sight (LOS) channels with consistently
reliable performance, but at the higher frequencies rain may significantly attenuate
signal strength. Fig. 1.12 illustrates attenuation, over time, of a downstream signal at
the lower end of the Ka-band during an initially heavy rainstorm.

1.4 EVOLUTIONARY STEPS IN DIGITAL ACCESS
NETWORKINGS
Digital transmission was deployed in the backbone network well before it appeared
in access networks available to consumers. But the need for digital access came
early in banking, commercial transactions, and information access applications.

https://sbca.com/receiver-network/satellite-overview.htm
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The first step was to use the existing analog voice telephone network for this new
digital traffic, doing the best one could with facilities designed to optimize analog
voice transmission. The device required to do this was the MOdulator-DEModulator
(modem).

1.4.1 VOICE CHANNEL MODEMS
End users, both residential and small business, had access only to twisted pair copper
access lines running to telephone switches in central offices. A great deal of effort
from the 1960s through the 1990s went into developing faster and more adaptive
modems for dial-up access despite the severe limitations imposed by telephone
network architecture. Cable modems followed, as cable access systems deployed data
capabilities (Section 1.4.2).

The largest bottleneck was the constraint on bandwidth imposed on twisted pair
telephone subscriber lines. Most twisted pairs, up to about 5 km, can provide about
1 MHz bandwidth, permitting data transmission at speeds of several megabits per
second. However, the telephone networks included 4 kHz filters in the central offices
to support multiplexing of voice channels in both TDM (Section 1.3) and analog
FDM carrier systems, as suggested in Fig. 1.13. As a consequence, modem signals
had to be limited to less than 4 kHz. The earliest modems used frequency-division
duplexing (FDD), with completely separate transmission bands in the two directions.
Data were initially sent at 300 bps in each direction using frequency-shift keying
(FSK), By the 1970s modems incorporated the data-driven echo canceler, shown
in Fig. 1.14, to cancel self-interference from local transmitted signal and distant
reflections of transmitted signal [18]. This permitted use of the same full channel
bandwidth in both transmission directions at the same time, opening the door to
significantly faster full-duplex performance, reaching 9600 bps in each direction by
the late 1970s.

Of course, in a low-noise environment but with distorted voice channels causing
ISI, relatively high rates, that exceeded 50 kbps full duplex by the 1990s, were
nevertheless attained by use of various techniques. These included partial response
pulses, multilevel pulse amplitude modulation (PAM), a range of carrier modulation
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FIG. 1.13

The dial-up access speed bottleneck: voiceband low-pass filters in the central office.
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Data-driven echo cancellation supported full-duplex data transmission in the same
telephone channel bandwidth. The adaptive transversal filter is similar to that of an adaptive
equalizer, Fig. 1.19. Shaded boxes: directional couplers.

formats including phase-shift keying (PSK) and quadrature amplitude modulation
(QAM), and sophisticated channel equalization and detection algorithms. In this brief
introductory overview, we offer only a few capsule descriptions.

PAM is simply the coding of bits from a string of data into pulse levels. The
available bandwidth determines the maximum number of noninterfering pulses
transmitted per second, which can be shown to be twice the bandwidth [19]. Given a
desired data rate in bits per second (bps), a sufficient number of bits must be coded
into each pulse in order not to exceed the limitation on pulse rate. For example, if we
are transmitting 8000 pulses/s, also called 8000 baud, requiring 4 kHz bandwidth,
and wish to carry data at a rate of 16 kbps, 2 bits must be encoded into each pulse.
This corresponds to a choice among four pulse amplitudes as illustrated in Fig. 1.15.

Input data: 

11 10 00 10 01
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−1

1

3

Pulse
amplitude

TimeT 2T 3T 4T 5T 6T0

FIG. 1.15

Four-level pulse-amplitude modulation (PAM) coding 2 bits into a pulse level. T is the
symbol interval, for example, 1/8000 s.
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16-PSK, 16-QAM, and 32-point CCITT V.32 signal constellations.

The pulses (Nyquist or Equivalent Nyquist) are designed to not mutually interfere,
with their tails taking the value 0 at the centers of neighboring pulses. The actual
signal waveform is the sum of the pulses shown. The spectral efficiency is 4 bits/s
per Hz. As this example illustrates, bandwidth, baud, and data rate, often confused,
are three different things.

For phase modulation and QAM, cosine and sine waveforms at a convenient
carrier frequency (such as 1800 Hz) within the voiceband are each modulated
by a sequence of pulse levels. 16-PSK, 16-QAM, and 32-CCITT (International
Consultative Committee on Telephone and Telegraph) V.32 are represented by the
“signal constellations” of Fig. 1.16. For each signal point, the horizontal coordinate
is the amplitude of the cosine carrier and the vertical coordinate is the amplitude of
the sine carrier. Note that the more signal points to choose from with a fixed power
constraint, the closer together the points are and more vulnerable to detection errors
due to noise and distortion. It was common for voiceband modems to dynamically
select the largest constellation, and thus highest bit rate possible, without exceeding
an acceptable bit error rate.

These are “passband” signal constellations because they represent modulation on
carrier waveforms. Each again codes four data bits into each symbol. However, a
special coding is used for the V.32 constellation with its constellation of doubled size
as required for performance-enhancing channel trellis (convolutional) coding [20].
The increased size of the signal constellation implies, as the previous paragraph
notes, some cost in immunity to noise and distortion. Nevertheless, the minimum
Euclidean distance between coded line signal sequences is significantly increased,
realizing a net gain. As a result, data can be reliably sent at the same rate as 16-QAM
in channels with lower SNR than 16-QAM would require.

Voice channels in the telephone network are characterized by additive noise and
by both linear and nonlinear distortions. Fig. 1.17 illustrates the amplitude and group
delay (first derivative of phase) characteristics of linear distortion typical in telephone
channels of the 1960s to 1990s period.

The technical response to linear distortion was both clever pulse design and
powerful channel equalizers. The pulse design advances of the 1960s included
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Typical linear distortion of a telephone voice channel.
Source: Adapted from R. Gitlin, J. Hayes, S. Weinstein, Data Communications Principles, Plenum, 1992
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The duobinary partial response pulse, in the time and frequency domains [22].

“partial response” pulses, which caused intentional ISI between adjacent pulses
in order to shape the spectrum so as to minimize the negative effects of channel
distortion. This interference was predictable and could be removed during detection.
The “duobinary” pulse, illustrated in Fig. 1.18, was one of the most successful in this
regard.

Adaptive channel equalizers [21], self-tuning linear filters in the receiver of a
modem, in large part compensated for linear channel distortion. Pioneered by Robert
Lucky and others in the 1960s, they made possible large gains in voice channel
transmission rate, from 300 bps to over 50 kbps, between the late 1960s and the
mid-1990s. These instruments usually minimized the residual mean-squared error in
the sample value presented to the detector. Fig. 1.19 illustrates the basic concept of
an adaptive equalizer realized as a tapped delay line, with the delay elements possibly
shorter (“fractionally spaced equalization”) than in a “synchronous” equalizer which
has tap delays equal to the symbol interval T. The simple least mean square
adaptation algorithm is:

cn+1 = cn − β[y(nT + t0) − rnân],
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An adaptive equalizer. The delay elements of T ′ seconds may be a fraction (typically half) of
the symbol interval T to permit independent shaping of the filter’s spectrum on both sides
of the rolloff region [19].

where cn is the vector of tap weights at the nth iteration of the algorithm, y(nT + t0)
is the signal sample correspondence to the nth transmitted symbol, β is a small
weighting factor, ân is the decision made for the nth transmitted symbol, and rn is
the vector of voltages at the outputs of the individual delay elements [19].

Dial-up modems made data services and, in the 1990s, the Internet available to
ordinary people. They were the beginning of the transition to relying on communica-
tions processing “intelligence” at the edges of the network, rather than only inside
the network as was the long tradition of the public telephone network. Wireless
devices similarly use modems for transmission over wireless access links, described
in Section 1.6. Signal modulation, timing and synchronization, detection, and channel
equalization have been important elements in many phases of the history of digital
transmission.

1.4.2 ISDN AND DSL
The development of high-speed digital switching and digital transmission within the
public network left the subscriber access line as the bottleneck, still analog and,
from a bandwidth perspective, grossly underutilized. Engineers were acutely aware
that, aside from modest-rate modem traffic, digital transmission did not extend all
the way to the subscriber. The Integrated Services Digital Network (ISDN) [23]
was an attempt to overcome this limitation. The basic ISDN interface shown in
Fig. 1.20 offered two 64 kbps channels for PCM voice and one 16 kbps channel
for control and data, thought to be sufficient in the 1970s. At the telephone office,
the voiceband filters were removed to allow the transmission of the approximately
200 kHz bandwidth required for the upstream and downstream ISDN channels.
A “primary” ISDN interface, intended for business users, provided twenty-three
64 kbps channels for voice and one 16 kbps data channel.

The telephone industry expended considerable effort to deploy ISDN but it never
really caught on, being perceived as too little, too late. It was followed, in the 1980s
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The basic ISDN interface.

and 1990s by DSL, introduced in the next paragraph, and by Broadband ISDN
(B-ISDN) described in the following section in the context of ATM.

DSL took the same perspective of avoiding voiceband filters in the telephone
office and using more of the bandwidth of the twisted pair subscriber line. It went
a large step further, offering downstream rates, in Asymmetric Digital Subscriber
Line (ADSL), of 1.5–8 Mbps, depending on distance from the central office. ADSL,
a concept largely credited to Joseph Lechleider at Bellcore, offers downstream
transmission at a rate typically 4–10 times the upstream transmission rate. This
reflects the far greater likelihood, at least in most communication sessions, that a
residential customer will receive a high-rate video stream than send one. It makes this
service possible on a wide variety of telephone “local loops” (twisted-pair subscriber
lines) in spite of severe crosstalk interference, introduced later in this section.

The much faster ADSL service doomed ISDN for anything beyond telephony.
But it gave the telephone companies a way to become video services providers
well before the expected triumph of fiber to the home (FTTH). Experiments at
Bellcore proved the feasibility of linking servers on a high-performance multiservice
backbone network, such as an ATM network (Section 1.5.2), to provide content for
ADSL subscribers. These experiments proved the feasibility of an effective video
delivery service even if a truly broadband network could not yet be extended to
residential subscribers [24]. Fiber in the home did eventually become practical with
the introduction of the PON (Section 1.4.4), but DSL has itself advanced with
much faster speeds and remains a viable technology for residential access to the
Internet. Fig. 1.21 shows an xDSL access system, where the “x” represents any of
several versions including ADSL and very high speed DSL (VDSL). A DSL Access
Multiplexer (DSLAM) in the central office terminates a multiplicity of subscriber
lines and provides an interface to ATM transport or directly to high-speed routers
and the Internet. Table 1.2 defines many of the xDSL formats.

xDSL historically began with two alternative modulation formats: carrierless
amplitude-phase, very similar to QAM (Section 1.4.1), and discrete multitone
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Table 1.2 xDSL Formats

xDSL Standard Downstream Upstream Symmetry

ADSL ITU-T Rec. G.992.1 Up to 8 Mbps Up to 1 Mbps Asymmetric
HDSL ITU-T Rec. G.991.1 784 kbps, 1.544

Mbps,
784 kbps, 1.544
Mbps,

Symmetric

2.0 Mbps 2.0 Mbps
SDSL – Up to 2 Mbps Up to 2 Mbps Symmetric
VDSL ITU-T Rec. G.993.1 Up to 100 Mbps Up to 100 Mbps Both
VDSL-2 ITU-T Rec. G.993.2 Up to 100 Mbps Up to 100 Mbps Both
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An OFDM transmission system [25].

(DMT), a version of OFDM. DMT now dominates xDSL because of its superior
ability to compensate seriously distorted channels, essentially avoiding the placement
of energy in segments of the transmission band with very bad characteristics.
OFDM/DMT transmits a data stream as a set of slower rate data streams modulating
narrowly spaced subcarriers in parallel, contiguous frequency channels, a form of
frequency division multiplexing in which all the streams are generated in one efficient
computational algorithm, the fast Fourier transform implementation of the discrete
Fourier transform (DFT), operating on the input data [25]. Fig. 1.22 is a simplified
illustration of a point-to-point OFDM transmission system. Channel equalization is



24 CHAPTER 1 Introduction to digital transmission

Twisted pair A

Twisted pair BTransmitter B

(crosstalk source)

Bundled twisted pairs

Near-end receiver Anear Far-end receiver Afar

NEXT FEXT

FIG. 1.23

Introduction of crosstalk into xDSL systems.

much simpler in such a system as compared with single-carrier data transmission.
OFDM is also used in fourth-generation cellular mobile, WiFi, and wireless over-
the-air audio and video broadcasting.

xDSL transmission is hampered by crosstalk interference between different
twisted pair subscriber lines that are bundled together. Fig. 1.23 illustrates how this
crosstalk appears, in both near-end (NEXT) and far-end (FEXT) components.

VDSL can provide very high rates in large part because of vectoring techniques
addressing the significant FEXT interference [26]. Vectoring coordinates the detec-
tion of the separate VDSL signals on bundled groups of twisted pair subscriber lines,
using a process of successive cancellation that is reminiscent of echo cancellation
techniques used in modems. This strategy of coordinating multiple communications
channels appears in wireless communications as well, in particular current initiatives
in cellular mobile systems introduced in Section 1.6.

1.4.3 CABLE DATA NETWORKS
From a business perspective, the telephone companies’ pursuit of xDSL was
primarily an effort to compete with the already successful cable television (CATV)
industry that not only delivered video programming, but was becoming the main
provider of high-speed Internet access. From its origins as a “community antenna”
system, CATV quickly acquired satellite-delivered programming including lucrative
“pay” channels, and even toyed, quite early, with interactive programming [16].

As a local access system, a typical CATV system operates a tree-like network with
a metropolitan area scope. A cable headend may use trunk cables to serve several
hubs, which spread out into feeder cables and drop cables. Originally all of this was
in coaxial cable, but reliable transmission was hampered by the need for up to 20
consecutive amplifiers in a large system. It was obvious, as soon as fiber optic cable
became available, to replace the trunk cables and (later) even some of the feeder
cables with fiber optic lines, leaving the expensive task of replacing all the drop
cables to some future time. Thus the common model for a CATV network became
the hybrid fiber-coaxial (HFC) architecture shown in Fig. 1.24. Further improvement,
such as addressable taps, made it unnecessary to send service personnel to change
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A hybrid fiber-coaxial (HFC) CATV system.

the filters assigned to individual drop cables when a subscriber’s choice of program
packages changed.

The higher quality of the transmission system further made it possible to use high
spectral efficiency modulation schemes, such as 64-QAM, supporting digital video
programming including HDTV with much greater efficiency than had previously
been possible for distribution of analog video programs. In particular, each 6 MHz
channel previously used for 1 analog television signal could carry up to 30 Mbps
digital data, enough for at least 6 digital television signals or 1 HDTV signal plus 2
regular digital television signals. As FTTH becomes more practical with the advances
in PON (see next section), the lower, coaxial cable part of the HFC system may be
gradually replaced by the all-optical distribution tree shown above the coax portion.

The first technical standard for OFC systems was the Data Over Cable Service
Interface Specification DOCSIS-1, promulgated by Cable Television Laboratories
in 2000; DOCSIS 3.1 is a later (2013) version, available from Cable Labs (www.
cablelabs.com). Its objective was bi-directional transparent transfer of IP traffic
between a cable headend and customer locations. Within the headend, transmission
resources were under the control of the Cable Modem Termination System. In the
downstream direction, QAM modulators, using signal constellations of either 64
or 256 points, generated data signals at 27 Mbps or more in each 6 MHz channel.
For upstream traffic, the rate was much less and a medium access control protocol
assigned time slots and resolves contention. The upstream data rate was 0.2–3.2
Mbps. Some parameters have changed as the standard has evolved, particularly faster
transmission in both directions, but the architecture is still very much the same.

www.cablelabs.com
www.cablelabs.com
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1.4.4 PASSIVE OPTICAL NETWORK
Still seeking to bring fiber all the way to residences to beat the performance promises
(which may not always be the performance delivered) of cable operators, telephone
companies are exploiting the relatively low-cost PON architecture. PON is a high-
performance “last mile” technology, with low-cost passive (not electrically powered)
equipment in the field and the possibility of offering rates of up to 1 Gbps to
each subscriber in the upstream as well as the downstream direction [27]. Its reach
is actually much more than a mile; it can be 40 km in some cases. In addition
to serving residential and business subscribers, PON has an important application
to “fronthaul” transmission between cellular mobile base stations and cloud-based
processing nodes, and “backhaul” from local area WiFi networks and from local
communication systems such as private branch exchanges (PBXs). It is likely that
as small base stations proliferate, the fast, economical backhaul capabilities of PON
will become even more in demand. Fig. 1.25 shows the generic PON architecture
delivering voice, video programming, and Internet access services and providing
backhaul services as well, although it is unlikely that these would all be provided
through a single PON.

The principal elements of a PON are the optical line termination (OLT) in a
central office, the passive splitter which typically shares the power of the downstream
signal among 32 outgoing subscriber links (all optical fiber), and the optical network
termination (ONT) at a subscriber location. There are three principal standards: the
original broadband PON (BPON), ITU-T G.983.1; Ethernet PON (EPON), IEEE
802.3ah; and gigabit-capable PON (GPON), ITU-T G.984.1, and G.987. GPON and
EPON, that share 10 Gbps among the attached users in current implementations,
are competitors, with EPON sometimes seen as having a cost edge while GPON,
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Generic passive optical network (PON) architecture.
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Data transmission by TDM downstream and TDMA upstream.

to telephone companies, uses more of the traditional technologies such as SONET.
Both use synchronous time division multiple access (TDM and TDMA) technologies,
shown in Fig. 1.26, for the downstream and upstream directions, respectively. EPON
additionally can use, for the appropriate kinds of bursty traffic, the original Ethernet
carrier sense multiple access-collision detection (CSMA-CD) scheme for contention
access, or one of its variants.

WDM PON will become the next generation standard. It can be configured such
that each of up to 40 attached user lines gets one wavelength all to itself, at up to
10 Gbps in each direction. In this architecture the field unit is a (passive) wavelength
multiplexer/demultiplexer, not a splitter. Of course, splitters can also be used so that
each wavelength can be shared by multiple users.

In single wavelength (in each direction) PONs, the downstream wavelength is
typically 1490 nm and the upstream wavelength 1310 nm. A second downstream
wavelength of 1550 nm can be used for special video broadcasting purposes. At
these wavelengths in the available single-mode fiber, the physical span of the network
depends on the loss budget allowed in view of the input power. The power classes
range from the low power class of PONs with transmission loss not exceeding 20 dB,
a split of as many as 1:16, and a reach of at least 10 km, to the extended power
budget class of PONs with transmission loss not exceeding 34 dB, a split of as many
as 1:64, and a reach of at least 20 km (www.ieee802.org/3/ad_hoc/ngepon/public/
14nov/ngepon_1114_hajduczenia_01.pdf). Tradeoffs are available, going beyond the
bound of one parameter in return for lowering the bound of another.

With the rise of PON solutions, optical transmission now covers the entire span
from access network to long haul, including trans-oceanic, network. It is an essential
partner of wireless communications which, far from being a separate networking
operation, depends heavily upon a very high speed, low-latency backbone network.

www.ieee802.org/3/ad{_}hoc/ngepon/public/14nov/ngepon{_}1114{_}hajduczenia{_}01.pdf
www.ieee802.org/3/ad{_}hoc/ngepon/public/14nov/ngepon{_}1114{_}hajduczenia{_}01.pdf
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1.5 ORIGINS OF DATA COMMUNICATION NETWORKS
AND VOICE-DATA INTEGRATION
The dawn of the computer age began very early to make special demands on
digital communication. One of the first communications-dependent applications,
when computers were rare and expensive, was time-shared computing, the “computer
utility,” for a widely distributed community of users. M.I.T. housed Project MAC
beginning with a Defense Advanced Research Projects Agency grant in 1963,
and the concept is once again widely used, albeit in an even more distributed
way and with a new set of cost-saving justifications, under the banner of “cloud
computing.” Dedicated private line data communication networks provided access
to time-shared computing for large participating institutions, and dial-up modems
allowed limited-speed access for individuals, but there was early interest in new
communications techniques and networks that were better suited to computer traffic.
Packet communications was perhaps the biggest and most revolutionary idea.

1.5.1 PACKET TRANSMISSION
Computer communications applications are bursty and demand additional flexibility
from data communication networks. The time and effort to set up and tear down a
switched circuit was impractical for a short keyboard burst, and the uniform-capacity
switched circuits of the telephone network were inappropriate for the varying rate,
duration, and quality requirements of data transmissions.

It was, however, unclear for some time just what mechanisms would be best
suited not only for computer-oriented data communications but also for the digi-
tized voice and video streams heavily loading today’s Internet. The community of
researchers and developers interested more in computer-generated traffic than in
voice calls favored message or packet transmission, the first defined as store and
forward transport of a digital string representing an entire message, and the second
defined as segmentation of a digital information object or stream into one or more
bundles called packets that are individually routed through the transmission network.
A fixed route and transmission resources do not necessarily have to be allocated in
advance, so that call setup signaling may not be needed. Researchers in the 1960s,
notably Paul Baran in the United States and Donald Davies in the United Kingdom,
defined the packet concept and noted its value for “survivable” networks that could
route traffic in alternate paths if a portion of a data network were damaged. The
best known prototype of a packet network was the ARPAnet, a government-funded
research network beginning in the late 1960s and initially linking a few locations,
mainly university research centers, over 56 kbps leased lines.

The story is widely available elsewhere (see in particular the Internet Society’s
history page, https://internetsociety.org/internet/what-internet/history-internet/brief-
history-internet) and we only note here the conception, by Vinton Cerf and Robert
Kahn, of the Transport Control Protocol/Internet Protocol (TCP/IP) mechanism
facilitating the movement of packets in the ARPAnet and adopted today in the

https://internetsociety.org/internet/what-internet/history-internet/brief-history-internet
https://internetsociety.org/internet/what-internet/history-internet/brief-history-internet
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Routing and forwarding at a node of an Internet Protocol network.

immense commercial Internet. Packets are transferred from one transmission link
to the next, in the general direction of the final destination and possibly in entirely
different physical networks, by a router/forwarder. This IP router, unlike a switch
in a switched circuit network, does not have to maintain the state of a connection,
which is a well-defined path and information flow between endpoints, since there
is no connection, just individual packets being forwarded in the right direction.
Fig. 1.27 shows the generic structure of a typical router/forwarder, in which a routing
algorithm, informed about the condition of links to neighboring nodes, decides which
output line best conveys the packet closer to its destination. There may be several
different possible routes to the destination device and it is possible for the routing to
change between individual packets of a particular flow, although they usually traverse
the same route.

There is an important detail in Fig. 1.27: Each input and output port includes
a line card that exercises the underlying protocols used by the network to which
it is connected. Thus, one output port might connect to an ATM/optical network,
while another might connect to a switched Ethernet, and similarly for input ports.
IP packets are encapsulated into lower-level frames or protocol data units (PDUs) of
a particular network at an output port of the router, and de-encapsulated at the end
of the link to enter the router at the next node. The internal functions of the router
are independent of whatever networks (with line cards) are attached, showing why
IP is an internet-working protocol that works with all physical networks for which
encapsulation protocols exist.
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Although the IP service is “best effort,” with no guarantee that the packet will
not be delayed or dropped because of congestion, it saves a lot of effort in control
signaling and offers a great deal of flexibility in routing. Different packets of the
same “call” might take different routes. Reliability measures can and frequently are
offered at a higher protocol level, notably TCP, which establishes a “connection”
and retransmits lost packets. Moreover, although communication quality is not
guaranteed as in circuit switching, there is the opportunity, through classification of
a packet into different quality classes and specification of priorities in the scheduling
algorithm, to grant preferential treatment, such as minimized delay, to quality-
sensitive traffic types. Packet transmission with this kind of selective treatment allows
convenient mixing of traffic at radically different rates while realizing, or at least
approaching, the quality demands of all users.

It may be difficult for today’s Internet users to believe that IP was hardly visible
in early commercial computer communication networks. Table 1.3 lists a number
of these early networks [28]. The mechanisms they employed included X.25 [29],
a packet forwarding protocol, that, unlike IP, operates over preestablished paths.
It implements virtual calls and, as in ATM, virtual circuits as in ATM (defined
in the next section). It follows a complex set of rules for realizing quality of
service (QoS). Leased digital lines interconnected the store and forward nodes. Other
networks forwarded whole messages or even used something close to traditional
circuit switching. By the late 1970s, these commercial data networks were widely
used and important to the global economy long before the commercial Internet
appeared in the 1990s.

Today packet transmission and switching, dominated by IP, increasingly rules in
wireless as well as wired networks. The mixture of different traffic types continues

Table 1.3 Early Commercial Computer Communication Networks

DATAPAC Canadian packet switching network using the X.25 host interface
packet protocol that offers “reliable,” dedicated resources

TELENET Packet-switched network that also was a forerunner of the Internet
and used X.25

TYMNET Computer time sharing. Store-and-forward message switching
along a virtual circuit (defined in the next section)

DATRAN Circuit (line) switched
SITA Early message-switched network for the air travel industry
SNA IBM’s System Network Architecture. Packet forwarding along fixed

routes and the Synchronous Data Link Control (SDLC) protocol
SWIFT The international banking network that employed a proprietary

protocol, changing to X.25 in 1990 and an IP network in the early
2000s

Credit authorization
networks

Leased-line and dial-in facilities, operated by credit card issuers
such as banks participating in Visa and Mastercard and other
issuers such as American Express, for authorizing credit card
purchases. Generally used X.25
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to drive deployment of packet transmission. Interestingly, packet transmission is
adapting, under new names, some of the resource reservation and circuit switching
aspects that were so successful in maintaining transmission quality in the PSTN. One
of the most prominent innovations in this category is multiprotocol label switching
(MPLS) [30], which switches, rather than routes, packets based on identifying labels
and preallocated transmission resources. It goes part way toward the transmission
capacity reservation properties of ATM. The gulf between the “telephone” and
“computer communication” perspectives is not as large as it once was.

The actual transmission facilities used as links in data networks, including the
Internet, are the same optical, microwave, satellite, cellular mobile, and copper
facilities used by what is left of the legacy telephone network. Packet traffic may,
as noted earlier, be included in the SONET and other synchronous frames used over
such facilities even though the packet traffic is not synchronous, that is, packets
arrive at input nodes on an irregular schedule. The obvious translation mechanism
is buffering in which packets enter buffers at irregular times but are discharged from
buffers at regular time intervals. This was the intent for ATM, a special packet mode
that was, in the 1980s, the telephone companies’ answer to the question “how can we
efficiently transport all kinds of traffic on the same network?”

1.5.2 ATM AND B-ISDN
Packet switching was only reluctantly embraced by the telephone industry. Telco
managers feared a degradation of the quality inherent in switched circuits with their
preauthorized transmission resources. A kind of compromise was realized in ATM
[31] that, in contrast to IP with its variable-length packets, utilized a fixed size packet,
called a cell, of 53 bytes including a 5-byte header, as shown in Fig. 1.28. ATM is
very effective at providing whatever capacity is needed by different kinds of traffic;
a higher-rate source simply issues cells at a higher rate than a lower-rate source and
the ATM switch figures out how to mix this traffic in a fair way.
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The ATM cell. GFC, generic flow control (to manage flows from different sources); VPI,
virtual path indicator (for aggregations of virtual circuits between the same end points); VCI,
virtual circuit indicator (connection-oriented node-to-node channel); PRI, payload type
indicator (3 bits) identifies data, maintenance, end of message, etc.; CLP, cell loss priority
(1 bit); HEC, header error correction, computed as a polynomial operator on the header.
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Transmission resources are preallocated to calls or sessions via virtual circuits.
A virtual circuit may be defined as a point-to-point connection in a transmission
system with a fixed path and assigned capacity, as in an ordinary circuit, but
without dedicating a particular set of physical resources such as particular slots in
transmission frames. The necessary capacity is realized as either a fixed rate or a
statistical commitment. Furthermore, cell switches in the 1980s were much cheaper,
for a given total throughput, than routers handling variable-sized packets. The 48-
byte payload was a further compromise. The computer communication community
had wanted a larger cell size to accommodate big data transfers, while the telephone
industry, especially in Europe, wanted a smaller cell size to avoid cell-loading delays
in real-time speech communication that could exacerbate echo problems.

In the 1980s and 1990s, telephone companies had great hopes that the 155 Mbps
Broadband ISDN (B-ISDN) basic interface for residential subscribers, relying on
ATM, would support both ordinary voice telephony and digital video services, espe-
cially video on demand to compete with cable operators. Devices performing digital
video coding and decoding (codecs) with a high digital compression ratio, taking
advantage of in-frame and frame-to-frame redundancies, were not yet available at
an acceptable cost. The general presumption at the time was that an uncompressed
digital video stream required about 140 Mbps in transmission capacity. Like circuit-
switched networks, the virtual circuit ATM networks required an elaborate signaling
protocol that appeared as the international standard Q.2931 [32].

B-ISDN was a broadband network consisting largely of optical transmission
facilities including optical fiber to subscriber residences; ATM switches; the Q.2931
signaling protocol for setting up and managing virtual circuits and paths; and a set of
protocols, above the ATM layer, for encapsulating different types of traffic into ATM
cells. The principal rates specified for the user-network interface (UNI) were 155.52
and 622.08 Mb/s, including the possibility of asymmetric interfaces with different
upstream and downstream rates [33].

The B-ISDN protocol reference model [34], shown in Fig. 1.29, consists of
three planes: a user plane, a control plane, and a management plane. The physical
transmission layer is shared by the user and control planes and consists, for example,
of physical transmission media such as optical transmission systems and a framing
mechanism using the medium, such as SONET, which is able to encapsulate ATM
cells. The next layer up is the ATM layer, providing data transfer for all types of
traffic. The ATM adaptation layer (AAL) above that provides service-dependent
functions to higher layers, for example, mapping QoS dependent voice or video
traffic into ATM cells, or alternatively encapsulating IP packets into ATM cells.
Encapsulation, an important concept in digital transmission, means placing an
unchanged PDU, such as a complete IP packet, into the information fields of a lower-
level PDU such as one or more ATM cells.

Above the AAL in the control plane are call control and connection control, while
in the user plane there may be mechanisms for creating application-specific PDUs
from original sampled audio and video streams. The management plane oversees
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The B-ISDN reference model.

faults, alarms, and corrective measures; performance issues; network configuration;
accounting; and security.

When B-ISDN was planned in the 1980s, telephone engineers were optimistic
that a large portion of the telephone subscribing public would be using it by the
year 2000 and that this would enable telephone companies to successfully compete
with well-established coaxial cable operators. This failed to happen for a number
of reasons, first and foremost that it simply cost too much. Also, by the 1990s
cable operators were already introducing optical fiber in hybrid fiber-coaxial (HFC)
systems, described in Section 1.4.3, that used fiber transmission to hubs in the field
but retained the copper coaxial cables in the part of the system closest to subscribers,
thus avoiding the large expense of running fiber to every subscriber location. Another
factor in the failure of B-ISDN was that video compression became cheap and
available, significantly reducing the required data rate for a video channel to the point
(about 1.5 Mbps) where more economical services, such as DSL, provided a better
entry point into broadband services.

Over a longer period of time, optical access from subscriber locations has become
relatively widespread and the (former) telephone companies that operate them have
become successful video programming providers, relying heavily on PON access
systems described in Section 1.4.4.

1.5.3 CONTENTION SYSTEMS: ALOHANET AND ETHERNET
Most transmission systems provide either guaranteed transport, over circuits or
virtual circuits, or “best effort” transport as with the Internet protocol, where
packets are queued at routers and a packet is sometimes dropped if there is not
enough capacity on the desired outgoing link. There is a third option that has been
implemented in several important communication systems, that of contention access
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on a shared medium, in which a packet or frame of data offered to the shared medium
might collide with someone else’s, and the collision is resolved by a “backoff”
mechanism in which each of the contenders wait a specified time before trying again.
This is the basis of the very widely used Ethernet, invented in the early 1970s by
Robert Metcalfe at the Xerox Palo Alto Research Center (PARC), although it should
be noted that many enterprises now use switched Ethernet in which there is no longer
any real contention or collision.

AlohaNet, a radio contention system invented by Norman Abramson and others
at the University of Hawaii, was a network linking computers scattered over the
Hawaiian Islands. Remarkable for its simplicity as a multiple access system, it began
with the “pure” Aloha protocol in which a transmitter would simply begin sending,
but if no acknowledgment of successful transmission returned from the designated
receiver it would back off for a randomly selected interval and then try again [35]. For
light traffic it worked well, but when utilization approached 20% there began to be
many collisions and performance quickly degraded. The system was enhanced with
“slotted Aloha” which offered synchronized transmission time slots that significantly
improved the collisions threshold, but still could not be considered a high-utilization
network.

Ethernet was invented to aid communication sessions among the advanced
Alto personal computers that were one of the pioneering advances at the Xerox
PARC [36]. It was quickly generalized to serve any communicating host machine.
Its great advance over Aloha was to listen first (“carrier sense”) and transmit only if
no other station was heard, a protocol labeled CSMA-CD. For two active stations, a
collision may nevertheless occur because of the propagation and receiver processing
delays. When this collision is detected, each transmitter waits either 0 or 1 (random
choice) frame times before transmitting again. If either transmitter should detect
another collision, it waits 0, 1, 2, or 3 frame times before transmitting again, and so
on, by a power of 0, quitting after 16 attempts. Fig. 1.30 illustrates a possible collision
and retransmission sequence, with the T1 (transmitter 1) frames shown in actual
time and the T2 (transmitter 2) frames when they are heard by T1, which will be
some time after they are sent. Upon hearing the first collision, T1 chooses randomly
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FIG. 1.30

Illustration of operation of the Ethernet retransmission protocol.
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between waiting zero frames or one frame and the random choice turns out to be one
frame, represented as Holzmann and Pehrson [1]. Not hearing anyone else, T1 sends
its frame again. Transmitter 2, who also may have heard the collision, also waits one
frame and, not hearing T1 because of the propagation delay, transmits again, detected
by T1 as collision no. 2. This time T1 randomly selects a delay of three frames from
the choices (0, 1, 2, 3) before its third attempt. A third collision is detected and this
time T1 waits five frames randomly selected from the set (0, 1, 2, 3, 4, 5, 6, 7).

Multiple access backoff protocols advanced further, but there are now commer-
cial Ethernet switches that avoid contention altogether, using the Ethernet frame
specification for communication through an Ethernet switching hub with individual
dedicated channels to the participating computers. Switched resources are requested
and granted or denied, with no collisions occurring. Ethernet is almost universally
used in residential and enterprise local-area wired networks using cable media.

1.6 WIRELESS TRANSMISSION SYSTEMS
Wireless transmission has a long history in many forms, including the terrestrial
microwave relay transport of multiple voice circuits introduced in Section 1.3. The
earliest commercial use of digital wireless transmission, beginning around 1900,
was for radiotelegraphic ship-to-shore communications, driven by the safety and
convenience needs of navies and passenger liners. Marconi was a leading figure
in this early application, making many early demonstrations of radio transmission
over both land and water in England and Italy, and later in the United States [37].
He was not the first or only implementer of radio transmission; Hertz offered
demonstrations in the late 1880s but he did not use it for conveying information.
Popov in Russia was another practical innovator like Marconi, demonstrating ship-
to-shore communications to the Russian Navy in the late 1890s; but the Navy’s
insistence on secrecy may have kept Popov from receiving much recognition in
Europe and the United States [38] (Fig. 1.31).

(A) (B) (C)

FIG. 1.31

(A) Hertz, (B) Marconi, and (C) Popov.
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Tropospheric scatter data transmission.

The spark gap transmitters used in these early systems generated electromagnetic
waves over a very wide range of frequencies, so that the dimensions and resonant fre-
quencies of the antennas structures effectively determined the transmitted frequency.
Hertz’s early demonstrations were at relatively high (60–500 MHz) frequencies.
Marconi’s long-distance transmissions, made much later, used huge antennas that
effectively radiated at frequencies ranging from 45 to 850 kHz [39]. These low
frequencies are appropriate for low-loss “ground wave” transmission over long
distances and helped make Marconi’s experiments great successes.

By 1920 analog voice largely replaced digital telegraphy traffic in wireless
systems. It was not until the advent of military high-frequency radio systems in
the 1960s that data, including digitized voice, reappeared as the main traffic type.
These systems, some of which implemented over-the-horizon transmission of data by
low-altitude tropospheric scatter as illustrated in Fig. 1.32, suffered from frequency-
selective fading that attenuated parts of the sigmal spectrum.

Full-bandwidth channel equalization for channels suffering deep selective fades
is very difficult, which is why military VHF data transmission systems, in the 1960s,
were among the earliest users of OFDM, introduced in Section 1.4.2. The KATHRYN
high-frequency radio, described in a 1967 paper [40], was a notable example. Its
transmitter generated 34 subchannels within a total 3 kHz bandwidth using an analog
DFT. Deep fades within the passband could be addressed by simply not putting
energy into the lossy subbands, the same basic principle that later was so successful
in DSL.

1.6.1 CELLULAR MOBILE: 1G TO 4G
The first generation (1G) of cellular mobile communication systems, called Ad-
vanced Mobile Phone System (AMPS) in North America, used analog FM in
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(A) Cellular structure based on a reused seven-cell pattern. Each letter represents a
different set of carrier frequencies. (B) Sectorization, increasing frequency reuse with
directional antennas.

Source: Adapted from G. Stuber, Principles of Mobile Communication, second ed., Kluwer Academic

Publishers, 2001.

30 kHz channels and accommodated multiple users through frequency division
multiple access in the 800–900 MHz band allocated by the 1976 World Allocation
Radio Conference (WARC) [41]. The critical cellular structure (Fig. 1.33A) came
into commercial practice with the 1979 NTT deployment in Japan, followed by
the 1981 Nordic mobile telephone service and the 1983 AT&T AMPS (Advanced
Mobile Phone Service) in the United States. The cellular structure made possible
multiple reuse of frequencies in different (separated) cells in contrast with earlier
mobile systems that often had one antenna for an entire city and a very limited
number of simultaneous channels. The separation between cells with the same carrier
set is sufficient to attenuate signals to a noninterfering level. Additional frequency
reuse within a single cell is possible with directive antennas at the vertices, a
system that is called sectorization, with directional antennas represented by arrows
in Fig. 1.33B.

Wireless digital transmission came with 2G, the second-generation cellular
mobile systems deployed in the early 1990s exemplified by the North American
IS-54 and IS-136 standards using TDMA, the European Group Speciale Mobile
(GSM) standard that also used TDMA, and the North American IS-95 code-division
multiple access (CDMA) standard. By use of digital voice compression, the TDMA
standards supported three times as many voice channels in the same bandwidth as
the old analog systems. In GSM, the first deployed of the TDMA standards, carriers
separated by 200 kHz each carried “frames” of eight time slots each, with a time
slot illustrated in Fig. 1.34. This provided just under 198 kbps for traffic data, mainly
multiple compressed digital voice streams but also including data from the 9.6 kbps
voiceband data modems of that time and from ISDN. The upstream and downstream
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GSM time slot is carried in an eight-slot frame on one of the carrier frequencies spaced at
200 kHz.

Source: Adapted from G. Stuber, Principles of Mobile Communication, second ed., Kluwer Academic

Publishers, 2001.

signals were conveyed full duplex on entirely separate carrier frequencies. IS-54, in
contrast, kept the 30 kHz spacing of carrier frequencies and implemented a 40 ms
frame containing three slots. Both systems implemented several compressive voice
coders with data rates ranging from about 7 to 13 kb/s.

In the alternative IS-95 CDMA system [42] the user information stream
(primarily compressed voice), at 9.6 kb/s, was spread over a much wider transmission
bandwidth by multiplying it with a pseudo-noise (PN) bit sequence with a clock, or
chip, rate 128 times faster, or 2.2288 Mchips/s. The PN sequences of different users
were mutually orthogonal, making detection possible by multiplication with the
correct, synchronized PN sequence. With a very large number of available orthogonal
PN sequences, increasing numbers of simultaneous users were possible, with
conversations already in progress experiencing a little more background noise each
time a new user was added. This accommodation of more users led to forecasts of
huge gains in spectral efficiency. In practice, for comparable quality, IS-95 showed
gains of 6–10 times over 1G AMPS compared to IS-54’s factor of 3. There are
additional levels of coding beyond the scope of this brief overview and additional
measures were required to regulate signal levels to overcome the near-far effect
in which mobile units close to a base station overpower the signals from mobile
units farther away and to meet other special needs of CDMA. As an historical
note, CDMA appears to have been described in the 1930s by a Russian researcher,
Dmitri Ageev [43].

The channel between a transmitter and a receiver is typically not the ideal
unobstructed LOS, but rather a complex set of paths due to scattering, resulting in
frequency-dependent fading. Fig. 1.35 illustrates nonisotropic scattering in a city
street between tall buildings. The phase differences between multipath components
arriving at the receiver may, due to small variations in the path delays, result in a
constructive or destructive combination. Addressing the fading wireless channel is a
major topic for the rest of this book.
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Multipath propagation between rows of buildings [41].

The motivation for 3G cellular mobile was to move beyond the heavily voice-
oriented architecture of 2G to provide at least equal emphasis on delivering data and
media (audio and video) content. The IMT-2000 concept, with spectral allocations
assigned by the 1992 WARC, had specific goals for transmission rates, including
144 kb/s in vehicles, 384 kb/s for pedestrians, and (asymmetric) 2 Mb/s downstream
indoors. A second phase defined data rates as high as 20 Mb/s, although in practice
this was left to 4G systems.

There are two major 3G standards: Universal Mobile Telecommunications
System (UMTS), a successor to the 2G GSM promulgated by the 3GPP industry
consortium, and CDMA2000 system, promoted by the 3GPP2 industry consortium,
which is largely a successor to the IS-95 CDMA standard. Both of these standards
operate in frequency bands from 1850 to 2200 MHz and utilize CDMA, but in
different configurations. UMTS employs wideband CDMA (W-CDMA), with carrier
spacing starting at 5 MHz and asynchronous operation of base stations, while
CDMA2000 has carrier spacing starting at 1.25 MHz, the same as IS-95, and
operates base stations synchronously. W-CDMA has implemented several upgrades
with increasing speeds, notably High Speed Packet Access (HSPA) with 14.4 Mb/s
downstream rate. CDMA2000 has evolved to similar rates.

Fourth-generation (4G) cellular mobile employs a range of techniques to realize
a large increase in capacity, with the goal of full accommodation of Internet
applications migrating from computers to personal handsets. Peak data rate can
reach 3 Gbps in the downlink and 1.5 Gbps in the uplink. Carriers have acquired or
reassigned additional bandwidth for 4G services in segments between 700 and 2700
MHz. This is still within the familiar frequency range so that propagation conditions
are similar to those for the previous generations of cellular mobile systems.

The characteristics of 4G cellular mobile, defined in 3GPP’s Long Term
Evolution-Advanced (LTE-A) specifications, include use of OFDM with its resilience
against multipath delay and pulse dispersion; carrier aggregation through use of
multiple frequency channels for one communication session; multiple antennas
in multiple antennas out (MIMO) spatial multiplexing, a way to profit from
relatively uncorrelated multipath propagation [44]; and coordinated multipoint, the
collaboration of multiple base stations in communicating with a mobile unit that is
near a cell boundary [45]. Relay nodes, essentially microcells embedded in ordinary
cells near their boundaries to improve performance, are also supported. Either FDD
or time-division duplex operation can be used.
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(A) MIMO with multiple antennas at transmitter and at the receiver. (B) A possible channel
variance matrix for a 5 × 5 MIMO system [46].

Carrier aggregation groups up to five component carriers, each with a bandwidth
up to 20 MHz for a maximum of 100 MHz. The component carriers may come from
different overlapping service cells offering different frequency channel sets, not the
same as the spatially disjoint cells in the basic cellular mobile concept.

MIMO, a major enhancer of high speed digital wireless communication, provides
the physical environment for spatial coding. For each transmitter-receiver pair, a
transmitter uses multiple transmitting antennas to send appropriately designed signals
to multiple receiving antennas, as illustrated in Fig. 1.36. This figure also shows a
possible channel variance matrix when the matrix channel contains two very small
scatterers, two larger ones, and one large scattering cluster. LTE-A supports up to
8 × 8 MIMO in the downlink and 4 × 4 MIMO in the uplink. A range of available
transmission modes supports a variety of different user equipments.

Although 4G is still early in its deployed lifecycle, the relentless demand for
greater bandwidth and flexibility drives efforts to devise technologies and techniques
for reliable wireless access in much higher frequency bands, as described in the next
section.

1.6.2 5G CELLULAR MOBILE
There are many views of what 5G is, since, at the time of writing, it is still not defined
in a standard, which 3GPP anticipates will be issued in 2020. There is agreement
that the scope of 5G includes the smooth integration of different network types of
wireless access and local area networks and the use of new frequency allocations
in much higher bands than those used for currently deployed cellular systems. As
defined in METIS, a major European project, “the goal is a system that supports
1000 times higher mobile data volume per area (10–100 times higher number of
connected devices and 10–100 times higher use data rate), 10 times longer battery
life for low power massive machine communication, and 5 times reduced end-to-end
latency, all of them at a similar cost and energy dissipation as today” [47]. In addition
to going to frequency bands up to 86 GHz, the 5G system will exploit “new network
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Atmospheric path loss as a function of frequency [48].

topologies and technologies such as moving networks, multi-hop communications,
self-configuration networks, and direct device-to-device communications.”

Transmission studies for the development of 5G focus on understanding of the
transmission characteristics of the higher frequency bands and the extremely high
speed digital logic required to use them. As noted in Rappaport et al. [48], “spectrum
at 28 GHz, 38 GHz, and 70–80 GHz looks especially promising for next-generation
cellular systems.” Although oxygen in the air attenuates electromagnetic waves at 60
GHz, adjacent frequency bands experience relatively low attenuation, as illustrated
in Fig. 1.37. Rain also degrades propagation at higher frequencies, as much as
20 dB/km above 50 GHz for a heavy rain, compared with negligible attenuation
in the 2G-4G frequency bands. However, high-speed wireless communication is
becoming shorter range through deployment of microcells and picocells to reduce
load on the macrocellular base stations, making the attenuation associated with
higher frequencies a less significant limitation. The 60 MHz region is a serious
candidate for LAN and small-cell communication because the high attenuation is
actually a benefit in avoiding inter cellular interference.

In urban environments where 5G is expected to be heavily used, the millimeter-
wave frequencies are characterized by long delay spreads from the multiple reflection
paths. These long spreads can be partly avoided using directional beamforming, but
designers must keep in mind the complexity tradeoff between beamforming (which
reduces the need for equalization of long delay spreads) and channel equalization
(which reduces the need for directional transmission).

Channel modeling for simulation studies and system design is an important part
of current work on millimeter-wave communication. Several models are described
in Raschkowski et al. [47] and Rappaport et al. [48]. Ray tracing “uses computer
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Example of METIS simplified ray tracing model [47].

simulation to model and discretize the energy radiated in space as it interacts with a
computer model of the physical environment [48].” A model can include reflections,
scattering, and atmospheric attenuation. The METIS map-based model, based on
simplified ray tracing, begins with a simple geometric description of the propagation
environment using geographic maps or 3D models of indoor environments. Fig. 1.38
illustrates such a simplified geometric description for a rectangular city grid. Mod-
eling also can be done through empirical measurements, such as channel soundings
in selected environments such as city streets and university campuses. Analytical
models form a third category, beginning with the simple log-distance path loss model:

Pr(d) = PtKfs(d0/d)α (1.7)

for a propagation distance d, a close-in (but in the far field) free space path loss
reference distance d0, and a constant Kfs and path loss exponent α that are selected
in accordance with empirical measurements [48].

1.6.3 WIRELESS TRANSMISSION IN THE CLOUD
Aside from transmission through literal clouds, the precipitation mentioned above,
wireless communication is increasingly taking advantage of the economies and
performance gains of shared distributed resources. The Radio Access Network
(RAN) is an unseen but vital part of the wireless digital transmission system.
Traditionally, baseband radio signal processing, mapping information streams from
the wired service network into radio signals destined for user devices and the
reverse for radio signals coming from the user devices, occurs at the base station.
These signal processing actions are computing tasks that might be handled more
efficiently by shared computing resources located somewhere within the computing
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The Cloud-RAN with signal processing in the wireless network cloud rather than at each
base station, and software-defined network functions in a backend server, cloud.
Source: Adapted from Y. Cai, F. Yu, S. Bu, Cloud Radio Access Networks (C-RAN) in Mobile Cloud Computing

Systems, in: Proc. 2014 IEEE INFOCOM Workshop on Mobile Cloud Computing.

resources cloud. As noted in Cai et al. [49], “This transition from distributed to
centralized infrastructure for baseband processing can have significant benefits:
saving the operating expenses due to centralized maintenance; improving network
performance due to advanced coordinated signal processing techniques; reducing
energy expenditure by exploiting the load variations.” This is the essence of the
Cloud-RAN, a concept particularly applicable to the many very small base stations
that are promising to become ubiquitous in 5G access networks.

Fig. 1.39 illustrates the Cloud-RAN concept and further introduces the possibility
of SDN control of network and service configuration and management. There are
two clouds, one handling the immediate signal processing needs of a RAN serving a
several-base station, and the other the SDN functions that may serve multiple RANs
and include, for example, association of base stations with RANs, managing handoff
between RANs, performance monitoring, usage measurement for billing, distributing
signal processing load among multiple servers within the wireless network cloud, and
facilitating redundant functionality for robustness.

The fronthaul from base stations, which may only contain power amplifiers and
antennas, is likely to be radio over fiber (RoF), carrying either analog or digitized
radio frequency (RF) or intermediate frequency data streams. RoF transmission
requires considerably larger capacity than in conventional base station networks
where only user data are carried and all RF processing occurs in the base stations.
Nevertheless, the cost savings from sharing signal processing functions in the
wireless network cloud are likely to offset the increased cost of transmission.

1.6.4 IEEE 802.11 WIRELESS LANS AND SOME ALTERNATIVES
IEEE 802.11 (“WiFi”) networks very likely carry the bulk of the world’s digital
transmission traffic. They are primarily one-hop local area systems in which all
mobile units communicate directly with a single access point connected to an access
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An IEEE 802.11 network with relay and repeater extensions.
Source: Adapted from D. Zhao, T. Todd, Real-time traffic support in relayed wireless access networks using

IEEE 802.11, IEEE Wireless Communications, April, 2004.

network. But extensions through relay nodes are also possible, as Fig. 1.40 illustrates,
and such self-organizing networks can significantly extend the range and utilization
rate of the access point. The relay nodes may be dedicated network extension nodes
or user devices with added relay capabilities. A repeater is a simpler range extension
device, lying between an access point and client terminals, which simply retransmits
everything it hears. This increases the usable distance between access points and
client terminals but reduces the overall traffic capacity of the access node because
the repeater retransmits data frames, duplicating traffic and possibly halving the total
capacity [50]. A repeater also requires powering that a battery-powered relay node
does not.

IEEE 802.11 is, like Ethernet, a contention system with users competing for
transmission time on each of the available carrier frequencies, primarily within
the unlicensed (ISM and RF devices) portions of the 2.4 and 5 GHz frequency
bands [51]. The link-level protocol used to resolve the contention is carrier sense
multiple access/collision avoidance (CSMA-CA) with an explicit acknowledgment
and exponential backoff, differing from Ethernet’s CSMA-CD by avoiding collisions
rather than detecting them and trying again. A sender listens, backs off (delays)
transmission according to the exponential protocol similar to that of Ethernet,
transmits a frame, waits for an acknowledgment (ACK) and, if there is a timeout
waiting for the ACK, goes again to the backoff procedure. Several generations of
IEEE 802.11 standards, listed in Table 1.4, have steadily increased data rate.

Propagation conditions determine range as in wireless access networks. Table 1.5
illustrates typical in-building losses over distance and through walls for IEEE
802.11g and 802.11n signals. Note that increasing distance and walls increases signal
loss, but at a decreasing rate.

IEEE 802.11 is generally not used for very short distances, for example, for
personal computer and smartphone peripherals such as earpieces, speakers, mice,
and keyboards. These and a range of rising body-area applications are more likely to
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Table 1.4 IEEE 802.11 Major Standards

Standard Modulation Band (GHz) Max. Data Rate (Mbps)

802.11b Direct-sequence spread spectrum 2.4 11
802.11a OFDM/64QAM 5 54
802.11g OFDM/64QAM 2.4 54
802.11n MIMO/OFDM/64QAM 2.4 and 5 200
802.11ac MultiuserMIMO/OFDM/256QAM 5 1300

Table 1.5 Distance and Absorption Indoor Losses
for IEEE 802.11 Signals

Distance (m) 10 15 20 25 30

Number of walls 1 2 4 5 6
Absorption (dBm)
802.11g −10 −16 −20.8 −22.5 −24
802.11n −9 −14 −25 −26.8 −28

Source: Adapted from S. Japertas, et al., Research of IEEE
802.11 standard signal propagation features in multi partition
indoors, in: IEEE Second Int. Conf. on Digital Information
Processing & Communications, 2012.

use the very low powered Bluetooth [52] transmission system. Bluetooth employs a
frequency-hopping system in which short time slots are sent on different subchannels
in a random hopping pattern.

Free-space infrared optical communication is another alternative for room-
area communications, for applications as simple as television remote controls but
going beyond to higher rates. Recent research suggests that OFDM, with signals
modified to accommodate the nonnegative nature of optical signals, might be a
successful technique to combat the serious multipath interference seen in room-area
environments [53].

1.7 ALL THE REST
The brief introduction in this chapter to digital transmission history and the major
digital transmission areas sets the stage for the in-depth discussions of the rest of
the book. To keep this broad overview to a reasonable size, several topics such as
undersea digital transmission systems, were regrettably not included. We hope the
reader will understand and find this book a helpful guide to what digital transmission
is, how it works, and how it is likely to advance in the years to come.
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2.1 INTRODUCTION
Most of the signals that communication engineers encounter are bandpass (or
passband) signals, loosely meaning that the frequency content of these signals is
confined to a relatively small band of frequencies around some identifiable high
frequency, often called the carrier frequency. For example, a digital satellite trans-
mission carrying 60 Mbps using quadrature phase-shift keying QPSK modulation
of a 12 GHz carrier has a bandwidth of perhaps 36 MHz, less than 1% of the
center frequency. A fiber optic link may be conveying binary on/off modulation
at a rate of 1 Gbps, but since the center frequency may be nearly 200 THz (1.55
µm wavelength), the percentage bandwidth is even smaller. The same may be said
for most analog transmission techniques, including amplitude modulation (AM) and
frequency modulation (FM) broadcasting.
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This situation exists for two distinct reasons, even though the intrinsic message
bandwidth does not require it:

• Sharing the electromagnetic spectrum with other users has meant adoption of
steadily higher frequency for spectrum availability.

• Physical propagation-related reasons require, or augur for high frequency
transmission. Fiber optic cables propagate only optical-frequency signals for
example, and small radio-frequency antennas are more efficient when the
wavelength becomes shorter as operating frequency increases.

Furthermore, the signal processing systems used in communication tend to have
bandpass nature, either because it is difficult to realize wide bandwidth technology
or because it is natural in handling bandpass signals. Notable examples are antennas,
amplifiers, and bandpass filters used for frequency selection.

Such signals and systems are described by real (physical) functions and we
can study or process, such signals in the same way as we do any lower-frequency
signal, applying standard signal analysis tools of transforms and convolution, and
can perform power/energy calculations in exactly the same manner. However, it is
often convenient, and notationally more compact, to utilize what is called the complex
envelope representation for such signals, which in essence represents a bandpass
signal by an equivalent (complex) low-frequency waveform. (Such equivalences
are prevalent in circuit analysis when dealing with sinusoidal excitation, and in
representing sinusoidal electromagnetic waves, where the complex equivalent signal,
or phasor equivalent, is a constant.) Of course, in the implementation of transmitters
and receivers, real signals are utilized throughout, so this mathematical construct
eventually ties back to real bandpass signals and systems.

The principal benefits of this representation are the following:

• Analysis is easier—all we really need to be concerned with is the behavior of the
modulation signal associated with the bandpass signal.

• Computer simulation is greatly simplified, since we may work with a
low-frequency signal that allows a much lower sampling rate.

• The bandpass/lowpass transformations are at the heart of most practical signal
processing in receivers and transmitters.

Illustration of these benefits will emerge in examples below.
Our discussion here will be in the context of continuous-time (CT) signals,

though many of the same ideas carry over to analysis of discrete-time (DT) signals,
and these are important in many modern applications, especially “software-defined
radio” [1]. We will begin by regarding the signal of interest to be deterministic,
that is, nonrandom. Then we tie bandpass systems together with bandpass signals.
Following this development the extension to bandpass random processes is relatively
straightforward. The chapter concludes with an application of use of the complex
envelope in bandpass nonlinear amplifiers and with material on sampling and
demodulation of bandpass signals, using an application in digital satcom reception
that incorporates many of the ideas presented.
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2.2 BANDPASS SIGNAL REPRESENTATION
We start by describing a real bandpass signal x(t) in the frequency domain, sketching
its Fourier transform X(f ) = A(f ) exp(jα(f )) as shown in Fig. 2.1. We write
x(t) ↔ X(f ) to represent the Fourier transform relationship between these functions.
X(f ) will be complex in general, but because it is the transform of a real signal,
it will possess conjugate symmetry about zero, that is, X(f ) = X∗(−f ), implying
the magnitude function A(f ) is even and the phase function α(f ) is odd in f . Notice
we do not place any restriction on the detailed shape of the spectrum, for example,
its fractional bandwidth or symmetry about a center frequency. We only assume
that the signal is bandlimited, meaning that the Fourier spectrum is nonzero only
over a region around some high-frequency carrier; the percentage bandwidth is not
important.

We wish to relate the bandpass signal, x(t), or X(f ), to a corresponding low-pass
signal, x̃(t), or X̃(f ). We make the following claim, then establish its validity:

x(t) = Re
{√

2x̃(t)ej2π f0t
}

, (2.1)

where x̃(t) is a complex low-pass signal whose Fourier transform is given by

X̃(f ) = Ã(f )ejα̃(f ) = √
2[X(f + f0)]LP, (2.2)

and where “LP” stands for “take the low frequency component of the term in
brackets.” In other words, to find X̃(f ), simply scale the bandpass signal’s spectrum
by

√
2, then shift it to the left by f0 along the frequency axis and retain the zone

around zero frequency.
The claim establishes a relation between the real bandpass signal of interest and

a unique low-pass signal x̃(t), this uniqueness relying upon the 1–1 property of the
Fourier transform operator.

FIG. 2.1

Bandpass signal in frequency domain.
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Frequency spectrum of complex equivalent signal.

Before proving the correctness of this relation we illustrate the method with the
response of Fig. 2.1. We can pick any positive frequency f0 in the region of support of
X(f ) and associate x(t) with a low-pass signal x̃(t). For example, picking f0 as shown
in the figure, and applying the definition (2.2) we find that the Fourier transform
of the complex equivalent signal is shown in Fig. 2.2. Note the amplitude scale
change. In general X̃(f ) will not have conjugate symmetry about zero frequency
(whenever the bandpass signal spectrum is asymmetric about the adopted reference
frequency f0), and thus x̃(t) is usually a complex function of time as the name
suggests. Examples of this complex envelope are provided below.

To establish the validity of Eqs. (2.1), (2.2) we show the Fourier transform of
Eq. (2.1) is correct. By definition, this is

X(f ) =
ˆ ∞

−∞
Re

{√
2x̃(t)ej2π f0t

}
e−j2π ftdt. (2.3)

Now we use the relation that for any complex quantity c, Re{c} = (c + c∗)/2,
leading to

X(f ) =
ˆ

1

2

[√
2x̃(t)ej2π f0t

]
e−j2π ftdt +

ˆ
1

2

[√
2x̃∗(t)e−j2π f0t

]
e−j2π ftdt

= 1√
2

X̃(f − f0) + 1√
2

X̃∗(−f − f0), (2.4)

which follows from operational properties of the Fourier transform. Notice that the
right-hand side is a conjugate symmetric function, as it must be to be the transform
of a real signal. Now, substituting the relation (2.2), X̃(f ) = √

2X(f + f0)LP, into this
final expression shows that the first term gives the proper Fourier structure for the
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positive frequency portion X(f ), and the second term properly describes the negative
frequency portion.

The signal x̃(t) (or X̃(f )) is called the complex equivalent low-pass signal, or often
the complex envelope of x(t), since Eq. (2.1) regard x̃(t) as the complex envelope
signal multiplying ej2π f0t, whose real part then provides the actual bandpass signal.
It is important to emphasize that x̃(t) conveys everything about the original bandpass
signal we might wish to determine. However, we obtain a different complex envelope
signal if we adopt a different reference frequency f0. Thus, we should be precise
by saying x̃(t) is the complex envelope relative to some frequency f0.

When starting with a bandpass signal’s Fourier spectrum, Eq. (2.2) provides
an easy way to find the complex envelope. It is frequently the case, however, that
determination of the complex envelope in the time-domain follows from inspection.
Often, we encounter a bandpass signal written in either quadrature modulation form1

x(t) = √
2[i(t) cos(2π f0t) + q(t) sin(2π f0t)] (2.5)

or in magnitude/phase (polar) form

x(t) = √
2a(t) cos(2π f0t + θ(t)). (2.6)

The relationships between these quantities are

a(t) = (i2(t) + q2(t))1/2, θ(t) = − tan−1(q(t)/i(t)) (2.7)

and

i(t) = a(t) cos θ(t), q(t) = a(t) sin θ(t). (2.8)

Simple calculation shows that the complex envelope, relative to f0, is given by

x̃(t) = a(t)ejθ(t) = i(t) − jq(t), (2.9)

which can be verified by substitution into Eq. (2.1). Correspondingly we have X̃(f ) =
I(f ) − jQ(f ).

Example 2.1 (Frequency modulation). In FM, the real bandpass signal can be
expressed as

x(t) = A cos
(

2π f0t + 2πkf

ˆ t

−∞
m(τ)dτ

)
, (2.10)

where A is the carrier amplitude, f0 is the carrier frequency, kf is a modulator scale
factor, and m(·) is the modulating signal, carrying either an analog or digital message.
By converting Eq. (2.10) to quadrature form using trigonometric identities we can
obtain i(t) and q(t) signals, then x̃(t). Alternatively it is readily seen using Euler’s
relation that

1i(t) and q(t) are known as the “in-phase” and “quadrature” components, or so-called I/Q components,
of the signal.
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x̃(t) = A√
2

exp
(

j2πkf

ˆ t

−∞
m(τ)dτ

)
, (2.11)

which is a low-frequency complex signal whose locus is a circle with radius A/
√

2.
Back-substitution of this into Eq. (2.1) recovers Eq. (2.10). Such signals are known as
constant envelope because the standard envelope of the bandpass signal is |x(t)| = A.

Determination of X̃(f ) can be made by using a Taylor series expansion of eu on
Eq. (2.11), then Fourier transforming term-by-term to obtain

X̃(f ) = A√
2

[
δ(f ) + kf M(f )

f
+

k2
f

2

[
M(f )

f

]
�

[
M(f )

f

]
+ · · ·

]
, (2.12)

where M(f ) is the Fourier spectrum of m(t) and � denotes convolution. This expresses
the well-known broadening of the spectrum in FM, depending on modulation index.

2.2.1 ENERGY/POWER CALCULATIONS
The energy of a real signal, bandpass or not, when normalized to a 1 ohm
resistance, is

Ex =
ˆ ∞
−∞

x2(t)dt. (2.13)

By Parseval’s relation this is equivalently

Ex =
ˆ ∞
−∞

|X(f )|2df . (2.14)

(Here it is assumed that the signal is an energy signal, having finite energy; power
signals have similar conclusions dealing with average power.)

Using the bandpass signal representation in Eq. (2.4), Eq. (2.14) becomes

Ex =
ˆ [

1√
2

X̃(f − f0) + 1√
2

X̃∗(−f − f0)

] [
1√
2

X̃(f − f0) + 1√
2

X̃∗(−f − f0)

]∗
df .

(2.15)

By expanding the integrand, then realizing that under the assumptions about the
bandpass signal, terms of the form X̃(f − f0)X̃(−f − f0) are 0 for all f , we find that

Ex = 1

2

ˆ
|X̃(f − f0)|2df + 1

2

ˆ
|X̃(−f − f0)|2df

=
ˆ ∞
−∞

|X̃(f )|2df = Ex̃. (2.16)

So, the energy attached to the complex envelope signal equals that of the real
bandpass signal.

Caution: Perhaps half the presentations of this material choose to omit the scale
factor

√
2 in Eq. (2.1), which leads to corresponding scale changes for x̃(t) and X̃(f ),
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and also results in the energy of the complex envelope signal being twice that of the
bandpass signal. This can cause confusion and one must be careful about which
definition is in effect.

Many discussions of this representation of bandpass signals indicate the relations
above are only true for narrowband signals, which is never precisely defined. Our
derivation shows that the relations hold provided only that there is a region around
zero frequency devoid of spectral content, and the reference frequency is chosen so
that X̃(f − f0) and X̃(−f − f0) do not overlap in frequency. Thus, the relationships
hold for such applications as former voice-band modem data transmission, wherein
a carrier at 1800 Hz is modulated with a pulse-shaped signal having baseband
bandwidth of 1400 Hz. The resulting bandpass signal extends from 400 to 3200 Hz
and is not a narrowband bandpass signal by any means. It is nonetheless possible to
define the complex envelope relative to, say, an 1800 Hz frequency.

It is perhaps good to remember, however, that no time-limited signal can strictly
satisfy the bandlimited property we have assumed here, so one should be cautious in
applying this theory to pulsed signals, unless the reference frequency is large relative
to the reciprocal of the pulse time, in which case, we may regard the bandpass signal
as essentially bandlimited. A case that raises possible abuse of this notation is the
following example.

Example 2.2 (Pulsed bandpass signal). Consider a radio frequency (RF) pulse
having 1 µs duration, symmetric about t = 0, and suppose the carrier frequency is
2 MHz. The nonzero portion of the real signal x(t) is shown in Fig. 2.3.

Letting τ = 10−6 denote the pulse length, calculation shows that the Fourier
transform of the pulse waveform is2

X(f ) = Aτ

2
sinc(π(f − 2 × 106)τ) + Aτ

2
sinc(π(f − 2 × 106)τ), (2.17)

plotted in Fig. 2.4. (X(f ) is real since x(t) is even by construction.) Notice there is no
region around zero frequency void of spectral components.

It is possible by inspection to see the complex envelope is

x̃(t) = A√
2

rect
( t

τ

)
(2.18)

since

x(t) = Re
{√

2x̃(t)ej2π2×106t
}

(2.19)

is the original x(t). Then X̃(f ) = (Aτ )/
√

2) sin(π f τ )/π f τ . We cannot find this,
however, by appeal to

X̃(f ) = √
2X(f + 2 × 106)LP (2.20)

2We use the definition sinc(x) = sin(x)/x.
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Pulsed 2 MHz sinusoid.
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to find the complex equivalent signal. First, there is the question of what bandwidth
pertains to the low-pass operator. However, any choice here gives slightly incorrect
representation of the original pulsed signal and its energy. Use of Eq. (2.19) is valid,
however.

Example 2.3 (Offset-QPSK). In offset (or staggered) QPSK, the in-phase and
quadrature binary symbols an and bn are staggered by one original bit duration,
then applied to pulse shaping filters whose impulse response is p(t), whose outputs
then modulate cos(2π f0t) and sin(2π f0t), respectively. Since the bandpass signal is
already in quadrature form, we can immediately write

x̃(t) = i(t) − jq(t), (2.21)

where

i(t) =
∑

n
anp(t − nT)

q(t) =
∑

n
bnp(t − nT − T/2) (2.22)

and where T is called the symbol interval, related to the underlying bit interval by
T = 2Tb, since each symbol conveys 2 information bits.

Fig. 2.5 shows the complex trajectory of x̃(t) for a case with p(t) defined by a
square-root raised cosine filter [2], with rolloff factor 0.25. This smoothly evolving
trajectory is what allows the bandpass signal to be strictly bandlimited. Staggering
the quadrature components of the signal prevents the complex envelope from passing
near the origin and helps to reduce the peak-to-rms ratio of the modulated signal,
making amplifier design easier.

2.2.2 ANALYTIC SIGNAL
Closely related to the complex envelope of a bandpass signal is the analytic signal,
an auxiliary complex signal defined to have a Fourier transform that matches the
positive frequency portion of the transform of the original real signal, except for a
scale factor of 2. We will denote this signal by x+(t) ↔ X+(f ), as in Haykin [2],
where

X+(f ) =
{

2X(f ) f > 0
0 f < 0

. (2.23)

At this point it is evident that the analytic signal and the earlier complex envelope are
related by

X̃(f ) = 1√
2

X+(f + f0). (2.24)

In the time domain the relation is x̃(t) = 1√
2
x+(t)e−j2π f0t.
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Complex envelope trajectory for offset QPSK with pulse shaping.

We can form this analytic signal with use of a linear filter that forms the Hilbert
transform of a real signal. The frequency response of the Hilbert transformer is

Hhilb(f ) = −j sgn(f ), (2.25)

which is a linear system that has constant gain = 1 and phase shift of −π/2 radians
for f > 0. Implementation of a true Hilbert transformer is impossible, since the phase
function is discontinuous at f = 0, but for bandpass signals we only require Eq. (2.25)
to hold over a restricted bandwidth, allowing synthesis with so-called quadrature
hybrid RF devices.

If we pass a real bandpass signal through a system shown in Fig. 2.6, and
bundle the two real outputs into a single complex signal, its Fourier spectrum is
X(f ) + j(−j sgn(f ))X(f ) = 2X(f ), f > 0 as in Eq. (2.23). The corresponding
time function is then x(t) + jx̂(t), an alternate definition of the analytic signal.
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j j

FIG. 2.6

System producing analytic signal x+(t).

By complex heterodyning (multiplying by e−j2π f0t), we obtain the complex envelope
signal

√
2x̃(t).

In modern digital signal processing (DSP) implementation of receivers, this
operation is accomplished by beginning with a sampled version of the bandpass
signal and implementing the Hilbert transform either with a finite impulse response
(FIR) filter or with discrete Fourier transform processing. Heterodyning is performed
by multiplying with a DT complex exponential sequence. See Johnson et al. [1] for
more details here.

2.3 BANDPASS LINEAR SYSTEMS
Any linear, time-invariant system is described by its frequency response H(f ) or by
its impulse response h(t). A bandpass system, or filter, has nonzero H(f ) confined
to a region surrounding some high-frequency location, called the center frequency of
the filter. Because the filter’s impulse response is real, the frequency response will
exhibit the same conjugate symmetry that the spectrum of a real signal does. Fig. 2.7
shows a typical bandpass frequency response, intentionally drawn to be asymmetric
about f0.

FIG. 2.7

Frequency response of bandpass system.
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The real impulse response of such a bandpass filter will be an oscillatory response
that has “period” roughly 1/f0, for example, of the form

h(t) = Re{e−αtej2π f0t} = e−αt cos(2π f0t), t ≥ 0. (2.26)

Using methods just described for bandpass signals, we write the bandpass impulse
response as

h(t) = Re
{√

2h̃(t)ej2π f0t
}

, (2.27)

where h̃(t) is the complex equivalent impulse response of the system. As above, we
may define h̃(t) through its Fourier transform:

H̃(f ) = √
2H(f + f0)LP. (2.28)

As with bandpass signals, we have the low-pass to bandpass relation:

H(f ) = 1√
2

H̃(f − f0) + 1√
2

H̃∗(−f − f0). (2.29)

If we excite the bandpass system with a bandpass signal, the output will be a band-
pass signal (as seen by multiplying the Fourier transforms). We can calculate directly,
either multiplying transforms or convolving real bandpass responses. However, there
is another way, working with the complex equivalent signals themselves. To see
how, write the output signal Fourier transform of the input signal transform and the
frequency response, each expressed in terms of the complex equivalent frequency
function:

Y(f ) = X(f )H(f )

=
[

1√
2

X̃(f − f0) + 1√
2

X̃∗(−f − f0)

]
×

[
1√
2

H̃(f − f0) + 1√
2

H̃∗(−f − f0)

]
. (2.30)

Now assuming that X̃(f − f0) and H̃(f + f0) do not overlap in frequency, two of the
four products in Eq. (2.30) vanish, leaving

Y(f ) = 1

2
X̃(f − f0)H̃(f − f0) + 1

2
X̃∗(−f − f0)H̃

∗(−f − f0). (2.31)

We can thus express the system output using complex envelope notation as

Y(f ) = 1

2
Ỹ(f − f0) + 1

2
Ỹ∗(−f − f0) (2.32)

if Ỹ(f ) = X̃(f )H̃(f ). The point is that we can perform operations on the equivalent
low-pass signal and system responses, thereby obtaining the complex equivalent
signal of the output response, then using this to obtain the actual bandpass signal by
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FIG. 2.8

Implementation of bandpass filtering using complex equivalent responses.

y(t) = Re
{√

2ỹ(t)ej2π f0t
}

. (2.33)

Because the equivalent low-pass signals are related by Ỹ(f ) = X̃(f )H̃(f ), we have
also that

ỹ(t) = x̃(t) ∗ h̃(t). (2.34)

is a time-domain route to calculating the same output response. This relationship is
summarized in Fig. 2.8.

For actual signal processing operations or for simulating systems on a computer,
we must implement the complex signal operations on real processors.3 By writing
each of the complex responses in Eq. (2.34) as, say, x̃(t) = xr(t) + jxi(t), then
expanding Eq. (2.34), we find that the output real and imaginary signals that make
up ỹ(t) are

yr(t) = xr(t) � hr(t) − xi(t) � hi(t)

yi(t) = xr(t) � hi(t) + xi(t) � hr(t), (2.35)

where hr(t) and hi(t) are the real and imaginary components of h̃(t). Thus, to perform
the filtering operation at baseband using complex equivalent signals, we implement
the process shown in Fig. 2.9, requiring four convolutions. Notice, however, that
we may have a system response which is conjugate-symmetric about f0, so the
corresponding complex equivalent frequency response will be real, in which case
half of the required processing indicated in Fig. 2.9 disappears.

FIG. 2.9

Implementation of bandpass filtering using real functions.

3Packages such as Matlab can handle complex signals directly, but it should be realized that when two
such complex signals are multiplied, for example, there are four real multiplications in the background
involving the real/imaginary components of the complex signals.
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While it may appear that the processing overhead has considerably increased over
a direct implementation of filtering at bandpass frequencies, realization of the desired
response is often more correctly achieved via baseband processing, then conversion
back to bandpass form if desired. Whenever DT processing is involved, the sampling
rates involved will generally be much greater in the direct bandpass implementation,
even after allowing for the fact that sampling of bandpass signals need not be done at
twice the highest frequency for alias-free representation, as discussed below.

2.4 BANDPASS RANDOM PROCESSES
We now turn to representation of nondeterministic signals, or random processes, that
are bandpass in nature. A principal application is in the description of bandpass noise
produced as a result of thermal noise and shot-noise processes in receiver circuits,
or perhaps from external noise sources. The extension to random processes from the
description of deterministic signals in the earlier section is remarkably similar, except
that we use the calculus of stationary random processes, for example, correlation
functions and power spectra.

2.4.1 PRELIMINARIES
In this section, some basic concepts of random processes are summarized prior to
the application to bandpass processes. The emphasis shifts here to infinite-duration
random signals assumed to be power signals. Readers are invited to consult basic
texts in random processes as necessary [3].

A random process X(t) is wide-sense-stationary (WSS) if its mean function is
invariant to absolute time and its autocorrelation function depends only on time
separation, that is

μ(t) = E[X(t)] = μ0, mean function

RX(t, t + τ) = E[X(t)X∗(t + τ)] = RX(τ), autocorrelation function. (2.36)

For a real process, the autocorrelation function is even in τ , while for a complex
process the autocorrelation function has conjugate symmetry, that is, RX(−τ ) =
RX

∗(τ ).
The power spectral density of a WSS process is defined as the Fourier transform

of the autocorrelation function, and is always a real, nonnegative function of f ,
specifying the distribution of average power versus f . In the case of real random
processes, the power spectral density (PSD) is also an even function of f .

A process is said to be Gaussian if any finite collection of random variables
associated with the process are jointly Gaussian. Let the random variables be
captured by the column vector

x = (x1, x2, . . . , xN)T . (2.37)
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In the jointly Gaussian case, the p.d.f. for samples is

f (x) = 1

(2π)n/2[det(K)]1/2
exp

(
−1

2
[x − μ]H

)
K−1[x − μ], (2.38)

where μ is the mean vector, K is the covariance matrix for the set of samples, and H
denotes the conjugate-transpose operation on a vector. Of major analytic importance
is that the joint density function, and by extension the process description itself,
requires only knowledge of the mean and covariance descriptions, a so-called second-
order characterization.

2.4.2 BANDPASS GAUSSIAN PROCESSES
Bandpass Gaussian noise typically presents itself in communications applications
as the result of bandpass filtering of a wideband Gaussian noise process. This
wideband process is physically produced by thermal (or Johnson) noise in lossy
circuit elements, by shot-noise associated with electronic and photonic devices, or
even by atmospheric and cosmic electromagnetic radiation.

A bandpass process, not necessarily Gaussian, is one that has a power spectrum
confined to some region around f0. (Notice we use power spectrum here rather than
the Fourier spectrum used earlier, since the latter would also be a random process
in f .) Fig. 2.10 illustrates a power spectrum for a real bandpass process. The physical
unit for power spectral density is watts/hertz for the vertical scale, or equivalent.
Sample functions from this process can be viewed as undergoing amplitude/phase
modulation of a sinusoid having frequency f0, where the modulation components now
are themselves random-processes, but with low-frequency content. We have three
representations for such a signal, as before4:

N(t) = √
2[Nc(t) cos(2π f0t) + Ns(t) sin(2π f0t)] (quadrature form)

N(t) = √
2A(t) cos(2π f0t + θ(t)+) (polar form) (2.39)

N(t) = Re
{√

2Ñ(t)ej2π f0t
}

(complex envelope form) (2.40)

FIG. 2.10

Power spectral density SN (f ) for bandpass random process.

4The factor
√

2 is embedded as before in the definition.
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FIG. 2.11

Recovery of in-phase and quadrature components of bandpass random process.

In these above forms, Nc(t) and Ns(t) are known as the in-phase and quadrature
components of the bandpass process, A(t) is the random amplitude function, θ(t)
is the random phase process, and Ñ(t) is the (random) complex low-pass signal
associated with the bandpass process. We have

Ñ(t) = Nc(t) − jNs(t) = A(t)ejθ(t). (2.41)

If the bandpass noise process is WSS and Gaussian, it may be shown [2] that the
in-phase and quadrature processes are zero-mean Gaussian, and with power spectral
densities

SNc (f ) = SNs (f ) = 1

2
[SN(f − f0) + SN(f + f0)]LP. (2.42)

For example, if the bandpass noise has a rectangular PSD with height N0/2 and
bandwidth B, each of the quadrature components also has PSD with height N0/2
and positive-frequency extent B/2.

In addition Nc(t) and Ns(t) are uncorrelated at the same time, regardless of
symmetry or lack thereof of the bandpass spectrum. So, as with deterministic signals,
the power of the bandpass signal matches the power of the complex baseband signal.
Finally, the envelope of bandpass Gaussian noise has a Rayleigh probability density
function, while the phase angle is uniformly distributed on (0, 2π).

As with deterministic signals, we may “demodulate” the bandpass process as
shown in Fig. 2.11 to recover the in-phase and quadrature components of the
bandpass process, except here the recovered processes are random. When a bandpass
deterministic signal is also present this demodulator recovers I(t) + Nc(t) and
Q(t) + Ns(t) in the two arms.

2.5 APPLICATION TO BANDPASS NONLINEARITY
The complex envelope notation has benefits even in nonlinear bandpass systems, as
now illustrated with a power-law nonlinearity that might model a power amplifier,
a prevalent source of nonlinearity. Suppose a (deterministic) bandpass signal with
carrier frequency f0 is acted upon by a nonlinearity whose input/output expression is
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y(t) = a1x(t) + a3x3(t − τ), (2.43)

where ai are real coefficients and τ is a real-valued delay.5 A third-order model serves
to illustrate the method, and we do not include the second-order term since, as seen
below, it will not produce “in-band” signal components.

The output bandpass signal is subjected to a zonal filter which is a bandpass
filter that passes only frequency components near f0, rejecting the signal components
around 2f0, 3f0, etc. Let the output of this filter be z(t). This new bandpass signal has
a complex envelope z̃(t), and we can find this directly in terms of x̃(t).

We again write x(t) = Re
{√

2x̃(t)ejω0t
}

and again use Re{c} = (c + c∗)/2,

where c is any complex quantity. Defining ω0 = 2π f0 and substituting this into the
nonlinearity above we obtain

y(t) = a1

[√
2x̃(t)ejω0t + √

2x̃∗(t)e−jω0t
]
/2

+ a3

[√
2x̃(t − τ)ejω0(t−τ ) + √

2x̃∗(t − τ)e−jω0(t−τ )
]
/2

×
[√

2x̃(t − τ)ejω0(t−τ ) + √
2x̃∗(t − τ)e−jω0(t−τ )

]
/2

×
[√

2x̃(t − τ)ejω0(t−τ ) + √
2x̃∗(t − τ)e−jω0(t−τ )

]
/2. (2.44)

Upon expanding the triple product, eliminating terms having frequency ±3ω0 and
regrouping, then applying the identity above for complex variables in reverse, we find
the bandpass signal is

z(t) = a1Re
{√

2x̃(t)ejω0t
}

+
a3

(√
2
)3

4
[Re{x̃(t − τ)x̃∗(t − τ)x̃(t − τ)ejω0(t−τ )}

+ Re{x̃(t − τ)x̃(t − τ)x̃∗(t − τ)ejω0(t−τ )}
+ Re{x̃∗(t − τ)x̃(t − τ)x̃(t − τ)ejω0(t−τ )}]. (2.45)

Next, use the fact that the sum of real parts of complex quantities equals the

real part of their sum, along with z(t) = Re
{√

2z̃(t)ejω0t
}

to determine the complex

envelope for z(t) is

z̃(t) = a1x̃(t) + 6a3

4
[|x̃(t − τ)|2 x̃(t − τ)e−jω0τ ]. (2.46)

This expresses nonlinear distortion of the input signal, with the second term
producing spectral broadening of the input signal. System analysis or simulation can
be based upon z̃(t). This is an example of a Volterra baseband model for a bandpass
nonlinearity.

5Such models can be applied only over an appropriate range for input signal strength.
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As a special case of this result, suppose the input signal is an unmodulated
sinusoid with amplitude A and phase 0. Then x̃(t) = A/

√
2, and

z̃(t) = a1
A√
2

+ 3a3

4
√

2
A3e−jω0τ . (2.47)

As the amplitude of the input signal changes, the output amplitude |z̃(t)| changes
nonlinearly, and the phase of the output signal changes as well. This is referred to as
AM-AM and AM-PM conversion, respectively, in the nonlinear amplifier literature.

2.6 SAMPLING OF BANDPASS SIGNALS
Sampling of a CT signal is commonly done to permit storage, digital signal
processing, or to enable digital communication of an analog signal. The prevailing
question is whether the CT signal can be properly reconstructed from its samples,
or alternatively whether the modulation of the bandpass signal can be recovered
correctly, which places requirements on the sampling rate relative to the spectral
properties of the signal. Sampling is a linear, time-varying operation that produces
new frequency components in the sampled signal, known as aliases, and a typical
goal is to produce sampling capable of reconstruction free from aliasing distortion.
The familiar sampling theorem for real signals with nonzero spectrum on [−B, B] is
that sampling frequency must satisfy fs > 2B, called the Nyquist rate. The sampling
theory can be extended to bandpass signals, with more subtlety. Basically, sampling
at rate less, and often much less, than twice the highest frequency is permissible when
aliases can be places in the null regions of the bandpass spectrum.

To frame the problem, suppose we are given a bandpass signal having nonzero
spectrum only on the interval [fL, fU] (and its mirror image), with bandwidth
B = fU − fL. What sampling rates allow alias-free recovery of the original signal?
And what is the smallest of such acceptable sampling rates?

It follows from the standard sampling theorem that sampling at a rate fs > 2fU
suffices, but this is often wasteful and produces far more data per unit time than
necessary. To see that we can usually sample much slower, consider the right-shifted
aliases of the spectral zone originally located at negative frequency, that is, the
interval [−fU, −fL]. The bands occupied by these aliases extend from −fU + nfs to
−fL + nfs, spaced by fs with each alias zone having bandwidth B. Some of these
zones will fall in the null regions of the original spectrum, but for fs to allow alias-
free reconstruction, we must have, for some integer n, the nth right alias lie to the
left of fL on the positive frequency axis, and at the same time, the n + 1-st alias must
clear the frequency fU to the right. The first requires nfs < fL and the second requires
(n + 1)fs > 2fU. (Strict inequality holds to allow for possible spectral lines at the
band edges.)

The easiest way to interpret these requirements is to consider integer values n =
0, 1, 2, 3, . . ., and, for each, find sampling rates that satisfy both
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Table 2.1 Listing of Acceptable Sampling
Frequency Bands, fL = 2.6, fU = 3.1

n fslower = 2fU
n+1 fsupper = 2fL

n

0 6.20 ∞
1 3.10 5.20
2 2.07 2.60
3 1.55 1.73
4 1.24 1.30
5 1.033 1.04

fs <
2fL
n

= 2(fU − B)

n

fs >
2fU

n + 1
. (2.48)

There will always be the naive solution fs > 2fU for n = 0, but for increasing n we
find decreasing intervals of acceptable sampling rates, until no such rates exist.

To illustrate, alias-free sampling rate intervals are listed in Table 2.1 for a case
with normalized frequencies (fL, fU) = (2.6, 3.1), that is, where the signal bandwidth
is 0.5 Hz. For n = 0 we find the naive solution, fs > 6.2 Hz. Letting n = 1 reveals a
range of sampling rates [3.1, 5.2] is feasible, and so on, with the smallest acceptable
sampling rate corresponding to n = 5, namely 1.033 Hz, slightly greater than 2B.

A closed-form result for the minimum acceptable sampling rate is obtained as
follows. Let n∗ be the largest integer n for which Eq. (2.48) can hold, namely n∗ =
int(fL/B) = int((fU − B)/B). Substituting this into Eq. (2.48) then yields

fsmin = 2fU
n∗ + 1

= 2fU
int(fU/B)

. (2.49)

This relation is plotted in Fig. 2.12, showing the minimum sampling rate normalized
to the bandwidth B as a function of fU/B. Notice that as fU/B becomes large, the
minimum acceptable sampling rate tends to double the bandwidth. Two cautions
are in order, however. First, fsmin is generally not equal to 2B (except when fU/B
is an integer). Second, having found an acceptable sampling rate, one cannot
conclude that a larger sampling rate is acceptable, as shown in the above example.
Finally, we should realize that this analysis allows aliases to butt against the desired
frequency zone, implying ideal filters are needed to recover the bandpass signal. If
we want some guard zone in frequency (perhaps some fraction of the original signal
bandwidth), we could reformulate the constraints above, and we would find that the
suitable sampling rates change and that the minimum sampling rate will increase.

We have discussed bandpass sampling as if recovery of the original bandpass
signal is the objective; but more often we are interested in recovering an alias in a
lower frequency region, ideally near zero, that allows easy demodulation, namely
recovery of x̃(t). Sampling of a bandpass signal is a kind of heterodyning operation,
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Minimum sampling rate, normalized to B, versus fU/B.

that is, spectral copies are produced at lower frequency. It can also be shown that
the conditions discussed above for clearing the original bandpass region of aliasing
are exactly those needed to produce nonoverlapping aliases in low-frequency zones,
leading to recovery of the complex envelope.

Note that the new center frequency is not identically zero, however, and further
“despinning” is necessary to bring the signal to zero frequency. Some sampling
rate choices will produce an alias-free zone near zero frequency, but with spectral
reversal. When such spectral reversal occurs, it may be undone by changing the
heterodyning frequency to rotate the periodic DT spectrum into proper alignment
at zero frequency.

Example 2.4. Suppose a receiver uses standard analog heterodyne conversion
to provide a band of channels centered at 70 MHz, with total bandwidth 2 MHz.
Then we have fU = 71 MHz, fL = 69 MHz, and B = 2 MHz. Assuming the
presampling circuitry in the receiver does a satisfactory job of making the signal
bandlimited, the minimum sampling rate is 2(71)/int(71/2) = 4.057 MHz, only
slightly greater than 2B. The 17th alias of the original bandpass signal is located near
zero frequency with band-center at 70 − 17(4.057) = 1.029 MHz, (barely) without
aliasing distortion. Further processing can extract a subchannel of interest with
digital filtering, then heterodyne it to zero frequency with a digital local oscillator.
Alternatively, we could sample at a somewhat higher rate satisfying the rules above to
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provide some frequency guard interval. Even though the sampling rate can be much
lower than 2(71) MHz, we must have adequate input analog bandwidth in the A/D
converter to handle the bandpass signal; specifically a sample-and-hold circuit prior
to the sampler must have adequate frequency response to capture the high-frequency
signal.

2.6.1 MORE ON DEMODULATION
An alternate method of representing a bandpass signal to a digital processor is a
more classical method, involving a quadrature demodulator of the bandpass signal
to baseband, producing the in-phase and quadrature components of the signal. Each
of these has bandwidth B/2 in the above notation, and sampling of each at B sps
can represent each signal. The net sampling rate then for the two streams is exactly
2B sps, and this holds true no matter what the ratio fU/B is. The cost is the need for a
quadrature demodulator (two mixers and a local oscillator), plus two A/D converters
instead of one bandpass sampler. An equivalent process is to first form the analytic
signal for the bandpass signal, then heterodyne this complex signal to zero frequency
and sample the real and imaginary components separately, each at rate B sps.

Direct recovery of the sampled in-phase and quadrature components of a band-
pass signal can be done instead by cleverly sampling the bandpass signal. Specifically
if we represent the signal as

x(t) = √
2[i(t) cos(2π fct) + q(t) sin(2π fct)] (2.50)

and sample at fs = 4fc, with t = 0 as the first sample, we recover the sequence
√

2 × {i(0), q(1T), −i(2T), −q(3T), i(4T), q(5T), . . .}, (2.51)

as substitution of sampling times will show. By demultiplexing this sequence into
two sequences, then switching the signs of alternate samples in each sequence, we
recover two streams (in-phase and quadrature signals), each represented at a sampling
rate of fs/2 = 2fc. Provided this is greater than twice the bandwidth of the in-
phase/quadrature signals to be recovered, we have thus demodulated using a single
sampler acting on the bandpass signal, while avoiding heterodyne processing.

This idea can be extended to allow undersampling of the bandpass signal, as
discussed above, yet still provide recovery of the in-phase/quadrature sequences, if
the sampling rate is an odd-submultiple of 4fc, that is, fs = 4fc/n, where n is odd.6

The divisor n cannot be larger than some critical number that leaves (fs)′ = fs/2 >

2W, where W is the baseband message bandwidth of the I/Q signals. This requires
2fc/n > 2W, or n < int(fc/W), with n odd. This means that the minimum sampling
rate associated with this direct demodulation method is

6The sign patterns on the I/Q streams changes to I, −Q, −I, Q, . . . when n mod 4 = 3. This corresponds
to recovery of X̃∗(−f ) rather than X̃(f ).
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fsmin,direct = 4fc
max odd int(fc/W)

. (2.52)

Some subtleties are tied to this rather convenient idea. First, the sampling will be
asynchronous with the carrier, so we cannot claim samples line up with zero crossings
of the cos/sin terms. This implies we actually will recover a rotated combination of
I/Q streams, and a phase derotation must be performed to correctly recover the I/Q
streams. Moreover, the sampling clock will not be an exact submultiple of the actual
4fc due to Doppler shift or oscillator offsets in the transmitter and receiver. So the
recovered baseband signal is slowly spinning in I/Q space versus time. If coherent
detection of the signal is desired, both this slow frequency spin and any phase offsets
must be removed by digital signal processing of the baseband samples, using some
type of carrier phase synchronization scheme.

Finally, note that I/Q are recovered in time-staggered manner. If we need the
I/Q streams to be represented at the same DT points, then a digital interpolation of
one will be needed to time shift one stream by the necessary amount. This is easy,
however, and is typically incorporated within symbol timing methods.

Example 2.5 (Digital satcom receiver). In receivers for direct broadcast satellites,
analog receiver processing often converts the received multichannel frequency band,
say 12.2–12.7 GHz carrying multiple programs, to an intermediate frequency range
900–1400 MHz, using block down-conversion. Channel selection from this channel
multiplex is done by mixing with a local oscillator signal to convert the channel
of interest to a center frequency of 140 MHz. We assume the bandwidth of the
signal to be processed is B = 36 MHz, carrying one or more digital video streams.
A bandpass filter with this bandwidth would typically appear at the output of the
frequency converter.

At this point we have a bandpass signal (plus noise), centered at 140 MHz with
bandwidth 36 MHz. The complex envelope of this signal has 18 MHz bandwidth,
and recovery of the I/Q components of this complex signal allows demodulation and
subsequent recovery of the digital data.

Appealing to the direct recovery sampling procedure just discussed, we have
fc = 140 MHz, W = 18 MHz, and the minimum sampling rate producing direct
demodulation without aliasing is

fsmin,direct = 4(140)

max odd int(140/18)
= 560

7
= 80 Msps (2.53)

This is 2.22 times the bandwidth of the IF signal, a considerable reduction over
the naive sampling rate of 2(136) Msps and only slightly larger than the 79 Msps
minimum alias-free rate from Eq. (2.49).

The adopted sampling rate of 80 Msps places an alias-free copy of the IF
signal centered at 20 MHz (though spectrally reversed), which is fc/7, meaning
that simple demultiplexing and sign-alternation as above recovers the I/Q samples
without further frequency translation. In practice there will be some small frequency
offset, in addition to an overall phase rotation that must be removed using a
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phase-synchronization algorithm, beyond the discussion here. The I/Q samples will
need to be resampled to a rate appropriate to the underlying symbol rate for purposes
of symbol timing and matched filtering [4].
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The first radio frequency (RF) systems were based on single-carrier modulations.
Limitations imposed by the immature technology rendered anything more sophisti-
cated impossible. Analog modulations, in the form of amplitude modulation (AM)
and frequency modulation (FM), were single-carrier modulations and served the
needs of radio systems from the early 20th century up to the advent of digital
communications. The use of a single carrier for digital modulation was a natural
extension of the single-carrier analog modulations, although the mathematics used to
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describe a digitally modulated carrier are quite different from those used to describe
an AM or FM carrier. Consequently, the first digital communication systems were
based on single-carrier techniques, and this remained the case until the 1990s, when
multicarrier modulations became popular.
As of this writing, the popular mobile telephony networks (4G/LTE) and wireless
networking systems (IEEE 802.11 or WiFi) are based on multicarrier modulation. But
multicarrier modulation requires a very linear RF power amplifier. Where this is diffi-
cult, single-carrier modulations still dominate, such as with satellite communications,
aeronautical and aerospace communication systems, systems with low probabilities
of interception or detection, low-cost radio networks (IEEE 802.15.4 and Bluetooth),
and 4G/LTE backhaul links operating in the 60/70/80/90 GHz bands. In addition,
the terminology used to describe much of the multicarrier modulations derives from
the terminology used for single-carrier modulations. Consequently, single-carrier
modulation remains an important area of study.

3.1 PRELIMINARIES
Modulation is a one-to-one mapping of B input bits to one of the M = 2B waveforms
in the following set:

S = {s1(t), s2(t), . . . , sM(t)} . (3.1)

The situation is illustrated by the example shown in Fig. 3.1. Here, B = 2 bits are
mapped to one of the M = 4 waveforms. The input bit sequence is partitioned
into nonoverlapping segments of B = 2 bits. Each 2-bit segment maps to one of
the four waveforms, as shown. A new waveform is produced every Ts seconds and
corresponds to a B-bit symbol. Consequently, Ts can be thought of as the symbol
period (with units s/symbol) and the corresponding symbol rate is as follows:

Rs = 1

Ts
symbols/s. (3.2)

Because B bits comprise each symbol, the bit period is Tb = Ts/B s/bit and the
corresponding bit rate is as follows:

Rb = 1

Tb
bits/s. (3.3)

The bit rate and symbol rate are related by

Rb = BRs bits/s. (3.4)

The symbol-to-waveform mapping may be defined as either memoryless or with
memory. The mapping shown in Fig. 3.1 is an example of a memoryless mapping:
each B-bit symbol maps to one of the M waveforms without regard to the previous
B-bit symbol and its corresponding waveform. The alternative is a mapping with
memory: the output waveform is determined from the current and previous (L − 1)
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Ts Ts Ts

1 0 1 1 0 1 0 0
Ts

MAP
00 → s1(t)
01 → s2(t)
10 → s3(t)
11 → s4(t)

s3(t) + s4(t−Ts) + s2(t−2Ts) + s1(t−3Ts)

FIG. 3.1

An example of modulation as a mapping between B = 2-bit symbols and M = 2B = 4
waveforms.

B-bit symbols. The mapper can be conceived as a finite state machine with 2B(L−1)

states.
The set of waveforms may be described as linear or nonlinear. For linear

mappings, the superposition principle holds in the sense that a linear combination
of any two waveforms in S is another waveform of the same functional form, but not
necessary in the waveform set S. When this is not true, the mapping is nonlinear.

This chapter is devoted to linear, memoryless modulations (quadrature amplitude
modulation, QAM) and nonlinear modulations with memory (continuous phase
modulation, CPM).

3.2 LINEAR, MEMORYLESS MODULATION
3.2.1 BACKGROUND
The most common linear, memoryless modulation is the class of modulations known
as QAM. The conventional description of QAM relies on signal spaces defined by
basis functions. Formal definitions are outlined in “Signal space concepts.” Here, a
few examples are given to illustrate the concepts.

Example 3.1. As a first example, consider the basis waveforms shown in Fig. 3.2.
The energy in each of the waveforms is

E1 =
ˆ T2

T1

|ϕ1(t)|2dt =
ˆ 1

0
dt = 1

E2 =
ˆ T2

T1

|ϕ2(t)|2dt =
ˆ 1/2

0
dt +

ˆ 1

1/2
dt = 1.

This shows that each waveform is normalized to unit energy. The relationship
between the two is defined by their inner product:

〈ϕ1(t), ϕ2(t)〉 =
ˆ T2

T1

ϕ1(t)ϕ∗
2 (t)dt

=
ˆ 1/2

0
dt −

ˆ 1

1/2
dt

= 0.
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0
t

0
t

1

+1

1/2

−1

+1

1

ϕ1(t) ϕ2(t)

−1

FIG. 3.2

An example of two orthonormal basis waveforms.

This shows that the basis waveforms are orthogonal. Because the basis waveforms
are orthogonal and normalized to unit energy, ϕ1(t) and ϕ2(t) form an orthonormal
basis. A waveform in the span of ϕ1(t) and ϕ2(t) is of the form

s(t) = a1ϕ1(t) + a2ϕ2(t),

for constants a1 and a2. The set of all waveforms in the span of ϕ1(t) and ϕ2(t) is
called a signal space. An example of four waveforms in the signal space formed
by ϕ1(t) and ϕ2(t) is shown in Table 3.1. The table shows that each waveform
may be represented by the (a1, a2) pair. This observation leads to the concept of
a constellation. The constellation is a point in a two-dimensional space where the
two axes correspond to ϕ1(t) and ϕ2(t). The constellation corresponding to the four
waveforms of Table 3.1 is shown in Fig. 3.3. The coordinates for each point are the
(a1, a2) pairs that define the waveform.

Example 3.2. This example is based on the same orthonormal basis waveforms
shown in Fig. 3.2 but with a different set of constants to create four waveforms. These
waveforms are shown in Table 3.2 and may be expressed as

s1(t) = +1 × ϕ1(t) + 1 × ϕ2(t)
s2(t) = −1 × ϕ1(t) + 1 × ϕ2(t)
s3(t) = −1 × ϕ1(t) − 1 × ϕ2(t)
s4(t) = +1 × ϕ1(t) − 1 × ϕ2(t).

The four waveforms have a very distinctive shape, and one could easily envision
using the waveforms ϕ′

1(t) and ϕ′
2(t) shown in Fig. 3.4 as an orthonormal basis for

these waveforms. In this case, the waveforms may be represented as follows:

s1(t) = √
2 × ϕ′

1(t) + 0 × ϕ′
2(t)

s2(t) = 0 × ϕ′
1(t) − √

2 × ϕ′
2(t)

s3(t) = −√
2 × ϕ′

1(t) + 0 × ϕ′
2(t)

s4(t) = 0 × ϕ′
1(t) + √

2 × ϕ′
2(t).
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Table 3.1 Four Waveforms
Generated by the Basis
Waveforms in Fig. 3.2

s 1
(t

)

a 1
=

+2
a 2

=
+1

t1

+1

+3

s1(t)

1/2−1

−3

s 2
(t

)

a 1
=

−2
a 2

=
+1

t
1

+1

+3

1/2

s2(t)

−1

−3

s 3
(t

)

a 1
=

−2
a 2

=
−1

t
1

+1

+3

1/2

s3(t)

−1

−3

s 4
(t

)

a 1
=

+2
a 2

=
−1

t1

+1

+3

1/2

s4(t)

−1

−3
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ϕ1(t)

ϕ2(t)

s1

(+2,+1)

s2

(−2,+1)

s3

(−2,−1)

s4

(+2,−1)

FIG. 3.3

The constellation corresponding to the four waveforms in Table 3.1.

Table 3.2 Four Waveforms
Generated by the Basis
Waveforms in Fig. 3.2

s 1
(t

)

a 1
=

+1
a 2

=
+1

0 t1

s1(t)

1/2

−2

+2

s 2
(t

)

a 1
=

−1
a 2

=
+1 s2(t)

0
11/2

−2

+2

t

s 3
(t

)

a 1
=

−1
a 2

=
−1 s3(t)

0

−2

+2

11/2
t

s 4
(t

)

a 1
=

+1
a 2

=
−1 s4(t)

0 11/2

−2

+2

t
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√
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FIG. 3.4

An alternate basis for the four waveforms in this example (cf. Fig. 3.2).

This illustrates the fact that a basis set is not unique. Because the coefficients
corresponding to each si(t) (i = 1, 2, 3, 4) depend on the choice of basis functions,
it is not surprising that the constellation also depends on the basis functions. This
concept is shown in Fig. 3.5.

These examples demonstrate the signal space concepts outlined in
“Signal space concepts.” They show that waveforms may be represented as points
in a K-dimensional space whose basis is a set of orthonormal waveforms. The
basis waveforms are not unique. In general, a change of basis also changes the
locations of the points in the K-dimensional space. The notions of energy, unit
energy, orthogonality, and orthonormality were also shown.

A linear digital modulation comprises a set of M points in the K-dimensional
signal space. Associated with each point is a log2(M)-bit pattern. This bit-pattern-
to-signal-space-point association is the basis for the mapping between bits and
waveforms described in Section 3.1. In the two examples, M = 4 signals were
identified. Consequently, log2(M) = 2 bits are required to form the bits-to-waveform
mapping. Note that there are 4! = 24 possible bit-to-waveform mappings, and the

ϕ1(t)

ϕ2(t)

s1

(+1,+1)

s2

(−1,+1)

s3

(A) (B)
(−1,−1)

s4

(+1,−1)

ϕ�1(t)

ϕ�2(t)

s2 (0,−√
2)

s1

(+
√

2,0)

s3

(−√
2,0)

s4 (0,+
√

2)

FIG. 3.5

Constellations for the four waveforms listed in Table 3.2: (A) the constellation corresponding
to the basis waveforms of Fig. 3.2 and (B) the constellation corresponding to the basis
waveforms of Fig. 3.4.
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modulator and demodulator must agree on which of the mappings to use before
reliable communication can be achieved.

A real-valued bandpass QAM signal is based on the K = 2 orthonormal bandpass
basis functions:

ϕ1,bp(t) = √
2p(t) cos(2π f0t)

ϕ2,bp(t) = −√
2p(t) sin(2π f0t),

(3.5)

where p(t) is a unit-energy, real-valued pulse shape described below. The waveform
associated with the point (a1, a2) in the signal space is of the form

sbp(t) = a1ϕ1,bp(t) + a2ϕ2,bp(t)

= a1
√

2p(t) cos(2π f0t)︸ ︷︷ ︸
inphase component

− a2
√

2p(t) sin(2π f0t)︸ ︷︷ ︸
quadrature component

, (3.6)

where a1 and a2 are drawn from the field of real numbers R. For one-dimensional
signal sets, a2 = 0. In QAM, the term “quadrature” derives from the fact that the
basis waveforms (Eq 3.5) differ from each other by1 90 degrees. By convention,
ϕ1,bp(t) = √

2p(t) cos(2π f0t) is taken to be the phase reference (ie, this term
corresponds to a phase of 0 degrees). For this reason, the term involving ϕ1,bp(t)
is called the “inphase component,” as indicated in Eq. (3.6). Because the phase
ϕ2,bp(t) is 90 degrees behind that of ϕ1,bp(t), the term involving ϕ2,bp(t) is called
the “quadrature component.” The term “amplitude” derives from the fact that the
form of Eq. (3.6) involves an amplitude scaling of the quadrature basis waveforms.
The sinusoids give QAM signals their bandpass characteristic. The center frequency
of the bandpass signal is 2π f0 rads/s.

It is often of use to work the complex-valued baseband equivalents. The complex-
valued baseband equivalent of a QAM signal is a point in the K = 1-dimensional
signal space whose basis function is

ϕ1,bb(t) = p(t). (3.7)

Here, the complex-valued baseband equivalent of the signal Eq. (3.6) is

sbb(t) = aϕ1,bb(t) = ap(t), (3.8)

where a is, in general, drawn from the field of complex numbers C and, with
reference to Eq. (3.6), is of the form a = a1 + ja2.

1The word “quadrature” derives from the classical Latin quadrātūra, meaning the division of land into
squares. In postclassical Latin, the term came to mean a square or the quality of being square. Scientific
use of the term dates from the 16th century, when astronomers used “in quadrature” to describe the
arrangement of two objects 90 degrees apart on the celestial sphere. Its first use in the sense it is used
here was in 1889, when T.H. Blakesly described the relationship between the induced current in a coil
and the corresponding magnetic field as “in quadrature” [1].
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3.2.2 MATHEMATICAL DESCRIPTION
QAM is usually described in terms of its signal set S. The signal set S comprises M
waveforms. The complex-valued baseband equivalent representation of the signals in
S are denoted as follows:

S = {
s1,bb(t), s2,bb(t), . . . , sM,bb(t)

}
. (3.9)

The signal space is the one-dimensional signal space defined by the basis function

ϕ1,bb(t) = p(t), (3.10)

where p(t) is the real-valued, unit-energy pulse shape defined on T1 ≤ t ≤ T2.
Examples are given in Section 3.2.5. Note that for some ideal pulse shapes, T1 →
−∞ and T2 → +∞. The mth member of S is thus

sm,bb(t) = amp(t) (3.11)

for m = 1, 2, . . . , M, where am is a member of a complex-valued M-ary alphabet:

A = {a1, a2, . . . , aM} . (3.12)

The structure of the signal space imparts a one-to-one mapping between the signal
set S and the alphabet A:

a1 ↔ a1ϕ1,bb(t) = a1p(t) = s1,bb(t)
a2 ↔ a2ϕ2,bb(t) = a2p(t) = s2,bb(t)

...
aM︸︷︷︸
A

↔ aMϕM,bb(t) = aMp(t) = sM,bb(t)︸ ︷︷ ︸
S

.

(3.13)

A QAM signal set is often described by listing (or graphing) the members of A. A
plot of the members of A as points in the complex plane is called a constellation.
Examples are given in Section 3.2.6.

Using the notation am = am,i + jam,q, the complex-valued baseband equivalent
form of Eq. (3.11) may be rewritten:

sm,bb(t) = amp(t) = |am|e � am p(t), (3.14)

where

|am| =
√

a2
m,i + a2

m,q (3.15)

� am = tan−1
(

am,q

am,i

)
. (3.16)

This shows that the symbol am modulates the magnitude and phase of the carrier. The
carrier magnitude is shifted by |am| and the carrier phase is shifted by � am.
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The real-valued bandpass versions of the QAM signal set are defined as
follows:

sm,bp(t) = √
2 Re

{
sm,bb(t)e

j2π f0t
}

(3.17)

= am,i p(t)
√

2 cos(2π f0t)︸ ︷︷ ︸
ϕ1,bp(t)

−am,q p(t)
√

2 sin(2π f0t)︸ ︷︷ ︸
−ϕ2,bp(t)

(3.18)

= |am|√2p(t) cos(2π f0t + � am). (3.19)

Eq. (3.18) reveals the real-valued, bandpass basis functions for QAM (cf., Eq. 3.10)
and shows that the real-valued, bandpass signal may be expressed as

sm,bp(t) = am,iϕ1,bp(t) + am,qϕ2,bp(t). (3.20)

The energy of sm,bb(t) is

Em =
ˆ T2

T1

∣∣sm,bb(t)
∣∣2 dt = |am|2 (3.21)

for 1 ≤ m ≤ M. Because the complex-valued baseband basis function is orthonormal
and the corresponding bandpass basis functions are orthonormal, Em is also the
energy of the corresponding real-valued bandpass version of the signal. The average
energy of the signal set is

Eavg =
M∑

m=1

EmP(am), (3.22)

where P(am) is the probability the source produces am. When the data symbols are
equally likely, P(am) = 1/M.

The performance of the maximum likelihood detector in the additive white
Gaussian noise (AWGN) environment is determined by the signal-to-noise ratio and
the minimum Euclidean distance. The squared Euclidean distance between sk,bb(t)
and sm,bb(t) for 1 ≤ k ≤ M and 1 ≤ m ≤ M is

d2
k,m =

ˆ T2

T1

∣∣sk,bb(t) − sm,bb(t)
∣∣2 dt. (3.23)

Using the relationship Eq. (3.11), d2
k,m may also be expressed as

d2
k,m = |ak − am|2 = (

ak,i − am,i
)2 + (

ak,q − am,q
)2 . (3.24)

The minimum squared Euclidean distance is

d2
min = min

k �=m

{
d2

k,m

}
. (3.25)
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3.2.3 MODULATION
Generally, QAM is generated in two steps. First, the complex-valued pulse train
representing the complex-valued baseband equivalent is formed:

xbb(t) =
∑

k

a(k)p(t − kTs). (3.26)

Note that the temporal index k has been added to the notation. For each k, a(k)
is one of the M members of the alphabet A. The pulse shape p(t) is described in
Section 3.2.5. The basic approach is illustrated by the block diagram in Fig. 3.6A.
The pulse train is formed using a serial-to-parallel converter (S/P), a look-up table
(LUT), and a pulse shaping filter whose impulse response is the pulse shape. As
explained in the introduction, the input bits are partitioned into nonoverlapping
segments of log2(M) bits by the serial-to-parallel converter. Each bit segment forms
a log2(M)-bit address to an LUT that stores each constellation point as a complex-
valued entry.

To perform pulse shaping, the process is conceptualized by treating the input to
the pulse shaping filter as a weighed impulse train:

x(t) =
∑

k

a(k)δ(t − kTs), (3.27)

LUTS/P p(t)

pulse shaping 
filter

Re{·}Bits

(A)

a(k)

log2(M )

xbb(t)

xbp(t)

√
2ej2πf0t

i-LUT

S/P

p(t)

Pulse shaping 
filter Bits 

(B)

q-LUT p(t)

Pulse shaping
filter 

√
2 cos(2πf0t)

−
√

2 sin(2πf0t)

ai(k)

aq(k)log2(M )

xbp(t)

FIG. 3.6

A block diagram illustrating the generation of QAM: (A) generating the real-valued
bandpass signal from the complex-valued baseband equivalent and (B) generating the
real-valued bandpass signal directly.
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where δ(t) is the Dirac impulse function. The output of the filter with impulse
response p(t) is the complex-valued pulse train (Eq. 3.26). Practical approaches,
using discrete-time signal processing, are described by Dodley and Erving [2], Harris
et al. [3], and in Chapter 10 of Rice [4].

Using the notation a(k) = ai(k) + jaq(k), the real-valued bandpass signal is

xbp(t) = √
2 Re

{
sbb(t)e

j2π f0t
}

(3.28)

=
∑

k

ai(k)p(t − kTs)
√

2 cos(2π f0t) −
∑

k

aq(k)p(t − kTs)
√

2 sin(2π f0t). (3.29)

This shows that the real-valued bandpass signal can be generated directly from the
real and imaginary elements in the LUT, as shown in Fig. 3.6B.

3.2.4 POWER SPECTRAL DENSITY
The power spectral density of the modulated carrier is an important characterization
because the bandwidth of the modulated carrier is defined by the properties of the
power spectral density. The power spectral density is computed from

xbb(t) =
∞∑

n=−∞
a(n)p(t − nTs), (3.30)

where a(n) ∈ A. The analysis assumes an infinite number of symbols forming a
wide-sense stationary discrete-time process with

E{a(n)} = 0 (3.31)

E
{
a(n + k)a∗(n)

} = Ra(k). (3.32)

Consequently, xbb(t) is a cyclo-stationary random process. The power spectral
density is given by

Sx,bb(f ) = 1

Ts
Sa(f )|P(f )|2, (3.33)

where

Sa(f ) =
∞∑

k=−∞
Ra(k)e

−j2πkfTs (3.34)

and P(f ) is the Fourier transform of the pulse shape p(t). The two terms in Eq. (3.33)
show that the power spectral density is a function of both the symbol sequence
correlation function and the pulse shape. Consequently, it is possible to shape
the power spectral density of the modulated signal by controlling the correlation
properties of the symbols. For a given pulse shape, Sa(f ) tends to be wider for an
uncorrelated symbol sequence than for a correlated symbol sequence. The impact of
the pulse shape is through its Fourier transform. Pulse shapes with abrupt transitions
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tend to have a wider Fourier transform than smoother pulse shapes. Some commonly
encountered pulse shapes are described in Section 3.2.5.

For a sequence of equally likely and uncorrelated symbols, the power spectral
densities for QAM are scaled versions of the plots in Fig. 3.8 for the nonreturn-
to-zero (NRZ), Manchester (MAN), and half-sine (HS) pulse shapes described in
Section 3.2.5. For these three pulse shapes, the power spectral density is characterized
by a main lobe and a number of sidelobes with decreasing height. For the square-root
raised cosine (SRRC) pulse shape, also described in Section 3.2.5, the power spectral
density corresponding to a sequence of equally likely and uncorrelated symbols is a
scaled version of the plot shown in Fig. 3.9. Unlike the case for the NRZ, MAN, and
HS pulse shapes, there are no sidelobes for the infinitely long pulse shape (the lobing
occurs in the time domain), as explained in Section 3.2.5.

3.2.5 PULSE SHAPE EXAMPLES
Some pulse shapes over the interval 0 ≤ t ≤ Ts include the NRZ pulse shape,2

p(t) =
{√

1
Ts

0 ≤ t < Ts

0 otherwise
|P( f )|2 = Ts sinc2 ( fTs) , (3.35)

the MAN or biphase pulse shape,

p(t) =

⎧⎪⎪⎪⎪⎨
⎪⎪⎪⎪⎩

+
√

1
Ts

0 ≤ t < Ts
2

−
√

1
Ts

Ts
2 ≤ t < Ts

0 otherwise

|P(f )|2 = Ts

(
π fTs

2

)2
sinc4

(
fTs

2

)
(3.36)

and the HS pulse shape

p(t) =
⎧⎨
⎩
√

2
Ts

sin
(

π t
Ts

)
0 ≤ t < Ts

0 otherwise
|P(f )|2 = 8Ts

π2

[
cos(π fTs)

(2fTs)2 − 1

]2
. (3.37)

Plots of p(t) and |P(f )|2 for these pulse shapes are given in Figs. 3.7 and 3.8,
respectively.

The power spectral density relationship (3.33) shows that the power spectral
density of the modulated carrier is proportional to |P(f )|2. Because the NRZ, MAN,
and HS pulse shapes have finite support in t, |P(f )|2 has infinite support in f .
Consequently, the power spectral density of the modulated carrier has (at least
theoretically) infinite support.

To generate a modulated carrier whose power spectral density is strictly band
limited, a pulse shape for which |P(f )|2 has finite support is required. But this

2sinc(z) = sin(πz)/(πz).
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FIG. 3.7

Three commonly encountered pulse shapes over 0 ≤ t ≤ Ts: (A) the nonreturn-to-zero
(NRZ) pulse shape, (B) the Manchester (MAN) pulse shape, and (C) the half-sine (HS)
pulse shape.
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FIG. 3.8

|P(f )|2 for the three pulse shapes shown in Fig. 3.7.

requirement dictates the use of a pulse shape with infinite support in t. The use of
a pulse shape that spans more than one symbol interval introduces the possibility of
a phenomenon called intersymbol interference (ISI). In Chapter 4, it will be shown
that the optimum detector in the AWGN environment is one that filters the received
signal with a filter matched to the pulse shape (ie, the impulse response of the filter
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is p(−t)) and samples the matched filter output at t = kTs. Neglecting noise, the
matched filter output is

x(t) =
[∑

n
a(n)p(t − nTs)

]
∗ p(−t) =

∑
n

a(n)Rp(t − nTs), (3.38)

where Rp(τ ) is the pulse shape autocorrelation function

Rp(τ) =
ˆ ∞
−∞

p(t)p(t + τ)dt. (3.39)

Sampling the matched filter output at t = kTs gives

x(kTs) = a(k)Rp(0) +
∑
n �=k

a(n)Rp((k − n)Ts). (3.40)

The second term on the right-hand side of Eq. (3.40) models the ISI. Note that for
the NRZ, MAN, and HS pulse shapes, this term is zero because these three pulse
shapes span only one symbol interval. But for pulse shapes that span more than
one symbol interval, this term can be nonzero. Nyquist proved the necessary and
sufficient conditions for the second term in Eq. (3.40) to be zero:

Rp(kTs) =
{

1 k = 0

0 k �= 0
if and only if

∞∑
m=−∞

Sp

(
f − m

Ts

)
= Ts, (3.41)

where Sp(f ) is the Fourier transform of Rp(τ ). (The formulation here does not follow
Nyquist’s original development [5]; it instead follows the more modern approach of
Tufts [6].) This condition shows that pulse shapes for which Sp(f ) possesses an odd-
symmetric taper produce no ISI at the properly sampled instants of their matched
filter outputs. The raised cosine spectrum is the most popular choice:

Sp(f ) =

⎧⎪⎪⎨
⎪⎪⎩

Ts 0 ≤ |f | ≤ 1−α
2Ts

Ts
2

[
1 + cos

(
π |f |Ts

α − π(1−α)
2α

)]
1−α
2Ts

≤ |f | ≤ 1+α
2Ts

0 |f | > 1+α
2Ts

. (3.42)

The raised cosine spectrum is parameterized by 0 ≤ α ≤ 1, variously called the
roll-off factor or excess bandwidth. The raised cosine spectrum is plotted in Fig. 3.9.
Using the relationship Sp(f ) = |P(f )|2, the SRRC pulse shape is the inverse Fourier
transform of

√
Sp(f ):

p(t) = 1√
Ts

sin
(
π(1 − α) t

Ts

)
+ 4αt

Ts
cos

(
π(1 + α) t

Ts

)
π t
Ts

[
1 −

(
4αt
Ts

)2
] . (3.43)
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FIG. 3.9

A plot of Sp(f ) for the raised-cosine pulse shape with excess bandwidth α.
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Plots of p(t) and Rp(t) for the square-root raised cosine pulse shape for α = 0.25, 0.50,
and 1.00.

The SRRC pulse shape p(t) is plotted in top portion of Fig. 3.10. Note that the zero-
crossings of p(t) vary with α and that none of them coincide with integer multiples
of Ts. In contrast, the matched filter outputs, Rp(t), plotted in the lower portion of
Fig. 3.10, have zero-crossings that coincide with the integer multiples of Ts. Note
that as α decreases, the magnitude of Rp(t) for |t| > Ts increases.

Other square-root Nyquist pulses are possible. See Franks [7], Sousa and
Pasupathy [8], Scanlan [9], Beaulieu et al. [10], and Assilini and Tonello [11].
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The square-root Nyquist pulse shapes described here possess ISI prior to matched
filtering. ISI-free pulse shapes both with and without matched filtering are called
generalized Nyquist pulses have been described by Xia [12], Demeechai [13], Alagha
and Kabal [14], Kisel [15,16], and Tan and Beaulieu [17,18].

3.2.6 EXAMPLES
In these examples, constellations and pulse shapes for a number of applications are
given. It will be shown in Chapter 4 that in the AWGN environment, the probability
of error is a function of the Euclidean distance between the constellation points. For
moderate to high signal-to-noise ratios, the probability of error is dominated by the
minimum Euclidean distance between constellation points. Because the probability
of error is a decreasing function of d2

min/Eavg, both values are listed for each example.
Here, Eavg is given by Eq. (3.22) and d2

min is given by Eq. (3.25).

Pulse amplitude modulation
In pulse amplitude modulation (PAM), the am are purely real, that is Im {am} = 0 for
m = 1, 2, . . . , M. Consequently, the constellation points lie on the horizontal line. It is
customary to arrange the points so that they are equally spaced and centered at zero.
This is shown in Fig. 3.11 for M = 2, 4, and 8. The waveforms corresponding to the
M constellation points differ only in amplitude. The minimum Euclidean distance and
average
energy are

dmin = 2A (3.44)

Eavg = M2 − 1

3
A2. (3.45)

−A +A

−A +A

−A +A

+3A

+3A

−3A

−3A−5A−7A +7A+5A

(A)

(B)

(C)

FIG. 3.11

PAM constellations for (A) M = 2, (B) M = 4, and (C) M = 8.
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M-ary phase shift keying
In M-ary phase shift keying (MPSK), the am are constrained to lie on a circle of
radius A. With reference to Eqs. (3.15), (3.16)

Am = A

θm = (m − 1)
2π

M

(3.46)

for m = 1, 2, . . . , M. This mapping places the constellation points at equally spaced
locations on the circle, as shown in Fig. 3.12 for M = 2, 4, and 8. The waveforms
corresponding to the M constellation points differ only in phase. The minimum
Euclidean distance and average energy are

dmin = 2A sin
( π

M

)
(3.47)

Eavg = A2. (3.48)

Rectangular QAM
In this version of QAM, the points are constrained to lie on a grid. If B (the number
of bits per symbol) is even, the points can be arranged on a square grid, as shown in
Fig. 3.13 for M = 4, 16, and 64. If adjacent points are separated by 2A, the minimum
Euclidean distance and average energy are

dmin = 2A (3.49)

Eavg = 2

3
(M − 1)A2. (3.50)

If B is odd, the points are arranged in what is commonly called a “cross constellation,”
such as those shown in Fig. 3.14 for M = 8 and 32. Again, if adjacent points are
separated by 2A, the minimum Euclidean distance is dmin = 2A and the average
energy is

(A) (B) (C)

FIG. 3.12

MPSK constellations for (A) M = 2, (B) M = 4, and (C) M = 8.
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(A) (B) (C)

FIG. 3.13

Square QAM constellations for (A) M = 4, (B) M = 16, and (C) M = 64.

(A) (B)

FIG. 3.14

Cross-QAM constellations for (A) M = 8 and (B) M = 32.

Eavg =

⎧⎪⎨
⎪⎩

6A2 M = 8

20A2 M = 32

82A2 M = 128.

(3.51)

The DOCSIS 3.1 standard [19], defining wideband Internet access over cable TV
systems, specifies the use of the square QPSK, 16-QAM, and 64-QAM constellations
shown in Fig. 3.13, together with the SRRC pulse shape with α = 0.25.

Amplitude-phase shift keying
In amplitude-phase shift keying (APSK), the constellation points are arranged in
equally spaced positions on concentric circles with increasing radii. Two arrange-
ments, known as 4 + 12-APSK and 4+12+16-APSK, are shown in Fig. 3.15. There
are four parameters that define the 4+12-APSK constellation in Fig. 3.15A: the
radius of the inner circle r1, the radius of the outer circle r2, and the two angles,
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θ1 θ1
θ2

θ3θ2

(A) (B)

FIG. 3.15

APSK constellations: (A) 4 + 12-APSK (M = 16) and (B) 4 + 12 + 16-APSK (M = 32).

θ1 and θ2, shown in the figure. Due to the circular symmetry of the constellation,
it is often defined by only two parameters: the ratio r2/r1 and the phase offset
θ2 − θ1. These parameters may be chosen to maximize the minimum Euclidean
distance or to minimize the peak-to-average power ratio. Similarly, the 4+12+16-
APSK constellation, shown in Fig. 3.15B, is defined by six parameters: the radius of
the inner circle r1, the radius of the middle circle r2, the radius of the outer circle r3,
and the three angles, θ1, θ2, and θ3, shown in the figure. Because of circular symmetry,
the parameters r2/r1, r3/r1, θ2 − θ2, and θ3 − θ1 are often used to describe the
4+12+16-APSK constellation. APSK constellations have been thoroughly examined
by Lucky and Hancock [20], Weber [21], Salz et al. [22], and Thomas et al. [23].
The two APSK constellations shown in Fig. 3.15, together with the SRRC pulse
shape with α = 0.35 (with options for α = 0.25 and 0.20), form part of the digital
video broadcast standard (DVB-S2) published by the European Telecommunications
Standards Institute [24].

Minimum probability of error constellations
In Chapter 4, it is shown that the probability of error in the AWGN environment
is, asymptotically in Eb/N0, a function of the ratio d2

min/Eavg. The minimum
probability of error constellations maximize the ratio d2

min/Eavg. The unconstrained
optimizations for M = 4, 8, and 16 were performed by Foschini et al. [25] and are
shown in Fig. 3.16. When the constellation points are restricted to lie on a rectangular
grid or a set of concentric circles, the optimization produces the constellations shown
in Fig. 3.17 for M = 4, 8, and 16; in Fig. 3.18 for M = 32 and 64; and in Fig. 3.19 for
M = 128. These constellations were identified by Thomas et al. [23]. Other possible
constellation design criteria are possible. For example, constellations that maximize
mutual information were examined by Blachman [26].
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(A) (B) (C)

FIG. 3.16

Minimum probability of error constellations: (A) M = 4, (B) M = 8, and (C) M = 16.
Source: Reproduced from Foschini et al. [25].

(A) (B) (C)

FIG. 3.17

Minimum probability of error constellations constrained to a rectangular grid or a set of
concentric circles: (A) M = 4, (B) M = 8, and (C) M = 16.

Source: Reproduced from Thomas et al. [23].

(A) (B)

FIG. 3.18

Minimum probability of error constellations constrained to a rectangular grid or a set of
concentric circles: (A) M = 32 and (B) M = 64.

Source: Reproduced from Thomas et al. [23].
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FIG. 3.19

Minimum probability of error constellations constrained to a rectangular grid or a set of
concentric circles for M = 128.

Source: Reproduced from Thomas et al. [23].

3.2.7 CONCLUDING REMARKS FOR LINEAR MODULATION
The focus of this section is linear modulations with memoryless mappings. Mappings
with memory are also possible. The most commonly encountered form of linear mod-
ulations with memory involve a class of mappings called “correlative” encodings,
first described by Lender [27] and generalized by Kretzmer [28] and Lender [29]. In
the context of the Nyquist No-ISI condition (3.41), this approach produces matched
filter outputs with nonzero values for more than one sample. Consequently, ISI is
present, but it is controlled-ISI in the sense that the ISI is known and can be accounted
for, in the detection process. The advantage of controlled ISI is that the achievable
spectral efficiency (with units bits/s per Hz) is greater than that suggested by the
Nyquist No-ISI condition and SRRC spectral plots such as those shown in Fig. 3.9.

Offset QPSK (OQPSK) is a commonly encountered variation of QPSK wherein
the quadrature component of the modulated carrier is delayed one-half symbol time
relative to the inphase component. With reference to Eq. (3.26), the complex-valued
baseband equivalent is

s�(t) =
∑

k

ai(k)p(t − kTs) + jaq(k)p

(
t − 1

2
Ts − kTs

)
. (3.52)

The delay (or offset) of the quadrature component precludes simultaneous transitions
on the inphase and quadrature components. This is an advantage when the modulated
carrier is subjected to a nonlinearity (such as an RF power amplifier operating at
or near full saturation) in the sense that the spectral “regrowth” accompanying the
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application of the nonlinearity is less for OQPSK than for QPSK. See Chapter 5 of
Rice [4] for more details.

The examples presented in this section were drawn from one-dimensional signal
sets (or two real-dimensional signal sets). K-dimensional signal sets, for K > 2,
are also possible. K-dimensional constellations are usually conceptualized as a
K-dimensional lattice enclosed within a finite region. The simplest K-dimensional
constellation comprises all the points on a cubic lattice enclosed in a K-dimensional
cube. More densely packed arrangements produce a sort of coding gain whereas
using a more sophisticated bounding region produces a shaping gain. For more
information, see Forney and Wei [30], Forney [31,32], Livingston [33], and Laroia
et al. [34].

3.3 NONLINEAR MODULATION: CPM
The most commonly encountered nonlinear modulation is the class of modulations
known as CPM. The principle distinguishing feature of CPM is that the information-
bearing content is the instantaneous phase. Consequently, a CPM signal has constant
amplitude (or envelope), making CPM well-suited for use with nonlinear RF power
amplifiers. Because the instantaneous phase of the CPM carrier is defined as the
time-integral of the instantaneous frequency, even if the instantaneous frequency is
not continuous, the instantaneous phase is continuous, hence the name “continuous
phase.” This phase continuity produces a relatively compact power spectral density
with advantageous spectral occupancy properties. CPM includes as a special case the
continuous phase version of frequency shift keying (CPFSK). The classic references
for CPM are the papers by Aulin et al. [35,36]. Because CPM is closely related to
FM, this section begins with a short review of FM.

3.3.1 BACKGROUND
The connection between CPM and FM plays a central role in the definition of
CPM. The real-valued bandpass equivalent of a generic modulated carrier may be
expressed as

xbp(t) = A(t) cos(2π f0t + φ(t)), (3.53)

where A(t) is the time-varying amplitude of the carrier and f0 is the carrier frequency.
The formal definitions of phase and frequency are key to understanding FM. The
instantaneous phase is the argument of the cosine. The instantaneous frequency is
the time-derivative of the instantaneous phase:

Instantaneous phase = 2π f0t + φ(t)

Instantaneous frequency = f0 + 1

2π

d

dt
φ(t).

(3.54)
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This shows that the instantaneous phase comprises variations about a ramp whose
slope is proportional to the carrier frequency. The instantaneous frequency comprises
variations about the horizontal line at f0. The instantaneous excess phase and
frequency are defined as the variations in the phase and frequency, respectively,
relative to the carrier:

Instantaneous excess phase = φ(t)

Instantaneous excess frequency = 1

2π

d

dt
φ(t).

(3.55)

The instantaneous excess phase and frequency are the instantaneous phase and
frequency, respectively, of the complex-valued baseband equivalent waveform:

xbb(t) = A(t)ejφ(t). (3.56)

In the case of FM, the instantaneous excess frequency is proportional to a real-
valued, baseband modulating signal m(t):

1

2π

d

dt
φ(t) = kf m(t), (3.57)

where the constant of proportionality kf is called the frequency deviation and
the amplitude in Eqs. (3.53), (3.56) is a constant: A(t) = A. Consequently, the
instantaneous excess phase is given by

φ(t) = 2πkf

ˆ t

0
m(x)dx (3.58)

so that the real-valued bandpass and complex-valued baseband equivalents are

xbp(t) = A cos(2π f0t + φ(t)) (3.59)

xbb(t) = Aejφ(t). (3.60)

Often, the FM signal is parameterized by the peak frequency deviation fd given by

fd = kf max
all t

{|m(t)|} . (3.61)

In this way, the instantaneous excess phase may be parameterized by fd:

φ(t) = 2π
fd

max {|m(t)|}
ˆ t

0
m(x)dx. (3.62)

Example 3.3. This example illustrates the relationship between the instantaneous
frequency and instantaneous phase for the case where

m(t) = sin(2π t), 0 ≤ t ≤ 1.

The signals corresponding to m(t) for 0 ≤ t ≤ 1 are plotted in Fig. 3.20. The left
column of this figure corresponds to kf = 0.005 cycles/unit amplitude whereas the
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FIG. 3.20

An example illustrating the relationship between instantaneous frequency and
instantaneous phase for the simple signal m(t) for kf = 0.005 cycles/unit amplitude
(left column) and for kf = 0.002 cycles/unit amplitude (right column): the first row
shows the modulating signal m(t); the second row shows the instantaneous excess phase
φ(t); the third row shows the instantaneous phase f0t + φ(t)/2π; and the fourth row shows
the real-valued bandpass signal.
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right column corresponds to kf = 0.002 cycles/unit amplitude. The second row is the
time-integral of the first row:

φ(t) = 2πkf

ˆ 1

0
m(x)dx = −kf [cos(2π t) − 1] .

The third row is the scaled instantaneous phase:

f0t + 1

2π
φ(t).

The dashed line on this row is f0t. Note how the instantaneous excess phase comprises
variations about the line f0t. The difference between the solid line and the dashed
line is a scaled version of the instantaneous excess phase. The fourth row is the
corresponding bandpass signal

xbp(t) = cos(2π f0t + φ(t)).

Note the relationship between m(t) and the frequency of xbp(t). The more positive
the amplitude of m(t), the higher the frequency of xbp(t); likewise, the more negative
the amplitude of m(t), the lower the frequency xbp(t).

This example also illustrates the impact of kf on the waveforms. The larger the
kf , the larger the change in the instantaneous excess phase per unit change in m(t).
The corresponding instantaneous frequency also has a larger deviation.

Example 3.4. This example is identical to Example 3.3, except that a different
m(t) is used. The modulating signal used here is the square wave plotted in the
first row of Fig. 3.21. The corresponding instantaneous excess phases, instantaneous
phases, and bandpass signals are plotted in the second, third, and fourth rows,
respectively, for kf = 0.005 and kf = 0.002 cycles/unit amplitude in the first and
second columns, respectively.

Note that a square wave input causes a frequency shift in xbp(t) between a high
and low frequency. The high frequency corresponds to m(t) = +1 whereas the
low frequency corresponds to m(t) = −1. The frequency shift (difference between
the high and low frequencies) is controlled by the frequency deviation kf . This
observation is the basis for frequency shift keying (FSK), the most simple form of
CPM. FSK will be discussed in Section 3.3.5.

3.3.2 MATHEMATICAL DESCRIPTION
The complex-valued baseband equivalent representation of CPM is

xbb(t) = ejφ(t;a), (3.63)
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FIG. 3.21

An example illustrating the relationship between instantaneous frequency and
instantaneous phase for the simple signal m(t) for kf = 0.005 cycles/unit amplitude
(left column) and for kf = 0.002 cycles/unit amplitude (right column): the first row shows
the modulating signal m(t); the second row shows the instantaneous excess phase φ(t);
the third row shows the instantaneous phase f0t + φ(t)/2π; and the fourth row shows the
real-valued bandpass signal.
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where a = . . . , a(0), a(1), . . . is the symbol sequence, and the instantaneous phase,
for nTs ≤ t ≤ (n + 1)Ts, is given by

φ(t; an) = 2πh
n∑

k=0

a(k)q(t − kTs). (3.64)

The parameters that define the phase are

• h is the digital modulation index.
• a(k) is the kth symbol, drawn from the alphabet {±1, ±3, . . . , ±(M − 1)}. In this

notation, an = [. . . , a(0), a(1), . . . , a(n)].
• q(t) is the phase pulse. The phase pulse is defined as the time integral of a

frequency pulse g(t) whose support is 0 ≤ t ≤ LTs (for some integer L) and
whose area is 1

2 . The reason for defining q(t) as a time integral is the
frequency-phase relationship outlined in Section 3.3.1.

The frequency pulse spans L symbol intervals, where L is usually a positive integer.
When L = 1, the modulation is called a full response CPM; otherwise, the
modulation is called partial response CPM. Because the phase pulse is defined as
the time integral of a frequency pulse with finite support, it is customary to use a
piecewise definition for q(t):

q(t) =

⎧⎪⎨
⎪⎩

0 t < 0´ t
0 g(u)du 0 ≤ t < LTs

1
2 LTs ≤ t.

(3.65)

Consequently, Eq. (3.64) may also be expressed in a piecewise fashion:

φ(t; an) = πh
n−L∑
k=0

a(k)

︸ ︷︷ ︸
θn

+ 2πh
n∑

k=n−L+1

a(k)q(t − kTs)

︸ ︷︷ ︸
θ(t;a(n−L+1),...,a(n))

. (3.66)

Here, the first term is called the phase state of the modulation. Because the phase
state may be reduced to modulo-2π and because the symbol alphabet is finite, there
is a finite number of possible phase states. For h = 2m

p for relatively prime m and p,
there are p phase states:

θn ∈
{

0,
2π

p
,

4π

p
, . . . ,

2π(p − 1)

p

}
. (3.67)

Note that the phase states are defined by the modulation index and by the sum of all
the symbols prior to a(n − L + 1). The second term in Eq. (3.66) defines modulation
states due to the phase pulse. For a given modulation index and phase pulse, the
states defined by this term are only a function of the previous (L − 1) symbols
{a(n − L + 1), . . . , a(n − 1)} and the current symbol a(n). The vector comprising the
previous (L − 1) symbols is called the correlative state vector. Consequently, during
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the interval nTs ≤ t ≤ (n+1)Ts, the CPM signal is completely described by the state
vector

Sn = {θn, a(n − 1), . . . , a(n − L + 1)} . (3.68)

Two of the most commonly encountered frequency pulses in CPM are the length-
L rectangular pulse (LREC), defined by

g(t) =
{

1
2LTs

0 ≤ t ≤ LTs

0 otherwise
, (3.69)

and the length-L temporal raised-cosine (LRC) defined by

g(t) =
{

1
2LTs

[
1 − cos

(
2π t
LTs

)]
0 ≤ t ≤ LTs

0 otherwise
. (3.70)

These two pulses, together with their time integrals q(t), are shown in Fig. 3.22.
At high Eb/N0, the performance of the maximum-likelihood detector in AWGN is

determined by Eb/N0 and the minimum Euclidean distance. The squared Euclidean
distance between the signals corresponding to the symbol sequences are as follows:

an = a(0), a(1), . . . , a(n) (3.71)

bn = b(0), b(1), . . . , b(n) (3.72)

LTs LTs

LTs

1
2LTs

1
LTs

0
t

g(t)
q(t)

q(t)
g(t)

0
t

1
2

LTs0
t

0
t

1
2

(A)

(B)

FIG. 3.22

Two of the most commonly encountered CPM frequency pulses and their time integrals:
(A) the LREC pulse g(t) and the corresponding time integral q(t) and (B) the LRC pulse
g(t) and the corresponding time integral q(t).
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is

d2
n(an, bn) =

ˆ nTs

0

∣∣∣ejφ(t;an) − ejφ(t;bn)
∣∣∣2 dt (3.73)

= 2
ˆ nTs

0

⎡
⎣1 − cos

⎛
⎝2πh

n∑
i=0


(i)q(t − iTs)

⎞
⎠
⎤
⎦ dt, (3.74)

where 
(i) = a(i)−b(i). Thus, the Euclidean distance is a function of the difference
�n = an − bn and may be expressed as d2

n(�n). The minimum Euclidean distance is

d2
n,min = min

�n �=0

{
d2

n(�n)
}

. (3.75)

Aulin et al. [36] develop an upper bound for d2
n,min and describe a sequential

algorithm for computing d2
n,min.

3.3.3 MODULATION
A CPM signal is generated by applying the pulse train,

m(t) =
∑

k

a(k)g(t − kTs), (3.76)

to a frequency modulator. This technique is shown in Fig. 3.23A. The pulse train,
based on the symbol alphabet and the frequency pulse g(t), is created using a
serial-to-parallel converter, LUT, and pulse shaping filter in the same way these
elements were used for QAM in Fig. 3.6. The pulse train frequency modulates a
carrier using a peak deviation fd = h/(2Ts) as shown.

For the simplest case, M = 2 and g(t) is the 1REC pulse, and the maximum is

max
allt

{|m(t)|} = 1

2Ts
(3.77)

so that the instantaneous excess phase for nTs ≤ t ≤ (n + 1)Ts may be
expressed as

φ(t) = 2π
fd
1

2Ts

ˆ t

0

n∑
k=0

a(k)g(x − kTs)dx (3.78)

= 2π(2fdTs)

n∑
k=0

a(k)
ˆ t

0
g(x − kTs)dx (3.79)

= 2π(2fdTs)

n∑
k=0

a(k)q(t − kTs). (3.80)
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FIG. 3.23

A block diagram illustrating the generation of CPM using a frequency modulator: (A) the
standard approach and (B) using a premodulation filter.

Comparing Eq. (3.80) with Eq. (3.64) establishes the relationship h = 2fdTs. The
comparison also shows that the time-integral relationship between the instantaneous
frequency and phase is why the phase pulse q(t) is defined as the time integral of the
frequency pulse g(t). The time-integral relationship between the frequency pulse g(t)
and the phase pulse q(t) means that even if g(t) contains discontinuities, the phase
pulse will not. Because the phase pulse transitions from one symbol to another in a
continuous fashion, the name CPM is used.

The impact of the frequency pulse on the power spectral density is described in
Section 3.3.4. In general, longer (and sometimes smoother) frequency pulses produce
more narrow power spectral densities. Historically, longer, smoother frequency
pulses were conceptualized as a lowpass-filtered version of the 1REC frequency
pulse as shown in Fig. 3.23B. The lowpass filter with impulse response h(t) is called
a premodulation filter due to its position at the input to the frequency modulator.
Conceptualizing the frequency pulse as a lowpass filtered version of the 1REC pulse
was motivated by technological limitations: mature analog filter design techniques
were applied to the easy-to-generate 1REC pulse. The true frequency pulse is simply
the convolution of the 1REC frequency pulse with h(t). As advances in digital
circuits have made more sophisticated discrete-time signal processing viable, the
true frequency pulse is implemented directly. Consequently, using a lowpass filtered
1REC frequency pulse has become less common. Because of this history, some
frequency pulses are defined in terms of the 1REC pulse and h(t). This is the case
with Gaussian minimum shift keying (GMSK), described in Section 3.3.5.
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3.3.4 POWER SPECTRAL DENSITY
The power spectral density of CPM is computed from Eq. (3.63) using

φ(t; a) = 2πh
∞∑

k=−∞
a(k)q(t − kTs). (3.81)

The analysis assumes an infinite number of uncorrelated and equally likely symbols:

P(a(k) = am) = 1

M
, m = 1, 2, . . . , M (3.82)

E {a(k)} = 0 (3.83)

E
{

a2(k)
}

= M2 − 1

3
. (3.84)

The power spectral density of the complex-valued baseband equivalent signal is [37]

Sbb(f ) = 2 Re

{ˆ LTs

0
R(τ)e−j2π f τ dτ + 1

1 − Ce−j2π fTs

ˆ (L+1)Ts

LTs

R(τ)e−j2π f τ dτ

}
,

(3.85)

where

R(τ) = 1

2Ts

ˆ Ts

0


τ/Ts�∏
k=1−L

sin (2πhM [q(t + τ − kTs) − q(t − kTs)])
M sin (2πh [q(t + τ − kTs) − q(t − kTs)])

dt, (3.86)

C = sin(Mπh)

M sin(πh)
. (3.87)

Because CPM is a nonlinear modulation, the relationship between the modulation
parameters (frequency pulse, modulation index, alphabet size) and the power spectral
density is not as straight-forward as it is for linear modulation. The main characteris-
tics of the power spectral density are the width of the main lobe and the fall-off rate
(ie, the rate at which the power spectral density level decreases with increasing fTs).
A few simple examples will illustrate some of the general trends and point out some
of the difficulties.

• Fig. 3.24 plots the power spectral densities of binary CPM using the 1REC pulse
shape for three values of the modulation index h. Each value of h produces a
different main lobe shape and width and different sidelobe structure. For the
parameters used here, as h increases, the main lobe width decreases whereas the
height of the sidelobes increases. In general, the fall-off rate improves with
decreasing h. Table 3.3 shows that the minimum Euclidean distance also
decreases with decreasing h. This suggests a trade-off involving bandwidth and
bit error rate performance. The modulation index h can be used to select the
operating point in this trade-off space.



3.3 Nonlinear modulation: CPM 105

fTb (cycles/bit)
0 0.5 1 1.5 2 2.5 3

P
SD

 (
dB

)

−70

−60

−50

−40

−30

−20

−10

0 h= 0.3
h= 0.5
h= 0.7

FIG. 3.24

Power spectral density plots for CPM using the 1REC frequency pulse with M = 2 for
h = 0.3, 0.5, 0.7.

Table 3.3 Minimum Euclidean Distances and Normalized
99% Power Bandwidths for the CPM Cases Explored in
Figs. 3.24–3.26 and 3.30

Frequency Pulse h (Modulation Index) dmin B99Tb

1REC 0.3 0.990898 0.360
1REC 0.5 2.000000 0.540
1REC 0.7 2.432473 0.800
2REC 0.5 1.726760 0.380
3REC 0.5 1.346013 0.315
1RC 0.5 2.000000 0.715
2RC 0.5 1.966553 0.490
3RC 0.5 1.764665 0.395
Gaussian, BTb = 1.0 0.5 2.000000 0.515
Gaussian, BTb = 0.5 0.5 1.940487 0.475
Gaussian, BTb = 0.4 0.5 1.892986 0.450
Gaussian, BTb = 0.3 0.5 1.786840 0.415
Gaussian, BTb = 0.2 0.5 1.531934 0.350

Note: The values for dmin were computed using the online resource by
Perrins [39].
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FIG. 3.25

Power spectral density plots for CPM using the LREC frequency pulse with M = 2 and
h = 0.5 for L = 1, 2, 3.

• Fig. 3.25 plots the power spectral densities of binary CPM using h = 0.5 and the
LREC frequency pulse for L = 1, 2, 3. Here, the general trend that the fall off
rate improves as L increases is observed. Table 3.3 shows that the minimum
Euclidean distance decreases as L increases. This is a slightly different
manifestation of the trade-off involving bandwidth and bit error rate
performance. Here the parameter L selects the operating point in the trade-off
space.

• Fig. 3.26 plots the power spectral densities of binary CPM using h = 0.5 and
the 1RC, 2RC, and 3RC frequency pulses. The power spectral density
corresponding to the 1REC frequency pulse is included for reference. As was
the case for the LREC frequency pulse, the fall-off rate improves with an
increasing L, and Table 3.3 shows that the minimum Euclidean distance
decreases with increasing L.

Comparing the power spectral densities corresponding to the 1REC and 1RC
pulses is interesting: The main lobe of the power spectral density corresponding
to the 1REC pulse is narrower than that corresponding to the 1RC pulse. The first
two sidelobes of the power spectral density corresponding to the 1REC pulse are
lower than the first sidelobe of the power spectral density corresponding to the
1RC pulse. This is explained by the fact that the peak frequency deviation for the
1RC pulse is twice that for the 1REC pulse. In contrast, the third and higher
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FIG. 3.26

Power spectral density plots for CPM with M = 2 and h = 0.5 for the 1REC, 1RC, 2RC, and
3RC frequency pulses.

sidelobes of the power spectral density corresponding to the 1REC pulse are
higher than the second and higher sidelobes of the power spectral density
corresponding to the 1RC pulse. This illustrates the general trend that the fall-off
rate at large, fTs, is better for smoother frequency pulses. For large fTs, the
fall-off rate is determined by the number of continuous derivatives of g(t)
[36,38]. Note that the CPM using the 1REC and 1RC frequency pulses achieves
the same minimum Euclidean distance (see Table 3.3).

Due to space limitations, the behavior of the power spectral density as a function
of the alphabet size M was not explored. Plots of Eq. (3.85) as a function of M are
given in Aulin et al. [35,36]. The expected outcome is observed: the main lobe width
and fall-off rate, both as a function of the equivalent fTb, improve with increasing M.

The power spectral density is the basis for bandwidth definitions for CPM. One
common measure of bandwidth is the 99% power bandwidth, B99. The 99% power
bandwidth is the interval on the frequency axis that captures 99% of the area under
the power spectral density. The formal definition is

ˆ B99

0
Sbb(f )df = 0.99 ×

ˆ ∞
0

Sbb(f )df . (3.88)

Note that B99 is the bandwidth of the complex-valued baseband equivalent signal
whereas 2B99 is the bandwidth for the real-valued bandpass equivalent signal. The
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normalized 99% power bandwidths B99Tb corresponding to the power spectral
densities plotted in Figs. 3.24–3.26 and 3.30 are tabulated in Table 3.3.

Finally, because the relationship (3.87) holds for noninteger values of h, the
power spectral density expression (3.85) holds only when h is not an integer. When
h is an integer, the power spectral density exhibits spectral lines [37,40,41]. For
the applications where bandwidth efficiency is important, the spectral lines tend to
violate spectral containment requirements. Consequently, h < 1 is used. In contrast,
systems operating in severe radio environments rely on noncoherent detection. The
probability of error performance for noncoherent detection is maximized when the
signals are orthogonal. As explained in Section 3.3.5, an integer value of h is
required to produce an orthogonal signal set under the constraint of noncoherent
detection.

3.3.5 CPFSK, MSK, AND GMSK
The continuous phase version of binary FSK corresponds to CPM when using the
1REC frequency pulse. The phase for nTb ≤ t ≤ (n + 1)Tb is

φ(t; an) = πh
n−1∑
k=0

a(k) + a(n)
πh

Tb
(t − nTb), (3.89)

and the corresponding bandpass signal is

xbp(t) = √
2Re

{
ejφ(t;an)ej2π f0t

}
= √

2 cos
(

2π

(
f0 + a(n)

h

2Tb

)
t + θn − na(n)πh

)
,

(3.90)

where θn is the first term on the right-hand side of Eq. (3.89). For binary CPFSK,
the data shifts the carrier frequency by ±h/(2Tb), hence the name FSK. An example
corresponding to the symbol sequence a = +1, −1, +1 + 1 is shown in Fig. 3.27.
Note the higher frequency during the intervals 0 ≤ t ≤ Tb and 2Tb ≤ t ≤ 4Tb and
the lower frequency during the interval Tb ≤ t ≤ 2Tb. Also note the phase continuity
between the frequency shifts.

The real-valued bandpass signal corresponding to binary CPFSK suggests the
existence of two waveforms in the signal set: The first is a sinusoid with frequency
f0 − h/(2Tb) and the second is a sinusoid at frequency f0 + h/(2Tb). For the interval
0 ≤ t ≤ Tb, the complex-valued baseband equivalent of the two signals may be
expressed as follows:

s0,bb(t) = exp
{

j

[
−2π

ht

2Tb
+ θ0

]}

s1,bb(t) = exp
{

j

[
2π

ht

2Tb
+ θ0

]}
,

(3.91)
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FIG. 3.27

A plot of binary CPFSK corresponding to the bit sequence a = +1,−1,+1,+1 for h = 2.
Note that h = 2 is an unusably large value for the modulation index. It is used here to make
the frequency shift in the plot more obvious.

where as before, θ0 is the first term on the right-hand side of Eq. (3.89). The inner
product is

〈s1,bb(t), s0,bb(t)〉 =
ˆ Tb

0
ej2πht/Tbdt = Tb

sin(πh)

πh
ejπh. (3.92)

For coherent detection, the probability of error decreases with increasing ρc, where

ρc = Re
{〈s1,bb(t), s0,bb(t)〉

} = Tb
sin(2πh)

2πh
. (3.93)

For noncoherent detection, the probability of error decreases with increasing ρnc,
where

ρnc = ∣∣〈s1,bb(t), s0,bb(t)〉
∣∣ = Tb

∣∣∣∣ sin(πh)

πh

∣∣∣∣ . (3.94)

In either case, the correlation is a function of the modulation index h. A plot of ρc
and ρnc versus h is shown in Fig. 3.28. Note that for coherent detection, the minimum
probability of error corresponds to h = 0.715. Also for coherent detection, ρc exhibits
zero-crossings when h is a positive integer multiple of 1

2 . When ρc = 0, the two
signals are orthogonal and unit-energy versions of s0,bb(t) and s1,bb(t) may be used
as basis waveforms to represent the two waveforms in a signal space. The minimum
value of h that renders s0,bb(t) and s1,bb(t) orthogonal is h = 1

2 , and the resulting
modulation is called minimum shift keying (MSK). For noncoherent detection, ρnc
exhibits zero-crossings when h is a positive integer. Here, the minimum frequency
shift required for orthogonality is twice that required for coherent detection.

In Section 3.3.4, it was shown that longer (and sometimes smoother) frequency
pulses produce a power spectral density with better spectral containment relative to
the power spectral density corresponding to the 1REC frequency pulse. Generating
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FIG. 3.28

A plot of the ρc (Eq. 3.93) and ρnc (Eq. 3.94) as a function of the modulation index h.

more interesting frequency pulses using a lowpass premodulation filter was described
in Section 3.3.3. One popular application of this approach to MSK was described by
Murota and Hirade [42], who investigated the use of a lowpass filter with a Gaussian
impulse response:

h(t) = B

√
2π

ln(2)
exp

{
− (2πBt)2

2 ln(2)

}
, (3.95)

where B is the 3-dB bandwidth of the filter. The resulting frequency pulse is

g(t) = 1

2Tb

[
Q

(
2πBTb√

ln(2)

(
t

Tb
− 1

))
− Q

(
2πBTb√

ln(2)

t

Tb

)]
. (3.96)

Because the pulse was generated from MSK by using a premodulation filter with
a “Gaussian” impulse response, Murota and Hirade coined the term “Gaussian
minimum shift keying” (or GMSK) for this modulation. The frequency pulse is
parameterized by the product of the 3-dB bandwidth and bit time: BTb. A plot of g(t)
for BTb = 1, 0.5, 0.4, 0.3, and 0.2 is shown in Fig. 3.29. The plot shows that even
though Eq. (3.96) is defined for −∞ < t < ∞, the pulse may be truncated without
introducing significant errors. The result is a pulse that spans L < ∞ symbols.
Observe that as BTb decreases, the required pulse width increases. The power
spectral densities corresponding to these frequency pulses are plotted in Fig. 3.30. In
general, the bandwidth decreases with decreasing BTb and Table 3.3 shows that the
minimum Euclidean distance decreases with decreasing BTb. Fig. 3.30 and Table 3.3
demonstrate the trade-off between bandwidth and bit error rate performance for
GMSK. The frequency pulse parameter BTb may be used to adjust the operating
point in this trade-off space.

GMSK with BTb = 0.3 is the modulation used for the GSM (for the French
Groupe Spécial Mobile) mobile telephony standard [43]. GMSK is also used
for the telemetry links for near-Earth and deep-space spacecraft: the CCSDS
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GMSK frequency pulses for various values of BTb. As BTb decreases, the pulses become
wider.
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The power spectral density of GMSK for M = 2 and various values of BTb.
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413.0-G-1 Green Book (for Consultative Committee for Space Data Systems)
specifies the use of GMSK with BTb = 0.5 for interplanetary links with bit rates
in excess of 2 Mbites/s [44]. For near-Earth missions, GMSK with BTb = 0.25 is an
option [44]. GMSK is also a commonly used modulation in satellite communications
[45,46].

The popular Bluetooth standard uses a version of binary CPM similar to GMSK
called Gaussian frequency shift keying (GFSK). The modulator is based on the
approach outlined in Fig. 3.23B where the impulse response of the premodulation
filter is the Gaussian response given by Eq. (3.95)—the resulting frequency pulse
is given by Eq. (3.96) with BTb = 0.5. GMSK uses a modulation index h = 0.5
(hence, the “M” in GMSK), and volume 2 of the Bluetooth standard specifies a
modulation index 0.28 < h < 0.35 for basic rate communications [47]. Volume
6 of the Bluetooth standard specifies a modulation index of 0.45 < h < 0.55
for the low energy physical layer [48]. Because h is not fixed at 0.5, the modu-
lation is not a variant of MSK, and this is why the modulation is called GFSK,
not GMSK.

3.3.6 CONCLUDING REMARKS FOR NONLINEAR MODULATION
The treatment here focused on CPM where the phase is of the form of Eq. (3.64). A
generalization, called multi-h CPM, uses a time-varying modulation index and was
introduced by Miyahawa et al. [49] and Anderson and Taylor [50]. In this case the
phase is of the form

φ(t; an) = 2π

n∑
k=0

hka(k)q(t − kTs), (3.97)

where the sequence of modulation indexes is a periodic sequence with period Nh. For
a given bandwidth, multi-h CPM tends to have a larger minimum Euclidean distance
than the single-h counterpart.

A number of alternate representations for CPM have also been published. Among
these, Rimoldi’s “tilted phase” representation [51] decomposes CPM into the cascade
of a continuous phase encoder and memoryless modulator. This decomposition
has been used to isolate the contribution of the phase encoding from that of
modulation in an attempt to identify more powerful phase encodings. Another
popular decomposition for binary CPM is as a superposition of amplitude modulated
pulses due to Laurent [52]. This decomposition is the basis for power spectral density
calculations and reduced-complexity detectors. The generalization of Laurent’s
decomposition to nonbinary CPM was performed by Mengali and Morelli [53], to
M-ary CPM with an integer modulation index by Huang and Li [54], and to nonbinary
multi-h CPM by Perrins and Rice [55]. Further generalizations were published by
Cariolaro [56].
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3.4 COMPARISONS
One of the broad conclusions from this chapter is that a digital modulation may be
characterized by its probability of bit error (through the minimum distance dmin)
or by its bandwidth (through the power spectral density). The properties of the
CPMs described in the previous section are summarized in Table 3.3. These entries
demonstrate the general trend that a decrease in B99 (a good thing) is usually
accompanied by a decrease in dmin (a bad thing). In other words, an improvement
in spectral efficiency is accompanied by a decrease in power efficiency. The same
general trend holds with the linear modulations described in Section 3.2. QAM
is described by constellation points. The average energy is the average squared
Euclidean distance between the points and the origin, and the minimum Euclidean
distance is the smallest Euclidean distance between adjacent points. The power
spectral density is determined by the pulse shape and the symbol rate; see Eq. (3.33).
For a fixed bit rate, increasing the number of bits per symbol increases spectral
efficiency. This necessitates an increase in the number of constellation points.
Unfortunately, for fixed average energy, increasing the number of constellation points
decreases the minimum Euclidean distance.

The conclusion is that there is a fundamental tradeoff between spectral efficiency
and power efficiency. It is now time to be more precise. Because the occupied
bandwidth is proportional to the bit rate, the spectral efficiency is defined as the ratio
of the bit rate to bandwidth and has the somewhat unusual units of bits/s per Hz. (For
historical reasons, this is never simplified to bits/cycle.) Expressions for the spectral
efficiency for QAM and CPM are developed as follows:

• The bandwidth of a linearly modulated signal using a bandlimited pulse shape,
such as the SRRC pulse (the most common choice), is governed by the
magnitude-squared of the Fourier transform of the pulse shape; see Eq. (3.33).
The bandwidth of the SRRC pulse shape is

Bp = 1 + α

2Ts
= 1 + α

2 log2(M)Tb
. (3.98)

Hence, the spectral efficiency of the real-valued bandpass M-ary QAM is

R = 1/Tb

2Bp
= log2(M)

1 + α
bits/s per Hz. (3.99)

• For CPM, the bandwidth that is derived from the power spectral density depends
on the definition of bandwidth used. The spectral efficiency of real-valued
bandpass CPM using the 99% power bandwidth is

R = 1/Tb

2B99
= 1

2B99Tb
. (3.100)

The power efficiency is defined as the value of Eb/N0 required to achieve a
target probability of bit error. Applying the principles described in Chapters 4 and 9
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(the AWGN environment is the special case H(f ) = 1), the probability of bit error
as a function Eb/N0 in the AWGN environment can be derived. This functional
relationship can be used to compute the Eb/N0 required to achieve a target probability
of bit error.

For a given modulation and desired bit error probability, the required Eb/N0 and
spectral efficiency define a point in the Eb/N0, R tradeoff space. The fundamental
bound relating the spectral efficiency and power efficiency is given by Shannon’s
channel capacity for a bandlimited AWGN channel:

R < log2

(
1 + R

Eb

N0

)
. (3.101)

A graphical representation of the spectral efficiency and power efficiency in the
AWGN environment for some of the examples presented in this chapter is shown in
Fig. 3.31. Notes:

1. For all points, Eb/N0 is the value required to achieve a probability of bit error
equal to 10−6. The values for the linear modulations were derived using the
principles derived in Chapter 4. The union bound was used for all points except
square QAM (M = 4, 16, 64, and 256) and MPSK. The values of Eb/N0 for
CPM were derived from the mathematical expressions accompanying the dmin
values obtained using the web-based tool developed by Perrins [39].

2. The spectral efficiencies for the linear modulations used Eq. (3.99) with α = 0.5.
3. The spectral efficiencies for the CPMs used Eq. (3.100) with the values of B99Tb

listed in Table 3.3.
4. The points labeled “QAM” correspond to square QAM constellations for M = 4,

16, 64, and 256 and to the cross-QAM constellations for M = 32 and 128.
5. The parameters of the 4+12-APSK constellation are R2/R1 = 2.7, θ1 = π/4,

and θ2 = π/6.
6. The parameters of the 4+12+16-APSK constellation are R2/R1 = 2.64,

R3/R1 = 4.64, θ1 = π/4, and θ2 = π/12 (there is no point on the radius-R2
circle aligned with the inphase axis), and θ3 = π/8.

7. All of the CPMs used a binary alphabet, M = 2.

The best location in a plot like Fig. 3.31 is in the upper left corner: the modulation
achieves a very high spectral efficiency and requires very little power. The inequality
(3.101)—shown by the dashed line labeled “capacity”—forms a boundary that
keeps points out of the most desirable position. This boundary is one form of the
channel capacity idea due to Shannon [57]. The proper interpretation is that the
channel capacity is a bound in the Eb/N0, R plane beyond which it is impossible
to simultaneously achieve the power and spectral efficiencies on the wrong side of
the bound.

In addition to showing the tradeoffs in power and spectral efficiencies for the
example modulations presented in this chapter, Fig. 3.31 also reveals some interesting
relationships. One way for a point to move closer to capacity is to move vertically.
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FIG. 3.31

Spectral efficiency vs Eb/N0 required to achieve 10−6 probability of the bit error in the
AWGN environment.

This means that there is an increase in spectral efficiency with no change in the
required Eb/N0. A vertical move only occurs in two places within a family. The
reasons in each instance are very different. The move from BPSK to QPSK (or, from
the QAM point of view, from binary QAM to quaternary QAM) does not require
a corresponding increase in the required Eb/N0 because the binary versions of the
modulations do not exploit the quadrature component of the modulated carrier. The
relative positions of the BPSK and QPSK points shows that the transition to using
the quadrature component comes for free, but there is a corresponding increase in the
complexity of the modulator and detector.

The other place where a vertical move occurs within a modulation family is
the set of points involving 1RC, 2RC, 1REC, and GMSK with BTb = 1 in CPM.
(Note that all four cases use h = 0.5.) These points are all vertically aligned. The
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1RC version has the lowest spectral efficiency of the group and the 2RC version
has the highest spectral efficiency of the group. The trend does not generalize. For
example, 1REC and 2REC are not vertically aligned in the plot. The reasons for
this move are harder to visualize than in the BPSK/QPSK case. This is because the
modulation is nonlinear. For these four modulations, the frequency pulses are such
that the resulting CPM signals have approximately the same dmin (see Table 3.3) but
different power spectral densities. It is difficult to predict when this occurs with CPM
and the existence of such a predictor for CPM remains an open question.

Another way for a point to move closer to capacity is a horizontal move to
the left. Here, the spectral efficiency remains unchanged but the power efficiency
improves. There are a number of examples of this in Fig. 3.31. As an example,
consider the linear modulations for M = 16. All five have the same spectral efficiency
(4/1.5 = 2 2

3 ). The least power efficient is 16PSK, whereas the most power efficient is
the unconstrained minimum probability of the error constellation of Fig. 3.16. A close
examination of constellations along this horizontal line shows that the more efficient
the packing of the 16 constellation points, the more power efficient the modulation
is. This observation is the motivation for the line of research that treats constellation
design as a “packing problem.” Before leaving this case, note that the minimum
probability of error constellations (either the unconstrained or constrained versions)
are not much more power efficient than square 16QAM. This explains why square
16QAM is so commonly used. The power efficiency 4+12-APSK is slightly worse
than 16QAM, but it possesses a lower peak-to-average power ratio than 16QAM.

In general, the more spectrally efficient a modulation is, the less power efficient it
is. Note that none of the modulations seem to approach the channel capacity limit. For
the linear modulations, increasing M improves the spectral efficiency but decreases
power efficiency. With reference to the channel capacity limit, the decrease in power
efficiency is more pronounced than the increase in spectral efficiency. The result is
that for a fixed constellation family, the operating point moves further away from the
channel capacity limit as M increases.

There are two reasons why the examples in Fig. 3.31 are not closer to channel
capacity. First, the derivation of Eq. (3.101) assumes an infinite-dimensional alphabet
with a Gaussian probability density function. (This is clearly not the case for the
modulations described in this chapter.) Second, the derivation of Eq. (3.101) is based
on error correcting codes. The signaling techniques described in this chapter are
uncoded. Error correcting codes are beyond the scope of this chapter, but they are
described in another book in this series.

On a final note, the points in Fig. 3.31 correspond to a 10−6 probability of
bit error, the square-root raised-cosine pulse shape with α = 0.5 for the linear
modulations, and the use of B99 as the measure of bandwidth for CPM. Changing
any one of these parameters moves the points, but not the channel capacity limit. For
example, reducing α from 0.5 to 0.25 moves all the linear modulation points up by a
factor 1.5/1.25 = 6/5. Reducing the target bit error probability from 10−6 to 10−5

moves all points to the left by about 1 dB.



References 117

REFERENCES
[1] “quadrature, n.”, OED Online, Oxford University Press, 2015 (accessed August 26,

2015).
[2] C. Dodley, R. Erving, In-building software radio architecture, design and analysis, in:

Proceedings of the IEEE International Symposium on Personal, Indoor and Mobile
Radio Communication, London, UK, 2000, pp. 479–483.

[3] F. Harris, C. Dick, M. Rice, Digital receivers and transmitters using polyphase filter
banks for wireless communications, IEEE Trans. Microwave Theory Tech. 51 (4) (2003)
1395–1412.

[4] M. Rice, Digital Communications: A Discrete-Time Approach, Pearson Prentice-Hall,
Upper Saddle River, NJ, 2009.

[5] H. Nyquist, Certain topics in telegraph transmission theory, AIEE Trans. Commun.
Electron. 47 (1928) 617–644.

[6] D. Tufts, Nyquist’s problem—the joint optimization of transmitter and receiver in pulse
amplitude modulation, Proc. IEEE 53 (3) (1965) 248–259.

[7] L. Franks, Further results on Nyquist’s problem in pulse transmission, IEEE Trans.
Commun. Technol. 16 (2) (1968) 337–340.

[8] E. Sousa, S. Pasupathy, Pulse shape design for teletext data transmission, IEEE Trans.
Commun. 31 (7) (1983) 871–878.

[9] J. Scanlan, Pulses satisfying the Nyquist criterion, Electron. Lett. 28 (1) (1992) 50–52.
[10] N. Beaulieu, C. Tan, M. Damen, A “better than” Nyquist pulse, IEEE Commun. Lett. 5

(9) (2001) 367–368.
[11] A. Assalini, A. Tonello, Improved Nyquist pulses, IEEE Commun. Lett. 8 (2) (2004)

87–89.
[12] X. Xia, A family of pulse-shaping filters with ISI-free matched and unmatched filter

properties, IEEE Trans. Commun. 45 (10) (1997) 1157–1158.
[13] T. Demeechai, Pulse-shaping filters with ISI-free matched and unmatched filter proper-

ties, IEEE Trans. Commun. 46 (8) (1998) 992.
[14] N. Alagha, P. Kabal, Generalized raised-cosine filters, IEEE Trans. Commun. 47 (7)

(1999) 989–997.
[15] A. Kisel, An extension of pulse shaping filter theory, IEEE Trans. Commun. 47 (5)

(1999) 645–647.
[16] A. Kisel, Nyquist 1 universal filters, IEEE Trans. Commun. 48 (7) (2000) 1095–1099.
[17] C. Tan, N. Beaulieu, An investigation of transmission properties of Xia pulses, in:

Proceedings of the IEEE International Conference on Communications, Vancouver, BC,
1999, pp. 1197–1201.

[18] C. Tan, N. Beaulieu, Transmission properties of conjugate-root pulses, IEEE Trans.
Commun. 52 (4) (2004) 553–558.

[19] Cable Television Laboratories, Inc., Data over cable service interface specifications
DOCSIS® 3.0, CM-SP-PHYv3.0-I11-130808, 2013.

[20] R. Lucky, J. Hancock, On the optimum performance of N-ary systems having two
degrees of freedom, IRE Trans. Commun. Syst. 10 (1962) 185–192.

[21] C. Weber, New solutions to the signal design problem for coherent channels, IEEE Trans.
Inf. Theory 12 (1966) 161–167.

[22] J. Salz, et al., Data transmission by combined AM and PM, Bell Syst. Tech. J. 50 (1971)
2399–2419.

http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0010
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0015
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0020
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0025
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0030
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0035
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0040
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0045
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0050
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0055
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0060
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0065
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0070
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0075
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0080
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0085
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0090
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0095
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0100
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0105
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0110
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0115


118 CHAPTER 3 Single-carrier modulation

[23] C. M. Thomas, M. Weidner, S. Durrani, Digital amplitude-phase keying with M-ary
alphabets, IEEE Trans. Commun. 22 (2) (1974) 168–180.

[24] European Telecommunications Standards Institute, Digital video broadcasting (DVB);
second generation framing structure, channel coding and modulation systems for broad-
casting, interactive services, news gathering and other broadband satellite applications,
EN 302 307 V1.1.1, Sophia Antipolis Cedex—FRANCE, 2004.

[25] G. Foschini, R. Gitlin, S. Weinstein, Optimization of two-dimensional signal con-
stellations in the presence of Gaussian noise, IEEE Trans. Commun. 22 (1) (1974)
28–38.

[26] N. Blachman, A comparison of the informational capacities of amplitude- and phase—
modulation communication systems, Proc. IRE 41 (1953) 748–759.

[27] A. Lender, The duobinary technique for high-speed data transmission, Trans. AIEE I
Commun. Electron. 82 (5) (1963) 214–218.

[28] E. Kretzmer, Generalization of a technique for binary data communication, IEEE Trans.
Commun. Technol. 14 (1) (1966) 67–68.

[29] A. Lender, Correlative data transmission with coherent recovery using absolute refer-
ence, IEEE Trans. Commun. Technol. 16 (1) (1968) 108–115.

[30] G.D. Forney, L.-F. Wei, Multidimensional constellations—part I: introduction, figures
of merit, and generalized cross constellations, IEEE J. Sel. Areas Commun. 7 (6) (1989)
877–892.

[31] G.D. Forney, Multidimensional constellations—part II: Voronoi constellations, IEEE J.
Sel. Areas Commun. 7 (6) (1989) 941–958.

[32] G.D. Forney, Trellis shaping, IEEE Trans. Inf. Theory 38 (2) (1992) 281–300.
[33] J. Livingston, Shaping using variable-size regions, IEEE Trans. Inf. Theory 38 (4) (1992)

1347–1535.
[34] R. Laroia, N. Farvardin, S. Tretter, On optimal shaping of multidimensional constella-

tions, IEEE Trans. Inf. Theory 40 (4) (1994) 1044–1056.
[35] T. Aulin, N. Rydbeck, C.-E. Sundberg, Continuous phase modulation—part I: full

response signaling, IEEE Trans. Commun. 29 (3) (1981) 196–209.
[36] T. Aulin, N. Rydbeck, C.-E. Sundberg, Continuous phase modulation—part II: partial

response signaling, IEEE Trans. Commun. 29 (3) (1981) 210–225.
[37] T. Aulin, C.-E. Sundberg, An easy way to calculate power spectra for digital FM, IEE

Proc. F Commun. Radar Signal Process. 130 (6) (1983) 519–526.
[38] T. Baker, Asymptotic behavior of digital FM spectra, IEEE Trans. Commun. 22 (10)

(1974) 1585–1594.
[39] E. Perrins, Minimum distance calculator for continuous phase modulation (CPM), http://

people.eecs.ku.edu/~esp/doku/doku.php?id=cpmdistance.
[40] T. Aulin, C.-E. Sundberg, Calculating digital FM spectra by means of autocorrelation,

IEEE Trans. Commun. 30 (5) (1982) 1199–1208.
[41] R. Anderson, J. Salz, Spectra of digital FM, Bell Syst. Tech. J. 44 (1965) 1165–1189.
[42] K. Murota, K. Hirade, GMSK modulation for digital mobile radio telephony, IEEE

Trans. Commun. 29 (7) (1981) 1044–1050.
[43] M. Mouly, M.-B. Pautet, The GSM System for Mobile Communications, Telecom

Publishing, 1992.
[44] G. Sessler, R. Abelló, N. James, R. Baddeè, E. Vassallo, GMSK demodulator implemen-

tation for ESA deep-space missions, Proc. IEEE 95 (11) (2007) 2132–2141.

http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0120
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0125
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0130
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0135
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0140
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0145
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0150
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0155
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0160
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0165
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0170
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0175
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0180
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0185
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0190
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0195
http://people.eecs.ku.edu/~esp/doku/doku.php?id=cpmdistance
http://people.eecs.ku.edu/~esp/doku/doku.php?id=cpmdistance
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0205
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0210
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0215
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0220
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0225


References 119

[45] M. Rice, T. Oliphant, O. Haddadin, W. McIntire, Estimation techniques for GMSK using
linear detectors in satellite communications, IEEE Trans. Aerosp. Electron. Syst. 43 (4)
(2007) 1484–1495.

[46] C. Sacchi, T. Rossi, M. Ruggieri, R. Granelli, Efficient waveform design for high-bit- rate
W-band satellite transmissions, IEEE Trans. Aerosp. Electron. Syst. 47 (2) (2011)
974–995.

[47] Specification of the Bluetooth® system, 2014, Specification Volume 2: Core System
Package [BR/EDR Controller volume].

[48] Specification of the Bluetooth® System, 2014, Specification Volume 6: Core System
Package [Low Energy Controller volume].

[49] H. Miyakawa, H. Harashima, Y. Tanaka, A new digital modulation scheme—multi-mode
binary CPFSK, in: Proceedings of the Third International Conference on Digital Satellite
Communications, Kyoto, Japan, 1975, pp. 105–112.

[50] J. Anderson, D. Taylor, A bandwidth-efficient class of signal-space codes, IEEE Trans.
Inf. Theory 24 (11) (1978) 703–712.

[51] B. Rimoldi, A decomposition approach to CPM, IEEE Trans. Inf. Theory 34 (2) (1988)
260–270.

[52] P. Laurent, Exact and approximate construction of digital phase modulations by super-
position of amplitude modulated pulses (AMP), IEEE Trans. Commun. 34 (2) (1986)
150–160.

[53] U. Mengali, M. Morelli, Decomposition of M-ary CPM signals into PAM waveforms,
IEEE Trans. Inf. Theory 41 (5) (1995) 1265–1275.

[54] X. Huang, Y. Li, The PAM decomposition of CPM signals with integer modulation
index, IEEE Trans. Commun. 51 (4) (2003) 543–546.

[55] E. Perrins, M. Rice, PAM decomposition of M-ary multi-h CPM, IEEE Trans. Commun.
53 (12) (2005) 2065–2075.

[56] G. Cariolaro, A system-theory approach to compose CPM signals into PAM waveforms,
IEEE Trans. Commun. 58 (1) (2010) 200–210.

[57] T. Cover, J. Thomas, Elements of Information Theory, second ed., Wiley-Interscience,
2006.

http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0230
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0235
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0240
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0245
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0250
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0255
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0260
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0265
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0270
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0275
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0280
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0285
http://refhub.elsevier.com/B978-0-12-398281-0.00003-X/rf0290


CHAPTER

4Optimal detection of digital
modulations in AWGN

E.G. Ström
Chalmers University of Technology, Gothenburg, Sweden

CHAPTER OUTLINE

4.1 Digital Transmission Over Noisy Channels ............................................... 122
4.2 Minimum-Distance Receiver ................................................................ 125
4.3 Vector Channel................................................................................ 127
4.4 White Gaussian Noise Vector............................................................... 134
4.5 Optimum Message Receivers ............................................................... 136

4.5.1 MAP Receiver .................................................................. 136
4.5.2 ML Receiver .................................................................... 140

4.6 The Irrelevance Theorem.................................................................... 141
4.7 Decision Regions and Error Probability ................................................... 144

4.7.1 Decisions Regions for a General Detector.................................. 144
4.7.2 Decision Regions for the Minimum-Distance Detector................... 146
4.7.3 Decision Regions for the MAP Detector .................................... 148

4.8 Union Bound................................................................................... 149
4.9 Bit Error Probability and Constellation Labelings ....................................... 156
4.10 Optimum Bitwise Receivers ................................................................. 160
4.11 Matched Filter................................................................................. 163
4.12 Summary ....................................................................................... 166
4.13 Practical Detectors ........................................................................... 167
4.14 Probability of Received Vector Belonging to a Decision Boundary................... 168
References............................................................................................ 169

The material developed in this chapter can be found in many other books, but perhaps
presented in a different manner. The approach here is inspired by several classical
books and countless other sources, including discussions with teachers, students,
and colleagues. It would be impossible to list all of them. However, the choice
to start the exposition with the minimum-distance detector is inspired by Lee and
Messerschmidt [1]. Another important source of inspiration is the classical book from
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1965 by Wozencraft and Jacobs [2], which is very readable even today. An accessible
introduction to estimation and detection theory is found in Kay’s two books [3,4], and
a more advanced text is by Poor [5].

Authors are always faced with a dilemma when selecting notation and the level
of mathematical rigor to employ. Too little rigor leaves the reader unsure about
what exactly is claimed, while too much rigor will obscure the big picture. For
readers who would enjoy a more precise and rigorous approach than the one taken
here, we recommend the excellent books by Lapidoth [6] and by Gallager [7]. In
particular, the shortcuts taken here (including the use of white noise and Dirac delta
functions, the fearless faith in that all integrals and sums converge, and that it is
always allowed to change the order of expectation, integration, and summation) are
criticized, explained, and (sometimes) justified in these books. Readers can, however,
rely on the fact that the developed detectors and analysis methods in this chapter are
indeed the same as would have been obtained with a more rigorous approach.

With some important exceptions, random variables and random processes are
denoted with uppercase letters and their realizations with lowercase letters. The main
exceptions to this rule are the information bits bk, b = [b1 b2 · · · bK], and the
transmitted message index m, which are random quantities. General sets are denoted
with calligraphic symbols, for example, M, while fields are denoted with blackboard
bold symbols, for example, the set of all real numbers R. An exception to the last
convention is E, which denotes the expectation operator.

4.1 DIGITAL TRANSMISSION OVER NOISY CHANNELS
Digital communication implies that the message to be sent can be represented as a
sequence of binary digits, bk ∈ {0, 1} for k = 1, 2, . . . , K. For all practical purposes,
we can assume that there are a finite number of bits to transmit, that is, that K < ∞.
For sure, all practical messages have finite, but possibly very large, lengths.

When discussing protocol stacks, for example, the TCP/IP stack or the OSI stack,
the term message usually refers to an application layer protocol data unit. However,
we will use the term message in a broader context—a message refers to a sequence
of bits that we need to treat as a unit when specifying optimal receivers.

We collect all transmitted bits into the K-vector1

b �
[
b1 b2 · · · bK

] ∈ {0, 1}K . (4.1)

We will model bk as random variables with certain distributions later. For now, we
will just assume that all K-bit patterns can occur, that is, that Pr{b = u} > 0 for all
u ∈ {0, 1}K.

1We will use the long-standing convention of thinking of vectors over, the binary field as row vectors.
However, all other vectors will be column vectors.
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The simplest communication system consists of a single link, that is, the cascade
of a transmitter, a channel, and a receiver. We will consider the channel to be an
additive noise waveform channel, that is, the input x(t) and output y(t) of the channel
are continuous-time signals and the output is

y(t) = x(t) + v(t), (4.2)

where v(t) is the noise waveform. For generality, we will consider the input, noise,
and output signals to be complex-valued (and treat real-valued signals as a special
case of complex-valued signals). The noise waveform v(t) will be modeled later
in this chapter in Section 4.4. For the time being, we will just assume that v(t) is
completely unknown to the transmitter and receiver. In case v(t) is known to either the
transmitter or the receiver, the communication problem would become trivial since
the noise can be canceled by either the transmitter (by transmitting x′(t) = x(t)−v(t),
which yields y(t) = x(t)) or the receiver (by forming y′(t) = y(t) − v(t) = x(t)).

The transmitter is a conceptually very simple device. It is a one-to-one mapping
of b to x(t), where x(t) is a member of the set of signal alternatives X �
{x1(t), x2(t), . . . , xM(t)}. Since b can take on 2K values, the number of required signal
alternatives is M = 2K . The signal alternatives are assumed to have finite energies,
that is, the energy of x�(t) is E� �

´∞
−∞ |x�(t)|2 dt < ∞ for all x�(t) ∈ X .

Example 4.1. Consider the signal alternatives.

x1(t) = −x3(t) =
{√

6, 0 ≤ t < 2

0, otherwise

x2(t) = −x4(t) =

⎧⎪⎨
⎪⎩

√
2, 0 ≤ t < 1

−√
2, 1 ≤ t < 2

0, otherwise

,

where x1(t) and x3(t) are depicted in Fig. 4.1.
The signal energies are

E1 = E3 =
ˆ ∞
−∞

|x1(t)|2 dt =
ˆ 2

0
6 dt = 12

E2 = E4 =
ˆ ∞
−∞

|x2(t)|2 dt =
ˆ 2

0
2 dt = 4.

Since there are M = 4 = 22 signal alternatives, K = 2. One of the M! = 4! = 24
possible mapping between bits and signal alternatives is given by Table 4.1.

This transmitter model is actually quite general and also covers the use of
channel coding, loss-less source coding, synchronization sequences, etc. However,
by restricting the mapping to be one-to-one, there will be a minor loss of generality,
as, for example, lossy source coding will not be covered by the transmitter model.
This is a minor issue since we can simply prepend the transmitter with a separate
lossy source coding block.
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x1(t)
x2(t)

t t

√
6

√
2

−
√

2

1

2

2

FIG. 4.1

Signal alternatives.

Table 4.1 One Possible
Bit-to-Signal Alternative
Mapping

b x(t)

[00] x1(t)
[01] x2(t)
[10] x3(t)
[11] x4(t)

Restricting the signal alternatives to have finite energies is quite mild. Practical
signal alternatives are always time-limited and have finite amplitudes.

We can think of the transmitter as a special type of digital-to-analog converter and
the receiver as a special type of analog-to-digital converter. That is, the task of the
receiver is to map the observed received signal y(t) to a sequence of bits. The output
bits are denoted b̂1, b̂2, . . . , b̂K , where b̂k is the decision (ie, the receiver’s guess) on
the value of bk. Likewise, the vector

b̂ �
[
b̂1 b̂2 · · · b̂K

]
∈ {0, 1}K (4.3)
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is the receiver’s guess on the value of b. If b̂ �= b, a message error has occurred. A bit
error occurs when b̂k �= bk. We note that a bit error (in any position k) results in a
message error, and a message error implies that at least one bit among the K bits is in
error. We will explore how the probability of message and bit errors are related later
in Section 4.9. For the time being, we will concentrate our efforts on finding receiver
structures that try to avoid message errors.

A final note is that the additive noise channel model implies that the receiver
is perfectly synchronized to the transmitter. This is a rather big assumption. In
practice, the received signal is delayed by the channel (surely, the propagation
speed cannot exceed the speed of light in vacuum) and is attenuated due to
losses in the propagation medium (wires, cables, optical fibers, or wireless me-
dia). Moreover, clocks and oscillators in the transmitter and receiver are not
perfectly matched to each other. Hence, the receiver is often required to synchro-
nize itself in time, phase, frequency, and amplitude. The situation is even more
complicated when the channel is fading (time-varying) and time-dispersive; see
Chapters 6 and 8. Nevertheless, we will ignore the synchronization issues in this
chapter, with the tacit understanding that the synchronization task will also require
transmission resources (power and bandwidth) and receiver complexity. For more
information about this important issue, see Chapter 7 or refer to the book by
Meyr et al. [8].

4.2 MINIMUM-DISTANCE RECEIVER
In this section, we will introduce the intuitively pleasing minimum-distance receiver,
which will turn out to possess some optimality properties, as explained later in
Sections 4.5.1 and 4.5.2.

In general, the receiver task is as follows: given the observation of y(t), guess
which signal alternative was sent. We assume that the receiver has knowledge of
the signal alternatives X = {x1(t), x2(t), . . . , xM(t)} and can invert the bits-to-signal
mapping performed in the transmitter. That is, the transmitter knows how to demap
x�(t) to the corresponding bit pattern b�.

To understand the minimum-distance receiver, we need to define a notion of
distance between signals. As explained in the Appendix, the distance between two
finite-energy signals, g(t) and h(t), can be defined as follows:

d(g(t), h(t)) � ‖g(t) − h(t)‖ =
√ˆ ∞

−∞
|g(t) − h(t)|2 dt. (4.4)

In passing, we note that the d2(g(t), 0) = ‖g(t)‖2 = Eg, that is, the squared distance
from the origin is equal to the signal energy.
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Now, the minimum-distance receiver simply selects the signal alternative that is
closest to y(t). In other words, the minimum-distance guess is xm̂MD(t) ∈ X , where
d(y(t), xm̂MD(t)) ≤ d(y(t), x�(t)) for all x�(t) ∈ X . An equivalent way to state this
relation is as follows:

m̂MD = arg min
�∈M

d(y(t), x�(t)) = arg min
�∈M

d2(y(t), x�(t)), (4.5)

where M � {1, 2, . . . , M} and the last equality holds since distances are nonnegative.
Example 4.2. Suppose the signal alternatives are as in Example 4.1 and the

received signal is as depicted in Fig. 4.2. To find the minimum distance decision,
we compute the squared distances between y(t) and the signal alternatives:

d2(y(t), x1(t)) =
ˆ 2

0
|y(t) − x1(t)|2 dt

=
(

1 − √
6
)2 + 1

2

(
−1 − √

6
)2 + 1

2

(
1 − √

6
)2

= 14 − 2
√

6 ≈ 9.10

d2(y(t), x2(t)) =
ˆ 2

0
|y(t) − x2(t)|2 dt = 6 − 2

√
2 ≈ 3.17

d2(y(t), x3(t)) =
ˆ 2

0
|y(t) − x3(t)|2 dt = 14 + 2

√
6 ≈ 18.90

d2(y(t), x4(t)) =
ˆ 2

0
|y(t) − x4(t)|2 dt = 6 + 2

√
2 ≈ 8.83.

Hence, signal alternative x2(t) is the closest to the received signal and the minimum-
distance decision is m̂MD = 2.

In case there is a two-way tie, that is, if

min
�∈M d(y(t), x�(t)) = d(y(t), xm̂1

(t)) = d(y(t), xm̂2
(t)), (4.6)

y(t)

t

1

−1

1 23
2

FIG. 4.2

Received signal.



4.3 Vector channel 127

we then choose m̂MD to be m̂1 or m̂2 in an arbitrary manner, for example, at random
or as m̂MD = min{m̂1, m̂2}. This approach generalizes to multiple ties, that is, we
can arbitrarily choose any of the tied signal alternatives. As we will see later, when
the noise is modeled as a white Gaussian random process, ties can be resolved in
the same way (ie, that any of the tied signal alternatives could be chosen) without
affecting the error probability.

There are M possible guesses for x(t), namely, x1(t), x2(t), . . . , xM(t), and each
guess on x(t) corresponds to a guess on the noise waveform. That is, the guess that
x(t) = xk(t) implies the guess that v(t) = y(t)−xk(t) = vk(t). Now, the energy of vk(t)
is ‖vk(t)‖2 = ‖y(t)−xk(t)‖2 = d2(y(t), xk(t)). Hence, we can interpret the minimum-
distance receiver as the minimum-noise-energy receiver: we pick the signal alterna-
tive that results in the smallest noise energy. The rationale is that it is more likely that
the noise has small energy than large energy. This notion will be more formalized
later in the chapter, when we model the noise as a Gaussian random process.

4.3 VECTOR CHANNEL
In the following, we will show how we can convert the continuous-time waveform
channel y(t) = x(t) + v(t) to a vector channel of the form y = x + v. The vector
channel is very useful for analysis of detector performance, as we see later in this
chapter in Section 4.7. Moreover, the vector channel suggests how we can implement
the front-end of an optimal receiver.

From the “??,” we recall that x1(t), x2(t), . . . , xM(t) spans an N-dimensional
vector space S = span{X }, where N ≤ M. Let ϕ � {ϕ1(t), ϕ2(t), . . . , ϕN(t)} be
an orthonormal2 basis for S. We can now represent all signals in S as vectors in F

N

(whereF = R or F = C, depending on whether the signal alternatives are real-valued
or complex-valued signals). In particular, we define the signal vectors as

x� �
[
x�,1 x�,2 · · · x�,N

]T ∈ F
N , � = 1, 2, . . . , M, (4.7)

where

x�,n � 〈x�(t), ϕn(t)〉, n = 1, 2, . . . , N. (4.8)

The signal can be constructed from the elements of x� as

x�(t) =
N∑

n=1

x�,nϕn(t). (4.9)

The conversion from vector to signal and from signal to vector are depicted in block
diagram form in Fig. 4.3.

2The set {ϕ1(t), ϕ2(t), . . . , ϕN (t)} is orthonormal if 〈ϕi(t), ϕj(t)〉 = 0 for i �= j (orthogonal) and
〈ϕn(t), ϕn(t)〉 = 1 for n = 1, 2, . . . , N (normalized).
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ϕ1(t)

x�,1

x�,1

x�,N
x�,N

ϕN(t)

Vector-to-signal

x�(t)x� = = x�

〈 · , ϕ1(t)〉

Signal-to-vector

〈 · , ϕN(t)〉

FIG. 4.3

Block diagram illustration of conversion between signals and signal vectors.

It is usually not difficult to find a basis for the signal space. Indeed, in practice,
we often construct the signal alternatives from a predefined basis. If this is not the
case, then we can always apply the Gram-Schmidt procedure to find a basis. In any
event, the basis choice is not important for the communication system performance,
and we can select any basis that is convenient for our purposes (eg, for mathematical
convenience).

Example 4.3. It is easily seen that {ϕ1(t), ϕ2(t)} and {ϕ′
1(t), ϕ

′
2(t)}, defined in

Fig. 4.4, are two orthonormal bases for the signal space spanned by the signal alter-
natives in Example 4.1. The signal vector for x1(t), with respect to the {ϕ1(t), ϕ2(t)}
basis, can be found from the defining Eqs. (4.7), (4.8) as the following:

ϕ1(t) ϕ2(t)

ϕ′1(t) ϕ′2(t)

t t

1√
2

− 1√
2

1

2

2

1√
2

t t1 221

1 1

FIG. 4.4

Two orthonormal bases for the signal alternatives {x1(t), x2(t), x3(t), x4(t)} defined in
Fig. 4.1.
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x1,1 = 〈x1(t), ϕ1(t)〉 =
ˆ ∞
−∞

x1(t)ϕ∗
1 (t) dt = √

6
1

2
2 = √

12

x1,2 = 〈x1(t), ϕ2(t)〉 =
ˆ ∞
−∞

x1(t)ϕ∗
2 (t) dt = √

6
1

2
− √

6
1

2
= 0,

which implies that x1 = [
x1,1 x1,2

]T = [√
12 0

]T
. We can also find the signal

vector by inspection. From Figs. 4.1 and 4.4, we see that x1(t) = √
12ϕ1(t) ⇒ x1 =√

12ϕ1 = √
12
[
1 0

]T . From either the definition or by inspection, we can easily
find the remaining signal vectors as

x2 = −x4 = [0 2
]T

x3 = −x1 = − [√12 0
]T

.

Moreover, the signal vectors with respect to the basis {ϕ′
1(t), ϕ

′
2(t)} are

x′
1 = −x′

3 = [√6
√

6
]T

x′
2 = −x′

4 = [√2 −√
2
]T

.

The signal vectors are plotted in Fig. 4.5. As seen, the distances between the signal
vectors remain the same in both bases. In fact, we see that we can find x′

� by first
reflecting x� in the ϕ1-axis and then rotating the resulting vector around the origin by
π/4 radians. This is a general property: a change of basis does not change the norm
of the vectors or the distances between them. Hence, a change of basis can always be
interpreted in terms of reflections and rotations of the signal vectors.

√
12
0

−√
12

0

x2 =

x3 =

x4 =

x′4 = x′1 =

x′3 = x′2 =

x1 =

0
2

0
−2

√
6√
6

−√
2√

2

√
2

−√
2

−√
6

−√
6

ϕ2(t)

ϕ1(t)

ϕ′2(t)

ϕ′1(t)

FIG. 4.5

Signal vectors for {x1(t), x2(t), x3(t), x4(t)} with respect to the basis {ϕ1(t),ϕ2(t)} (left) and
{ϕ′

1(t),ϕ
′
2(t)} (right).
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Vector-to-signal

z(t)

z1

zN

Signal-to-vector

projS( · )

z�
projS(z(t))

〈 · , ϕ1(t)〉

〈 · , ϕN(t)〉

ϕ1(t)

ϕN(t)

FIG. 4.6

Block diagram illustration of the projection onto the signal space.

The projections of a generic signal z(t) onto the signal space S and its orthogonal
complement can be computed as follows:

zS (t) = projS(z(t)) =
N∑

n=1

〈z(t), ϕn(t)〉ϕn(t) (4.10)

zS⊥(t) = projS⊥(z(t)) = z(t) − zS (t). (4.11)

As shown in Fig. 4.6, we can think of the projection onto the signal space in block
diagram form as a cascade of a signal-to-vector and a vector-to-signal conversion
block. We recall that z(t) ∈ S if and only if z(t) = zS (t) = projS (z(t)), or
equivalently, when zS⊥(t) = z(t) − zS (t) = 0.

By definition, the transmitted signal x(t) is contained in the signal space S.
However, the noise waveform v(t) is, in general, not completely contained in the
signal space. That is, if we write v(t) = vS (t)+vS⊥(t), where vS (t) and vS⊥(t) are the
projection of the noise signal onto the signal space and the orthogonal complement
to the signal space, respectively, then in general vS⊥(t) �= 0. Likewise, the received
signal can be decomposed as y(t) = x(t) + v(t) = yS(t) + yS⊥(t). The relationship
between the signals and their various projections is depicted in Fig. 4.7. It is clear
from the picture that yS⊥(t) = vS⊥(t) and yS (t) = x(t) + vS (t).

We will now show that vS⊥(t) is irrelevant for the minimum-distance receiver.
The squared distances needed for the minimum-distance receiver are of the form

d2(y(t), x�(t)) = ‖y(t) − x�(t)‖2 (4.12)

= ‖x(t) + vS (t) + vS⊥(t) − x�(t)‖2 (4.13)
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x(t)

v(t)
y(t)

yS(t)

vS(t)

vS⊥(t)

S

FIG. 4.7

Relation between transmitted, noise, and received signals and their projections. Signals
illustrated as dashed vectors are completely contained in the signal space S.

= ‖yS (t) − x�(t) + vS⊥(t)‖2 (4.14)

= ‖yS (t) − x�(t)‖2 + ‖vS⊥(t)‖2, (4.15)

where the last equality follows from the Pythagorean theorem, since yS (t) − x�(t) is
in the signal space and is therefore orthogonal to vS⊥(t). Now, since ‖vS⊥(t)‖2 does
not depend on �, the minimum-distance guess is

m̂MD = arg min
�∈M

‖yS (t) − x�(t)‖2 + ‖vS⊥(t)‖2 (4.16)

= arg min
�∈M

‖yS (t) − x�(t)‖2. (4.17)

That is, we can compute the minimum-distance guess from yS(t) and the signal
yS⊥(t) = vS⊥(t) is therefore irrelevant.

Example 4.4. Consider again the signal alternatives from Example 4.1 and the
received signal from Example 4.2. Let us compute the projection of y(t) onto the
signal space. We start by forming the inner products:

y1 = 〈y(t), ϕ1(t)〉
=
ˆ ∞
−∞

y(t)ϕ∗
1 (t) dt

=
(

1√
2

)
+ 1

2

(
1√
2
(−1)

)
+ 1

2

(
1√
2

)
= 1√

2

y2 = 〈y(t), ϕ2(t)〉 = 1√
2

.

Hence, the projection of y(t) onto the signal space is

yS (t) = y1ϕ1(t) + y2ϕ2(t),
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y(t)

t

1

−1

1 23
2

t

1

−1

1 2 t

1

−1

1 23
2

yS(t) yS⊥(t)

FIG. 4.8

Received signal and its projections onto the signal space and the orthogonal complement of
the signal space.

and the projection onto the orthogonal complement of the signal space is yS⊥(t) =
y(t) − yS (t). The projections are depicted in Fig. 4.8. We clearly see that y(t) =
yS(t) + yS⊥(t). It is also clear that yS⊥(t) is orthogonal to all signal alternatives and
that ‖yS⊥(t)‖2 = 1. The squared distances needed for the minimum-distance receiver
formulation in Eq. (4.17) are as follows:

d2(yS (t), x1(t)) =
ˆ 2

0
|yS (t) − x1(t)|2 dt = 13 − 2

√
6

d2(yS (t), x2(t)) =
ˆ 2

0
|yS (t) − x2(t)|2 dt = 5 − 2

√
2

d2(yS (t), x3(t)) =
ˆ 2

0
|yS (t) − x3(t)|2 dt = 13 + 2

√
6

d2(yS (t), x4(t)) =
ˆ 2

0
|yS (t) − x4(t)|2 dt = 5 + 2

√
2.

We can verify from Example 4.2 that d2(y(t), x�(t)) = d2(yS (t), x�(t))+‖yS⊥(t)‖2 =
d2(yS (t), x�(t)) + 1 for all �, exactly as predicted by Eq. (4.15).

Now, since ‖yS (t) − x�(t)‖2 = ‖y − x�‖2, where y is the vector representation of
the signal yS (t):

y �
[
y1 y2 · · · yN

]T ∈ F
N (4.18)

yn � 〈yS (t), ϕn(t)〉, n = 1, 2, . . . , N. (4.19)
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We can formulate the minimum-distance receiver as follows:

m̂MD = arg min
�∈M ‖y − x�‖2. (4.20)

Example 4.5. The signal vectors in our running example are depicted in Fig. 4.5.

In particular, x1 = [√12 0
]T

. From Example 4.4, we know that the received signal

vector y = [1/
√

2 1/
√

2
]T

. Therefore, the squared distance between y and x1 is as
follows:

‖y − x1‖2 =
(

1/
√

2 − √
12
)2 +

(
1/

√
2
)2 = 13 − 2

√
6,

which is equal to d2(yS (t), x1(t)) in Example 4.4. It is easily verified that ‖yS (t) −
x�(t)‖2 = ‖y − x�‖2 for all �.

Interestingly, we can compute yn directly from y(t) since

yn = 〈yS (t), ϕn(t)〉 (4.21)

= 〈yS (t), ϕn(t)〉 + 〈yS⊥(t), ϕn(t)〉︸ ︷︷ ︸
=0

(4.22)

= 〈yS (t) + yS⊥(t), ϕn(t)〉 (4.23)

= 〈y(t), ϕn(t)〉. (4.24)

Moreover,

yn = 〈y(t), ϕn(t)〉 (4.25)

= 〈x(t) + v(t), ϕn(t)〉 (4.26)

= 〈x(t), ϕn(t)〉 + 〈v(t), ϕn(t)〉 (4.27)

= xn + vn, (4.28)

where vn is the nth element of the noise vector v

v �
[
v1 v2 · · · vN

]T ∈ F
N (4.29)

vn � 〈v(t), ϕn(t)〉, n = 1, 2, . . . , N. (4.30)

Hence, we can write

y = x + v, (4.31)

which is the input-output relation of the vector channel. The relation between the
waveform and vector channels is shown in Fig. 4.9. The vector channel is extremely
convenient for analysis of communication systems.

It is, however, important to remember that we cannot recover y(t) from y. In
fact, by projecting the received signal onto the signal space, we remove the noise
component vS⊥(t). However, as we showed above, vS⊥(t) is irrelevant for the
minimum-distance receiver, and we will later show that vS⊥(t) is also irrelevant



134 CHAPTER 4 Optimal detection of digital modulations in AWGN

Bit/
vector

Vector/
signal

Decision
rule

b x x(t)

v(t)

y(t) y

v

b̂
Signal/
vector

Transmitter Receiver

Bit/
vector

b x Decision
rule

y b̂

Vector channel

Vector channel

Waveform channel

FIG. 4.9

Waveform and vector channels.

for the optimum receivers developed in Sections 4.5.1 and 4.5.2. Hence, for these
receivers, there is no loss in performance by considering the vector channel instead
of the waveform channel.

4.4 WHITE GAUSSIAN NOISE VECTOR
To derive the error probability of different receivers, we need statistical models for
both the transmitted bits and the channel noise. In the following, we will derive
the pdf of the noise vector, when the continuous-time noise is modeled as a white
Gaussian random process.

Suppose we model the noise as real-valued white Gaussian noise with power
spectral density N0/2. This implies that V(t) is a stationary Gaussian random
process with zero mean and autocorrelation function RV(τ ) = E[V(t)V(t + τ )] =
(N0/2)δ(τ ), where δ(t) is the Dirac delta function.3 Note that we use V(t) to denote
the random noise process and v(t) to denote a realization of V(t). Likewise, we
think of v as a realization of the random vector V = [

V1 V2 · · · VN
]T

, where
Vn � 〈V(t), ϕn(t)〉 for n = 1, 2, . . . , N.

3This model is quite unphysical, as the variance for V(t) is not finite due to the delta function in the
autocorrelation. A more proper (and physical) view is to say that a random process is white if the
autocorrelation function can be written as RV(τ ) = (N0/2)δε(τ ), where δε (τ ) is a very thin pulse
that integrates to one, for example, δε(τ ) = (πε)−1/2 exp(−τ 2/ε) for sufficiently small ε > 0.
Nevertheless, we will, for mathematical convenience, continue to use Dirac delta functions. See
Gallager [7] for a more careful discussion about noise modeling.
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Now, since V(t) is a Gaussian process, the elements of V are jointly Gaussian
random variables [7] with the following mean:

E[Vn] = E〈V(t), ϕn(t)〉 = E

ˆ ∞
−∞

V(t)ϕn(t) dt =
ˆ ∞
−∞

E[V(t)]ϕn(t) dt = 0. (4.32)

Additionally, it has the following covariance:

E[ViVj] = E

ˆ ∞
−∞

V(t)ϕi(t) dt
ˆ ∞
−∞

V(u)ϕj(u) du (4.33)

=
ˆ ∞
−∞

ˆ ∞
−∞

E[V(t)V(u)]ϕi(t)ϕj(u) dtdu (4.34)

=
ˆ ∞
−∞

ˆ ∞
−∞

N0

2
δ(t − u)ϕi(t)ϕj(u) dtdu (4.35)

= N0

2

ˆ ∞
−∞

ϕi(t)ϕj(t) dt (4.36)

=
{

N0
2 , i = j

0, i �= j
, (4.37)

where the last equality follows since the basis functions {ϕ1(t), ϕ2(t), . . . , ϕN(t)}
are orthonormal. Hence, the noise vector elements are independent, identically
distributed (iid) Gaussian random variables, and the pdf for V is therefore

pV(u) = 1

(πN0)
N/2

exp
(

− 1

N0
‖u‖2

)
. (4.38)

It is sometimes convenient to model the noise as circular-symmetric complex
white Gaussian noise. That is, V(t) = VI(t) + jVQ(t), where VI(t) and VQ(t) are
independent white real-valued Gaussian random processes and j = √−1. We can
form the noise vector as V = VI + jVQ, where VI and VQ are iid vectors with pdfs
given by Eq. (4.38). The pdf of the complex noise vector is

pV(u) = 1

(πN0)N
exp

(
− 1

N0
‖u‖2

)
. (4.39)

We will not make a notational difference between the pdf for the real-valued noise
vector and the complex-valued noise vector. It should be clear from context if the
noise vector pdf pV(u) should be defined by Eq. (4.38) or (4.39).

The noise vector does not characterize the whole noise process, since the noise
process realizations are not contained in the signals space. Indeed, the noise vector is
a representation of

VS (t) =
N∑

n=1

Vnϕn(t). (4.40)
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However, we will later show that the suppressed noise component,

VS⊥(t) = V(t) − VS (t), (4.41)

is irrelevant for optimal receivers. Hence, there is no information loss when project-
ing the received signal onto the signal space.

4.5 OPTIMUM MESSAGE RECEIVERS
We are now ready to find optimum receivers, that is, receivers that minimize the
error probability. We consider the message error probability in this section and treat
bit error probability in Section 4.9.

4.5.1 MAP RECEIVER
We model the transmitted bits as binary random variables. The distribution of the
transmitted bits and the mapping from bits to signal alternatives determine the
distribution of the transmitted signal or, equivalently, the transmitted vector. Suppose
m is the index of the transmitted signal alternative. That is, the transmitted signal is
X(t) = xm(t), which implies that X = xm, an exception to our notation convention
that lower case symbols are deterministic. Note that we think of m as a random
variable, since m is determined by the transmitted bits. Hence, xm(t) is a random
process and xm is a random vector. The pdf (or more accurately, the pmf) of m is
called the a priori distribution:

pm[�] � Pr{m = �} = Pr{X = x�} = Pr{X(t) = x�(t)}. (4.42)

Without great loss of generality, we will from now on assume that pm[k] > 0 for all
k ∈ M, that is, all signal alternatives are transmitted with nonzero probability.

Suppose the receiver knows the a priori distribution. To derive the optimum
receiver for this case, we start with a seemly strange example: suppose the receiver is
forced to make a guess m̂ on m before observing the received vector. The probability
that this guess is correct, which we denote Pc[m̂], is given by the following a priori
distribution:

Pc[m̂] = Pr{m = m̂} = pm[m̂]. (4.43)

The best guess is therefore to choose m̂ as a number in M that maximizes Pc[m̂], that
is, we should form the guess m̂ on m as

m̂ = arg max
�∈M

Pc[�] = arg max
�∈M

pm[�]. (4.44)

We call this detection rule the maximum a priori rule.
Example 4.6. Suppose that the a priori distribution is

pm[1] = 2/8, pm[2] = 1/8, pm[3] = 2/8, pm[4] = 3/8.
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Since signal alternative four is the most probable one, the maximum a priori decision
is m̂ = 4.

This somewhat contrived example can be extended to cover the more interesting
case when the receiver is allowed to observe the received vector. Suppose that the
receiver observes that Y takes on the value y. Then, from the receiver’s perspective,
the pdf of m changes from the a priori distribution to the a posteriori distribution,

pm|Y[� | y] � Pr{m = � | Y = y}. (4.45)

The probability that the guess m̂ is correct, conditioned on us observing that Y = y,
is therefore Pc[m̂] = pm|Y[m̂ | y], and the optimum decision rule is the maximum a
posteriori (MAP) rule:

m̂MAP = arg max
�∈M

pm|Y[� | y]. (4.46)

From Eq. (4.46), it is clear that the MAP receiver can be implemented by
evaluating the a posteriori pdf of m conditioned on the event that Y = y. For the
additive white Gaussian noise (AWGN) channel this is perhaps most easily done by
applying Bayes’ rule, which states that the joint pdf of Y and m can be expressed as
follows:

pY, m(y, �) = pm|Y[� | y]pY(y) = pY|m(y | �)pm[�]. (4.47)

Since pY(y) �= 0, we can write

pm|Y[� | y] = pY|m(y | �)pm[�]
pY(y)

. (4.48)

To compute pY|m(y | �), we recall that Y = xm + V, where V is a Gaussian random
variable. Hence, conditioned on m = �, we have that Y = x� + V is a Gaussian
random variable with mean x� (a deterministic vector). It follows from Eqs. (4.38),
(4.39) that

pY|m(y | �) = pV(y − x�) = 1

K
exp

(
− 1

N0
‖y − x�‖2

)
, (4.49)

where K = (πN0)
N/2 for real-valued noise and K = (πN0)

N for complex-valued
noise. Now,

pY(y) =
∑

j∈M
pY,m(y, j) (4.50)

=
∑

j∈M
pY|m(y | j)pm[j] (4.51)

=
∑

j∈M

1

K
exp

(
− 1

N0
‖y − xj‖2

)
pm[j]. (4.52)
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Combining Eqs. (4.48), (4.49), (4.52) allows us to write the a posteriori distribution
as follows:

pm|Y[� | y] = pY|m(y | �)pm[�]∑
j∈M pY|m(y | j)pm[j] (4.53)

= exp(−‖y − x�‖2/N0)pm[�]∑
j∈M exp(−‖y − xj‖2/N0)pm[j] , (4.54)

where we note that Eq. (4.54) is valid for both real-valued and complex-valued noise,
since the factor K in front of the exponential in Eq. (4.49) cancels.

Example 4.7. The pdfs in Eqs. (4.49), (4.54) are plotted in Fig. 4.10, con-
sidering the signal vectors in Example 4.3, a priori distribution in Example 4.6,
and N0 = 2. To compute the a posteriori distribution, we evaluate the pdfs at

y = [
1/

√
2 1/

√
2
]T

and use Eq. (4.54). As seen in Fig. 4.11, the MAP decision is
m̂MAP = 2 for N0 = 2 and m̂MAP = 4 for N0 = 6. In general, the MAP decision is
dependent on both the a priori distribution and the noise variance. Indeed, as the noise
variance increases, the observation is that Y = y will be less and less informative.
Hence, it then makes sense to trust the a priori distribution more, and at some point,
the maximum a posteriori decision becomes equivalent to the maximum a priori
decision. This notion is made more precise below.

We can obtain the MAP decision by inserting Eq. (4.54) in Eq. (4.46):

m̂MAP = arg max
�∈M

pm|Y[� | y] (4.55)

= arg max
�∈M

exp(−‖y − x�‖2/N0)pm[�]∑
j∈M exp(−‖y − xj‖2/N0)pm[j] (4.56)

= arg max
�∈M

exp(−‖y − x�‖2/N0)pm[�] (4.57)

= arg max
�∈M

−‖y − x�‖2

N0
+ ln pm[�] (4.58)

= arg min
�∈M ‖y − x�‖2 − N0 ln pm[�], (4.59)

where Eq. (4.57) is valid since the denominator in Eq. (4.56) does not depend on �,
Eq. (4.58) follows since ln(x) is an increasing function of x, and Eq. (4.59) follows
since N0 > 0. We note that Eq. (4.59) is valid for both the real-valued and complex-
valued cases.

We note that the MAP rule is essentially a minimum-distance rule, which
penalizes signal alternatives with relative small a priori probabilities. That is, the
smaller pm[�] is, the larger the penalty term −N0 ln pm[�] is. We also note the penalty
term is more pronounced the noisier the channel is, that is, when N0 grows large. In
fact, it follows from Eq. (4.58) that the MAP decision becomes the maximum a priori
decision as N0 → ∞.
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FIG. 4.10

Plot of pdf of Y conditioned on m, that is, pY|m(y | �), for � = 1, 2, 3, 4 and unconditional
pdf of Y, that is, pY(y) (bottom).

Now, consider a generic detector dec: FN → M, that is, a mapping from the
observed received vector to the index set of the possible transmitted vectors. Here, F
is the set of the real or complex numbers, as appropriate. Given an observed vector
y, the decision is m̂ = dec(y) and the probability of the correct decision conditioned
on the event Y = y is then pm|Y[dec(y) | y]. Hence, the (average) message error
probability is

Pe = Pr{m �= dec(Y)} (4.60)

= 1 − Pr{m = dec(Y)} (4.61)
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FIG. 4.11

Plot of the a priori distribution of m, that is, pm[�] (left bar) and a posteriori distribution of m
conditioned on Y = y, that is, pm|Y[� | y], for N0 = 2 (middle bar) and N0 = 6 (right bar).

= 1 −
ˆ

y∈FN
Pr{m = dec(y) | Y = y}pY(y) dy. (4.62)

= 1 −
ˆ

y∈FN
pm|Y[dec(y) | y]pY(y) dy. (4.63)

From this expression, we can prove that the MAP detector is the optimum receiver in
the sense that we cannot find a detector that has a smaller average error probability
than the MAP detector. The proof is simple: the integral in Eq. (4.63) is maximized by
maximizing the integrand for every value of y. This is achieved by the MAP detector
since, by definition, pm|Y[m̂MAP | y] ≥ pm|Y[dec(y) | y] for any choice of dec(y).

We will later show how Eq. (4.63) can be manipulated into a form which is easier
to either compute exactly or bound.

4.5.2 ML RECEIVER
In case we do not know the a priori distribution or N0, we cannot compute the
MAP decision. While we can think of estimating N0 from the received signal as
a synchronization problem (similar to estimating the propagation delay), the lack
of knowledge of the a priori probabilities is more problematic. We can approach
the problem of missing knowledge about the a priori distribution in two ways.
One approach is simply to change the modeling of the transmitted data from a
Bayesian approach to a non-Bayesian approach. That is, we model the data as a
deterministic unknown parameter. Another approach, which we will adopt here, is
to assume that all signal alternatives are equally likely, that is, that pm[�] = 1/M
for all � ∈ M. As will be shown below, the MAP detector reduces to a form that
is equivalent to the maximum-likelihood (ML) detector, which is a standard detector
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with some optimality properties in a non-Bayesian setting [3]. The reduction of MAP
to ML justifies, to some degree, our choice to remain in a Bayesian setting. Further
justification for the assumption of equally probable signal alternatives is offered by
the fact that this assumption can be viewed as a maximum entropy assumption, that
is, an assumption that is the least restrictive in the sense that this will make the
receiver maximally unsure about the value of m. Indeed, the probability of error
for the maximum a priori decision rule (which is the minimum error probability
receiver in the absence of an observation of Y), that is, m̂ = arg max�∈M pm[�],
is Pe = 1 − 1/M, which is the largest possible among all possible a priori
distributions.

Now, under the assumption that pm[�] = 1/M for all � ∈ M, it follows from
Eq. (4.59) that the MAP decision is as follows:

m̂MAP = arg min
�∈M ‖y − x�‖2 − N0 ln pm[�] (4.64)

= arg min
�∈M

‖y − x�‖2 − N0 ln
1

M
(4.65)

= arg min
�∈M

‖y − x�‖2 (4.66)

= m̂MD, (4.67)

where Eq. (4.66) follows since N0 ln(1/M) is independent of �. The decision rule
in Eq. (4.68) is equivalent to the ML decision rule, which is defined, in general, as

m̂ML = arg max
�∈M

pY|m(y | �). (4.68)

We arrive at the following important conclusion: the MAP and ML detectors
are equivalent (and optimum from a minimum average message error probability
perspective) when the signal alternatives are equally likely. Moreover, for the AWGN
channel, the ML detector is equivalent to the minimum-distance detector.

The name for the ML detector comes from the fact that in Eq. (4.68), y is a
constant and we view pY|m(y | �) as a function of �. Such functions are commonly
called likelihood functions.

Finally, we note that since the ML detector expression in Eq. (4.66) is derived
from the MAP expression (4.59), which is valid for both real and complex AWGN
channels, the ML detector expression in Eq. (4.66) is also valid for both real and
complex AWGN channels.

4.6 THE IRRELEVANCE THEOREM
Our objective with this section is to show that the noise component VS⊥(t), which
was ignored in the process of converting Y(t) to Y, is irrelevant to the problem of
guessing the value of m with minimum probability of error. The main idea is to show
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that if (in addition to Y) we were able to also observe VS⊥(t), then this would not
change the MAP decision on m.

We will actually prove this in a slightly restricted form. Instead of observing
VS⊥(t) directly, we will observe the random vector W defined as

W �
[
W1 W2 · · · WP

]T (4.69)

Wp � 〈VS⊥(t), wp(t)〉, (4.70)

where wp(t) for p = 1, 2, . . . , P are assumed to have finite energy but are otherwise
arbitrary. Our main reason for not observing VS⊥(t) directly is that the variance for
any time sample of VS⊥(t) is not bounded, which leads to mathematical difficulties.
Nevertheless, the observation model in Eq. (4.69) is physically appealing: most, if
not all, physical sensors will be bandlimited, which can be accurately modeled by
a linear operation of the form in Eq. (4.69). In the following we will show that W,
and any processing (linear or nonlinear) of W, is irrelevant for the decision on m.
A more rigorous approach to the irrelevance theorem can be found in Lapidoth [6]
and Gallager [7].

We recall from Eq. (4.41) that we can decompose the noise into two components:

V(t) = VS(t) + VS⊥(t), (4.71)

where

VS(t) �
N∑

n=1

Vnϕn(t) (4.72)

VS⊥(t) � V(t) − VS (t). (4.73)

We see that VS(t) is completely determined by the vector V:

V �
[
V1 V2 · · · Vn

]T . (4.74)

In the following, we will show that the MAP detector for m based on the
observation Y = y, W = w reduces to the MAP detector for m based only on Y = y.
That is, the vector W, and therefore VS⊥(t), is irrelevant for the problem of guessing
m with minimum probability of error.

The MAP detector for m based on the observation W = w, Y = y is as
follows:

m̂MAP = arg max
�∈M

pm|W,Y[� | w, y] (4.75)

= arg max
�∈M

pW,Y|m(w, y | �)pm[�]
pW,Y(w, y)

(4.76)

= arg max
�∈M

pW,Y|m(w, y | �)pm[�] (4.77)
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= arg max
�∈M

pW,V|m(w, y − x� | �)pm[�] (4.78)

= arg max
�∈M

pW|V,m(w | y − x�, �)pV|m(y − x� | �)pm[�] (4.79)

= arg max
�∈M

pW|V(w | y − x�)pV(y − x�)pm[�], (4.80)

where we have used Bayes’ rule repeatedly, and the fact that pW,Y(w, y) does not
depend on � and W and V are independent of m.

We see that if the first factor in Eq. (4.80), that is, pW|V(w | y − x�), does not
depend on �, the MAP detector based on the observation W = w, Y = y reduces to

m̂MAP = arg max
�∈M

pV(y − x�)pm[�], (4.81)

which is the MAP detector based on the observation Y = y. Hence, it is sufficient to
show that W and V are independent, as this implies that pW|V(w | y − x�) = pW(w),
which does not depend on �.

To this end, let us formulate a basis for the space

span{ϕ1(t), . . . , ϕN(t), w1(t), . . . , wP(t)} (4.82)

as

{ϕ1(t), . . . , ϕN(t), ϕN+1(t), . . . , ϕL(t)}, (4.83)

where L is the dimension of the space in Eq. (4.82). We can write wp(t) for
p = 1, 2, . . . , P as

wp(t) =
L∑

n=1

wp,nϕn(t) (4.84)

wp,n = 〈wp(t), ϕn(t)〉. (4.85)

Hence,

Wp = 〈VS⊥(t), wp(t)〉 (4.86)

= 〈V(t) − VS(t), wp(t)〉 (4.87)

= 〈V(t), wp(t)〉 − 〈VS (t), wp(t)〉 (4.88)

=
L∑

n=1

〈V(t), ϕn(t)〉w∗
p,n −

N∑
n=1

Vn〈ϕn(t), wp(t)〉 (4.89)

=
L∑

n=1

Vnw∗
p,n −

N∑
n=1

Vnw∗
p,n (4.90)

=
L∑

n=N+1

Vnw∗
p,n, (4.91)
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where we have used the standard properties of the inner product4 and extended
the definition of Vn = 〈V(t), ϕn(t)〉 to hold also for n = N + 1, N + 2, . . . , L.
Following the exact same procedure as before, it is easy to show that {V1, . . . , VL}
are iid Gaussian random variables. Hence, the elements of V, that is, {V1, . . . , VN},
are statistically independent of any linear combination of {VN+1, . . . , VL}, including
Wp = ∑L

n=N+1 Vnw∗
p,n, for p = 1, 2, . . . , P and it follows that V and W are

statistically independent. Moreover, any function of W, say f (W), will also be
statistically independent of V. Hence, f (W) is also irrelevant for the MAP decision
on m.

We have now shown that the receiver front-end, that is, the signal-to-vector
conversion block in Fig. 4.9, is loss less. That is, no information about m is lost
in the front-end.

4.7 DECISION REGIONS AND ERROR PROBABILITY
4.7.1 DECISIONS REGIONS FOR A GENERAL DETECTOR
We recall that a detector maps the received vector onto the index set of the transmitted
vectors, that is, dec: FN → M = {1, 2, . . . , M}. For the AWGN channel, we
can restrict our attention to deterministic detectors, that is, we can think of dec
as a deterministic function, without loss of optimality [6]. The decision regions
	1, 	2, . . . , 	M for the detector dec are defined such that

	� � {y ∈ F
N : dec(y) = �}. (4.92)

From the definition, it follows that the decision regions is a partitioning of the space
F

N , that is,
⋃M

�=1 	� = F
N and 	� ∩ 	i = ∅ for � �= i.

Example 4.8. The decision regions for a certain (non-MAP, non-ML) detector
are shown in Fig. 4.12. As seen, the decision regions are nonoverlapping and partition
the entire 2-dimensional plane.

The decision regions are very useful to compute the error probability. To see this,
we first find the error probability conditioned on m = j or, equivalently, X = xj, as
follows:

Pe| j � Pr{m̂ �= j | m = j} = 1 − Pr{m̂ = j | m = j}︸ ︷︷ ︸
Pc| j

, (4.93)

where Pc|j is the probability of a correct decision conditioned on m = j, that is, when
Y = xj + V. Hence, pY|m(u | j) = pV(u − xj), and

Pc| j = Pr{y ∈ 	j | x = xj} (4.94)

4For the scalar a and signals f (t), g(t), and h(t), we have that 〈f (t), g(t)〉 = (〈g(t), f (t)〉)∗, 〈f (t), ag(t)〉 =
〈f (t), g(t)〉a∗, 〈af (t), g(t)〉 = a〈f (t), g(t)〉, 〈f (t)+g(t), h(t)〉 = 〈f (t), h(t)〉+〈g(t), h(t)〉, and 〈f (t), g(t)+
h(t)〉 = 〈f (t), g(t)〉 + 〈f (t), h(t)〉.
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Decision regions for an example detector.

=
ˆ
	j

pY|m(u | j) du (4.95)

=
ˆ
	j

pV(u − xj) du. (4.96)

For the AWGN channel, we know that V is a Gaussian random vector with
zero mean and covariance (N0/2)IN in the real case and N0IN in the complex case.
Nevertheless, Pc|j is simply the integral of a Gaussian density centered at xj over the
corresponding decision region 	j.

Example 4.9. For our example detector with decision regions as in Fig. 4.12, the
conditional probability of correct detection for the second signal vector is

Pc|2 =
ˆ

	2

pV(u − x2) du.

The integral is equal to the volume under a truncated Gaussian pdf, as depicted in
Fig. 4.13 when N0 = 6.

In some cases, most notably when 	j is a cuboid, we can efficiently compute the
integral. In the more general case, we can find upper bounds on Pe|j that are tight for
an asymptotically small N0. We will explore different bounding techniques in more
detail in Section 4.8.

Given the conditional probability of correct decision, we can easily compute the
unconditional (average) error probability as

Pe =
∑

j∈M
Pe|jpm[j] =

∑
j∈M

(1 − Pc|j)pm[j]. (4.97)
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The probability of correct detection conditioned on m = 2, that is, Pc|2, is the volume under
the noise pdf, centered around x2 and truncated to 	2.

4.7.2 DECISION REGIONS FOR THE MINIMUM-DISTANCE DETECTOR
The decision regions for the minimum-distance receiver are closely related to the
Voronoi regions, 
�, defined as


� � {y ∈ F
N : d(y, x�) ≤ d(y, xi), i ∈ M�}, � ∈ M, (4.98)

where

M� � {i ∈ M: i �= �}, � ∈ M. (4.99)

We can find 
� as the intersection of M−1 half-spaces. To see this, let us consider
the half-space 


(i)
� , defined as



(i)
�

� {y ∈ F
N : d(y, x�) ≤ d(y, xi)}, i ∈ M�. (4.100)

Hence, by definition, 

(i)
� is the set of vectors in FN that are closer (or at the same

distance) to x� than xi. Hence, the set of vectors in FN that are closer (or at the same
distance) to x� than any other signal vector must be a member of all 


(i)
� , that is,


� =
⋂

i∈M�



(i)
�

. (4.101)

Hence, 
� is a convex (possibly unbounded) polytope, as it is formed as the
intersection of a number of convex regions (half-planes).

Example 4.10. The half-spaces (or more precisely half-planes, since the consid-
ered signal space is 2-dimensional), 


(i)
1 for i = 2, 3, 4 and the Voronoi region 
1

are shown in Fig. 4.14. In this case, we note that
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Construction of Voronoi region 
1.


1 = 

(2)
1 ∩ 


(3)
1 ∩ 


(4)
1 = 


(2)
1 ∩ 


(4)
1 ,

which follows since 

(2)
1 ∩ 


(4)
1 is a subset of 


(3)
1 . The complete Voronoi diagram

is depicted in Fig. 4.15.
As seen in Fig. 4.15, not all half-spaces 


(i)
� for i ∈ M� necessarily contribute to

the Voronoi region 

(i)
� . In fact, we have that


� =
⋂

i∈N�



(i)
� , (4.102)

where N� is the smallest-cardinality subset of M� that satisfies Eq. (4.102). We call
N� the closest neighbor set to the signal vector x�.

Example 4.11. For our example constellation (see Fig. 4.15), we have

N1 = {2, 4} = N3; N2 = {1, 3, 4}; N4 = {1, 2, 3}.
Hence, N� = M� for � = 2, 4, while N� is a proper subset of M� for � = 1, 3.
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Voronoi regions for the signal constellation {x1, x2, x2, x4}. The signal vector y from
Example 4.4 is indicated with a star.

Moreover, we see that y ∈ 
2, and the ML decision on m is therefore m̂ML = 2.
As the astute reader has discovered, the Voronoi regions cannot be decision

regions of any detector, let alone the minimum-distance detector. The problem is
that any point y such that d(y, x�) = d(y, xi) belongs to both 
� and 
i (and
possibly more Voronoi regions). Nevertheless, we can still use the Voronoi regions
to compute the error probability of the minimum-distance receiver for most additive
noise channels of practical interest, including the AWGN channel.

To prove this, the key observation is that the boundary of 

(i)
� is a hyperplane,

which has zero volume. Hence, the event that Y ends up on the bounding hyperplane
is a zero-probability event for the AWGN channel (see Section 4.14 for a formal
proof). Hence, for all practical purposes, we can consider the Voronoi regions to be
the decision regions for the minimum-distance receiver. If the received vector ends
up on the boundary, we can break the tie in an arbitrary manner, for example, in favor
of the smallest signal vector index.

4.7.3 DECISION REGIONS FOR THE MAP DETECTOR
Finding the decision regions for the MAP detector for an AWGN channel is similar
to the minimum-distance receiver. In fact, it follows from Eq. (4.59) that the �th
decision region for the MAP detector is a convex polytope found as the intersection
of the M − 1 half-spaces �

(i)
� , defined for i ∈ M� as follows:

�
(i)
�

� {y ∈ F
N : d2(y, x�) − N0 ln pm[�] ≤ d2(y, xi) − N0 ln pm[i]} (4.103)

=
{

y ∈ F
N : d2(y, x�) ≤ d2(y, xi) + N0 ln

pm[�]
pm[i]

}
, (4.104)
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where the second equality is valid since we assume that pm[�] > 0 for all � ∈ M.
The �th MAP decision region is

	� =
⋂

i∈M�

�
(i)
� , (4.105)

where we (again) have been a bit sloppy, since boundaries between the decision
regions are overlapping. However, just as in the minimum-distance detector case,
the error probability can be computed from our sloppy definition (4.105); see
Section 4.14 for a formal proof. If the received vector ends up on the boundary,
we can break the tie in an arbitrary manner.

It is not hard to show that �
(i)
� can be found by pushing the boundary of 


(i)
� in the

direction from x� toward xi with a distance equal to N0/(2d(xi, x�)) ln(pm[i]/pm[�]).
Hence, the distance from x� to the boundary of �

(i)
� is |r�,i|, where

r�,i �
1

2
d(xi, x�) + 1

2

N0

d(xi, x�)
ln

pm[�]
pm[i] . (4.106)

We note that r�,i can be negative, in which case 	� does contain x�. In any event, the
smallest norm vector from x� to the boundary is

r�,i
xi − x�

‖xi − x�‖ . (4.107)

Example 4.12. For our example constellation, a priori distribution,

pm[1] = 2/8; pm[2] = 1/8; pm[3] = 2/8; pm[4] = 3/8,

and N0 = 6. The MAP decision region for the first signal alternative can be
constructed as shown in Fig. 4.16.

Compared with the ML detector (ie, the minimum-distance detector), the MAP
decision boundaries are moved toward the signal alternative with the smallest a priori
probability. For example, since pm[1] < pm[4], the boundary between x1 and x4
is moved toward x1, while the boundary between x1 and x3 does not move, since
pm[1] = pm[3].

The resulting MAP decision regions are depicted in Fig. 4.17. We see that y ∈ 	4.
Hence, the MAP decision on m is therefore m̂MAP = 4, while we recall from
Example 4.11 that the ML decision is m̂ML = 2.

4.8 UNION BOUND
Computing the error probability is, in general, not a tractable problem. In the
following, we will develop a number of upper bounds on the error probability for the
ML and MAP detectors that are easily computable, amenable for analytical analysis,
and are asymptotically tight as the noise variance becomes small.
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Construction of the MAP decision region 	1 from half-planes �
(i)
1 .

Recall that we can compute the error probability as

Pe =
∑

j∈M
Pe|jpm[j], (4.108)

where Pe|j is the conditional error probability

Pe|j = Pr{m̂ �= j | m = j} =
∑

�∈Mj

Pr{m̂ = � | m = j}, (4.109)

and where

Pr{m̂ = � | m = j} = Pr{Y ∈ 	� | m = j} (4.110)

= Pr{V + xj ∈ 	�} (4.111)

=
ˆ
	�

pV(u − xj) du. (4.112)
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MAP decision regions. The signal vector y from Example 4.4 is indicated with a star.

It is, in general, difficult or cumbersome to compute this integral. However, we
can find an easily computable upper bound to it for the ML (minimum-distance)
and MAP detectors. The main idea is to enlarge the integration region, that is, by
replacing 	� with a superset of 	�, which will result in an upper bound of the
integral (since the integrand is positive). Obviously, we want to find a superset to
	� that makes the new integral tractable.

We will develop the bound for the ML detector first. We remember that for
the ML detector, 	� is the intersection of M − 1 half-planes 


(i)
� , that is, 	� =⋂

i∈M�



(i)
� , where 


(i)
� are all points in the signal space that are closer to x� than xj;

see Eq. (4.100). Hence, for all j ∈ M�, we have that 	� ⊂ 

(j)
� and

Pr{m̂ = � | m = j} ≤
ˆ



(j)
�

pV(u − xj) du. (4.113)

The right-hand side of Eq. (4.113) can be interpreted as the conditional error
probability for the minimum-distance receiver for a signal constellation consisting
of only two vectors, xj and x�. For this reason, the right-hand side of Eq. (4.113) is
called the pairwise error probability5

Pj→� � Pr{d2(Y, x�) < d2(Y, xj) | m = j} (4.114)

=
ˆ



(j)
�

pV(u − xj) du. (4.115)

5Since there are only two signal vectors, the conditional error probability for the minimum-distance
receiver is also the (unconditional) error probability. Hence, we drop the word “conditional” in the
name for Pj→�.
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Now, conditioned on m = j, we have that Y = xj + V and

d2(Y, x�) = ‖V + xj − x�‖2 (4.116)

= ‖V‖2 − 2 Re〈V, x� − xj〉 + ‖x� − xj‖2 (4.117)

d2(Y, xj) = ‖V + xj − xj‖2 = ‖V‖2, (4.118)

and

d2(Y, x�) < d2(Y, xj) ⇔ −2 Re〈V, x� − xj〉 + ‖x� − xj‖2 < 0. (4.119)

Now, since Re〈V, x� − xj〉 ∼ N (0, ‖x� − xj‖2N0/2), we can write

Pj→� = Pr{Re〈V, x� − xj〉 > ‖x� − xj‖2/2} (4.120)

= Pr

⎧⎨
⎩ Re〈V, x� − xj〉√

‖x� − xj‖2N0/2
>

‖x� − xj‖2/2√
‖x� − xj‖2N0/2

⎫⎬
⎭ (4.121)

= Q

⎛
⎝ ‖x� − xj‖2/2√

‖x� − xj‖2N0/2

⎞
⎠ (4.122)

= Q
(√

d2
j,�/2N0

)
, (4.123)

where dj,� = ‖x� − xj‖.
Example 4.13. The bound on Pr{m̂ = 1 | m = 2} is shown in Fig. 4.18. The

difference between the upper bound and the exact value is the integral over the added

Ω1
(2)

x1x3

x2

x4

x1x3

x2

x4

Λ1

Λ4

Λ3

Ω1
(2)\Λ1

d2,1/2

Pr{m = 1 | m = 2} =ˆ
Λ1

pV(u−x2) du ≤ pV(u−x2) du = Q
Ω(2)

1

⎛
⎝ d2

2,1

2N0

⎞
⎠

FIG. 4.18

An upper bound on Pr{m̂ = 1 | m = 2} is found by enlarging the integration region from 	1

(left) to 

(2)

1 (right). The added area is marked with a darker gray.
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area, 

(2)
1 \ 	1. Hence, for the bound to be tight, this area should be small and far

from x2, as the integrand PV(u − x2) decreases with ‖u − x2‖.
Now, the conditional error probability can be bounded as

Pe|j =
∑

�∈Mj

Pr{m̂ = � | m = j} ≤
∑

�∈Mj

ˆ



(j)
�

pV(u − xj) du. (4.124)

The bound in Eq. (4.124) is a so-called union bound on Pe|j. The name stems from
the fact that the probability of a union of a finite number of events is less than or
equal to the sum of the probabilities for the individual events. In our notation,

Pe|j = Pr

⎧⎨
⎩V + xj ∈

⋃
�∈Mj



(j)
�

⎫⎬
⎭ ≤

∑
�∈Mj

Pr
{

V + xj ∈ 

(j)
�

}
. (4.125)

Hence, we could have used Eq. (4.125) directly to derive Eq. (4.124), but at the price
of less insight into the geometry of the bound.

Example 4.14. The bound on Pr{m̂ �= 2 | m = 2} is found by adding the
integrals over the three half-planes 


(2)
1 , 


(2)
3 , and 


(2)
4 ; see Fig. 4.19. Areas that

are intersections of exactly two half-spaces are counted twice, areas that are the
intersections of exactly three half-spaces are counted thrice, etc. We note, however,
that only parts of 


(2)
3 ∩ 


(2)
4 and 


(2)
1 ∩ 


(2)
4 are counted twice. In this example, the

area counted twice is

x1x3

x2

x4

x1x3

x2

x4

Λ1

Λ4

Λ3

×1 ×2 ×3

Ω3
(2)

Ω3
(2) ∩ Ω4

(2)
Ω1

(2) ∩ Ω4
(2)

Ω1
(2) ∩ Ω3

(2) ∩ Ω4
(2)

Ω4
(2)

Ω1
(2)

FIG. 4.19

An upper bound on Pr{m̂ �= 2 | m = 2} is found by adding integrals of the three half-spaces



(2)

1 , 
(3)

1 , and 

(4)

1 . Areas that are counted more than once are marked with a darker gray.
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[(
(2)
3 ∩ 


(2)
4 ) ∪ (


(2)
1 ∩ 


(2)
4 )] \ (


(2)
1 ∩ 


(2)
3 ∩ 


(2)
4 );

see Fig. 4.19. Clearly, the bound is tight if the areas that are counted multiple times
are small and far from x2.

We can use Eq. (4.125) together with the fact that⋃
�∈Mj



(j)
�

=
⋃

�∈Nj



(j)
�

(4.126)

to easily show that we can sharpen the bound in Eq. (4.124) by considering only the
half-planes that belong to the nearest neighbors,

Pe|j ≤
∑
�∈Nj

ˆ



(j)
�

pV(u − xj) du. (4.127)

≤
∑

�∈Mj

ˆ



(j)
�

pV(u − xj) du. (4.128)

We are now ready to form upper bounds on the error probability for the ML
detector,

Pe =
M∑

j=1

pm[j]
∑

�∈Mj

Pr{m̂ = � | m = j} (4.129)

≤ PML
UB,1 �

M∑
j=1

pm[j]
∑
�∈Nj

Q
(√

d2
j,�/2N0

)
. (4.130)

It is clear that we need to know the distances between all signal alternatives and the
nearest neighbor set for all signal alternatives to compute the bound. For very large
constellations, these quantities might be unknown or the mere number of calculations
needed to compute Eq. (4.130) might be prohibitive. Luckily, we can often use
symmetries in the constellation to reduce the number of calculations. For instance,
it is clear that all signal alternatives with decision regions of the same shape and
size (or more precisely, congruent decision regions) will have the same conditional
error probability. For example, we see in Fig. 4.19 that 	1 and 	3, as well as 	2
and 	4, are congruent, and we only need to compute the inner sum in Eq. (4.130)
for j = 1 and j = 2. The computational gain is marginal in this example, but it is
more significant for larger symmetrical constellations. For instance, for phase-shift
keying (PSK) or orthogonal constellations, all decision regions are congruent, and it
is enough to calculate the inner sum in Eq. (4.130) only once.6

6In fact, for any constellation which results from concatenating a linear binary error-correcting code
and binary modulation, the same result applies: the inner sum in Eq. (4.130) is the same for all j ∈ M.
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We can also simplify the bound and reduce the number of calculations by
bounding the Q-function terms. To this end, let us define the quantities

dmin,j � min{d(xj, x�): � ∈ Mj} (4.131)

dmin � min{d(xj, x�): j, � ∈ M, j �= �}. (4.132)

That is, dmin,j is the smallest distance from xj to some other signal vector, while dmin
is the smallest distance between any two distinct signal vectors. Since the Q(x) is a
decreasing function for x ≥ 0, we have that

Q
(√

d2
j,�/2N0

)
≤ Q

(√
d2

min,j/2N0

)
, � ∈ Mj (4.133)

≤ Q

(√
d2

min/2N0

)
. (4.134)

Hence, we can bound PML
UB,1 as

PML
UB,1 =

M∑
j=1

pm[j]
∑
�∈Nj

Q
(√

d2
j,�/2N0

)
(4.135)

≤ PML
UB,2 �

M∑
j=1

pm[j] |Nj| Q
(√

d2
min,j/2N0

)
(4.136)

≤ PML
UB,3 � Q

(√
d2

min/2N0

) M∑
j=1

pm[j] |Nj| (4.137)

≤ PML
UB,4 � (M − 1)Q

(√
d2

min/2N0

)
, (4.138)

where |Nj| is the number of elements in the set Nj and Eq. (4.138) follows since
|Nj| ≤ |Mj| = M − 1.

Clearly, the bounds PML
UB,1, PML

UB,2, PML
UB,3, and PML

UB,4 are increasingly looser but
also increasingly simpler to compute. Interestingly enough, all bounds are tight for
asymptotically high signal-to-noise ratio (SNR) (ie, for asymptotically small N0).
The asymptotic convergence of the bounds follows since Q(x) ≤ e−x2/2 for x > 0,

which implies that the dominating term in Eq. (4.135) is CQ

(√
d2

min/2N0

)
for some

constant C > 0 as N0 → 0. Hence, all bounds converge to Eq. (4.138).
We will now turn our attention to the MAP detector. Since the error probability

for the MAP detector is less or equal to the ML detector error probability, the ML
union bounds are valid also for the ML detector. It is, however, not hard to formulate
bounds that might be sharper.
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For the MAP detector, 	� = ⋂
i∈M�

�
(i)
� ⊂ �

(j)
� if j ∈ M� and where the

half-spaces �
(j)
� are defined in Eq. (4.103). Hence, we can write

Pr{m̂ = � | m = j} ≤
ˆ
�

(j)
�

pV(u − xj) du (4.139)

= Q
(

rj,�
√

2/N0

)
, � ∈ Mj, (4.140)

where rj,� is defined in Eq. (4.106). Hence, |rj,�| is the distance from xj to the

boundary of the half-space �
(j)
� ; see Fig. 4.16 (where we recall that �

(j)
� and �

(�)
j

have the same boundary). By following the same procedure as for the ML detector,
it is easy to prove the following sequence of bounds:

Pe =
M∑

j=1

pm[j]
∑

�∈Mj

Pr{m̂ = � | m = j} (4.141)

≤ PMAP
UB,1 �

M∑
j=1

pm[j]
∑
�∈Nj

Q
(

rj,�
√

2/N0

)
(4.142)

≤ PMAP
UB,2 �

M∑
j=1

pm[j] |Nj| Q
(

rmin,j
√

2/N0

)
(4.143)

≤ PMAP
UB,3 � Q

(
rmin

√
2/N0

) M∑
j=1

pm[j] |Nj| (4.144)

≤ PMAP
UB,4 � (M − 1)Q

(
rmin

√
2/N0

)
, (4.145)

where

rmin,j � min{rj,�: � ∈ Mj} (4.146)

rmin � min{rj,�: j, � ∈ M, j �= �}. (4.147)

Now, in general, rmin ≤ dmin/2, and we have that PML
UB,4 ≤ PMAP

UB,4. Hence, the bound

PMAP
UB,4 is of very little interest, since it is never tighter than PML

UB,4, which is also a
bound on the MAP error probability. Moreover, we recall that rj,� is a function of N0,
which makes the MAP-specific bounds slightly more complicated to compute and
less convenient for analysis.

4.9 BIT ERROR PROBABILITY AND CONSTELLATION
LABELINGS
To this point, we have been concerned with the message error probability. How-
ever, in some applications, we are more interested in the bit error probability.
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To characterize the bit error probability and its connection to the message error
probability, we introduce the concept of constellation labelings.

A binary labeling λ of order K is defined as a sequence of M = 2K distinct
vectors (called labels or codewords), λ = (b1, b2, . . . , bM), where each bi ∈ {0, 1}K.
The bit-to-signal-point mapping is defined by the labeling in the natural way: the
bits in the �th label b� is mapped onto the �th signal point x�. The transmitted label
is therefore bm = [

b1 b2 · · · bK
]
, where we think of m and b1, b2, . . . , bK as

random variables.
The labeling indirectly determines pm[�]. Indeed, given the a priori distribution

for the bit patterns,

pb[c] � Pr{b1 = c1, b2 = c2, . . . , bK = cK}, and (4.148)

where c = [c1 c2 · · · cK
] ∈ {0, 1}K, we have that

pm[�] = pb[b�], (4.149)

where b� is the �th label in λ. In essence, the a priori probabilities for bit patterns are
permuted to form pm[�], where the permutation is determined by λ.

Example 4.15. The labeling λ = (b1, b2, b3, b4) = ([00], [01], [10], [11]) is
depicted in Fig. 4.20. If the bit pattern a priori distribution is

pb [[00]] = 2/8, pb [[01]] = 1/8, pb [[10]] = 2/8, pb [[11]] = 3/8,

the labeling implies that the message a priori distribution is

pm[1] = 2/8, pm[2] = 1/8, pm[3] = 2/8, pm[4] = 3/8,

since b = [00] = b1 ⇔ m = 1, b = [01] = b2 ⇔ m = 2, etc.

x1x3

x2

x4

λ = ([00], [01], [10], [11])

[00]

[01]

[10]

[11]

FIG. 4.20

Example constellation mapping.
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Now suppose the decision on the kth bit is denoted b̂k, then the bit error
probability for the kth bit position in the label is

Pb,k � Pr{b̂k �= bk}. (4.150)

In general, Pb,k take on different values for different k.
The (average) bit error probability is defined as the average over the bits in

the label:

Pb = 1

K

K∑
k=1

Pr{b̂k �= bk}. (4.151)

There are two main ways to find b̂k for k = 1, 2, . . . , K from y. The first method
is to first compute a decision on the transmitted vector index, m̂, and then find b̂k for
k = 1, 2, . . . , K as the bits in the label bm̂. The second method is to directly compute
b̂k from y. We will defer the discussion on bitwise decoding to Section 4.10, and
focus on the first method here. Conditioned on m = j, the transmitted label is bj, and
the number of bit errors associated with the decision b� is dH(b�, bj), where dH(x, y)

is the Hamming distance between x and y, that is, the number of positions in which
the vectors x and y differ. Hence, the average number of erroneous bits that occur,
conditioned on m = j, is ∑

�∈Mj

dH(b�, bj) Pr{m̂ = � | m = j}. (4.152)

Since a transmission carries K bits, the average error probability conditioned on
m = j is

Pb|j = 1

K

∑
�∈Mj

dH(b�, bj) Pr{m̂ = � | m = j}, (4.153)

and we find the bit error probability by averaging over the a priori distribution,

Pb =
∑

j∈M

⎛
⎝ 1

K

∑
�∈Mj

dH(b�, bj) Pr{m̂ = � | m = j}
⎞
⎠ pm[j] (4.154)

= 1

K

∑
j∈M

pm[j]
∑

�∈Mj

dH(b�, bj) Pr{m̂ = � | m = j}. (4.155)

From this equation, we see that the constellation labeling is important for the bit error
probability as it determines dH(b�, bj) and pm[�]. In general, there is no labeling that
is universally optimum in the bit error probability sense. However, for higher SNRs,
the dominant error event is to the closest neighbors and it makes sense to assign
similar labels to neighbors, as this will tend to make dH(b�, bj) small for � ∈ Nj.
Indeed, for the special case of PAM, or rectangular quadrature amplitude modulation
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constellations, equally likely and independent bits, and ML message decoding, it can
be shown that the labeling that has the smallest bit error probability for high SNR
is the binary reflected Gray code [9]. Using a Gray labeling for these constellations
ensures that labels for closest neighbors differ in only one bit position.

We recall from Section 4.8, that for the ML message decoder, Pr{m̂ = � | m = j}
for � ∈ Mj is upper bounded by the pairwise error probability Pj→�. Hence, we can
form an upper bound on the bit error probability as

Pb = 1

K

∑
j∈M

pm[j]
∑

�∈Mj

dH(b�, bj) Pr{m̂ = � | m = j} (4.156)

≤ 1

K

∑
j∈M

pm[j]
∑

�∈Mj

dH(b�, bj)Pj→� (4.157)

= 1

K

∑
j∈M

pm[j]
∑

�∈Mj

dH(b�, bj)Q
(√

d2
j,�/2N0

)
, (4.158)

where dj,� = ‖x� − xj‖. The expression for the MAP message decoder is similar:

Pb ≤ 1

K

∑
j∈M

pm[j]
∑

�∈Mj

dH(b�, bj)Q
(

rj,�
√

2/N0

)
, (4.159)

where rj,� is defined in Eq. (4.106).
In general, we can relate the message and bit error probabilities by bounding

dH(b�, bj). For instance, inserting the bound dH(b�, bj) ≥ 1 for � �= j in Eq. (4.155)
yields the bound

Pb ≥ 1

K

∑
j∈M

pm[j]
∑

�∈Mj

Pr{m̂ = � | m = j} (4.160)

≥ 1

K

∑
j∈M

pm[j]Pe|j = 1

K
Pe, (4.161)

where Pe|j is the message error probability conditioned on m = j and Pe is the
message error probability. Similarly, using the bound dH(b�, bj) ≤ K in Eq. (4.155)
yields

Pb ≤ 1

K

∑
j∈M

pm[j]
∑

�∈Mj

K Pr{m̂ = � | m = j} = Pe. (4.162)

Hence, we have that Pe/K ≤ Pb ≤ Pe, which holds in general for any channel,
constellation labeling, and message detector.
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4.10 OPTIMUM BITWISE RECEIVERS
In general, the message decoding-demapping method does not minimize the bit error
probability, even if the message decoding is done using a MAP decoder (which
minimizes the message error probability). Indeed, the optimum decoder for the kth
bit is the bitwise MAP decoder, defined as

b̂k,MAP = arg max
c∈{0,1} pbk|Y[c | y], (4.163)

where pbk|Y[c | y] is the a posteriori distribution of bk, that is, the distribution of the
kth bit bk given the observation Y = y,

pbk|Y[c | y] � Pr{bk = c | Y = y}. (4.164)

Proving optimality for the MAP detector for bk follows the same pattern as for
the MAP detector for m. In short, given the observation Y = y, our task is to choose
b̂k = 0 or b̂k = 1. If we choose b̂k = 0, the probability of a correct decision is
Pr{bk = 0 | Y = y}, and if we choose b̂k = 1, the probability of a correct decision is
Pr{bk = 1 | Y = y}. Obviously, we should select b̂k to maximize the probability of a
correct decision, and this is precisely what the MAP rule in Eq. (4.163) specifies.

We can express pbk|Y[c | y] in terms of the a posteriori distribution for m. To this
end, we define the sets

M(c, k) � {� ∈ M: [b�]k = c}, c ∈ {0, 1}, k ∈ {1, 2, . . . , K}, (4.165)

where [b�]k denotes the kth bit in the label b�. Hence, the labels b� for which � ∈
M(c, k) are the labels that have bit c in the kth position.

Example 4.16. For the labeling λ = (b1, b2, b3, b4) = ([00], [01], [10], [11]), we
have

M(0, 1) = {1, 2}; M(1, 1) = {3, 4}; M(0, 2) = {1, 3}; M(1, 2) = {2, 4}.
Now, since the probability that bk = c is equal to the probability that

m ∈ M(c, k),

pbk|Y[c | y] =
∑

�∈M(c,k)

pm|Y[� | y] (4.166)

=
∑

�∈M(c,k)

pY|m(y | �)pm[�]
pY(y)

, (4.167)

and we can write the bitwise MAP detector as

b̂k,MAP = arg max
c∈{0,1}

∑
�∈M(c,k)

pY|m(y | �)pm[�]
pY(y)

(4.168)

= arg max
c∈{0,1}

∑
�∈M(c,k)

pY|m(y | �)pm[�] (4.169)
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= arg max
c∈{0,1}

∑
�∈M(c,k)

pV(y − x�)pm[�] (4.170)

= arg max
c∈{0,1}

∑
�∈M(c,k)

exp
(

− 1

N0
‖y − x�‖2

)
pm[�]. (4.171)

We note that the bitwise MAP detector is more complicated to compute than the
messagewise MAP detector, since the objective function is a sum of exponentials.
Moreover, we see that the decision regions for the bitwise MAP detector are, in
general, not convex polytopes.

Example 4.17. The bitwise MAP decoder decision regions for the bits b1 and
b2 for our example constellation, λ = (b1, b2, b3, b4) = [00], [01], [10], [11]), and
N0 = 6, are plotted in Fig. 4.21. We note that the decision region boundaries are
not straight lines. Hence, the decision regions are not found as the intersection of
a number of half-planes, in contrast to the message MAP and ML decoders; see
Figs. 4.15 and 4.17.

The bitwise MAP decisions b̂1,MAP and b2,MAP imply a decision on the message
m̂, where bm̂ = [

b̂1,MAP b̂2,MAP
]
. This message decoder is, in general, different

from the message MAP decoder, as we see in Fig. 4.22. This illustrates the fact that
optimum (in the minimum error probability sense) decoders are, in general, different
depending on whether we want to minimize bit error probability or message error
probability.

Just as the messagewise MAP detector specializes to the messagewise ML detec-
tor for equally likely transmitted messages, that is, pm[�] = 1/M, the bitwise MAP
detector specializes to the bitwise ML detector for equally likely and independent
transmitted bits. That is, when

j1(t) j1(t)
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FIG. 4.21

Bitwise MAP decision regions for b1 (left) and b2 (right), where the region for bk = 0 is
in gray.
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FIG. 4.22

Decision regions for the message MAP decoder (left) and the message decoder implied by
the bitwise MAP decoder (right).

Pr{b = u} =
K∏

k=1

Pr{bk = uk} =
(

1

2

)K
= 1

M
, (4.172)

then

pm[�] = Pr{m = �} = Pr{b = b�} = 1

M
(4.173)

and

b̂k,MAP = arg max
c∈{0,1}

∑
�∈M(c,k)

exp
(

− 1

N0
‖y − x�‖

)
pm[�] (4.174)

= arg max
c∈{0,1}

∑
�∈M(c,k)

exp
(

− 1

N0
‖y − x�‖2

)
(4.175)

= b̂k,ML. (4.176)

We note that, in contrast to the ML detector for m, the bitwise ML detector, in general,
requires knowledge of N0 and the decision regions are not convex polytopes.

Example 4.18. The bitwise ML decision regions for the same conditions as
in Example 4.17 are shown in Fig. 4.23. We see that the ML decision regions are
symmetric with respect to the ϕ1(t) and ϕ2(t) axis, as opposed to the MAP regions
in Fig. 4.21. Although not shown here, the symmetry with respect to the signal space
axes also holds for the message decoder that is implied by the bitwise ML decoder.

It can be shown that for high SNRs, or more precisely, as N0 → 0, the bitwise
MAP and ML detectors converge to the same bitwise detector and the implied
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FIG. 4.23

Bitwise ML decision regions for b1 (left) and b2 (right), where the region for bk = 0 is in
gray.

message detector converges to the ML message detector. Hence, the choice of
detector (MAP or ML, bitwise and messagewise) is not important for high SNRs.

4.11 MATCHED FILTER
We will conclude this chapter with a discussion about matched filters.

As discussed in Section 4.3, the receiver front-end projects the received signal
onto the basis functions ϕn(t) for n = 1, 2, . . . , N to form the elements of the received
vector. The nth element of y can be computed as

yn = 〈y(t), ϕn(t)〉 =
ˆ ∞
−∞

y(u)ϕ∗
n (u) du. (4.177)

The above integral is sometimes called the correlation integral, as the result is the
correlation between the signals y(t) and ϕn(t). We can also compute yn by feeding
y(t) to a filter and sample the output at time t = T0. In fact, we will prove that we can
compute inner products of the form

〈y(t), g(t)〉 =
ˆ ∞
−∞

y(u)g∗(u) du (4.178)

for a general g(t) with finite, but not necessarily unit, energy, as

〈y(t), g(t)〉 = y(t) ∗ h(t)|t=T0
, (4.179)

for a suitable choice of the impulse response h(t).
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To show this, we simply manipulate the convolution integral into a form that
allows us to specify the impulse response:

y(t) ∗ h(t)|t=T0
=
ˆ ∞
−∞

y(u)h(t − u) du

∣∣∣∣
t=T0

(4.180)

=
ˆ ∞

−∞
y(u)h(T0 − u) du. (4.181)

Hence, the right-hand side is equal to 〈y(t), g(t)〉 if h(T0 − u) = g∗(u), that is, when
h(t) = g∗(T0 − t).

In general, we define the matched filter to a finite-energy pulse g(t) with respect
to the sampling time t = T0 as a filter with impulse response h(t) = g∗(T0 − t).
We see that h(t) is a conjugated, time-reversed version of g(t) delayed with T0.
In practice, we can select T0 such that h(t) is causal, which is required for a real-
time implementation. However, for theoretical studies, the value of T0 is not very
important and is often set to zero.

If the input to filter matched to g(t) is g(t) itself, then the output is

g(t) ∗ h(t) =
ˆ ∞
−∞

h(u)g(t − u) du (4.182)

=
ˆ ∞
−∞

g∗(T0 − u)g(t − u) du (4.183)

=
ˆ ∞
−∞

g∗(v)g(v + t − T0) dv (4.184)

= Rgg(t − T0), (4.185)

where Rgg(τ ) is the autocorrelation function for g(t), defined as7

Rgg(τ) =
ˆ ∞
−∞

g∗(v)g(v + τ) dv. (4.186)

If g(t) is real-valued, then Rgg(τ ) is an even function that is maximized for τ = 0.
(If g(t) is complex-valued, then |Rgg(τ )| is even and maximized at τ = 0.) This
property can be used for synchronization purposes. For example, suppose g(t) is a
real-valued, time-limited pulse such that g(t) = 0 for t < 0 and t ≥ T. Furthermore,
if g(t) is transmitted over a noiseless channel with delay τ , the received signal
is g(t − τ ). To the receiver, the value of τ is unknown, but it can be recovered
by monitoring the output of a matched filter. Suppose the matched filter impulse
response is h(t) = g∗(t − T), then the matched filter output is Rgg(t − τ − T) and
will peak at time t = τ + T. Since T is known by the receiver, the receiver can
easily recover τ . In practice, channel noise will perturb the peak location, which
results in a synchronization error. It can, however, be shown that we can make

7This should not be confused with the autocorrelation function of a wide-sense stationary process X(t),
which is defined as E[X∗(t)X(t + τ )].
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the synchronization error small by increasing the transmit power (which improves
SNR) or by increasing the bandwidth of g(t). Increasing the bandwidth will make the
correlation peak more narrow, which intuitively improves noise robustness.

Another property of the matched filter is that it maximizes the SNR in the
following setup. Suppose the received signal is Y(t) = g(t) + V(t) where g(t) is
a deterministic real-valued signal with finite energy and V(t) is white real-valued
Gaussian noise. Furthermore, suppose we form Y ′ as the sample at time t = 0 of the
output of a filter with impulse response h(t) and input Y(t), that is,

Y ′ =
ˆ ∞
−∞

Y(u)h(t − u) du

∣∣∣∣
t=0

(4.187)

=
ˆ ∞

−∞
[g(u) + V(u)]h(−u) du (4.188)

= 〈g(t), h(−t)〉 + 〈Y(t), h(−t)〉, (4.189)

where the first term is the signal term and the second term is the noise term. We
define the SNR in Y ′ as

SNR =
E

[
〈g(t), h(−t)〉2

]
E
[〈Y(t), h(−t)〉2

] . (4.190)

Now, since Y(t) is a white Gaussian process with autocorrelation RV(τ ) =
E[V(t)V(t + τ )] = (N0/2)δ(τ ), we have that the denominator in Eq. (4.190) is
a zero-mean Gaussian random variable with the following variance:

E

[
〈Y(t), h(−t)〉2

]
= E

ˆ ∞
−∞

Y(u)h(−u) du
ˆ ∞
−∞

Y(v)h(−v) dv (4.191)

=
ˆ ∞
−∞

ˆ ∞
−∞

E[Y(u)Y(v)]h(−u)h(−v) dudv (4.192)

= N0

2

ˆ ∞
−∞

h(−u)h(−u) du (4.193)

= N0

2
‖h(−t)‖2. (4.194)

Hence,

SNR = 2

N0

〈g(t), h(−t)〉2

‖h(−t)‖2
(4.195)

≤ 2

N0

‖g(t)‖2‖h(−t)‖2

‖h(−t)‖2
(4.196)

= 2‖g(t)‖2

N0
, (4.197)

where Eq. (4.196) follows from the Cauchy-Schwarz inequality [10], which holds
with equality if and only if h(−t) = αg(t) for some nonzero scalar α, say α = 1.
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Hence, we see that the SNR is maximized by choosing h(t) = g(−t), that is, as the
filter which is matched to g(t) with respect to the sampling time t = 0. We also
note that the SNR is not dependent on α, which makes intuitive sense as it seems
unreasonable that we can affect the SNR by amplifying the noise and desired signal
with the same factor.

4.12 SUMMARY
In this chapter, we have developed message and bit detectors for the AWGN channel,
that is, when the received signal Y(t) is the sum of the transmitted signal xm(t) and
white Gaussian noise V(t). It was shown in Section 4.6 that the received vector Y
retains all information contained in the received signal Y(t) needed for detecting
the transmitted information with minimum error probability. Hence, the developed
detectors are all based on the observation Y = y.

The main vehicle for minimum error probability detection is the MAP rule, which
for detection of the message m is

m̂MAP = arg max
�∈M

pm|Y[� | y], (4.198)

and for detection of the kth bit bk is

b̂k,MAP = arg max
c∈{0,1} pbk|Y[c | y]. (4.199)

These equations are quite general: given an observation Y = y, the MAP rules
minimize the error probability. This is true even if transmission is over non-AWGN
channels. However, for some channels, Y might not capture all relevant information
contained in Y(t). Hence, even if the above MAP rules are optimal given the
observation Y = y, they might not be optimal given the observation Y(t) = y(t).

For the AWGN channel with noise parameter N0, the MAP rules reduce to

m̂MAP = arg min
�∈M‖y − x�‖2 − N0 ln pm[�] (4.200)

and

b̂k,MAP = arg max
c∈{0,1}

∑
�∈M(c,k)

exp
(

− 1

N0
‖y − x�‖

)
pm[�]. (4.201)

Hence, computing the MAP decision requires knowledge of N0 and the a priori
distribution pm[�]. Moreover, the bitwise MAP detector depends on M(c, k), which
in turn depends on the constellation labeling.

In case of equally probable messages, that is, when pm[�] = 1/M, both MAP
detectors reduce to the corresponding ML detectors

m̂ML = arg min
�∈M‖y − x�‖2 (4.202)
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and

b̂k,MAP = arg max
c∈{0,1}

∑
�∈M(c,k)

exp
(

− 1

N0
‖y − x�‖

)
. (4.203)

We note that the message ML detector does not need knowledge of N0 and is
equivalent to the minimum distance detector. In contrast, the bitwise ML detector,
is dependent on N0 and is not a minimum distance detector.

An alternative to the bitwise detectors is to first detect the message and then
detect the bits by inverting the bit-to-message mapping. This procedure is, in general,
suboptimal even if the message detector is the MAP detector (which minimizes the
message error probability). However, as SNR increases, that is, when N0 → 0, the
difference between all bit detectors becomes negligible.

Finally, we note that the minimum distance detector finds the signal alter-
native that is closest to the observed received signal. This is the same as find-
ing the noise signal with the smallest energy that can explain the observation
Y(t) = y(t) = x(t) + v(t). Hence, the minimum distance receiver is reasonable for
a wide range of noise signals, Gaussian as well as non-Gaussian, as long as the noise
is more probable to have low energy than high energy.

4.13 PRACTICAL DETECTORS
In practice, the number of bits in a message is often large. For instance, a common
size of an IP packet is K = 12,000 bit (1500 byte). Hence, to find the ML decision by
brute force search over all possible transmitted signals, as suggested by Eq. (4.202),
would evaluate all M = 212,000 ≈ 103612 signal alternatives! This can safely be
assumed to be infeasible for practical implementation.

Luckily, we can design mappings between bits and signal alternatives in ways
that allow for ML detection with much lower complexity. There are numerous
approaches, but we will only mention two of them here.

The first and simplest example is uncoded transmission of K independent bits
using binary modulation, for example, when

xk = A(2b − 1) =
{

−A, bk = 0

A, bk = 1
, k = 1, 2, . . . , K (4.204)

for some constant A. The vector channel in Fig. 4.9 then decomposes into K mutually
independent scalar channels of the form yk = xk + vk, and the kth bit can be decoded
from only yk without loss of performance. For instance, the ML decision on the kth
bit is

b̂k,ML = arg min
c∈{0,1} ‖yk − A(2c − 1)‖2 =

{
0, yk ≤ 0

1, yk > 0
. (4.205)
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The ML or MAP message decisions are simply composed by the ML or MAP bit
decisions, respectively. The overall receiver complexity for decoding K-bit messages
is therefore linear in K.

The second example is slightly more complicated, but also more practical.
Suppose we use a rate 1/n, L-state, binary convolutional encoder and BPSK
modulation to transmit K independent bits over an AWGN channel. A receiver
consisting of a soft-output BPSK demodulator (essentially a matched filter) followed
by a soft-input Viterbi decoder is able to perform exact ML decoding with a
computational complexity O(KL), that is, complexity scales linearly with K, a
dramatic reduction from the exponential dependency 2K suggested by the general
ML-decoder expression.

The Viterbi algorithm can be used to reduce complexity in many different settings
[11], such as during ML decoding of block codes, CPM and other modulation
schemes with memory, and dealing with intersymbol interference.

Hence, the decoder expressions in this chapter should be viewed as starting points
for developing practical algorithms, rather than as final implementation recipes.

4.14 PROBABILITY OF RECEIVED VECTOR BELONGING
TO A DECISION BOUNDARY
We recall from Sections 4.7.2 and 4.7.3 that the decision regions for the MD, ML,
and MAP detectors are intersections of M − 1 half-spaces. A half-space in an N-
dimensional space is bounded by a (N − 1)-dimensional hyperplane. Let us denote
such a bounding hyperplane with � and consider transmission over an AWGN
channel with N0 > 0. For N0 > 0, the noise pdf is upper bounded by some finite
constant C, that is, pV(u) ≤ C < ∞. The probability that Y ends up on � conditioned
on that xj was transmitted is therefore

Pr{Y ∈ � | m = j} =
ˆ
�

pV (u − xj) du (4.206)

≤ C
ˆ
�

du = 0, (4.207)

where the last equality follows since the volume of � is zero,
ˆ
�

du = 0. (4.208)

Hence, Pr{Y ∈ � | m = j} = 0.
Now, the �th decision region, 	�, is bounded by at most M − 1 truncated

hyperplanes, and it follows that the probability for Y to be on the boundary of
	� is zero. We can therefore add or subtract the boundary to integration regions
when integrating pV(u) without changing the value of the integral. In particular, we
can write
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Pr{m̂ = � | m = j} = Pr{Y ∈ 	� | m = j} (4.209)

=
ˆ
	�

pV(u − xj) du (4.210)

=
{´


�
pV(u − xj) du, for ML´

��
pV(u − xj) du, for MAP

, (4.211)

where 
� is the Voronoi region defined in Eq. (4.98) and �� is defined in Eq. (4.103).
Hence, for the purpose of probability calculations, we can regard 
� and �� as the
�th decision region for the ML and MAP detectors, respectively.
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5.1 INTRODUCTION
The error rates provided by the digital modulation schemes described in the previous
chapters are usually too high to provide the quality of experience demanded by
today’s applications. Almost all modern communication systems use error-control
coding to bring the error rate down to an acceptable level. Error-control coding adds
controlled redundancy to the transmission, and this redundancy can be used to either
correct or detect errors induced by the communication channel. While the correction
of errors is preferred, even the detection of uncorrectable errors is useful insomuch
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that it can be used to automatically trigger a retransmission. Error detection is
a critical ingredient in any system that uses automatic request for retransmission
(ARQ). Often, error correction and detection are combined in hybrid-ARQ systems,
which first attempt to correct errors, but request a retransmission when uncorrectable
errors are detected [1].

Particular care must be taken when a system uses both error-control coding
and digital modulation. Systems that combine the two are referred to as coded-
modulation systems, though often the term is reserved for systems that combine
a code with a higher-order (nonbinary) modulation format such as quadrature
amplitude modulation (QAM). In an uncoded system, modulation symbols are
independently selected one at a time (or using a limited memory of past symbols,
as in continuous phase modulation (CPM)); if the modulation constellation has M
symbols, then each symbol is selected using only m � log2(M) information bits.
In contrast, a coded-modulation system groups symbols together into modulated
codewords that can be fairly long, with a typical codeword containing hundreds or
thousands of symbols, and a fairly long message is used to pick codewords from a
quite large codebook.

Let Ns denote the number of symbols in a modulated codeword and Nd denote
the dimensionality of each symbol. The encoded and modulated message can be
represented by a length-Ns vector x of symbols called a codeword.1 If a vector
modulation is used, then the ith entry of x is in itself a length-Nd vector of real
numbers, and it is convenient to arrange the codeword as an Nd-by-Ns matrix; ie,

x �
[

x1 x2 . . . xNs

] =

⎡
⎢⎢⎢⎣

x1,1 x1,2 . . . x1,Ns
x2,1 x2,2 . . . x2,Ns

...
...

. . .
...

xNd,1 xNd,2 . . . xNd,Ns

⎤
⎥⎥⎥⎦ . (5.1)

Alternatively, xi, i = 1, 2, . . . , Ns, may be a real scalar if the modulation is
one dimensional (eg, binary phase-shift keying), or a complex scalar if it is two
dimensional (eg, QAM or phase-shift keying). Each symbol in x is drawn from the
Nd-dimensional symbol constellation X . Since each element of the codeword, x, must
contain a symbol from X , it follows that the codeword, x, must be drawn from the
Cartesian product of Ns constellations X , and this set is denoted by XNs . If the
system were uncoded, then all MNs elements of XNs could be used to convey mNs bits
per codeword. However, this is an uninteresting case of usage, as it is the same thing
as simply sending a sequence of Ns uncoded symbols, which will not provide any
coding gain.

In a coded-modulation system, each codeword must be drawn from a subset of
XNs called a codebook or simply a code. Here, we use Xc to denote the codebook,
where Xc ⊂ XNs . An encoder uses a vector of information bits, u, to select a
codeword, x ∈ Xc. Let Kb denote the number of bits in u. As there is a one-

1Note that in this chapter, a codeword is a vector of modulated symbols rather than a vector of bits. In
the case of binary modulation, the two perspectives are equivalent.
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to-one mapping between u and x, it follows that Kb = log2 |Xc|, which is less
than the number of bits that could be mapped when the system is uncoded; ie,
log2 MNs = mNs. The rate Rc = Kb/(mNs) of the code is the ratio of the number
of information bits actually conveyed by a codeword to the number of bits that could
have been sent had a code not been used (ie, had the codeword been drawn from
the full set, XNs ). Note that Rc ≤ 1 since Xc ⊂ XNs , and hence Kb ≤ mNs. The
rate quantifies the loss in spectral efficiency due to the use of a code. A lower rate
typically translates to a higher energy efficiency due to its ability to correct more
errors, though this comes at the cost of requiring more bandwidth for a given data
rate, or a reduction in the data rate for a given bandwidth. The spectral efficiency,
ηc, of the coded modulation is the amount of information conveyed per transmitted
symbol; ie, ηc � mRc. Spectral efficiency is expressed in units of bits per channel
use (bpcu). Often, the loss in bandwidth efficiency due to using a lower-rate code, can
be compensated by simply using a higher-order modulation. For instance, a system
that uses 16-QAM modulation and half-rate encoding (Rc = 1/2) might offer better
energy efficiency than an uncoded QPSK system, even though the two systems have
exactly the same bandwidth efficiency (ie, ηc = 2 bpcu).

The encoding operation is therefore characterized as a mapping of information bit
sequences of length Kb to modulation symbol sequences of length Ns. Conceptually,
coded modulation can be considered simply as a type of digital modulation with a
very large signal set. Instead of using m bits to select from among the M symbols
in X , Kb bits are used to select modulated codewords from Xc. Whereas the
dimensionality of X is Nd, the set Xc has a dimensionality of NdNs. The goal of the
decoder is to determine the codeword in Xc that lies closest to the received signal. In
an additive white Gaussian noise (AWGN) channel, the measure of closeness can be
the Euclidean distance, just as it is for uncoded modulation. The error performance
for a coded-modulation system in the AWGN channel can be found by using the
principles in Chapter 4 by using the modulated codewords from Xc in place of the
symbols from X .

While considering a coded-modulation system as a vastly expanded constellation
is simple conceptually, there are several practical considerations that must be
taken into account when implementing coded modulation. One key issue is how
to match the error-correction code with the modulation. Some coded-modulation
systems tightly integrate the two operations; for instance, in a trellis-coded modu-
lation (TCM) system [2,3], a convolutional encoder is used and the branches of the
encoder’s trellis are labeled with modulation symbols from X . TCM was widely
used for telephone-line modems in the late 1980s and early 1990s. However, as
many powerful codes are binary, the trend with modern systems is to combine
a binary error-correction code with a higher-order modulation. A pragmatic ap-
proach to coded modulation is to simply combine an off-the-shelf binary code,
such as a convolutional, turbo, or low-density parity check (LDPC) code, with
a conventional nonbinary modulation, such as QAM or PSK [4]. The output of
the binary encoder is fed into the input of the modulator. Often, for reasons
that will be explained later in the chapter, the bits output by the encoder are
interleaved, ie, their order is permuted, before being fed into the modulator.
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Coded-modulation formats that are generated by placing an interleaver between the
output of a binary encoder and the input of a nonbinary modulator are called bit-
interleaved coded modulation (BICM) [5,6]. BICM is known to perform especially
well in fading environments [5], but is also often applied in AWGN environments
due to its convenience.

A key consideration for engineering coded-modulated systems is how to design
the corresponding receiver. If coded modulation is interpreted as an expansion of
the signal set, then a naïve brute-force decoder could operate by comparing the
received signal against every candidate codeword in Xc. While such a brute-force
approach is reasonable for an uncoded system with M candidates, the number
of candidates in a coded-modulation system grows exponentially with the length
of the codeword. Clearly, such a decoder is not a viable choice, except when
the codewords are extremely short. A more pragmatic approach is to perform
demodulation and decoding as two separate operations in the receiver. This is the
approach taken in most coded-modulation systems, especially BICM. For such
receivers, the interface between the demodulator and decoder is crucial. Here, we
use the term channel decoder to describe the unit used to decode just the binary
channel code. On the one hand, the demodulator could provide hard decisions
from the individual coded bits to the channel decoder, and these hard decisions
could be processed by a hard-decision decoder. However, it is well known that
soft-decision decoders can significantly outperform hard-decision ones, and it is
advantageous for the demodulator to pass appropriately defined soft values to the
channel decoder. A key aspect of this chapter is to describe how to compute metrics
suitable for soft-decision decoding. Moreover, performance in a BICM system can
often be improved by feeding back soft information from the channel decoder to the
demodulator, and operating in an iterative mode called BICM with iterative decoding
(BICM-ID) [7].

This chapter is not meant to be a tutorial on error-control coding. There is by
now a vast literature on coding theory and practice; see, for instance, [8–12] and
the references therein. Rather than delving into the principles of code design, we
consider a code to merely be an arbitrary set of codewords without elaborating on
how to design a good code. Similarly, rather than describing the inner workings of the
channel decoder, we consider it to be a kind of black box that takes in appropriately
defined soft-decision metrics and produces estimates of the message. The main focus
of the chapter is on the interfaces between modulation and coding, and in particular,
the processing that must be done to the received signal to put it into a format that can
be used by an off-the-shelf channel decoder. To this end, the main emphasis of the
chapter is on the concepts of BICM and BICM-ID.

The remainder of this chapter is structured as follows. Section 5.2 presents a
model of coded modulation. Next, Section 5.3 derives the receiver for the case
that the coded-modulation system uses a binary modulation, such as BPSK. The
receiver for the case that the modulation uses nonbinary constellations is considered
in Section 5.4, and this includes receivers for both BICM and BICM-ID architectures.
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5.2 CODED MODULATION
A message vector is composed of Kb consecutive input information bits and denoted
by u �

[
u1, u2, . . . , uKb

]
, where each ui ∈ {0, 1}. As shown by the dashed box at the

top of Fig. 5.1, the message vector is passed through a bit-to-symbol encoder that
generates a length-Ns vector of M-ary symbols denoted by x �

[
x1, x2, . . . , xNs

]
.

Each component of x is a length-Nd column vector of real numbers representing a
single symbol drawn from the Nd-dimensional modulation constellation X .

In general, the coded modulation can use any arbitrary one-to-one mapping
from u to x. However, for the remainder of this chapter, we will focus specifically
on BICM, for which the bit-to-symbol encoder comprises the three components
shown inside the top dashed box of Fig. 5.1. In particular, the message vector, u,
is passed through a binary channel encoder, which adds controlled redundancy to it
and produces a length-Kc binary codeword c �

[
c1, c2, . . . , cKc

]
, where Kc ≥ Kb and

each ci ∈ {0, 1}. The binary channel codebook is denoted by C, which is the set of
all valid binary codewords, and the rate of the binary channel code is Rc = Kb/Kc
information bits per coded bit.

The binary codeword, c, can be directly fed into a bit-to-symbol mapper to
generate the vector of modulated symbols, x. However, in a BICM system, each
binary codeword is passed through a pseudo-random, bit-wise interleaver � that
randomly permutes its input bits. The interleaver essentially transforms the single
channel with M-ary inputs into a set of m parallel binary channels. Moreover, it is
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u
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FIG. 5.1

Block diagram of a typical communication system with AWGN channel. The difference
between BICM and BISM-ID systems is that in a BICM system, there is no feedback
information from the binary channel decoder to the demapper.
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also assumed that the interleaver arranges its output in the form of an m-by-Ns matrix,
v, as follows:

v �
[

v1 v2 . . . vNs

] =

⎡
⎢⎢⎢⎢⎣

v1,1 v1,2 . . . v1,Ns

v2,1 v2,2 . . . v2,Ns

...
...

. . .
...

vm,1 vm,2 . . . vm,Ns

⎤
⎥⎥⎥⎥⎦ , (5.2)

where Ns � Kc/ log2 M and v� is a (column) vector representing the �th column of
the matrix. Placing the interleaved bits into a matrix makes it clear that there is a
one-to-one correspondence between the columns of this matrix and the modulated
symbols, and it also underscores the perspective that the rows of the matrix
correspond to the parallel binary channels created by the BICM.

The bit-to-symbol mapper function μ(·), defined as μ : {0, 1}m → X , converts
each length-m column of the matrix of interleaved coded bits, v, into an M-ary
symbol drawn from a constellation, X , where x� � μ (v�), � = 1, 2, . . . , Ns, is
an Nd-dimensional column vector of real numbers representing the M-ary modulated
symbol associated with the �th column of matrix, v. Therefore, the final output of
the mapper is an Nd-by-Ns matrix of modulated symbols, x, as defined in Eq. (5.1).
The spectral efficiency of the system is ηc � Kb log2 M/Kc = mRc bits per
channel use.

The vector of the modulated symbols, x, is assumed to be transmitted over an
AWGN channel and is received as

y = x + n, (5.3)

where y �
[
y1, y2, . . . , yNs

]
is the channel output and n �

[
n1, n2, . . . , nNs

]
is

the uncorrelated, identically distributed, zero-mean Gaussian channel noise, where
the variance of each component is σ 2

n � N0/2. The dimensionality of y� and n�,
where � = 1, 2, . . . , Ns, is equal to that of the modulation scheme; ie, y� and n� are
Nd-dimensional column vectors.

Upon receiving the channel output, y, the demapper calculates a metric for each
interleaved coded bit, vi,�, where i = 1, 2, . . . , m and � = 1, 2, . . . , Ns, which denotes
the element in the ith row and �th column of matrix v. In a BICM system, the
metrics are deinterleaved and then fed to the binary channel decoder. The channel
decoder estimates the binary codeword from the set of 2Kb codewords based on the
received metrics for the coded bits from the demapper. Since there is a one-to-one
mapping between the vectors of information bits and binary codewords, deciding on
the most likely codeword is equivalent to the most likely vector of information bits,
denoted by û.

If the binary channel decoder is a soft-output decoder, it can produce a metric
related to the likelihood of each code bit. In a system with iterative decoding (ID),
the soft output of the channel decoder can be fed back to the demapper to improve its
performance. In a BICM-ID system, the soft information fed back from the channel
decoder is interleaved before being fed back to the demapper.
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In the rest of this chapter, we analyze a generic BICM-ID system as shown in
Fig. 5.1. To that end, we will first consider a coded-modulation system with a binary
signal constellation. Following this, a BICM system is analyzed in a generic case of
nonbinary modulations. Lastly, the receiver formulation is modified to consider the
iterative decoding procedure.

5.3 RECEPTION OF CODED BINARY MODULATION
As a first step in analyzing the formulation of the receiver, consider a system with
binary channel coding and BPSK modulation over an AWGN channel. In this section,
we study the formulation of the demodulator and channel decoder for such a system.
These formulations will be generalized into an arbitrary, nonbinary modulation
scheme in the next section. The coded-modulation system under study is shown in
Fig. 5.2. Notice that the output of the binary encoder is fed directly into a BPSK
mapper. Since the BPSK is binary, there is no need to use an interleaver to partition
the encoder output into parallel binary channels; thus, there is no interleaver in this
model.

BPSK is a one-dimensional modulation (ie, Nd = 1) whose constellation
contains M = 2 signal points with equal energy and an opposite phase; ie,
X = {−√

Es,
√
Es
}
, where Es = |xi|2 is the energy per modulated symbol. Each

symbol modulates only m = 1 bit; hence, Ns = Kc. The elements of the vector of
modulated symbols, x, are scalar and related to the corresponding elements of binary
codeword, c, by

xi = √
Es(2ci − 1), i = 1, 2, . . . , Ns. (5.4)

The mapping given by Eq. (5.4) represents a code bit with value ci = 1 as a positive
signal level xi = +√

Es, and a code bit with value ci = 0, as a negative signal level
xi = −√

Es.

Binary
encoder

BPSK
mapper

m

Binary
decoder

Soft
demapper

uu c

z

nn

x

yû

FIG. 5.2

Block diagram of a coded-modulation system with AWGN communication channel.
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5.3.1 SOFT DEMAPPING
Since BPSK modulation is memoryless, the demodulation of the received vector, y,
can be decomposed into the independent demodulation of its components. Upon
reception of yi, where i = 1, 2, . . . , Ns, the soft demapper calculates a metric for
the coded bit associated with it. This metric is defined in the form of a log-likelihood
ratio (LLR), which is defined for the ith coded bit as

zi � log
P (ci = 1|yi)

P (ci = 0|yi)
, i = 1, 2, . . . , Ns, (5.5)

where P (ci = b|yi), b = 0, 1, is the a priori conditional probability that ci = b,
given that the received symbol is yi and the logarithm is usually assumed to be the
natural logarithm (ie, log ≡ ln). Note that the value of the LLR is a function of the
received symbol at the channel output. Based on the relationship between coded bits
and modulated symbols in Eq. (5.4), the above LLR can be rewritten as

zi = log
P
(
xi = √

Es|yi
)

P
(
xi = −√

Es|yi
) . (5.6)

Using Bayes’ rule, P (xi|yi) can be written as

P (xi|yi) = fYi (yi|xi) P (xi)

fYi (yi)
, (5.7)

where fYi (yi|xi) denotes the conditional probability density function (PDF) of the
received symbol, yi, given that the transmitted modulated symbol is xi. Substituting
Eq. (5.7) into Eq. (5.6), and canceling the common terms, results in

zi = log
fYi

(
yi|xi = √

Es
)

P
(
xi = √

Es
)

fYi

(
yi|xi = −√

Es
)

P
(
xi = −√

Es
) . (5.8)

Since the channel is assumed to be AWGN, based on Eq. (5.3), yi conditioned
on xi is a Gaussian random variable with mean xi and variance N0/2; ie, yi|xi ∼
N (xi, N0/2). Therefore,

fYi (yi|xi) = 1√
πN0

exp

(
− (yi − xi)

2

N0

)
. (5.9)

Substituting Eq. (5.9) into Eq. (5.8), and assuming equally likely coded bits, ie,
P
(
xi = −√

Es
) = P

(
xi = √

Es
)
, will result in the value of the LLR for BPSK

modulation over an AWGN channel:

zi = ln

⎛
⎜⎝

1√
πN0

exp
[
− 1

N0

(
yi − √

Es
)2]

1√
πN0

exp
[
− 1

N0

(
yi + √

Es
)2]

⎞
⎟⎠

= − 1

N0

[(
yi −√

Es

)2 −
(

yi +√
Es

)2
]

= 4
√
Es

N0
yi.

(5.10)
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The LLR values calculated by the demodulator will be used by the channel decoder
to find the most likely transmitted binary codeword, c.

5.3.2 CHANNEL DECODING
Now let us consider how the channel decoder can use the bit LLRs from the
demapper to estimate the binary codeword from C. Given y, the maximum a posteriori
probability (MAP) decoding rule is

ĉ = arg max
c∈C

P(c|y). (5.11)

Because the binary codeword, c, is mapped to the vector of modulated symbols, x,
through the one-to-one mapping of x = μ(c), it can be replaced by the corresponding
vector of modulated symbols, x, in the previous equation:

ĉ = arg max
x∈Xc

P(x|y) (5.12)

where Xc is the set of modulated codewords; ie, Xc � {x : c = μ−1(x) ∈ C}.
Since the components, ni, of the channel noise vector are independent, it follows

that the set of conditional probabilities, P(xi|yi), are independent, and the previous
equation can be expressed as

ĉ = arg max
x∈Xc

Ns∏
i=1

P(xi|yi). (5.13)

By dividing each term in the previous multiplication by P(xi = −√
Es|yi), the above

equation can be written as

ĉ = arg max
x∈Xc

Ns∏
i=1

P(xi|yi)

P(xi = −√
Es|yi)

. (5.14)

Taking the logarithm, it can be rewritten as

ĉ = arg max
x∈Xc

log

⎛
⎝ Ns∏

i=1

P(xi|yi)

P(xi = −√
Es|yi)

⎞
⎠

= arg max
x∈Xc

Ns∑
i=1

log
(

P(xi|yi)

P(xi = −√
Es|yi)

)
.

(5.15)

If the ith bit of the candidate codeword, c, is ci = 1, then xi = √
Es, and the

corresponding term in Eq. (5.15) is

log
P
(
xi = √

Es|yi
)

P
(
xi = −√

Es|yi
) = zi. (5.16)
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Notice that this is the LLR of xi for the given yi, as defined in Eq. (5.6). Similarly,
if the ith bit of the candidate codeword, c, is ci = 0, then xi = −√

Es, and the
corresponding term in Eq. (5.15) is

log
P
(
xi = −√

Es|yi
)

P
(
xi = −√

Es|yi
) = 0. (5.17)

Generalizing Eqs. (5.16) and (5.17), the ith term of the sum in Eq. (5.15) is

log
(

P(xi|yi)

P(xi = −√
Es|yi)

)
= cizi, (5.18)

and thus Eq. (5.15) may be written as

ĉ = arg max
c∈C

Ns∑
i=1

cizi. (5.19)

To summarize, decoding proceeds by first finding the LLR of each coded bit, ci,
which for BPSK modulation over an AWGN channel is found using Eq. (5.10). For
each one of the 2Kb candidate codewords, c ∈ C, the metric

Λ(c|y) �
Ns∑

i=1

cizi (5.20)

is found. The most likely binary codeword is then the one with the largest metric
given by Eq. (5.20).

5.3.3 EXAMPLE: DECODING OF A HAMMING CODE
Let us consider the decoding of a simple Hamming code with BPSK modulation
over an AWGN channel. Hamming codes are a class of single error-correction codes,
characterized by having a codeword length of Kc = 2q − 1 and a message length of
Kb = 2q − 1 − q for any integer q = Kc − Kb [13]. A Hamming code where q = 3 is
listed in Table 5.1. For each codeword, a corresponding message is shown. We note
that the code is systematic since each message is disposed in the first Kb bits of its
corresponding binary codeword. The last two columns in the table will be used in
reference to the example decoding operation discussed in this section.

Suppose that the message vector of information bits is

u = [
1 0 0 1

]
so that the corresponding binary codeword is

c = [
1 0 0 1 0 1 1

]
. (5.21)
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Table 5.1 Hamming Code with Kb = 4 Information Bits and
Binary Codewords of Length Kc = 7

Message u Binary Codeword c dH(c, r) Λ(c|y)

0 0 0 0 0 0 0 0 0 0 0 3 0.0
0 0 0 1 0 0 0 1 1 0 1 4 2.4
0 0 1 0 0 0 1 0 1 1 1 5 1.4
0 0 1 1 0 0 1 1 0 1 0 6 −3.0
0 1 0 0 0 1 0 0 0 1 1 2 7.6
0 1 0 1 0 1 0 1 1 1 0 5 −3.6
0 1 1 0 0 1 1 0 1 0 0 4 −4.2
0 1 1 1 0 1 1 1 0 0 1 3 5.0
1 0 0 0 1 0 0 0 1 1 0 4 0.6
1 0 0 1 1 0 0 1 0 1 1 3 9.8
1 0 1 0 1 0 1 0 0 0 1 2 9.2
1 0 1 1 1 0 1 1 1 0 0 5 −2.0
1 1 0 0 1 1 0 0 1 0 1 1 8.6
1 1 0 1 1 1 0 1 0 0 0 2 4.2
1 1 1 0 1 1 1 0 0 1 0 3 3.2
1 1 1 1 1 1 1 1 1 1 1 4 5.6

Assume that the binary codeword is BPSK modulated based on Eq. (5.4) and sent
over an AWGN channel, where the variance of the additive channel noise is σ 2

n =
N0/2 = 1 ≡ 0 dB. Let the average energy per modulated symbol be Es = 1. Suppose
that the received signal at the receiver is

y = [
2.1 0.5 −0.9 −0.5 −1.7 −0.1 3.4

]
. (5.22)

Using Eq. (5.10), the vector of the LLRs z �
[
z1, z2, . . . , zNs

]
, can be found in this

example to be

z = 4
√
Es

N0
y = [

4.2 1.0 −1.8 −1.0 −3.4 −0.2 6.8
]

. (5.23)

Since a positive LLR implies that “1” is more likely than “0”, and a negative LLR
implies that “0” is more likely than “1”, a hard decision on the LLR vector of
Eq. (5.23) gives the received vector as

r = [
1 1 0 0 0 0 1

]
. (5.24)

Comparing Eq. (5.24) with Eq. (5.21), it can be seen that the two vectors differ in
the second, forth, and sixth bit positions. Thus, after a hard decision is made, the
binary codeword is received with three bit errors. Since the message was encoded
with a Hamming code, which can only correct a single error, a hard-decision decoder
is unable to correct this received vector. The number of bit positions that the vector
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of hard decisions, in Eq. (5.24), is different from each binary codeword is known as
the Hamming distance between the two vectors, denoted by dH(c, r), and shown in
one of the columns of Table 5.1. Based on the maximum-likelihood (ML) decoding
rule for hard-decision decoding, the most likely binary codeword, given the received
vector, r, is the one with the least number of bit differences with r, which is

ĉHD = [
1 1 0 0 1 0 1

]
, (5.25)

which is not the transmitted binary codeword.
Now consider the soft-decision decoder. For each binary codeword in C, the

metric Λ(c|y) is computed using Eq. (5.20), and the binary codeword with the
highest metric is selected. For the Hamming code shown in Table 5.1 and the LLR
vector given by Eq. (5.23), the corresponding metric for each one of the 2Kb = 16
binary codewords is given in the last column of Table 5.1. The maximum metric is
Λ(c|y) = 9.8, which corresponds to the binary codeword: ĉSD = [1 0 0 1 0 1 1].
This is the transmitted binary codeword, as specified by Eq. (5.21). Thus, the soft-
decision decoder has successfully decoded the received vector, despite the fact that it
contained three errors when subjected to a hard decision.

5.4 RECEPTION OF CODED NONBINARY MODULATION
In this section, we extend the formulation of the receiver in Section 5.3 to memory-
less, nonbinary modulations to include a bit-wise interleaver � between the channel
encoder and bit-to-symbol mapper, as well as an iterative decoder at the receiver.

5.4.1 BICM RECEPTION
Since the modulation scheme is assumed to be memoryless, the demodulation of
the received vector, y, can be decomposed into the independent demodulation of its
symbols, y�, � = 1, 2, . . . , Ns. Upon reception of y�, the soft demapper calculates a
metric for each one of the m bits associated with the �th column of the transmitted
matrix v. This metric is defined to be in the form of an LLR, which is defined for the
ith bit in the �th column of the matrix v as

zi,� � log
P
(
vi,� = 1|y�

)
P
(
vi,� = 0|y�

) , i = 1, 2, . . . , m and � = 1, 2, . . . , Ns. (5.26)

Note that the LLR value for each one of the m bits associated with the �th column of
the transmitted matrix of bits only depends on the �th column of the received matrix,
y. The previous LLR can be rewritten as

zi,� = log

∑
s∈X 1

i
P (s|y�)∑

s∈X 0
i

P (s|y�)
, i = 1, 2, . . . , m and � = 1, 2, . . . , Ns, (5.27)
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where X b
i is the set of the modulated symbols for which the ith bit in the mapped

column v� to the symbol s ∈ X is equal to b, where b = 0, 1. In other words,

X b
i �

{
s
∣∣v � μ−1 (s) and vi = b

}
, b = 0, 1 and i = 1, 2, . . . , m.

Using Bayes’ rule, P (s|y�) can be written as

P (s|y�) = fY�
(y�|s) P (s)

fY�
(y�)

, (5.28)

where fY�
(y�|s) denotes the conditional PDF of the received signal, y�, given that the

transmitted modulated symbol is x� = s. Substituting Eq. (5.28) into Eq. (5.27), and
canceling the common terms, results in

zi,� = log

∑
s∈X 1

i
fY�

(y�|s) P (s)∑
s∈X 0

i
fY�

(y�|s) P (s)
. (5.29)

Since the channel is assumed to be AWGN, based on Eq. (5.3), Y�|s is a Gaussian
random vector with mean s and a covariance matrix N0

2 INd , where INd is the

Nd-by-Nd identity matrix; ie, Y�|s ∼ N
(

s, N0
2 INd

)
. Therefore,

fY�
(y�|s) = 1

(πN0)Nd/2
exp

(
− (y� − s) (y� − s)T

N0

)

(a)∝ exp
(

− 1

N0
‖y� − s‖2

)
,

(5.30)

where “∝” is read as “is proportional to,” ‖·‖ denotes the L2-norm of a vector, ‖y� −
s‖ denotes the Euclidean distance between vectors y� and s, and (a) is because the
common terms in the numerator and denominator of Eq. (5.29) can be canceled out.
Substituting Eq. (5.30) into Eq. (5.29) results in

zi,� = log

∑
s∈X 1

i
exp

(
− 1

N0
‖y� − s‖2

)
P (s)∑

s∈X 0
i

exp
(
− 1

N0
‖y� − s‖2

)
P (s)

. (5.31)

Note that the bit LLR found in Eq. (5.31) is a function of the Euclidean distance
between the received signal, y�, and each one of the M = 2m modulated symbols in
the constellation, s ∈ X .

In a BICM system, all of the modulated symbols are assumed to be equally likely
so that the term P (s) cancels in the numerator and denominator of Eq. (5.31), and
the MAP bit metric defined in Eq. (5.26) is reduced to the ML bit metric. Therefore,
the bit LLR defined in Eq. (5.26) can be found in a BICM system as
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zi,� = log

∑
s∈X 1

i
exp

(
− 1

N0
‖y� − s‖2

)
∑

s∈X 0
i

exp
(
− 1

N0
‖y� − s‖2

) . (5.32)

The bit LLR can be computed using the Jacobian logarithm [14–16]

ln
(

eα + eβ
)

= max (α, β) + ln
(

1 + e−|α−β|)
= max (α, β) + γc (|α − β|) ,

(5.33)

where γc (·) is a one-dimensional correction function, which is only a function of the
difference between the two variables α and β. Based on this identity, an operator is
defined as [16]

max∗ (α, β) � ln
(

eα + eβ
)

. (5.34)

Similar to the property of the “max” operator for which

max (α1, α2, α3) = max (max (α1, α2) , α3) ,

the “max∗” operator can be extended to more than two variables as

max∗ (α1, α2, α3) = max∗ (max∗ (α1, α2) , α3

)
.

Therefore, the “max∗” operator can, in general, be defined as

max∗
α∈{α1,α2,...,αt}

g(α) � max∗ (g (α1) , g (α2) , . . . , g (αt)) = ln
t∑

q=1

exp
(
g
(
αq
))

, (5.35)

where g(·) is an arbitrary function.
Based on the definition of the “max∗” operator, Eq. (5.32) can be rewritten as

zi,� = max∗
s∈X 1

i

(
− 1

N0
‖y� − s‖2

)
− max∗

s∈X 0
i

(
− 1

N0
‖y� − s‖2

)
. (5.36)

Thus, the BICM receiver computes the LLR of each interleaved code bit by using
Eq. (5.36), deinterleaves the resulting LLRs by putting them into a row vector
that has the same ordering as c, and then passes the result to the binary channel
decoder.

5.4.2 BICM-ID RECEPTION
In contrast to BICM systems, which assume all of the modulated symbols to be
equally likely during the demapping operation (ie, P (s) = 1/M for s ∈ X ), BICM-
ID systems attempt to estimate the a priori likelihood of the modulated symbols,
iteratively using information fed back from the soft-output binary decoder to the
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soft demapper. The soft information fed back from the binary decoder is called the
extrinsic information. Prior to being fed into the soft demapper, it is interleaved and
placed into a matrix λ of the form

�
[

λ1 λ2 . . . λNs

] =

⎡
⎢⎢⎢⎣

λ1,1 λ1,2 . . . λ1,Ns
λ2,1 λ2,2 . . . λ2,Ns

...
...

. . .
...

λm,1 λm,2 . . . λm,Ns

⎤
⎥⎥⎥⎦ . (5.37)

Rather than assuming equally likely symbols with equal P(s), the BICM-ID
receiver uses λ to produce an a priori estimate that is used in place of the P(s) in
Eq. (5.31). During the �th symbol interval, the estimate of P(s) is denoted by P(s|λ�)

to emphasize that the estimate of the symbol probability is found by using the �th
column of the matrix λ denoted by λ�. It follows that for the BICM-ID receiver,
Eq. (5.31) becomes

zi,� = log

∑
s∈X 1

i
exp

(
− 1

N0
‖y� − s‖2

)
P (s|λ�)∑

s∈X 0
i

exp
(
− 1

N0
‖y� − s‖2

)
P (s|λ�)

. (5.38)

Let w denote the length-m vector of bits associated with s; ie, s = μ(w) and
w = μ−1(s). Since there is a one-to-one mapping between s and w, it follows that
P (s|λ�) = P (w|λ�). Note that if s ∈ X b

i , then the ith bit in the corresponding w is
fixed to wi = b, where b ∈ {0, 1}. Therefore, for any s ∈ X b

i ,

P (s|λ�) = P (w|λ�)

∣∣∣
wi=b

= P (w\wi|λ�) , (5.39)

where w\wi is the vector w excluding the element wi, and P (w\wi|λ�) represents the
estimate of the a priori probability of w, excluding its ith bit wi, which is found by
using λ�.

Since it is a LLR, λi,� � ln P[wi=1]
P[wi=0] for the �th symbol. It follows that

P [wi = 0] = 1

1 + eλi,�
(5.40a)

P [wi = 1] = eλi,�

1 + eλi,�
. (5.40b)

Generalizing Eqs. (5.40a) and (5.40b), the a priori probability of each transmitted bit
can be written as

P [wi] =
(

eλi,�
)wi

1 + eλi,�
. (5.41)

If wi = 0, Eq. (5.41) reduces to Eq. (5.40a), whereas if wi = 1, Eq. (5.41) reduces to
Eq. (5.40b). The a priori probability, P (w\wi|λ�), can be written as
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P (w\wi|λ�) =
m∏
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j
=i
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[
wj
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j
=i

ln P
[
wj
]
⎞
⎟⎟⎟⎠

(b)= exp

⎛
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j
=i

[
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(
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)]
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⎟⎟⎟⎠

= exp

⎛
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wj λj,�

⎞
⎟⎟⎟⎠× exp

⎛
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m∑
j=1
j
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ln
(

1 + eλj,�
)
⎞
⎟⎟⎟⎠ ,

(5.42)

where (a) is based on the identity, a = exp (ln a), and (b) replaces P
[
wj
]

with
Eq. (5.41) and uses the identities log(a/b) = log(a)− log(b) and log(ab) = b log(a).
During each iteration, Eq. (5.42) can be used to estimate the a priori probability of the
modulated symbol, P (s|λ�), by using λ�. The substitution of this a priori information
into Eq. (5.38), and the cancelation of the common terms between the numerator and
denominator, results in

zi,� = log

∑
s∈X 1

i
exp

(
− 1

N0
‖y� − s‖2 +∑m

j=1
j
=i

wjλj,�

)

∑
s∈X 0

i
exp

(
− 1

N0
‖y� − s‖2 +∑m

j=1
j
=i

wjλj,�

) . (5.43)

Based on the definition of the “max∗” operator, Eq. (5.43) can be rewritten as

zi,� = max∗
s∈X 1

i

⎛
⎜⎜⎜⎝− 1

N0
‖y� − s‖2 +

m∑
j=1
j
=i

wjλj,�

⎞
⎟⎟⎟⎠

− max∗
s∈X 0

i

⎛
⎜⎜⎜⎝− 1

N0
‖y� − s‖2 +

m∑
j=1
j
=i

wjλj,�

⎞
⎟⎟⎟⎠ . (5.44)

where the reader is reminded that w � μ−1 (s). As explained before, the above
bit LLRs are deinterleaved and fed to the soft-input channel decoder so that it can
estimate the vector of the transmitted information bits, û. The operation of the
channel decoder is beyond the scope of this chapter and depends on the structure
of the binary channel code.
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5.4.3 EXAMPLE: BICM VERSUS BICM-ID
As an example, we compare the performance of a BICM system with a BICM-ID
system. Throughout this example, we use the same binary code, which is a rate Rc =
1/2 convolutional code. The code is generated using the structure shown in Fig. 5.3.
Data is fed sequentially through the encoder, which contains a linear shift register.
During each bit period, the next message bit is fed into the shift register, and two
output bits are determined from the depicted logic. The output bits form the binary
codeword. The encoder shown in Fig. 5.3 is said to have a constraint length of seven,
because each output bit can depend on up to seven bits (the current bit, plus the six
bits stored in the shift register). The convolutional code is decoded with the max-log-
MAP algorithm [17]. For more information about convolutional codes, the reader is
referred to [8,18].

The performance of BICM and BICM-ID depends on the function μ(·) used to
map the bits to symbols. In this example, we consider 16-QAM modulation with
the two mappings shown in Fig. 5.4: a Gray mapping and an anti-Gray mapping.
In the Gray mapping, the bits labeling neighboring bit positions differ in just one
bit position, whereas in the anti-Gray mapping, the bits labeling neighboring bit
positions are common in just one bit position. For reasons discussed in [19], the
Gray labeling is optimal when BICM is used, while the anti-Gray labeling is optimal
when BICM-ID is used.

The results of a set of simulations using the binary code of Fig. 5.3 and mappings
of Fig. 5.4 are shown in Fig. 5.5. For each of the two mappings, both BICM and
BICM-ID receivers are considered. The results of BICM are shown as solid lines,
while the results of BICM-ID are shown as dashed lines. The curves show the bit-
error rate (BER) as a function of the ratio of Es/N0, where N0 is the one-sided noise
spectral density. An AWGN channel is assumed.

If only BICM is used, then Gray mapping gives a much better performance than
anti-Gray mapping. However, the opposite is true for BICM-ID. As shown in Fig. 5.5,
the system with Gray mapping shows only a negligible gain from BICM-ID—the
figure shows results after 2 and 10 iterations, but there is no gain after the second
iteration and hence, the two curves coincide. However, the anti-Gray mapping shows
a dramatic gain when BICM-ID is used. For bit-error rates below 10−4, anti-Gray
mapping with 10 iterations of decoding outperforms Gray mapping (either with or
without BICM-ID).

u

c(0)

c(1)

DD D D D D

FIG. 5.3

A rate-1/2 convolutional encoder with a constraint length of seven.
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FIG. 5.4

A Gray mapping (left) and an anti-Gray mapping (right).

FIG. 5.5

Simulated bit-error rate (BER) of the rate-1/2 convolutional encoder with 16-QAM using two
mappings. Both BICM and BICM-ID are considered. The results for BICM are shown as
solid lines, while the results after 2 and 10 iterations of BICM-ID are shown as dashed lines.
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5.4.4 EXAMPLE: LTE TURBO CODES
As another example of the bit-error performance of a coded-modulation system, we
consider the coded modulation used in the long-term evolution (LTE) 4G cellular
system [20]. LTE uses a combination of a turbo code [21,22] and a higher-order
modulation, which may be QPSK, 16-QAM, or 64-QAM. LTE is an adaptive system,
where the modulation and coding scheme (MCS) switches on timescales on the
order of a millisecond. LTE supports 27 MCS schemes, with each MCS scheme
embodied by a particular combination of code rates and modulation types. The MCS
index is proportional to the spectral efficiency, ηc. The 11 lowest MCSs (MCS0
through MCS10) use QPSK, the 10 intermediate MCSs (MCS11 through MCS20)
use 16-QAM, and the 6 highest MCSs (MCS21 through MCS26) use 64-QAM. All
of the MCSs use Gray mapping for the bit-to-symbol mapping function. Because
turbo codes are already approaching capacity, and because these modulations
all permit Gray mapping, there is no benefit to using BICM-ID or anti-Gray
mapping.

Fig. 5.6 shows the simulated BER performance of BICM reception for a subset
of the MCS schemes, each with a different spectral efficiency: MCS0 (ηc = 0.194),
MCS4 (ηc = 0.5), MCS10 (ηc = 1.233), MCS11 (ηc = 1.411), MCS14 (ηc = 2),
MCS20 (ηc = 3.181), MCS21 (ηc = 3.5370), and MCS26 (ηc = 5.07). Although
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FIG. 5.6

Simulated bit-error rate (BER) of the code-modulation used by LTE.
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the BICM-ID is not used, the binary decoder for a turbo code is itself iterative, and
the curves were produced by using 16 iterations of the turbo decoding algorithm
described in [22]. Shown in Fig. 5.6 is the BER versus Es/N0, which is a signal-to-
noise ratio (SNR). Note that the curves are fairly steep, which is indicative of the
behavior of strong codes, like turbo codes; they offer poor performance up to some
threshold SNR, but then the performance rapidly improves with an increasing SNR.
As can be seen, codes of lower spectral efficiency can operate at lower SNR values.
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6.1 INTRODUCTION
Radio transmission has made its impact on communications based on three inherent
properties: (1) it can cover large distances; (2) it allows for broadcast (point to
multipoint); and (3) it allows for mobility. While some systems still make use of
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the first two properties, modern wireless systems primarily depend on radio links to
provide for mobility. The new applications demand high data rates, requiring wide
bandwidth systems that by necessity have center frequency f in the UHF band (300
MHz to 3 GHz), or above. As a result it is especially important to understand spatial
and frequency variations of the received signal for wavelengths λ = c/f of about 1
m or smaller (speed of light c ≈ 3 × 108 m/s). Because the most common radio links
are to handheld devices, the propagation conditions of greatest commercial interest
are those found where people are, in man-made environments. While many initial
studies of the radio channel characteristics in cities were carried out for frequencies
in the UHF band, as summarized in [1], frequencies up to about 60 GHz are now
being considered for millimeter wave systems [2].

This chapter is intended to provide simple models describing how the physical
properties of radiowaves in man-made environments leads to a multipath description
of propagation and how this description when filtered through system parameters,
such as bandwidth and antenna gain, leads to the observed channel characteristics.
We start by discussing some antenna and propagation fundamentals as they impact
received power, as well as the local properties of the propagation, under the simplest
conditions. Subsequently we identify simple models of propagation that illustrate
the sources of multipath and investigate the effects produced by multipath together
with various commonly used measures. Finally we briefly examine other sources of
channel variability that have weak frequency dependence and affect all systems.

6.2 ANTENNA AND PROPAGATION FUNDAMENTALS
The radio channel is usually considered to include all cables and hardware between
the transmitter box and receiver box, as well as the physical environment around
and between the antennas. The cables and hardware are under the control of the
designer and can be accounted for independently. In order to focus on the physical
environment, we assume that all cables and hardware are matched and loss free.
Under these conditions the propagation between antennas is reciprocal. That is to say,
if antenna 1 receives power PR when antenna 2 transmits power PT, then the same
power PR will be received by antenna 2 when 1 transmits power PT [3]. Reciprocity
allows us to consider either antenna as the transmitter at our convenience.

6.2.1 ANTENNA GAIN
The simplest physical environment occurs when the antennas are located in free
space, such as for communication between satellites or from an overhead satellite to
ground, as suggested in Fig. 6.1. The satellite antenna radiates electric and magnetic
fields that have the radial dependence e−jkr/R of a spherical wave, where R is
the radial distance and k = 2π/λ = ω/c is the wavenumber. Consistent with
conservation of energy, these fields carry power in the radial direction such that the
total radiated power PT at a distance R is spread over the area 4πR2 of the sphere.
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s2

s1

wF

R

FIG. 6.1

Free space propagation from a satellite to a ground station showing the Fresnel zone about
the direct ray.

Thus, the power density p(R, θ1,φ1) in watts per meter square in the polar direction
(θ1,φ1) from the source, can be expressed as [1–3]

p(R, θ1, φ1) = PT
g1(θ1,φ1)

4πR2
. (6.1)

Here g1(θ1,φ1) is the directive gain or directivity of the antenna and describes the
relative strength of the radiation in different directions. The directivity of any antenna
must satisfy the condition

ˆ 2π

0

ˆ π
0

g(θ , φ) sin θ sinφdθdφ = 4π . (6.2)

The maximum value of g(θ ,φ) is referred to as the antenna gain relative to isotropic
or simply the antenna gain, and given the symbol G.

If it could exist, an isotropic antenna would have directivity g = 1 for all
directions. Linear antennas, such as a half-wave dipole, are called omnidirectional
because the directivity is the same for all directions φ in the horizontal plane. A very
short (Hertz) dipole has directive gain g(θ ,φ) = (3/2) sin2 θ [3]. Other antennas,
such as a parabolic dish or an array of circular shape, can produce spot beams, similar
to a flashlight beam. Suppose that the radiation is uniform within a cone of half-angle
Ω in radians and zero outside. Within the spot g(θ ,φ) = G so that the antenna gain
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is the ratio of the total area of a sphere to the area of the spot. Thus, for narrow
beams G = 4π/(πΩ2) = 4/Ω2. For example, if the half-angle is 5 degrees, then
Ω = 0.0873 radians, and G = 525 or 27.2 dB.

The receiving antenna, shown as the ground station in Fig. 6.1, has an effective
receiving area Ae2 in the direction of the satellite. Assuming the polarization of the
antenna to be the same as that of the incoming field, the received power is PR = pAe2.
For any antenna, the effective receiving area is related to the directivity through the
relation [1,3]

Ae = λ2

4π
g(θ ,φ). (6.3)

If the antenna is large, the effective receiving area can be nearly equal to the physical
size of the antenna. Using this approximation, a parabolic dish having spot beam
with 5 degrees half-angle would need an area Ae = λ2/(πΩ2) or a diameter dia =
2λ/(πΩ) of 7.3λ.

6.2.2 PATH GAIN/LOSS
When discussing channel characteristics it is usual to take the ratio of received to
transmitted power. This ratio is called the path gain and is written PG = PR/PT. For
antennas in free space, it is seen from Eqs. (6.1) and (6.3) that the free space path
gain is

PG = g1(θ1,φ1)g2(θ2, φ2)

(
λ

4πR

)2
, (6.4)

where (θ2,φ2) is the polar direction of the transmitter as seen from the receiver. The
technical literature more commonly refers to the path loss L, which is the inverse
of the path gain. Whereas PG is always smaller than unity and usually orders of
magnitude smaller, L is greater than unity and commonly expressed in decibel.

Eq. (6.4) embodies the dilemma of using higher frequency to achieve high data
rates. Because of the term λ2 in the numerator, for fixed transmitter power PT the
received power decreases strongly with frequency. Using antenna gain to compensate
for the λ2 dependence involves antennas that are larger compared to wavelength, and
correspondingly more directive, thus demanding more careful orientation.

6.2.3 FRESNEL ZONES AND THE LOCAL PROPERTIES OF RADIATION
Fig. 6.1 illustrates another feature of wave propagation that is important in under-
standing multipath effects. We have drawn in the Fresnel zone, which is an ellipsoid
of revolution about the direct path from the satellite to the ground station. The Fresnel
zone is defined such that length of the line from one antenna to the surface and thence
to the other antenna is λ/2 longer than the direct path. (Strictly speaking this is the
first Fresnel zone, but for simplicity we will refer to it as the Fresnel zone.) It is
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principally through this region that the direct signal propagates [1]. An object, such
as the airplane, outside the Fresnel zone can scatter the signal radiated by the antenna,
thereby giving rise to additional contributions to the received signal, but does not alter
the direct signal. However, if the object penetrates the Fresnel zone, then the direct
signal is no longer that for free space. As a result, the Fresnel zone is a measure of the
localization of the region along a particular path by which a radiated signal arrives at
the receiver.

For distances R that are large compared to λ, the radius wF of the Fresnel zone
can be approximated as [1]

wF =
√
λs1s2

R
, (6.5)

where the distances s1 and s2 are shown in Fig. 6.1. The maximum width of the
Fresnel zone occurs at the midpoint and is given by 2wF = √

λR. As an example,
consider 3 GHz (λ = 0.1 m) transmission for a low orbit satellite with R = 400
km. The maximum diameter of the Fresnel zone is then 200 m. Close to the earth
station s1 � s2 ≈ R and the diameter of the Fresnel zone is 2wF = 2

√
λs2.

For s2 = 8 km, the altitude at which commercial airplanes fly, the Fresnel zone
diameter is 56 m, which is on the order of the size of a commercial airplane
so that significant link degradation can occur as the airplane passes through the
Fresnel zone.

On terrestrial radio links in cities, the link distances are typically on the order
of 1 km. At 1 GHz (λ = 0.3 m), for example, the maximum diameter of the
Fresnel zone for R = 1 km is 2wF = 17 m, which is on the order of building
dimensions. The significance of this observation is that the electromagnetic waves
propagating from transmitter to receiver will undergo interaction with individual
buildings and other structures in sequence along the paths linking transmitter and
receiver. In other words, we can think of the fields as propagating along rays that are
reflected and scattered or diffracted by structures in sequence along the paths. This
ray representation in physical space is approximated in communication theory by
the multipath representation of the received signal as a series of delayed and scaled
versions of the transmitted pulse, as discussed in the next sections.

6.3 MODELS OF MULTIPATH PROPAGATION
When one or both of the antennas is located among scattering obstacles, such as
buildings, there are typically multiple paths by which the transmitted signal can
arrive at the receiver. The number and distribution of the multipath arrivals depends
on the physical environment and on the placement of the antennas within it. One
such case is indicated in Fig. 6.2 for communication between a base station antenna
elevated above the surrounding buildings and a mobile at street level. For such links
the base station is often not visible from the mobile, so that there is no direct ray
path linking the two. As suggested in Fig. 6.2, a cluster of signals from the base



198 CHAPTER 6 Properties and measures of the radio channel

Base station

ΔL ∼ 30 m
Δt ∼100 ns
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FIG. 6.2

For communication between a base station antenna elevated above the surrounding
buildings and a mobile located in the building clutter, multiple ray paths arise from
scattering by buildings and other objects in the environment.

station reach the mobile after reflection or scattering at building surfaces, lamp posts,
vehicles, trees, etc., and as a result of diffraction over or around the building edges,
tree canopies, etc., in the vicinity of the mobile [4–6]. In addition, signals reflected
or scattered by large distant buildings can reach the mobile as a separate cluster after
being rescattered by nearby objects.

Outdoors, the distances from the mobile to nearby objects are on the order of
30 m, so that the various ray contributions in the direct cluster have differences in the
time of arrival at the mobile that are on the order of 100 ns. Other clusters may arrive
as a result of first being scattered by large distant buildings. Since such scattering
involves additional path length on the order of 1 km, arrival of such scattered clusters
will exhibit additional delays on the order of 3 µs.

As suggested in Fig. 6.2, and found in outdoor measurements, for example, [4–
9], the various ray paths at the mobile take all directions in the horizontal plane and
vertically in a wedge of angle up to the rooftops. At the elevated base station antenna
the rays are in narrow wedge of angles in both the horizontal and vertical planes. For
other link geometries and antenna placements, the foregoing description of the ray
paths will be somewhat different. Two examples shown in Fig. 6.3 depict symmetric
radio links wherein propagation is between antennas located in similar environments.
For links on one floor of an office building, as in Fig. 6.3A, reflections from walls and
objects will result in rays taking all directions around the antennas in the horizontal
plane with a similar distribution occurring for both transmitter and receiver. In the
case of mobile-to-mobile links in a high-rise urban environment, as suggested in
Fig. 6.3B, ray paths may be concentrated along the street canyons but are expected
to have similar distribution at both antennas.
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(B)(A)

(1)(2)

FIG. 6.3

Radio links with symmetric ray distributions for both antennas: (A) on one floor of an office
building; and (B) mobile to mobile communications on city streets.

6.3.1 CHANNEL RESPONSE FOR ISOTROPIC ANTENNAS
Communication systems will experience the multipath environment in different ways
depending on the system bandwidth and antenna beamwidth. In order to explore the
influence of bandwidth, we first consider the case of isotropic antennas operating
under the conditions suggested in Fig. 6.2. The idealized response for a system having
very wide bandwidth is depicted in Fig. 6.4A. For this idealization, a narrow unit
amplitude pulse transmitted at the base station is received as a series of impulses, so
that the received voltage takes the form

VR(t) =
∑

n
anδ(t − Ln/c), (6.6)

where an is the amplitude associated with each ray path and Ln is the length
of the ray. As discussed above, the differences in path length for the various
rays is on the order of 30 m, so that the individual arrivals in the direct cluster
will be spread over a time interval 	t that is several hundred nanoseconds.
Other clusters with time delays on the order of microseconds will also be
present.

Eq. (6.6) is commonly used for the channel impulse response. This expression
is at best an approximation since the individual physical processes of reflection,
scattering, and diffraction that give rise to the ray paths are themselves frequency
dependent [10]. For example, radiowaves incident on a brick wall will undergo
multiple internal reflections that stretch the reflected waves over several nanoseconds.
As a result of frequency dependence, each multipath arrival will display a pulse
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FIG. 6.4

Multipath response for a pulsed source: (A) as idealized; and (B) voltage envelope
accounting for the frequency dependence of the physical processes.

distortion that is dependent of the physical process involved. This distortion is
suggested by the voltage envelopes of received multipath pulses in Fig. 6.4B,
assuming no overlap between individual arrivals.

Since actual communication systems have a limited bandwidth, transmitted
pulses will necessarily be of finite time duration. In order to observe the nanosecond
distortion of individual multipath components due to the frequency dependence of the
scattering, the system bandwidth would have to be on the order of 1 GHz or greater,
as in ultra-wideband (UWB) systems [11]. To resolve individual multipath arrivals
separated by 100 ns as expected on outdoor links the bandwidth must be on the order
of 10 MHz, while resolving clusters separated by microseconds can be done using a
bandwidth on the order of 1 MHz.

Fig. 6.5 suggests the voltage envelops of the individual multipath components that
would be detected for transmitted pulse VT(t) exp(jω0t) having bandwidth sufficient
to separate individual multipath components. Here ω0 is the center of the frequency
band. In this case, the received phasor voltage takes the form

VR(t) =
∑

n
anejφn e−jω0Ln/c VT(t − Ln/c), (6.7)

where φn is the additional phase change due to scattering. Because of the phase
dependence on Ln in Eq. (6.7), various terms can add constructively or destructively
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FIG. 6.5

Voltage envelopes of the multipath contributions for a pulsed source having finite
bandwidth.

so that the received voltage is sensitive to the exact location of the scatterers and the
mobile.

Typical measurement systems determine the received power as a function of
time PR(t), which is proportional to |VR(t)|2 and is referred to as the power delay
profile. Two examples of measured power delay profiles are shown in Fig. 6.6 for
omnidirectional antennas: Fig. 6.6A inside a large office building; and Fig. 6.6B in
an urban area of mixed buildings [12]. Because it is difficult to determine the absolute
starting time of a received pulse, the starting time in the plots is arbitrarily taken to
be the first detectable signal. To account for the large dynamic range of the received
signal, a decibel scale is used for the power axis. These two examples show many
multipath arrivals occurring in clusters over time with dynamic range of more than
20 dB. In general, the amplitude within a cluster decreases with time and later clusters
are weaker. On indoor links the path distances are shorter than outdoors, so that the
overall time spread of the received signal is smaller [13].

When the carrier modulation VT(t) is over time intervals substantially greater than
10 µs, the transmission bandwidth is less than 100 kHz and the time dependence
is essentially the same for all terms in Eq. (6.7). For such narrow band signals
the modulation can be taken outside the sum so the received phasor voltage is
given by

VR(t) = VT(t − R/c)
∑

n
anejφn e−jω0Ln/c, (6.8)

where R is the separation between antennas. Addition of the various terms in the
summation term of Eq. (6.8) sets up a standing wave pattern in space, so that
the received voltage is sensitive to the exact position of the mobile. The statistical
properties of this standing wave pattern are discussed later.
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FIG. 6.6

Examples of power delay profiles measured: (A) inside a large office building; and (B) in an
urban environment of mixed buildings.

Source: Reprinted from Experimental License Progress Report to FCC from Telesis Technology Laboratory,

Aug. 1991.

6.3.2 CHANNEL RESPONSE WITH DIRECTIVE ANTENNAS
Directive antennas have long been used for microwave links under conditions that
are close to free space propagation. Cellular systems use vertical arrays of antennas
having 120 degrees beam width in azimuth to give narrower beam width in elevation.
To date highly directive array antennas have primarily been used to better document
the complexity of the multipath arrivals in channel measurements [4–9]. Often the
array is synthetic in that a single receiving antenna is moved systematically over the
array locations under static conditions of the channel, such as that occurs at night
when there is little or no traffic. Recording the amplitude and phase of the received
signal, the measurements are later processed to simulate the response of a complete
array. Results of one such set of measurements are shown in Fig. 6.7 for a mobile
station at street level on a north-south street in Paris that is surrounded by 25–30 m
high buildings [9]. In this 3D polar plot, the angle ϕ represents the angle of arrival
of the multipath component as measured from south, the radial dimension gives the
relative time delay τ in microseconds, and the vertical dimension is power of the
multipath component in decibel. The base station is located towards the northwest,
and the system did not distinguish the vertical angle of arrival of the multipath
components. Because of wave guiding by the high buildings, arrivals are mostly
within ±45 degrees from the street direction with strong components observed out to
several microseconds from the first strong arrival from the north.

Multipath components have been measured at elevated base stations using pulsed
systems with the mobile as source and a receiving array at the base station.

An example of such a measurement at 1800 MHz is shown in Fig. 6.8 [14].
Here the time delay and azimuth angle are plotted as rectangular coordinates, with
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Multipath components measured at an elevated base station in Aalborg, Denmark at
1800 MHz system.

Source: Reprinted with editor’s permission from K.I. Pedersen, P.E. Mogensen, B.H. Fleury, F. Frederiksen,

K. Olesen, S.L. Larsen, Analysis of time, azimuth and Doppler dispersion in outdoor radio channels, in:
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amplitude in decibel as the vertical coordinate. The main components arrive from the
20 degrees direction with an angle spread of about ±8 degrees and relative delays
out to several microseconds.

The concept of clusters of related ray paths, as discussed above was first proposed
by Saleh and Valenzuela [15] to explain time delay characteristics they observed on
indoor links. Since then, two groups, one at Helsinki University of Technology [4]
and the other at Eindhoven University of Technology [6,7], have used measurements
systems with very high time and space resolution to relate the clusters to groups
of ray paths in space for outdoor links. The Helsinki group identified three types
of clusters: (1) street-guided propagation; (2) direct propagation over the rooftops;
and (3) scattering from high-rise objects [4]. These cluster types incorporate the
various ray paths suggested in Fig. 6.2. The cluster type giving the dominant
contribution in outdoor links will depend on the separation R between antennas,
antenna height relative to the buildings, and the distribution of building heights.
Similar techniques have been used to identify ray clusters on indoor links, as for
example in [16].

6.4 MEASURES OF NARROWBAND MULTIPATH
CHARACTERISTICS
Various measures of the channel characteristics have been developed in connection
with different system applications. Measures of multipath fading were developed
early on in connection with narrow band cellular mobile radio channels. Later,
measures of delay spread and angle spread became important for more advanced
digital systems. Treating the topics in this order is also useful for understanding.

6.4.1 SPATIAL FADING OF MULTIPATH NARROWBAND SIGNALS
As suggested in Fig. 6.2 for a street level mobile, the rays at the mobile arrive from
all directions in the horizontal plane and over a limited range of angles in the vertical
direction. For simplicity we assume the rays to be horizontal and consider the spatial
variation in the received signal for small displacements in the horizontal (x, y) plane.
Consider a narrow family of rays illuminating points in the plane in the vicinity of
a mobile, which is assumed to be at the origin (0, 0), as shown in Fig. 6.9. The rays
are associated with the nth term in Eq. (6.8) and appear to originate from a common
point such as a local scatterer, or the image of the transmitter in a reflecting building
surface, etc. In general, the distance from the apparent source to the origin, which is
taken here to be the ray length Ln0, is large compared to wavelength. The unit vector
νn in the direction of propagation of this central ray makes an angle θn to the positive
x-axis, as shown in Fig. 6.9. The phase of the fields along the various rays will be
constant over spherical phase fronts centered about the common point. For small
displacements from the origin (0, 0) in Fig. 6.9 the spheres can be approximated by
plane phase fronts. With this approximation the length of a ray reaching a point along
the x-axis near to the origin is given by
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FIG. 6.9

A narrow fan of rays illuminating points near the origin in the (x, y) plane.

Ln(x) = Ln0 + x cos θn. (6.9)

Assuming for simplicity that VT(t) = 1, the received voltage will be independent
of time, but will depend on position x. Using Eq. (6.9) in Eq. (6.8), and defining the
wave number k = ω0/c = 2π/λ, the received voltage VR(x) is given by

VR(x) =
∑

n
anej(ϕn−kLn0) exp(−jkx cos θn). (6.10)

In order to illustrate properties resulting from the summation of multiple waves in
Eq. (6.10), we have plotted the magnitude of the received voltage computed assuming
eight rays arriving at angles randomly selected in the interval 0 < θn < 2π , and with
randomly selected phase ϕn − kLn0. Results are shown in Fig. 6.10 for displacements
up to ±10λ on either side of the origin.

The plots in Fig. 6.10 are for three choices of the amplitudes an: Fig. 6.10A
all amplitudes equal an = 1; Fig. 6.10B with a1 = 4, and all other an = 1; and
Fig. 6.10C with a1 = 8, and all other an = 1. It is seen that when the amplitudes
are equal, as might be expected when the base station is not visible from the mobile,
there are deep fades of 20 dB. The distance between fades is somewhat greater than
λ/2, but less than λ. When the amplitude of one wave is somewhat stronger than the
other waves, the fades generally are smaller, but there can still be an occasional deep
fade. However, when the amplitude of one wave is as large as the sum of the other
waves, as might happen when the base station is within line-of-sight (LOS) of the
mobile, the fades are smaller.

Statistical models of the fading can be constructed from the spatial dependence
by normalizing |VR(x)| to its spatial average 〈VR〉 defined by

〈VR(x)〉 = 1

2W

ˆ W

−W
|VR(x)|dx, (6.11)
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Variation of received voltage magnitude for eight incident waves with: (A) all amplitudes
equal an = 1; (B) with a1 = 4, and all other an = 1; and (C) with a1 = 8, and all other
an = 1.

where 2W is a sector length spanning 20 or so wavelengths. The cumulative
distribution functions (CDFs) obtained from the three plots in Fig. 6.10 are shown
in Fig. 6.11. Also shown is a plot of the Rayleigh distribution having CDF(r) given
by [17]:

CDF(r) = 1 − exp(−πr2/4), (6.12)

where r is the random variable. When the amplitudes of the eight waves are equal,
the distribution function is close to a Rayleigh distribution, while it departs when
amplitude of one ray is significantly larger than the others. In the latter case the
distribution function is Rician [17].

6.4.2 FREQUENCY FADING OF MULTIPATH NARROWBAND SIGNALS
The phase of each term in the summation of expression Eq. (6.8) for the received
voltage due to a narrow band source has an explicit dependence on the center
frequency ω0. As the frequency changes, the phases of the terms will change so that
the summation can be expected to show fading. This frequency dependence is shown
in Fig. 6.12 for measurements made in Toronto, where the frequency was varied about
a center frequency of 910 MHz on a 1.2 km link [18]. In Fig. 6.12 the average spacing
between fades is about 	f = 0.3 MHz. As the phase difference 2π f (Ln − Lm)/c
between two terms in Eq. (6.8) changes by 2π the terms go in and out of phase.
They return to the same relative phase in frequency interval 	f = c/(Ln − Lm).
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Frequency dependence of the radio channel centered at 910 MHz measured in an urban
environment.

Source: © 1994 IEEE. Reprinted, with permission, from E.S. Sousa, V.M. Jovanovic, C. Daigneault, Delay

spread measurements for the digital cellular channel in Toronto, IEEE Trans. Veh. Technol. 43 (1994)

837–847.

The fade spacing 	f = 0.3 MHz therefore corresponds to differences in path length
Ln − Lm on the order of 1 km. These frequency fading characteristics are related to
the pulse response discussed in Section 6.5 below via the Fourier transform, and are
considered further there.



208 CHAPTER 6 Properties and measures of the radio channel

If a signal transmission is spread over wide spectrum of narrowband channels
with different center frequencies ω0 and averaged, the spatial variation can be
eliminated. This result can be seen from averaging the received power PR(t;ω0) for
each center frequency over a band ω1 ≤ ω0 ≤ ω2. Thus, the frequency averaged
received power 〈PR(t)〉 is

〈PR(t)〉 = 1

ω2 − ω1

ˆ ω2

ω1

|VR(t;ω0)|2dω0

= 1

ω2 − ω1

ˆ ω2

ω1

∑
n

∑
n

anamej(φn−φn)e−jω0(Ln−Lm)/cdω0. (6.13)

Because the amplitudes an and phases φn are weak functions of frequency, the
integration in Eq. (6.13) reduces to the last exponential. For wide enough frequency
band the integral can be approximated by

1

ω2 − ω1

ˆ ω2

ω1

e−jω0(Ln−Lm)/cdω0 ≈ δnm, (6.14)

where δnm is the Kroneker delta. Hence

〈PR(t)〉 =
∑

n
a2

n, (6.15)

which is the sum of the individual ray powers and no longer exhibits spatial fading.

6.4.3 CORRELATION OF NARROWBAND SPATIAL FADING
Understanding the relation between the signals received by antennas at neighboring
locations can be used to mitigate the effect of the fading through spatial diversity,
or make use of the multipath, as in MIMO systems. This relation is embodied by
the complex correlation function C(s) for points separated by a distance s along the
x-axis. The correlation is defined as

C(s) =
{

1

2W

ˆ W

−W
VR(x)V

∗
R(x − s)dx

} /{
1

2W

ˆ W

−W
|VR(x)|2dx

}
, (6.16)

where the interval 2W is large compared to s.
Using the approximation (Eq. 6.10) for the received voltage the numerator of

Eq. (6.16) is seen to be

1

2W

ˆ w

−w
VR(x)V

∗
R(x − s)dx

=
∑

n

∑
m

anamej(ϕn−ϕm)ejk(Ln−Lm0)e−jks cos θm

{
1

2W

ˆ W

−W
e−jkx(cos θn−cos θm)dx

}
.

(6.17)
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The integral on the right in Eq. (6.17) will be unity for n = m. Under some
circumstances, such as for reception at a street level mobile from an elevated base
station, the angles θn and θm are not nearly equal for n 	= m. Assuming that W
is large, the integral will be small so that the integral can be approximated by the
Kroneker delta δnm. With this approximation

1

2W

ˆ w

−w
VR(x)V

∗
R(x − s)dx =

∑
n

a2
n exp(−jks cos θn). (6.18)

The integral in the denominator of Eq. (6.16) is also approximated by setting
s = 0 in Eq. (6.18). The resulting expression is

1

2W

ˆ W

−W
|VR(x)|2 dx =

∑
n

a2
n. (6.19)

Eq. (6.19) can be interpreted as showing that when the received power is averaged
over a sector, the resulting value is the same as would be found by summing the
powers that would be obtained if ray contribution was received separately. With the
help of Eqs. (6.18) and (6.19) it is seen from Eq. (6.16) that

C(s) =
∑

n
a2

n exp(−jks cos θn)

/∑
n

a2
n. (6.20)

For symmetric links where both antennas are among the scatterers, there will be some
pairs of rays, such as Eqs. (6.1) and (6.2) in Fig. 6.3A, for which θn and θm at one end
of the link can be nearly equal, even though the paths are very different at the other
end of the link. In this case, averaging over both ends of the link is required to obtain
the Kroneker delta approximation [19,20].

The correlation function at street level CSL(s) can be further modeled by
assuming that the rays arrive uniformly and densely distributed over all directions
in the horizontal plane, so that the summation in Eq. (6.20) can be replaced by an
integral over θ . If all amplitude are further taken to have the same value an = A, then
the correlation at street level becomes

CSL(s) =
ˆ 2π

0
A2e−jks cos θdθ

/ ˆ 2π

0
A2 dθ = 1

2π

ˆ 2π

0
e−jks cos θdθ = J0(ks). (6.21)

Here J0(ks) is the zero order Bessel function of the first kind and is plotted in
Fig. 6.13A. If we consider the value CSL(s) = 0.5 to define the boundary between
correlation and decorrelation, then the received signals decorrelate for distance such
that ks = 2πs/λ > 1.6, or s > λ/4. For comparison with this simple expression,
we have plotted in Fig. 6.13B the autocorrelation function CSL(s) taken from
measurement at 821 MHz [21]. While there are discrepancies between the model
and measurements, the simple model works surprisingly well.
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Correlation function C(s) at street level: (A) as computed from a simple model of multipath;
and (B) obtained from measurements.
Source: Based on measurements reported in S.-B. Rhee, G.I. Zysman, Results of suburban base station spatial

diversity measurements in the UHF band, IEEE Trans. Commun. 22 (1974) 1630–1636.

The correlation function at an elevated base station CE(s) can similarly be
modeled. In this case the rays are limited to a narrow sector of angular width 2θM
about the direction to the mobile, as indicated in Fig. 6.14. Two base station antennas
are separated by a distance s that is taken to be along the x-axis. Assuming the rays to
be densely and uniformly distributed in the sector and to have the same amplitudes,
then replacing the summation by integration gives

CE(s) ≈ A2
ˆ α+θM

α−θM

e−jks cos θ
/

A2
ˆ α+θM

α−θM

dθ = 1

2θM

ˆ α+θM

α−θM

e−jks cos θdθ . (6.22)
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FIG. 6.14

Orientation geometry for determining the correlation between two base station antennas.
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To evaluate the integral in Eq. (6.19) we make the substitution u = ks cos θ so that

CE(s) = 1

2θM

ˆ ks cos(α+θM)

ks cos(α−θM)

e−ju

(−ks sin θ)
du. (6.23)

If the angular sector is small, the term sin θ in the denominator will have only small
variation over the interval of integration and can be replaced by sin α. With this
approximation

CE(s) ≈ 1

2θM(−ks sin α)

ˆ ks cos(α+θM)

ks cos(α−θM)
e−judu

= sin (ks sin α sin θM)

θMks sinα
e−jks cos α cos θM (6.24)

or

|CE(s)| ≈
∣∣∣∣ sin(ks θM sinα)

ksθM sinα

∣∣∣∣ . (6.25)

Taking decorrelation to occur when |CE(s)| = 0.5, then the two base station
antennas in Fig. 6.14 are decorrelated when ksθM sin α > 1.9 or s > 0.302λ/
(θM sin α). The decorrelation distance is smallest when the axis of antenna separation
is perpendicular to the direction towards the mobile (when α = 90) degrees and
becomes infinite when the axis of separation is in the direction of the mobile (when
α = 0 degrees). Taking θM = 5 degrees or 0.087 radians, then for α = 90 degrees
the distance for decorrelation is s = 3.5λ.

For comparison with the foregoing model, results from measurements made at
900 MHz in Liverpool [22] are shown in Fig. 6.15. For these measurements the
correlation function was determined from the magnitude of the received voltage,
rather than the complex voltage employed in Eq. (6.16). Correlation of the voltage
magnitude is not simply related to phasor voltage correlation defined in Eq. (6.16),
but does show the same dependence on α. Curves that approximately fit the
measurement points have been drawn in for α = 0, 10, and 90 degrees. For α = 90
degrees, decorrelation occurs at about s = 5λ and increases significantly as α
decreases to zero.

6.4.4 TIME DEPENDENCE AND DOPPLER SPREAD OF NARROW
BAND SIGNALS
Fig. 6.2 suggests two sources of time dependence of the received signal for narrow
band signals. One source is due to the motion of scattering objects in the vicinity
of the mobile, such as moving vehicle, pedestrian traffic, or wind-blown trees. The
time variation of the voltage measured by a stationary receiver in an urban setting
for a constant amplitude 900 MHz sine wave transmission [23] is shown in Fig. 6.16.
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Time variation of signal received by a stationary mobile for constant amplitude transmission
at 900 MHz in an urban environment.
Source: © 1988 IEEE. Reprinted, with permission, from N.H. Shepherd, Special issue on radio propagation,

IEEE Trans. Veh. Technol. 37 (1988) 45.
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Fade depth is typically about 10 dB and the time between successive fades is about
1 s. Fading due to pedestrian traffic is very important for indoor links and has been
widely measured—see, for example, [24,25].

A second source of time variation is motion of the mobile through the standing
wave pattern in space. This variation will have the same dependence as shown
in Fig. 6.10 with x replaced by vt where v is the speed of the mobile. Both
the time dependent effects can of course be viewed as imparting a spread in the
received frequencies. The Doppler spread for high speed mobiles is especially
important.

Doppler shift	f for a mobile moving with velocity v at an angle θ to the direction
of a single arriving ray, is given by 	f = (vf /c) cos θ . When many rays arrive at the
mobile from different directions, the distribution of power over the range of Doppler
frequencies is given by the power spectral density, which can be found from the
autocorrelation function (Eq. 6.16) [26]. The correlation function (Eq. 6.16) can be
viewed as resulting from the displacement s = vτ of the mobile in time τ . If 	ω =
2π	f is the deviation of the angular frequency from ω0, then the power spectral
density P(	ω) is given by the Fourier transform of C(vτ ), or

P(	ω) =
ˆ ∞
−∞

C(vτ)e−j	ωτ dτ . (6.26)

Using the simple model of the correlation function (Eq. 6.21) for street level
mobiles, the power spectral density can be evaluated in closed form [27] and is found
to be

P(	ω) =
ˆ ∞
−∞

J0(kvτ)e−j	ωτ dτ = 2/kv√
1 − (	ω/kv)2

U (kv − |	ω|) . (6.27)

A plot of Eq. (6.27) labeled Classical Spectrum is shown in Fig. 6.17 as a function of
the Doppler shift 	ω normalized to the maximum value vω0/c = kv. The singular
behavior in Eq. (6.27) at	ω = ±kv is a result of assuming all of the rays to arrive in
the horizontal plane. For comparison, a spectrum measured at 1800 MHz is shown in
Fig. 6.17 [14]. The fact that the rays do not arrive at the mobile uniformly distributed
over a continuum of directions in the horizontal plane is evident in the deviations
from the classical spectrum. Since the Doppler shift is related to the angle of arrival
θ , the presence and absence of contributions in the measured spectrum indicates that
the rays arrive at discrete angles.

6.5 MEASURES OF MULTIPATH FOR WIDEBAND SIGNALS
AND DIRECTIVE ANTENNAS
In order to improve the reliability and capacity of radio communication systems,
various modulation and multiple access schemes have been developed that spread
the transmission over a wide bandwidth. Other schemes have been proposed that
make use of directive antennas. It is therefore of interest to understand the channel
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FIG. 6.17

Power spectral density of Doppler spread observed by a mobile at 1800 MHz as compared
to the classical spectrum of the simplified ray model.
Source: Reprinted with editor’s permission from K.I. Pedersen, P.E. Mogensen, B.H. Fleury, F. Frederiksen, K.

Olesen, S.L. Larsen, Analysis of time, azimuth and Doppler dispersion in outdoor radio channels, in:

Proceedings of ACTS, 1997.

response to wideband signals in the presence of directive antennas, as exemplified in
Fig. 6.8 and [4–7,9]. For simplicity we first consider channel measures for wideband
transmission using antennas that are not very directive. Subsequently we consider
measures of the channel for directive antennas.

6.5.1 SPATIAL VARIATION OF PULSE RESPONSE
In any finite bandwidth system some of the received multipath signals will overlap
in time, as suggested in Fig. 6.5. Because the phases of the individual terms in
Eq. (6.7) depend on the lengths of the individual paths, the power delay profile PR(t)
will vary with position over distances on the order of a wavelength. An example
of this variation is shown in Fig. 6.18 for measurements made on an indoor link
with one antenna moved over eight different positions located around a 1.2 m2 [28].
The eight power delay profiles are offset vertically in steps of 50 dB for clarity. It
is seen that at a given time after the onset of the signal, there can be a local peak
at one location but a local minimum at a different location due to the multipath
interference. For indoor links, both ends are located in the clutter, and moving
either end of the link will produce local fading [19,20]. In order to characterize the
response in a small area, the spatial average 〈PR(t)〉 (in watts) of the power delay
profiles has been introduced. The average of the eight individual profiles is shown in
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Power delay profiles measured as one end of an indoor link: (A) as antenna is moved
around a 1.2 m square (individual profiles are offset vertically by 50 dB for clarity); and (B)
the average in watts of the eight profiles.
Source: © 1987 IEEE. Reprinted, with permission, from D.M.J. Devasirvatham, Multipath time delay spread in

the digital portable radio environment, IEEE Commun. Mag. 25 (1987) 13–21.

Fig. 6.18. As in the case of narrowband transmission, spatial averaging removes
multipath interference effects and the attendant frequency sensitivity. Removing
frequency sensitivity allows comparison of the delay profiles in different frequency
bands. Measurements on indoor links indicate that the spatial average power delay
profiles are nearly the same at 850 MHz, 1.7 GHz, and 4.0 GHz [29], suggesting
that the scattering mechanisms responsible for multipath have only weak frequency
dependence.

6.5.2 DELAY SPREAD FOR WIDEBAND CHANNEL RESPONSE
The RMS delay spread is primary measure of channel response to short pulse
excitation. Using the power delay profile PR(t), as shown in Fig. 6.6, we first define
the mean delay T0 using the equation

T0 =
ˆ ∞

0
tPR(t)dt

/ˆ ∞
0

PR(t)dt. (6.28)

The RMS delay spread τRMS is then defined by

τ2
RMS =

ˆ ∞
0

(t − T0)
2 PR(t)dt

/ˆ ∞
0

PR(t)dt. (6.29)

In Eqs. (6.28) and (6.29) it is assumed that the time origin is chosen in any way such
that PR(t) = 0 for t < 0. Note that T0 depends on the choice of starting time, but
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τRMS, which is a measure of the width of the power delay profile, is independent
of the starting time. When evaluating the integral in Eq. (6.29) it is important that a
threshold be defined just above the noise floor and that PR(t) be taken as zero when it
falls below the threshold [30]. The denominator in Eqs. (6.28) and (6.29) is the total
energy E0 of the received power delay profile.

Since τRMS is an important parameter for determining capacity of communication
systems, it has been measured extensively—see, for example, [29–33]. One way
to represent the totality of measurements in an area is to create a CDF, such as
shown in Fig. 6.19 [31]. The delay spread is smaller in suburban areas than in urban
areas. In these measurements the mobile station had a vertically polarized antenna,
while reception at the base station was via both vertically and horizontally polarized
antennas. Polarization is seen to have only limited effect on delay spread.

Measurements and simulations indicate that as the separation R between antennas
increases, the delay spread τRMS increases [34,35]. Based on a survey of measure-
ments, Greenstein et al. propose that the mean value of the delay spread increase as
Rn with n between 0.5 and 1.0 [36]. For indoor links a linear dependence has been
proposed [34].

While power delay profiles reported in the literature take many forms, typically
the time variation is like that seen in Figs. 6.6 and 6.18, which suggest that the
power in decibel decrease approximately linearly with time. This decrease of power
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Cumulative distribution function of RMS delay spread measured at 1800 MHz in suburban
and urban areas in Sweden.
Source: © 1999 IEEE. Reprinted, with permission, from M. Nilsson, B. Lindmark, M. Ahlberg, M. Larsson, C.

Beckmanm, Measurements of the spatio-temporal polarization characteristics of a radio channel at 1800

MHz, in: Proceedings of the IEEE Vehicular Technology Conference, 1999, pp. 386–391.
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in decibel corresponds to an exponential decrease of PR(t) in watts. For a given total
pulse energy E0 and RMS delay spread τRMS, exponential time dependence of the
received power takes the form

PR(t) = E0

τRMS
exp (−t/τRMS)U(t), (6.30)

where U(t) is the unit step function. If the delay spread τRMS increases with antenna
separation R, then the peak amplitude E0/τRMS of the received power will decrease
more rapidly with R than the total energy E0 [34]. This observation indicates that as
the dominant ray propagates through a region, scattering causes it to lose energy to
the multipath fields, which continue to reverberate in the environment.

6.5.3 COHERENCE BANDWIDTH
The dependence on the center frequency of a narrow band transmission, as shown
in Fig. 6.12, represents the channel transfer function H(ω) and is the Fourier
transform of the response VR(t) for a short transmitted pulse. The coherence function
of the channel C(	ω) is the expectation value E{H(ω)H∗(ω + 	ω)}. Using the
Fourier transform of VR(t) for H(ω) and making the spatial ergodic assumption, the
coherence function can be found from the Fourier transform of the spatial average
received power 〈|VR(t)|2〉 = 〈PR(t)〉. This equation takes the form [30,37]

C(	ω) =
ˆ ∞

−∞
〈PR(t)〉 ej	ωtdt

/ˆ ∞
−∞

〈PR(t)〉 dt. (6.31)

If we use expression Eq. (6.30) for the spatial average received power, then

C(	ω) =
ˆ ∞

0

1

τRMS
exp (−t/τRMS) ejωtdt =

[
1

1 + j	ωτRMS

]
. (6.32)

The magnitude of the coherence function is given by

|C(	ω)| = 1

/√
1 + (	ωτRMS)

2. (6.33)

The coherence function has amplitude 0.5 when	ω = √
3/τRM. Thus, the coherence

bandwidth of the narrow band response is inverse to the delay spread of the response
to a pulsed source.

6.5.4 ANGLE SPREAD FOR HIGHLY DIRECTIVE ANTENNAS
In designing systems that use antenna directivity to assist in reducing user interfer-
ence or as a basis for multiple access, it is important to understand the range of
angle over which multipath signals arrive at the base station from individual mobiles.
Fig. 6.8 shows an example of the multipath arrivals from a mobile as measured at
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an elevated base station using an antenna that is highly directive in azimuth [14].
Ignoring the differences in time delay of the individual arrivals, it is possible to
compute the angle spread AS for all arrivals taken together.

Let ψn be the direction of the arrival as measured from any choice of the x-axis.
Then the mean angle of arrival Ψ0 is

Ψ0 =
∑

n
ψna2

n

/∑
n

a2
n. (6.34)

The expression for AS is then given by

(AS)2 =
∑

n

|ψn − Ψ0|2 a2
n

/∑
n

a2
n. (6.35)

In reporting on measurements of angle spread, it is common to provide a CDF
of the measurements for many mobile locations, as shown in Fig. 6.20. This figure
is based on measurement in Sweden at 1800 MHz for a vertically polarized mobile
and both horizontally and vertically polarized receivers at the base station [31]. The
angles of arrival are spread over about ±5 degrees in the suburbs and over ±10
degrees in urban areas. Several studies have sought to find a correlation between the
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Cumulative distribution of angle spread measured in urban and suburban areas of Sweden
at 1800 MHz.
Source: © 1999 IEEE. Reprinted, with permission, from M. Nilsson, B. Lindmark, M. Ahlberg, M. Larsson, C.
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delay spread and angle spread and to model them via scattering in some choice of
geometric region about the radio link [38].

6.6 SHADOW FADING, RANGE DEPENDENCE, AND
CROSS-POLARIZATION
In addition to the effects associated with multipath scattering, buildings, and other
objects along the radio link cause shadow fading and alter the range dependence of
the received signal. Scattering also generates coupling from the radiated polarization
into orthogonal polarizations. In this section we show how shadow fading and range
dependence are extracted from measurements in the classical narrow band mobile
radio setting, and briefly discuss the statistical properties of cross-polarization. Be-
cause these properties depend only weakly on frequency, the characteristics observed
for narrow band transmission apply to a wide range of communication systems.

In the development of narrow band mobile radio, signal strength measurements
have been recorded as a vehicle-mounted receiver is driven over urban streets. Along
a block, the recorded received signal exhibits variations similar to that seen in
the simulation of Fig. 6.21. As previously discussed the received power undergoes
multipath fading (also called fast fading) over distances less than a wavelength. The
multipath fading can be removed by averaging the received power in watts over a
small distance or area called a sector whose dimension is on the order of 20λ. (Note
that for a Rayleigh distribution 〈|VR|2〉 = (4/π)(〈|VR|〉)2, so that averaging power is
1 dB different than squaring the average voltage.) Let Uk = 10 log〈PR〉 be the average
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FIG. 6.21

Characteristic variations of a narrow band received signal observed along a street.
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power in the kth sector expressed in decibel, as suggested in Fig. 6.21. As the mobile
passes different buildings and open spaces, such as parking lots and intersections, the
differences in shadowing and scattering will cause Uk to vary along the street.

6.6.1 SEPARATING SHADOW FADING FROM RANGE DEPENDENCE
In order to characterize the variation of Uk, it is common to plot its value in decibel
versus the distance R between the antennas plotted using a log scale. Such a plot
is shown in Fig. 6.22 for transmission from an elevated base station antenna in
Philadelphia [39]. The individual dots represent individual values of Uk. A line
ULS(R) is then drawn through the dots using the least squares fit criterion. This line
represents the range dependence of the received power, and the deviation of the dots
from the line is referred to as shadow fading (also called slow fading). The straight
line in Fig. 6.22 corresponds to the simple range dependence

PLS(R) = PT A/Rn. (6.36)

When expressed in decibel, using ULS(R) = 10 log PLS(R), Eq. (6.36) plots as
a straight line versus logR with slope 10n. In the case of Fig. 6.22, the slope
corresponds to n = 3.7, which is in the range typical for macrocell. In other physical
environments, the range dependence can take other forms. For example, a two-slope
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Sector averaged power received from an elevated base station in Philadelphia versus
distance R on a log scale.
Source: Based on measurements reported in G.D. Ott, A. Plitkins, Urban path-loss characteristics at 820 MHz,

IEEE Trans. Veh. Technol. 27 (1978) 199–197.
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Comparison of cumulative distribution functions of shadow fading at 955 and 1845 MHz in
Copenhagen with a Gaussian distribution.
Source: © 1991 IEEE. Reprinted, with permission, from P. Morgensen, P. Eggers, C. Jensen, J.B. Andersen,

Urban area radio propagation measurements at 955 and 1845 MHz for small and micro cells, in: Proceedings

of Globecom’91, vol. 2, 1991, pp. 1297–1302.

regression fit is found to be useful for LOS conditions [40], while an additional ex-
ponential factor has been used for propagation over one floor of a large building [41].

The deviation Uk − ULS(R) of the small area (sector) averages from the least
squares fit line is typically found to have Gaussian distribution whose probability
distribution function (PDF) is given by

PDF(Uk − ULS) = 1√
2πσSF

exp
[
−(Uk − ULS)

2
/

2σ 2
SF

]
, (6.37)

where σSF is the standard deviation. For macrocells in cities, σSF is typically in the
range of 8–10 dB. Fig. 6.23 compares the CDF of the shadow fading measured at
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955 and 1855 MHz in Copenhagen with the mathematical CDF corresponding to a
Gaussian distribution [42]. The plot has a distorted vertical scale such that a Gaussian
distribution plots as a straight line. All random variables have been normalized to
their standard deviations, which were 8.0 dB at 955 MHz and 8.1 dB at 1845 MHz.
The two measurement derived distributions are seen to be a good fit to the Gaussian
over the 5–95% range.

The Gaussian nature of the shadow fading depicted in Fig. 6.23 has been observed
in many different cities. In order to explain the Gaussian nature of shadow fading, it
has been proposed that the signal undergoes a sequence of shadowing events that
multiply the power by random amplitudes [43]. When expressed in decibel, such
random events add together, and the sum tends to a Gaussian. Shadowing events have
weak frequency dependence, so that shadow fading should be nearly independent
of frequency. This is supported by the observation that σSF is nearly the same for
955 and 1845 MHz. Moreover, in making the measurements in Copenhagen, at each
sector the difference Uk(955)–Uk(1845) was recorded. While the mean difference
was 10.5 dB, due to variations in system and antenna performance, the standard
deviation of the difference was only 3.3 dB. Thus, although the plot of sector average
for each frequency varies over ±8 dB, the two plots track each other to within ±3.3
dB. Fig. 6.23 also contains a plot of the CDF for the difference, which is seen to have
a Gaussian distribution.

The performance of early narrow band cellular mobile radio systems was
constrained by presence of the frequency dependent multipath fading. Moving to
digital systems eliminated the problems caused by multipath, and through the advent
of MIMO was in fact able to make use of multipath to increase capacity. Shadow
fading on the other hand is nearly independent of frequency and therefore has the
same effect on digital systems as it does on narrow band systems.

6.6.2 CROSS-POLARIZATION COUPLING
The electromagnetic waves scattered by objects of almost any shape will exhibit
coupling from the incident polarization into orthogonal polarizations. For example, if
the radiated electric field is polarized in the vertical direction, the field incident on the
receiving antenna will have both vertical and horizontal components. Measurements
at 900 MHz and 2.0 GHz have shown that for transmission from a vertically polarized
mobile antenna, the multipath fading of the vertical and horizontal polarizations
received at a base station are uncorrelated [44]. This property can be used to
achieve polarization diversity reception, and permits MIMO operation by co-located
antennas.

The relative strength of the sector averaged vertical and horizontal polarization
components have also been measured for various mobile antenna configurations, and
in urban and suburban environments [45]. Coupling ranges from −13 dB for a roof-
mounted antenna in a spread-out suburb to −1 dB for an indoor portable in a city.
Roof-mounted mobiles show the least coupling and indoor portables the most, and
more coupling is found in urban environments than suburban.
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7.1 INTRODUCTION
When transmitting data symbols over a channel that introduces a scaling factor
A, a phase shift θ , a frequency offset F, and a time delay τ , the receiver has
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to compensate for these channel parameters before detecting the data. Typically,
these parameters are not known in advance, so they need to be estimated by the
receiver. The estimation of and compensation for the parameters (θ , F, τ ) is referred
to as synchronization. When the data symbol constellation is not of the constant-
modulus type, and/or advanced channel codes (such as turbo codes or LDPC codes)
with maximum a posteriori bit detection are used, the scaling factor A must also
be estimated. Therefore, this chapter deals with the estimation of all four channel
parameters (A, θ , F, τ ).

Maximum-likelihood (ML) estimates asymptotically achieve a performance close
to the Cramer-Rao bound, which is a theoretical lower bound on the mean-
square estimation error [1]. However, obtaining the ML estimates of (A, θ , F, τ ) is
computationally very intensive: first, the likelihood function of (A, θ , F, τ ) involves
a summation over all allowed codewords (the number of terms in this summation
grows exponentially with the frame length), and second, the computation of the
ML estimates requires a search over the four-dimensional parameter space of
(A, θ , F, τ ). Hence, simplifications must be introduced to obtain algorithms that
are practically feasible. A traditional approach consists of evaluating the likelihood
function of (A, θ , F, τ ) under the assumption of uncoded transmission; the resulting
computational complexity is linear (rather than exponential) in the frame length.
This approach works well for channel codes with moderate coding gain, such as
convolutional codes [2] and trellis codes [3,4]. The introduction of powerful channel
codes (turbo codes [5,6] and LDPC codes [7,8]) allows the operating SNR to be
lowered substantially when the receiver knows the channel parameters; however, at
such a low SNR, the traditional channel estimation algorithms no longer provide
accurate estimates, thereby considerably deteriorating the error performance of
the communication system. Therefore, in this chapter we also pay attention to
estimation algorithms that exploit the redundancy among the transmitted symbols,
so that the coding gain becomes beneficial to the estimation accuracy as well; the
resulting algorithms iterate between estimation and detection/decoding and achieve
an excellent performance in the presence of powerful channel codes.

The system model to be investigated is presented in Section 7.2. Section 7.3
illustrates the effect of constant channel estimation errors on the error performance
of the receiver and justifies the need for accurate channel estimates. In Section 7.4
we give a brief overview of estimation and decision theory, dealing with generic
parameter estimation and theoretical performance bounds (ie, the Cramer-Rao
bound and the modified Cramer-Rao bound). In Section 7.5 an estimation strategy
is outlined, explaining the various approximations needed to achieve practically
feasible algorithms. The specific estimation algorithms are derived in a systematic
way in Sections 7.6–7.9; it turns out that a one-dimensional search has to be executed
to obtain an estimate of the integer part of the time delay, and closed-form expressions
are found for the estimates of the remaining parameters. In Section 7.10 we present
closed-form expressions for the modified Cramer-Rao bounds and in Section 7.11
the actual performance of the estimation algorithms and their effect on the error
performance are investigated. Finally, conclusions are drawn in Section 7.12.

The main variables used in this chapter are listed below.
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x(t) Transmitted signal
y(t) Received signal
v(t) AWGN in received signal
N0 Spectral density of AWGN term v(t)
s = {sm} Transmitted symbol sequence
Es Symbol energy
h(t), H(f) Transmit filter impulse response and transfer function
h*(−t), H*(f) Matched filter impulse response and transfer function
T, 1/T Symbol interval and symbol rate

A, Â Amplitude and its estimate
θ , θ̂ Phase shift at t=0 and its estimate

F, F̂ Frequency offset and its estimate
τ , τ̂ Time delay, and its estimate
ψ = (A, θ , F, τ),
ψ̂ = (Â, θ̂ , F̂, τ̂ )

Vector of channel parameters and its estimate

λ(s,ψ) Likelihood function of (s,ψ)

z(t , F̂) Response of matched filter to y(t)e−j2π F̂t

zk(F̂, τ̂ ) = z(t, F̂)
∣∣∣
t=kT+τ̂ Matched filter output sample

uk(ψ̂) = zk(F̂ , τ̂ )e−j θ̂ /Â Sample used for detection
θtot(t) = 2πFt + θ ,
θ̂tot(t) = 2π F̂ t + θ̂

Total phase, and its estimate

eA = (Â − A)/A Normalized amplitude error
eθ = θ̂ − θ Phase error

eF = (F̂ − F)T Normalized frequency error
eτ = (τ̂ − τ)/T Normalized timing error
eθ ,tot(t) = θ̂tot(t)− θtot(t) Total phase error
g(t,eF ) Inverse Fourier transform of H(f )H∗ (

f − eF
T

)

tc Instant of center of received frame
eθ ,c = eθ ,tot(tc) Total phase error at frame center
K Number of symbols in frame
Kp Number of pilot symbols in frame
kτT , εT (τ = (kτ + ε)T ); k̂τT,
ε̂T (τ̂ = (k̂τ + ε̂)T )

Integer and fractional part of delay and their estimates

zk Concise notation for z(kT + ε̂T , F̂ )
Fmax Maximum of F

τmin, τmax Minimum and maximum value of τ

Fres, F̂res Residual frequency offset after coarse frequency cor-
rection and its estimate

θres(t) = 2πF rest + θ ,
θ̂res(t) = 2π F̂ rest + θ̂

Residual total phase after coarse frequency correction
and its estimate

JFIM, JMFIM Fisher information matrix, modified Fisher information
matrix
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7.2 SYSTEM MODEL
We consider the transmission of a linearly modulated signal over an additive white
Gaussian noise (AWGN) channel that is characterized by a number of parameters
which are unknown to the receiver. At the transmitter, a binary information sequence
is encoded, and the resulting coded bit sequence is mapped to a sequence {sm} of data
symbols, with E[sm] = 0 and E[sk+ms∗

m] = σ 2
s δk, where δk denotes the Kronecker

delta function. The symbol sequence {sm} is applied to a transmit filter with impulse
response h(t) and transfer function H(f ). Using a complex baseband representation,
the resulting transmitted signal x(t) is given by

x(t) =
∑
m

smh(t − mT), (7.1)

where T denotes the symbol interval (and correspondingly 1/T is the symbol rate).
According to Eq. (7.1), the symbol sm is fed to the transmit filter at instant mT.
We restrict our attention to the case where h(t) is a unit-energy square-root Nyquist
pulse, ie,

ˆ
h(kT + u)h∗(u)du = δk, (7.2)

so that the detection process does not suffer from intersymbol interference (ISI) when
transmitting over an AWGN channel and using a receive filter which is matched to the
transmit filter. In addition, we will assume that h(t) is real and even (h(t) = h∗(t) =
h(−t)), which is the case for many transmit pulses of practical interest, such as the
square-root cosine-rolloff pulse; consequently, H(f ) is real and even.

The received signal y(t) is given by

y(t) = Aejθtot(t)x(t − τ)+ v(t), (7.3)

where

θtot(t) = 2πFt + θ (7.4)

and (A, θ , F, τ ) denote the channel parameters: A is a positive scaling factor, F is
a frequency offset (representing the difference in frequency between the oscillators
used for upconversion at the transmitter and downconversion at the receiver), θ is a
phase shift, τ is a time delay, and v(t) denotes complex-valued AWGN with power
spectral density N0 (ie, E[v(t +u)v∗(t)] = N0δ(u), with δ(u) denoting the Dirac delta
function). We will refer to θtot(t) as the total phase, which varies linearly with t; note
that θtot(0) = θ , so that the phase shift θ in Eq. (7.4) is the value of the total phase at
t = 0. The operations performed by the transmitter and the channel are illustrated in
Fig. 7.1.
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The resulting energy Es per symbol interval at the receiver input is defined as

Es = E

⎡
⎣ˆ

T

∣∣∣Aej(2πFt+θ)x(t − τ)

∣∣∣2 dt

⎤
⎦ , (7.5)

where the integration is over an interval of length T and the expectation is over the
symbols. Using Eq. (7.1), Eq. (7.5) reduces to

Es = A2σ 2
s

ˆ

T

∑
m

|h(t − mT)|2dt

= A2σ 2
s

+∞ˆ

−∞
|h(t)|2dt

= A2σ 2
s , (7.6)

where the last line takes into account that h(t) has unit energy.
Stacking the transmitted symbols into the vector s and introducing ψ =

(A, θ , F, τ ), the likelihood function λ(s,ψ) [1] according to the observation Eq. (7.3)
is given by

λ(s,ψ) = exp
(

− 1

N0

ˆ ∣∣∣y(t)− Aej(2πFt+θ)x(t − τ)

∣∣∣2 dt

)
. (7.7)

Substituting Eq. (7.1) into Eq. (7.7), making use of Eq. (7.2), and removing terms not
depending on (s,ψ), the log-likelihood function ln(λ(s,ψ)) is obtained as

ln(λ(s,ψ)) = A2

N0

(
2�

(
sHu(ψ)

)
− |s|2

)
, (7.8)

where u(ψ) is defined as

u(ψ) = e−jθ

A
z(F, τ). (7.9)

h(t)
x(t) x(t – t )

Ae j(2pFt+q)

y(t)

n(t)

x +d (t – t ){sm}

FIG. 7.1

Transmitter and channel.
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The kth component of z(F, τ ) in Eq. (7.9) is given by zk(F, τ ) = z(t, F)|t=kT+τ , with

z(t, F) =
ˆ

h∗(u − t)y(u)e−j2πFudu, (7.10)

denoting the output of a receive filter with transfer function H∗(f ) (ie, matched to
the transmit filter H(f )), driven by y(t)e−j2πFt. As zk(F, τ ) can be interpreted as the
sample of z(t, F) at instant kT + τ , u(ψ) represents a vector of scaled (by a factor
1/A) and rotated (over an angle −θ) matched filter output samples.

When the channel parameters ψ are known to the receiver, the vector u(ψ) from
Eq. (7.9) is a sufficient statistic for detecting s. Because of the property (7.2), zk(F, τ )
can be decomposed as

zk(F, τ) = Aejθ sk + nk, (7.11)

where nk is discrete-time complex AWGN with E[|nk|2] = N0. Hence, the symbol
sk, that has been applied to the transmit filter at instant kT, appears without ISI at the
matched filter output when sampling at kT + τ . From Eq. (7.11) it follows that

uk(ψ) = sk + wk, (7.12)

where uk(ψ) is the kth component of u(ψ) and wk is discrete-time complex AWGN
with E[|wk|2] = N0/A2. In order to extract the digital information contained in the
symbol vector s, u(ψ) is applied to an appropriate detector/decoder, the structure of
which depends on the type of encoding and mapping that has been applied at the
transmitter.

In the realistic case where ψ is not known to the receiver, the following strategy
(to be justified in Section 7.4) will be adopted: the receiver derives from y(t)
an estimate ψ̂ = (Â, θ̂ , F̂, τ̂ ) of the channel parameters; this estimate is used to
compute the vector of scaled and rotated matched filter output samples u(ψ̂) =
(e−jθ̂ /Â)z(F̂, τ̂ ), which is then fed to the same detector/decoder as when ψ is
known. Fig. 7.2 illustrates the computation of uk(ψ̂), when using estimated channel

parameters. The multiplication of y(t) with e−j2π F̂t, the sampling at kT + τ̂ , and the

multiplication of the matched filter output sample zk(F̂, τ̂ ) with e−jθ̂ /Â attempt to
compensate for the frequency offset F, for the time delay τ , and for both the phase

y(t) x xh* (–t)
z(t,F) zk(F,t )

uk(Y )

kT + t 
e– j2pFt

e– jq

A

FIG. 7.2

Computation of uk based on estimated channel parameters.



7.3 Effect of channel estimation errors 233

shift θ and the scaling factor A, respectively. When ψ is known to the receiver, uk(ψ)

is obtained by replacing in Fig. 7.2 the estimates (Â, θ̂ , F̂, τ̂ ) by the actual parameter
values (A, θ , F, τ ); in this case the channel parameters are perfectly compensated for,
yielding Eq. (7.12).

7.3 EFFECT OF CHANNEL ESTIMATION ERRORS
Here we point out how the channel estimation errors impact the vector of scaled and

rotated matched filter output samples u(ψ̂) = (e−jθ̂ /Â)z(F̂, τ̂ ), and we illustrate how
the resulting detection performance is degraded, compared to the (optimistic) case
where the channel parameters are assumed to be known.

Let us introduce the dimensionless channel estimation errors (eA, eθ , eF, eτ ),
defined as

(eA, eθ , eF , eτ ) =
(

Â − A

A
, θ̂ − θ , (F̂ − F)T ,

τ̂ − τ

T

)
. (7.13)

Note that eA is the relative amplitude estimation error, eθ is the phase estimation
error, eF is the normalized (to the symbol rate 1/T) frequency estimation error, and
eτ is the normalized (to the symbol interval T) timing error.

Using Eq. (7.3) and Fig. 7.2, the scaled and rotated matched filter output sample
uk(ψ̂) can be decomposed as

uk(ψ̂) = e−jeθ ,tot(kT+τ̂ )
1 + eA

∑
m

sk−mg(mT + eτT , eF)+ wk, (7.14)

where wk is discrete-time complex AWGN with E[|wk|2] = N0/Â2,

eθ ,tot(t) = θ̂tot(t)− θtot(t) = 2πeF
t

T
+ eθ (7.15)

is referred to as the total phase error, and the pulse g(t, eF) is defined as

g(t, eF) =
ˆ

h∗(u)h(t + u)e−j 2π
T eFudu. (7.16)

Denoting by G(f , eF) the Fourier transform of g(t, eF), we have

G(f , eF) = H(f )H∗ (f − eF

T

)
. (7.17)

It follows from Eq. (7.2) that g(mT, 0) = δm. Feeding uk(ψ̂) to a detector/decoder
that assumes perfect channel estimates will give rise to an increased error probability
due to the presence of channel estimation errors.
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7.3.1 PERFECT ESTIMATION OF τ
In order to facilitate the interpretation of Eq. (7.14), we assume that the time delay
has been correctly estimated, ie, eτ = 0. In this case, Eq. (7.14) reduces to

uk(Â, θ̂ , F̂, τ) = e−jeθ ,tot(kT+τ )
1 + eA

∑
m

sk−mg(mT , eF)+ wk. (7.18)

First, we consider the case where eF = 0. Using g(mT, 0) = δm, Eq. (7.18)
simplifies to

uk(Â, θ̂ , F, τ) = e−jeθ

1 + eA
sk + wk. (7.19)

As compared to Eq. (7.12), we observe from Eq. (7.19) that amplitude and phase
estimation errors affect the useful symbol sk by introducing a scaling (1 + eA)

−1 and
a phase shift −eθ , respectively.

Example 7.1 (Effect of phase error and amplitude error on detection). Here we
restrict our attention to constellations of the quadrature amplitude modulation (QAM)
type. When it is assumed that 4-QAM transmission is affected by only a phase
error eθ = −π/6, Fig. 7.3 shows the 4-QAM constellation along with the scatter

−2 −1 0 1 2
−2

−1

0

1

2
Scatter plot
Constellation

FIG. 7.3

4-QAM constellation and scatter diagram of uk in the absence of noise, for
eτ = eF = eA = 0 and eθ = −π/6.
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BER of uncoded Gray-mapped 4-QAM, for eτ = eF = eA = 0.

diagram of uk from Eq. (7.19) in the absence of noise, illustrating the phase shift of
the original constellation points. Fig. 7.4 shows that the corresponding bit error rate
(BER) for uncoded transmission with Gray-mapping degrades with increasing |eθ |.
For 16-QAM transmission affected by only an amplitude error eA = 0.2, the scaling
of the original constellation points is illustrated in Fig. 7.5, which shows the 16-QAM
constellation and the corresponding decision regions for uncoded transmission, along
with the scatter diagram of uk from Eq. (7.19) in the absence of noise. With increasing
|eA|, the BER performance for uncoded transmission with Gray-mapping degrades
as shown in Fig. 7.6. For both cases, the deterioration of the BER performance is
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FIG. 7.5

16-QAM constellation and scatter diagram of uk in the absence of noise, for
eτ = eF = eθ = 0 and eA = 20%.

attributed to the reduced noise margin in the scatter diagram, caused by the scaling
and phase shift of sk in Eq. (7.19).

Next, we consider nonzero values of eF that are sufficiently small to yield
g(mT, eF) ≈ δm. Using this approximation in Eq. (7.18), we obtain

uk(Â, θ̂ , F̂, τ) = e−jeθ ,tot(kT+τ )
1 + eA

sk + wk. (7.20)

Assuming that the symbol index k in the considered frame ranges from 0 to K−1, the
center of the frame seen at the receiver occurs at instant tc = τ+ (K−1)T

2 . We consider
the decomposition eθ ,tot(kT + τ ) = eθ ,c + (k − K−1

2 )2πeF, where eθ ,c = eθ ,tot(tc)
is the total phase error at the center of the frame; Fig. 7.7 illustrates the relation
between eθ , eθ ,c, and tc. Using this decomposition, uk(Â, θ̂ , F̂, τ ) from Eq. (7.20) is
represented as

uk(Â, θ̂ , F̂, τ ) = e
−j
(

eθ ,c+(k− K−1
2 )2πeF

)

1 + eA
sk + wk.
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BER of uncoded Gray-mapped 16-QAM, for eτ = eF = eθ = 0.

FIG. 7.7

Relation between eθ , eθ ,c, and tc.
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The symbol sk is scaled by a factor (1 + eA)
−1 caused by the amplitude estimation

error, and it is affected by a constant-speed rotation of −2πeF rad per symbol interval
caused by the frequency estimation error.

Example 7.2 (Effect of frequency error on detection). Assuming 4-QAM trans-
mission, perfect amplitude estimation (ie, eA = 0), and eθ ,c = 0, Fig. 7.8
displays the scatter diagram of uk from Eq. (7.20) in the absence of noise, for
(eF, K) = (10−3, 101) (left) and (eF , K) = (10−3, 401) (right), respectively. The
scatter diagram for K = 101 shows four arcs, each centered at a constellation point
and corresponding to an angle of 2π(K−1)eF = 0.2π rad (ie, 36 degrees); these arcs
are located in the correct decision regions, so that no decision errors would occur in
the absence of noise. For K = 401, the four arcs each correspond to 0.8π rad (ie,
144 degrees); these arcs partly enter a wrong decision region, meaning that decision
errors would occur in the absence of noise. This illustrates that for the given eF, the
effect of the constant-speed rotation increases with the frame length K and becomes
detrimental for long frames.

When eF is so large that the approximation g(mT, eF) ≈ δm is no longer valid, we
see from Eq. (7.18) that uk depends not only on the symbol sk but also on neighboring
symbols: the frequency estimation error now gives rise to a constant-speed rotation
and to ISI.

Example 7.3 (Effect of frequency error on detection (cont’d.)). Fig. 7.9 shows
the scatter diagram of uk from Eq. (7.18) in the absence of noise, for 4-QAM
transmission, eθ ,c = 0, eA = 0, and (eF, K) = (0.15, 101). Because of the constant-
speed rotation at −2πeF = −0.3π rad (ie, −54 degrees) per symbol interval, each
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FIG. 7.8

4-QAM constellation and scatter diagram of uk in the absence of noise, for
eτ = eA = eθ ,c = 0, eF = 10−3 and K = 101 (left), K = 401 (right).
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FIG. 7.9

4-QAM constellation and scatter diagram of uk in the absence of noise, for
eτ = eA = eθ ,c = 0, eF = 0.15 and K = 101.

constellation point gives rise to the same set of 20 clusters spaced by 0.1π rad (or 18
degrees), with the radius of the clusters giving an indication on the amount of ISI.
Here too, decision errors will occur in the absence of noise.

7.3.2 PERFECT ESTIMATION OF (A, θ , F )
Let us assume that (A, θ , F) has been correctly estimated, but a time delay estimation
error eτ is present. Defining the continuous-time signal u(t, A, θ , F) as

u(t, A, θ , F) = 1

A

ˆ
h∗(u)y(t + u)e−jeθ ,tot(t+u)du, (7.21)

the condition eA = eθ = eF = 0 reduces Eq. (7.14) to

uk(A, θ , F, τ̂ ) = u(t, A, θ , F)|t=kT+τ̂ (7.22)

=
∑
m

smg(t − mT − τ , 0)
∣∣
t=kT+τ̂ + wk

=
∑
m

sk−mg(mT + eτT , 0)+ wk.

We see from Eq. (7.22) that uk(A, θ , F, τ̂ ) contains not only the useful symbol sk, but
also symbols sk−m with m �= 0, which constitute ISI.
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FIG. 7.10

Eye diagram of the in-phase component of u(t ,A, θ ,F ) in the absence of noise, assuming
4-QAM and square-root cosine-rolloff transmit filter with 50% rolloff.

Example 7.4 (Effect of timing error on detection). Fig. 7.10 shows the eye
diagram of the in-phase component of the signal u(t, A, θ , F) in the absence of noise,
assuming 4-QAM transmission, a square-root cosine-rolloff transmit filter with 50%
rolloff, and τ = 0. When sampling u(t, A, θ , F) at instant kT + τ (ie, eτ = 0),
ISI is absent: uk(A, θ , F, τ ) = sk + wk. We see from Fig. 7.10 that the vertical eye
opening becomes zero at |eτ | ≈ 0.4. For 0 < |eτ | < 0.4, the time delay estimation
error gives rise to ISI which reduces the noise margin as compared to eτ = 0. For
0.4 < |eτ | < 0.5, the eye is closed, so that decision errors occur even in the absence
of noise. For |eτ | > 0.5, sk is no longer the symbol having the largest contribution
to uk(A, θ , F, τ̂ ), so also in this case decision errors occur in the absence of noise.
Fig. 7.11 shows that the BER for uncoded 4-QAM transmission with Gray-mapping
degrades with increasing |eτ |.

7.4 RESULTS FROM ESTIMATION AND DECISION THEORY
Estimation and decision theory is a branch of statistics involving the estimation
of continuous parameters (“estimation”) and the detection of discrete parameters
(“decision”).
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BER of uncoded Gray-mapped 4-QAM, for eA = eF = eθ = 0.

In Section 7.4.1 we consider maximum a posteriori (MAP) detection, which is
optimum in terms of the decision error probability. We point out that MAP detection
is hard to perform in the presence of unknown channel parameters because it involves
averaging over the joint distribution of these parameters. Therefore, a simpler
suboptimum detection is proposed, which makes use of estimates of the channel
parameters. These estimates can be obtained using an MAP estimation algorithm,
which is described in Section 7.4.2. The MAP estimation algorithm makes use of the
observed signal and of the a priori distribution of the channel parameters; we will
assume that the channel parameters are uniformly distributed, in which case MAP
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estimation simplifies to ML estimation. The presence of the unknown data symbols
increases the complexity of the estimation of the channel parameters; in Section 7.4.3
we describe the expectation-maximization (EM) algorithm, which is an iterative
procedure allowing to obtain at reasonable complexity the MAP (or ML) channel
estimates in the presence of the unknown data symbols. Finally, in Section 7.4.4
we present fundamental lower bounds (ie, the Cramer-Rao bound (CRB) and the
modified CRB (MCRB)) on the mean-square error (MSE) of (unbiased) estimates,
which are useful as benchmarks for practical estimation algorithms.

7.4.1 MAP DETECTION
Basically, the main task of a receiver for digital communications is to detect the
transmitted information bits. Let us consider an observation y1 characterized by
a probability density function (p.d.f.) p(y|b) that depends on the information bit
sequence b; for the given y, the conditional p.d.f. p(y|b) seen as a function of b
is referred to as the likelihood function of b. Let us denote by b̂ the receiver’s
decision about the transmitted bit sequence b. From decision theory [1] we know
that the sequence error probability Pr[b̂ �= b] and the bit error probability Pr[b̂j �= bj]
regarding the jth bit bj are minimized by the MAP sequence decision, given by

b̂ = arg max
b

p(b|y) (7.23)

and by the MAP bit decision, given by

b̂j = arg max
bj

p(bj|y) (7.24)

respectively. In Eqs. (7.23) and (7.24), p(b|y) and p(bj|y) denote the a posteriori
probability (APP) of the information bit sequence and of the jth information bit,
respectively. The APP p(bj|y) results from the marginalization of p(b|y), ie,

p(bj|y) =
∑
b\bj

p(b|y), (7.25)

where the summation runs over all bits except the jth bit. According to Bayes’ rule,
we have

p(b|y) = p(y|b)p(b)
p(y)

, (7.26)

which relates the APP p(b|y) to the likelihood function p(y|b) and the a priori
probability p(b) of b.

The application of the MAP decision rule becomes complicated when the p.d.f.
of the observation depends not only on the bit sequence b, but also on a “nuisance”

1In the case of a continuous-time observation y(t), y denotes a vector representation of y(t).
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vector parameter ψ (which in the context of digital communications consists of the
channel parameters); in this case, the p.d.f. of y is denoted p(y|b,ψ), and for a given
y, represents the likelihood function of (b,ψ). For the linear modulation system
considered in Section 7.2, p(y|b,ψ) equals the likelihood function λ(s,ψ)|s=χ(b)
from Eq. (7.7), where ψ = (A, θ , F, τ ) and s = χ(b) denotes the relation between
the symbol sequence s and the information bits b, imposed by the binary encoder and
the mapper. The APP p(b|y) can still be obtained as in Eq. (7.26), but the likelihood
function of b must now be computed as

p(y|b) =
ˆ

p(y|b,ψ)p(ψ)dψ (7.27)

= Eψ [p(y|b,ψ)]. (7.28)

In Eq. (7.27) we have assumed that the nuisance parameters are independent of the
bit sequence. The high complexity of the MAP decision comes from the averaging
of the likelihood function p(y|b,ψ) over the nuisance parameters, which involves
multidimensional integration.

7.4.2 MAP ESTIMATION
An alternative expression of the a posteriori probability p(b|y) in the presence of
nuisance parameters is obtained as

p(b|y) =
ˆ

p(b|y,ψ)p(ψ |y)dψ . (7.29)

If the receiver knows that the nuisance parameter ψ takes a value ψ0, we have
p(ψ|y) = δ(ψ − ψ0) irrespective of y, in which case Eq. (7.29) simplifies to
p(b|y) = p(b|y,ψ0). For the linear modulation system considered in Section 7.2,
the detection (7.23) or (7.24), based on p(b|y,ψ0) or on its marginals p(bi|y,ψ0),
consists of applying the samples u(A, θ , F, τ ) from Eq. (7.9) to the appropriate
decoder/detector, which according to Eq. (7.12) is designed for operating on the noisy
symbol sequence s + w.

When the value of the nuisance parameter ψ is not known to the receiver, the
observation y provides information on ψ through the a posteriori p.d.f. p(ψ|y). Let
us introduce the MAP estimate ψ̂ of the nuisance parameter ψ , which is defined
as [1]

ψ̂ = arg max
ψ

p(ψ |y). (7.30)

Assuming that p(ψ|y) exhibits a sharp peak at the MAP estimate (this happens when
y provides reliable information on ψ), we can use in Eq. (7.29) the approximation
p(ψ|y) ≈ δ(ψ − ψ̂), which yields p(b|y) ≈ p(b|y, ψ̂); note that ψ̂ is a function
of y. Performing detection/decoding based on this approximation has the advantage
that we can use the same receiver (including the detector/decoder) as when the
nuisance parameters are known, except that now the actual values of the nuisance
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parameters are replaced by the nuisance parameter estimates; this involves the
computation of u(ψ̂) and applying these samples to the detector/decoder that has
been designed to operate on the noisy symbols s + w. This receiver strategy avoids
the multidimensional integration from Eq. (7.27), but instead requires an estimator
module that provides an estimate ψ̂ of the nuisance parameters, based on the
observation y.

Using Bayes’ rule, the a posteriori p.d.f. p(ψ|y) can be written as

p(ψ |y) = p(y,ψ)

p(y)
= p(y|ψ)p(ψ)

p(y)
, (7.31)

where p(y|ψ) and p(ψ) are the likelihood function and the a priori p.d.f. of ψ ,
respectively, and p(y,ψ) denotes the joint p.d.f. of y and ψ . We will assume that
the elements of ψ are statistically independent and uniformly distributed, so that the
a priori p.d.f. p(ψ) is uniform; in this case MAP estimation of ψ reduces to ML
estimation, ie, the maximization of the likelihood function p(y|ψ).

The MAP or ML estimation of ψ requires a multidimensional maximization over
all elements of ψ . The computational complexity can be reduced by adopting an
alternative approach, which consists of partitioning the parameter set ψ into two
subsets ψ1 and ψ2, and estimating ψ1 and ψ2 separately instead of jointly. For
instance, for ψ̂1 we take the ML estimate of ψ1, which maximizes the likelihood
function p(y|ψ1) = ´ p(y|ψ)p(ψ2)dψ2 of ψ1; then we consider ψ̂1 as the actual

value of ψ1, and obtain ψ̂2 by maximizing the likelihood function p(y|ψ̂1,ψ2) =
p(y|ψ)|

ψ1=ψ̂1
with respect to ψ2. As compared to MAP or ML estimation of ψ , the

alternative approach involves two lower-dimensional maximizations, which is less
complex than a single maximization over all elements of ψ .

7.4.3 THE EXPECTATION-MAXIMIZATION ALGORITHM
It follows from Eq. (7.31) that the MAP estimate ψ̂ of a parameter ψ from an
observation y can be obtained as ψ̂ = arg maxψ ln(p(y,ψ)), because p(y) does not
depend on ψ , and ln(.) is a monotonically increasing function of its argument. Let us
consider the case where the observation y is a many-to-one function of some vector
yc, ie, y = g(yc); yc and y are referred to as the complete data and the incomplete
data, respectively. Denoting by pc(yc,ψ) the joint p.d.f. of the complete data yc and
the parameter ψ , we have

p(y,ψ) =
ˆ

{yc|y=g(yc)}
pc(yc,ψ)dyc. (7.32)

Depending on the function g(.), p(y,ψ) might be hard to compute even for simple
pc(yc,ψ), in which case the MAP estimate based on y is difficult to obtain.

The EM algorithm [9] provides a way to compute in an iterative way the MAP

estimate based on y. Denoting by ψ̂
(i)

the estimate resulting from the ith iteration,
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the estimate ψ̂
(i+1)

is obtained from ψ̂
(i)

and y in two steps, ie, an expectation step
and a maximization step. The expectation step consists of computing the function

Q
(
ψ|ψ̂ (i)

)
, given by

Q

(
ψ |ψ̂ (i)

)
=
ˆ

ln (pc(yc,ψ)) pc

(
yc|y, ψ̂

(i)
)

dyc

= E

[
ln (pc(yc,ψ))| y, ψ̂

(i)
]

. (7.33)

The function Q
(
ψ|ψ̂ (i)

)
denotes the a posteriori expectation of ln (pc(yc,ψ)), which

is obtained by averaging over the a posteriori p.d.f. pc

(
yc|y, ψ̂

(i))
of the complete

data yc, conditioned on the incomplete data y and the value ψ̂
(i)

of the parameter ψ ,

obtained in the ith iteration. The maximization step involves maximizing Q
(
ψ|ψ̂(i)

)
with respect to ψ , ie,

ψ̂
(i+1) = arg max

ψ
Q

(
ψ |ψ̂(i)

)
. (7.34)

It can be shown that with an increasing iteration index i, ψ̂
(i)

converges to a value

ψ̂
(∞)

that corresponds to a maximum of p(y,ψ), which depending on the starting

value ψ̂
(0)

, might be a local rather than the global maximum. The EM algorithm can
also be used for ML estimation; in this case, we simply have to replace in the above
derivations the joint p.d.f. pc(yc,ψ) by the likelihood function pc(yc|ψ) based on the
complete data yc.

Let us consider the MAP estimation of the channel parameters ψ from an
observation y that depends not only on ψ but also on the information bit sequence
b; the associated likelihood function is p(y|b,ψ). The MAP estimate ψ̂ maximizes
the joint p.d.f. p(y,ψ), which can be expressed as p(y,ψ) = ∑

b p(y, b,ψ); this
summation over all bit sequences b precludes a simple computation of the MAP
estimate ψ̂ . Instead, we will make use of the EM algorithm for obtaining the MAP
estimate in an iterative way. As complete data, we choose yc = (y, b). In this case,
the expectation step Eq. (7.33) becomes

Q

(
ψ |ψ̂ (i)

)
=
∑

b

ln (p(y, b,ψ)) p

(
b|y, ψ̂

(i)
)

= E

[
ln (p(y, b,ψ))| y, ψ̂

(i)
]

. (7.35)

The expectation in Eq. (7.35) is with respect to p
(

b|y,ψ = ψ̂
(i))

, ie, the APP of b,

conditioned on y and the value ψ̂
(i)

of the parameter ψ .
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For the case of linear modulation, we will show in Section 7.9 that Q
(
ψ |ψ̂(i)

)
turns out to be a simple expression, involving the marginal a posteriori symbol
probabilities which are obtained from the detector/decoder. Hence, the application
of the EM algorithm yields a considerable complexity advantage compared to the
maximization of p(y,ψ) = ∑

b p(y, b,ψ) over ψ , the latter requiring a summation
over all information bit sequences.

7.4.4 BOUNDS ON ESTIMATION PERFORMANCE
Here, we present two theoretical lower bounds on the MSE of unbiased estimates.
These bounds can be computed from the likelihood function and serve as a useful
benchmark for the MSE resulting from practical estimation algorithms.

Assume we have obtained from the observation y an estimate (not necessarily
MAP or ML) ψ̂ of ψ ; in order to emphasize the dependence of ψ̂ on y, we will
occasionally make use of the notation ψ̂(y). Consider the conditional expectation
E[ψ̂|ψ], which is obtained as

E[ψ̂|ψ ] =
ˆ
ψ̂(y)p(y|ψ)dy. (7.36)

When E[ψ̂|ψ] = ψ , the estimate ψ̂ is said to be unbiased. The CRB [1] is a
theoretical lower bound on the MSE of unbiased estimates. Arranging ψ̂ and ψ
as column vectors and defining the estimation error e = ψ̂ − ψ , the estimation
error correlation matrix for given ψ is given by E[eeT|ψ]. The CRB states that
E[eeT|ψ] − J−1

FIM is a positive semi-definite matrix. Denoting the nth component of

ψ̂ and ψ by ψ̂n and ψn respectively, it follows that the MSE of unbiased estimates is
lower bounded as

E[(ψ̂n − ψn)
2|ψ] ≥ (J−1

FIM)n,n. (7.37)

In the above, JFIM denotes the Fisher information matrix (FIM), which is defined as

(JFIM)m,n = E

[
∂ ln(p(y|ψ))

∂ψm

∂ ln(p(y|ψ))
∂ψn

∣∣∣∣ψ
]

. (7.38)

As in Eq. (7.36), the conditional expectations in Eqs. (7.37) and (7.38) are over the
p.d.f. p(y|ψ), so that these expectations in general depend on ψ . The CRB represents
a fundamental lower bound on the MSE, and therefore serves as a useful benchmark
for the MSE of practical estimation algorithms.

The p.d.f. of y depends on the information bit sequence b and the channel
parameters ψ , so that b acts as a nuisance parameter with respect to the estimation
of ψ . The p.d.f. p(y|ψ) needed for the computation of the CRB is given by

p(y|ψ) =
∑

b

p(y|b,ψ)p(b), (7.39)
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which involves a summation over all possible information bit sequences inside
the logarithmic functions from Eq. (7.38). Hence the presence of the nuisance
parameters considerably complicates the evaluation of the CRB. This problem can
be circumvented by using a simpler but looser bound on the MSE of unbiased
estimates, which is referred to as the MCRB [10,11]. According to the MCRB,
E[eeT|ψ] − J−1

MFIM is a positive semi-definite matrix, which limits the MSE of
unbiased estimates as

E[(ψ̂n − ψn)
2|ψ] ≥ (J−1

MFIM)n,n. (7.40)

The matrix JMFIM denotes the modified FIM (MFIM), which is defined as

(JMFIM)m,n = E

[
∂ ln(p(y|b,ψ))

∂ψm

∂ ln(p(y|b,ψ))

∂ψn

∣∣∣∣ψ
]

. (7.41)

The expectation in Eq. (7.41) is over the joint conditional p.d.f. p(y, b|ψ) =
p(y|b,ψ)p(b). As the summation over the information bit sequences is no longer
present inside the logarithmic functions from Eq. (7.41), the MCRB has lower com-
putational complexity than the CRB. When the observation y(t) can be decomposed
as y(t) = x(t, b,ψ) + v(t), where v(t) denotes complex-valued AWGN with power
spectral density N0, it can be verified from Eq. (7.41) that

(JMFIM)m,n = 2

N0
�
(

E

[ˆ
∂x(t, b,ψ)

∂ψm

∂x∗(t, b,ψ)

∂ψn
dt

])
, (7.42)

where the expectation is over b.
A simplification in the computation of the CRB or the MCRB consists of

partitioning the set of channel parameters ψ into two subsets ψ1 and ψ2, and
computing the (M)CRB for one subset of parameters, assuming that the parameters
from the other subset are known to the receiver. This approach gives rise to a looser
bound, which however, is simpler to evaluate. The same looser bound is obtained
from Eq. (7.37) or Eq. (7.40) by setting to zero the elements of the (M)FIM for
which the row index and the column index refer to different parameter subsets.

7.5 ESTIMATION STRATEGY
We consider the estimation of the channel parameters (A, θ , F, τ ) from the received
signal y(t) given by Eq. (7.3). The estimation of θ , F, and A is referred to as carrier
phase synchronization, carrier frequency synchronization, and amplitude estimation,
respectively. In the following, we will decompose the time delay τ as τ = (kτ + ε)T,
where kτ is integer and |ε| < 1/2; kτT and εT denote the integer delay and the
fractional delay. The estimation of kτ and ε is referred to as frame synchronization
and symbol timing synchronization. The receiver is assumed to know the uncertainty
intervals of F and τ , ie, |F| ≤ Fmax and τmin ≤ τ ≤ τmax.
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The joint ML estimation of the parametersψ = (A, θ , F, τ )would involve a four-
dimensional maximization of the corresponding likelihood function λ(ψ); moreover,
this likelihood function must be obtained as the expectation of the likelihood function
from Eq. (7.7) over all allowed symbol sequences, ie, λ(ψ) = Es[λ(s,ψ)], involving
a summation over all codewords. Obviously, this is much too complex for practical
implementation. Therefore, some simplifications that reduce the complexity must be
introduced.

We propose an estimation strategy, where first a coarse estimate F̂ of the
frequency offset F is obtained, based on maximizing (an approximation of) the
likelihood function λ(F) = Es,A,θ ,τ [λ(s,ψ)] with respect to F. Next, we make use of
F̂ to derive an estimate ε̂ of the normalized fractional time delay ε, by maximizing
(an approximation of) the likelihood function λ(F̂, ε) = λ(F, ε)|F=F̂ with respect to
ε, where

λ(F, ε) = Es,A,θ ,kτ [λ(s,ψ)|τ=(kτ+ε)T ]. (7.43)

The corresponding estimation algorithms are referred to as nondata-aided (NDA),
because they result from likelihood functions that have been averaged over the
symbol vector s.

Having obtained the NDA estimates F̂ and ε̂, the receiver computes the matched
filter output samples zk = z(kT + ε̂T, F̂), which we model as

zk = Aejθres(kT+ε̂T)sk−kτ + nk, (7.44)

where nk is discrete-time complex AWGN with E[|nk|2] = N0; in Eq. (7.44),

θres(t) = 2πFrest + θ (7.45)

denotes the time-varying residual total phase after applying the frequency correction

e−j2π F̂t to the received signal y(t), and Fres = F − F̂ represents the corresponding
residual frequency offset. The observation model (7.44) is based on the assumptions
that (i) the symbol timing estimation error ε̂ − ε is sufficiently small, so that τ −
ε̂T ≈ kτT; and (ii) the residual frequency error Fres is sufficiently small, so that
g(mT, −FresT) ≈ δm, but not small enough to ignore the residual constant-speed
rotation (at 2πFresT rad per symbol interval) of the signal component of zk. We will
make use of the observation model (7.44) to derive estimates of (A, θ , Fres, kτ ). In
practice, the (small) nonzero values of ε̂ − ε and g(mT, −FresT) for m �= 0 give
rise to some (small) ISI in Eq. (7.44), which will adversely affect the estimation and
detection performance.

In order to assist the estimation of (A, θ , Fres, kτ ), the transmitter sends pilot
symbols (ie, symbols that are known to the receiver) among the unknown data
symbols. By setting to zero the data symbols in Eq. (7.44) and keeping only the
pilot symbols, the resulting likelihood function contains no unknown data symbols.
The estimates of (A, θ , Fres, kτ ) are obtained by maximizing this pilot-only likelihood
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function, yielding a simple estimation algorithm because no averaging over the
data symbols is required. The resulting estimation algorithms are referred to as pilot-
aided (PA).

The estimates resulting from the pilot-aided algorithms make use of the pilot
symbols, but not of the data symbols. Improved estimates of (A, θ , Fres, kτ ) based
on the observation {zk} from Eq. (7.44) that also includes the data symbols will
be obtained by means of the EM algorithm (see Section 7.4.3). Application of the
EM algorithm involves iterating between estimation and decoding; therefore, the
corresponding estimation algorithms are referred to as code-aided (CA).

Having obtained the (PA or CA) estimates (Â, θ̂ , F̂res, k̂τ ), the receiver computes
the scaled and rotated matched filter output samples {uk} that will be applied to the
detector/decoder, where

uk = 1

Â
zk+k̂τ

e−jθ̂res(kT+τ̂ )

= 1

Â
zk+k̂τ

e−j(θ̂res(τ̂ )+2π F̂reskT). (7.46)

In Eq. (7.46), τ̂ = (k̂τ + ε̂)T and θ̂res(t) = 2π F̂rest + θ̂ are the estimates of τ and
θres(t).

In Sections 7.6–7.9 we derive specific algorithms for estimating the channel
parameters. We use the notations ψ̃ and ψ̂ to denote a trial value and the estimate,
respectively, of a parameter vector ψ . The estimation algorithms will be derived
under the assumption that the transmitter sends a single frame consisting of K
symbols (s0, . . . , sK−1), and that the observation interval (tmin, tmax) is sufficiently
long to capture the entire useful signal. Taking into account the uncertainty interval
τmin ≤ τ ≤ τmax, Fig. 7.12 illustrates that we require tmin < τmin and tmax >

(K − 1)T + τmax, in order for the observation interval to contain the tails of all K
transmitted pulses, for any allowed value of the time delay τ within the uncertainty
interval; typically, KT 	 τmax−τmin, which yields KT/T0 � 1, with T0 = tmax−tmin
denoting the length of the observation interval. The performance of the resulting
algorithms will be evaluated in Section 7.11, also when the transmitter sends a
sequence of frames (rather than just a single frame); in this case, the observation

FIG. 7.12

Illustration of observation interval (tmin, tmax).
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interval (tmin, tmax) also contains pulse tails from adjacent frames, which might affect
the performance of the algorithms that have been derived under the assumption of
single-frame transmission.

7.6 NDA COARSE FREQUENCY ESTIMATION
The frequency estimate F̂ is obtained by maximizing (an approximation of) the
likelihood function λ(F̃). We point out in Appendix A that λ(F̃) ≈ λapp(F̃) with

λapp(F̃) = 1

T0

ˆ
g∗(u, 0)e−j2π F̃u

⎛
⎝ tmaxˆ

tmin

y(t)y∗(t − u)dt

⎞
⎠ du, (7.47)

where g(u, 0) follows from Eq. (7.16) and y(t) is the signal (7.3) at the receiver input.
In order to allow digital signal processing, we replace in Eq. (7.47) the integrations
by summations of samples:

λapp(F̃) =
∑

l

e−j2π F̃lTs g∗(lTs, 0)ryAA (lTs), (7.48)

where

ryAA (lTs) = 1

M0

m0+M0−1∑
m=m0

yAA(mTs)y∗
AA(mTs − lTs) (7.49)

is the time-autocorrelation function of the sequence {yAA(mTs)} over M0 samples,
corresponding to a time shift lTs; we assume T0 = M0Ts and tmin = m0Ts. The
sequence {yAA(mTs)} is obtained by applying y(t) to an anti-aliasing filter HAA(f )
and sampling the resulting signal yAA(t) at a properly selected (see further) rate 1/Ts.
The anti-aliasing filter HAA(f ) has a unit gain at f = 0 and a bandwidth BAA (ie,
HAA(0) = 1 and HAA(f ) = 0 for |f | > BAA), and it should not distort the useful
signal in y(t). Hence, for a frequency uncertainty interval F ≤ |Fmax| and a transmit
filter with bandwidth B (ie, H(f ) = 0 for |f | > B), the passband of HAA(f ) should
not be less than B + Fmax, yielding BAA > B + Fmax, as indicated in Fig. 7.13.

Maximizing Eq. (7.48) over F̃ does not yield a closed-form solution. Therefore,
we will further approximate λ(F̃) by λapp,tr(F̃), which is obtained by truncating in
Eq. (7.48) the sum over l to only two terms, ie, the terms with l = l0 and l = −l0.
This leads to

λapp,tr(F̃) = 2�
(

e−j2π F̃l0Ts g∗(l0Ts, 0)ryAA (l0Ts)
)

. (7.50)

Maximization of Eq. (7.50) over F̃ yields the closed-form solution

F̂ = 1

2π l0Ts
arg

(
g∗(l0Ts, 0)ryAA (l0Ts)

)
. (7.51)



7.6 NDA coarse frequency estimation 251

FIG. 7.13

Anti-aliasing filter.

When the transmit pulse h(t) is real, the corresponding g(t, 0) is also real; taking into
account that g(mT, 0) = δm, it is possible to select l0Ts < T such that g∗(l0Ts, 0)
is positive, in which case g∗(l0Ts, 0) can be removed from Eq. (7.51). The resulting
NDA estimation algorithm is referred to as delay-and-multiply frequency estimation
[12, Section 3.6]; the corresponding block diagram is shown in Fig. 7.14.

Understanding the operation of the delay-and-multiply frequency estimation can
be gained from decomposing yAA(t)y∗

AA(t − l0Ts) as the sum of its expectation (over
data symbols and noise) E[yAA(t)y∗

AA(t − l0Ts)] and a zero-mean disturbance η1(t).
Taking into account that the anti-aliasing filter HAA(f ) does not distort the useful
signal term of y(t), this yields

yAA(t)y
∗
AA(t − l0Ts) = A2σ 2

s ej2πFl0Tsρ(t)+ RnAA(l0Ts)+ η1(t), (7.52)

where

ρ(t) =
K−1∑
k=0

h(t − kT − τ)h∗(t − l0Ts − kT − τ) (7.53)

and RnAA(u) = E[nAA(t + u)n∗
AA(t)] is the statistical autocorrelation function of

the noise at the output of the anti-aliasing filter; RnAA(u) equals the inverse Fourier
transform of N0|HAA(f )|2. The important observation is that by multiplying yAA(t)

FIG. 7.14

Delay-and-multiply frequency estimation.
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and y∗
AA(t − l0Ts), the constant-speed rotation ej2πFt, which is present in y(t) and in

yAA(t), is converted into a constant phase shift ej2πFl0Ts in Eq. (7.52). As ryAA (l0Ts)

from Eq. (7.49) is a time average of yAA(t)y∗
AA(t − l0Ts) over an interval of duration

T0, we obtain

ryAA (l0Ts) = KT

T0

Es

T
ej2πFl0Ts g(l0Ts, 0)+ RnAA(l0Ts)+ 1

M0

m0+M0−1∑
m=m0

η1(mTs), (7.54)

where we have used that each term in the summation (7.53) has a time average equal
to g(l0Ts, 0)/T0. Note that KT/T0 � 1, and Es/T denotes the received useful signal
power. Selecting l0Ts such that RnAA(l0Ts) ≈ 0, the second term in Eq. (7.54) can
be safely ignored; when HAA(f ) is a square-root Nyquist filter with respect to the
sampling interval Ts (see Fig. 7.13), we automatically have RnAA(l0Ts) = 0 for all
nonzero integers l0. Disregarding for a moment the last term of Eq. (7.54), we obtain
arg(ryAA(l0Ts)) = 2πFl0Ts, which would yield F̂ = F. The actual estimate (7.51)
deviates from F because of the zero-mean third term in Eq. (7.54). As the arithmetical
average over m acts as a lowpass filter with a bandwidth of about 1/(KT) operating
on η1(mTs), the effect of this term is reduced by increasing the frame length K.

Noting that the function arg(.) returns an angle in the interval (−π ,π), it follows
that in order to avoid phase wrapping, the angle of ryAA (l0Ts) should not exceed the
±π boundaries; this yields the necessary condition Fmaxl0Ts ≤ 1/2. However, if
Fmaxl0Ts is less than but close to 1/2, phase wrapping can still occur due to the
third term in Eq. (7.54); hence, it is safer to adopt a more conservative condition, eg,
Fmaxl0Ts ≤ 1/4.

7.7 NDA SYMBOL TIMING ESTIMATION
The symbol timing estimate ε̂ is obtained by maximizing (an approximation of)
the likelihood function λ(F̂, ε̃), where F̂ denotes an available frequency estimate.
In Appendix A it is shown that λ(F̂, ε̃) ≈ λapp(F̂, ε̃) with

λapp(F̂, ε̃) = �
(

e−j2πε̃C(F̂)
)

(7.55)

and

C(F̂) = 1

T0

tmaxˆ

tmin

|z(t, F̂)|2ej2π t
T dt, (7.56)

where z(t, F̂) results from applying y(t)e−j2π F̂t to the matched filter H∗(f ).
The maximization of λapp(F̂, ε̃) from Eq. (7.55) yields the closed-form solution

ε̂ = arg(C(F̂))/(2π). In a practical implementation, a discrete-time matched filter

will be fed with samples yAA(mTs)e−j2π F̂mTs , yielding matched filter output samples
z(mTs, F̂). In this case, the symbol timing estimate becomes
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ε̂ = 1

2π
arg

⎛
⎝ 1

M0

m0+M0−1∑
m=m0

|z(mTs, F̂)|2ej2π m
Ns

⎞
⎠ , (7.57)

where Ns = T/Ts denotes the oversampling factor. Taking into account that |z(t, F̂)|2
has a bandwidth of 2B, the oversampling factor must satisfy the condition Ns >

2BT + 1 in order to avoid aliasing. A convenient value of the oversampling factor is
Ns = 4, in which case ej2π m

Ns ∈ {1, j, −1, −j}, so that the computation of Eq. (7.57)
is simplified considerably; the use of Ns = 4 requires BT < 3

2 , which holds
for a square-root cosine-rolloff transmit filter. The symbol timing estimator (7.57)
has originally been proposed by Oerder and Meyr [13]. The block diagram of the
Oerder-and-Meyr symbol timing estimator operating on the anti-aliasing filter output
samples is shown in Fig. 7.15.

In order to gain understanding about the operation of the symbol timing esti-
mation algorithm (7.57), we proceed in a similar way as for the delay-and-multiply
frequency estimation from Section 7.6. We decompose in Eq. (7.56) |z(t, F̂)|2 as the
sum of its expectation E[|z(t, F̂)|2] over the data symbols and the noise and a zero-
mean fluctuation η2(t), yielding

|z(t, F̂)|2 = A2σ 2
s

K−1∑
k=0

|g(t − kT − τ , FresT))|2 + η2(t). (7.58)

Substituting Eq. (7.58) into Eq. (7.56), we obtain

C(F̂) = KT

T0
.
Es

T
ej2πε

ˆ
|g(t, −FresT)|2 cos

(
2π t

T

)
dt + 1

T0

tmaxˆ

tmin

ej2π t
T η2(t)dt. (7.59)

Note that ε appears in Eq. (7.59) as a constant phase shift ej2πε . As it can be shown
from Eq. (7.16) that the integral in the first term of Eq. (7.59) is positive, we have
arg(C(F̂)) = 2πε when disregarding η2(t), which would yield ε̂ = ε. The presence
of η2(t) gives rise to an actual estimate ε̂ which deviates from ε; the effect of η2(t)
decreases with increasing frame length K, because the time-averaging in the second
term of Eq. (7.59) can be interpreted as a lowpass filter with bandwidth 1/T0 ≈
1/(KT) operating on ej2π t

T η2(t).

FIG. 7.15

Oerder-and-Meyr symbol timing estimation.
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Having obtained the estimate ε̂ from Eq. (7.57), the receiver must compute zk =
z(kT + ε̂T, F̂) from the available samples {z(mTs, F̂)}. This is accomplished by means
of interpolation. Introducing the decomposition kT + ε̂T = (ik + �k)Ts with ik =
�(k + ε)Ns�, z(kT + ε̂T, F̂) is approximated by zIP(kT + ε̂T, F̂), given by

zIP(kT + ε̂T , F̂) =
∑

n
αn(�k)z

(
(ik − n)Ts, F̂

)
. (7.60)

For instance, in the case of (rather coarse) linear interpolation, Eq. (7.60) contains
only two terms: α0(�k) = 1 − �k, α−1(�k) = �k, αn(�k) = 0 otherwise. In
practice, more sophisticated interpolators are used such as Lagrange interpolators
and interpolators with optimized coefficients {αn(�k)} [14,15].

7.8 PA ML ESTIMATION OF (A, θ , Fres, kτ )
Having obtained a coarse frequency estimate F̂ and a symbol timing estimate ε̂, the
receiver computes the matched filter output samples {zk}, with zk = z(kT + ε̂T, F̂).
The log-likelihood function based on Eq. (7.44) is given by

ln(λ(s, A, θ , Fres, kτ )) = 1

N0

K−1∑
k=0

(
2A�

(
e−jθres(tk)s∗k zk+kτ

)
− A2|sk|2

)
, (7.61)

where tk is a short-hand notation for (k + kτ + ε̂)T.
We consider the case where the transmitter sends pilot symbols (ie, symbols

that are known to the receiver) among the unknown symbols, in order to assist the
estimation. More specifically, we consider the transmission of a frame consisting
of K symbols, as illustrated in Fig. 7.16; the first and the last Kd symbols are data
symbols that are separated by Kp pilot symbols (K = 2Kd +Kp). Hence, sk represents
a data symbol for k ∈ {0, . . . , Kd − 1} ∪ {K − Kd, . . . , K − 1} and a pilot symbol for
k ∈ {Kd, . . . , Kd + Kp − 1}.

In order to avoid the averaging of the likelihood function λ(s, A, θ , Fres, kτ )
over the data symbols, the estimation algorithm will assume that only the Kp pilot
symbols have been transmitted, ie, the 2Kd data symbols in Eq. (7.61) are set to

FIG. 7.16

Frame structure.
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zero. The estimates (Â, θ̂ , F̂res, k̂τ ) are obtained by maximizing the corresponding
log-likelihood function, which is obtained by restricting in Eq. (7.61) the summation
index k to the range {Kd, . . . , Kd + Kp − 1}. The resulting estimation algorithms are
referred to as PA.

In the case of constant-magnitude pilot symbols (ie, |sk| = sp for k ∈
{Kd, . . . , Kd + Kp − 1}), the maximization of Eq. (7.61), with the summation interval
restricted to the pilot symbol positions, yields

(F̂res, k̂τ ) = arg max
(F̃res,k̃τ )

∣∣∣Mp(F̃res, k̃τ )
∣∣∣ , (7.62)

θ̂ = arg
(

Mp(F̂res, k̂τ )
)

, (7.63)

Â = 1

s2
p

∣∣∣Mp(F̂res, k̂τ )
∣∣∣ , (7.64)

where

Mp(F̃res, k̃τ ) = 1

Kp

Kd+Kp−1∑
k=Kd

zk+k̃τ
s∗k e−j2π F̃res(k+k̃τ+ε̂)T . (7.65)

According to Eq. (7.62), the estimate (F̂res, k̂τ ) is obtained by performing a two-
dimensional search over the continuous variable F̃res and the discrete variable k̃τ .
For a given trial value k̃τ , we have to look for the value of F̃res that maximizes the
magnitude |Mp(F̃res, k̃τ )|; this magnitude has to be computed and maximized over
F̃res for all trial values k̃τ , and the pair (F̂res, k̂τ ) yielding the overall largest magnitude
is selected. From Mp(F̂res, k̂τ ), the estimates θ̂ and Â are obtained analytically
according to Eqs. (7.63) and (7.64), respectively.

The two-dimensional search resulting from Eq. (7.62) can be avoided by making a
simplifying approximation, similar to the approach in Section 7.6. First, we note that
replacing in Eq. (7.62) |Mp(F̃res, k̃τ )| by |Mp(F̃res, k̃τ )|2 does not change the estimates
(F̂res, k̂τ ). Expanding this squared magnitude yields

|Mp(F̃res, k̃τ )|2 =
Kd+Kp−1∑
k1,k2=Kd

zk1+k̃τ
z∗
k2+k̃τ

s∗k1
sk2 e−j2π F̃res(k1−k2)T . (7.66)

The simplification consists of keeping in Eq. (7.66) only the terms with k1 − k2 = D
and k1 − k2 = −D, where D is an integer design parameter, with 0 < D < Kp;
denoting the resulting truncation of Eq. (7.66) by Lp(F̃res, k̃τ ), we obtain

Lp(F̃res, k̃τ ) = 2�
(

e−j2π F̃resDT Np(k̃τ )
)

, (7.67)
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where

Np(k̃τ ) = 1

Kp − D

Kd+Kp−1−D∑
k=Kd

zk+D+k̃τ
z∗
k+k̃τ

s∗k+Dsk (7.68)

denotes the time-crosscorrelation over Kp −D samples of the sequences {zk+Dz∗
k} and

{sk+Ds∗
k} for a time-shift k̃τ . Maximization of Lp(F̃res, k̃τ ) over (F̃res, k̃τ ) yields

k̂τ = arg max
kτ ,max≤k̃τ≤kτ ,min

∣∣∣Np(k̃τ )
∣∣∣ , (7.69)

F̂res = 1

2πDT
arg

(
Np(k̂τ )

)
. (7.70)

Note that we end up with a one-dimensional search over the discrete variable k̃τ ,
whereas the estimate F̂res is obtained in closed form; the algorithms (7.69) and
(7.70) are based on [16, Section 8.4.3]. After performing the frame synchronization
followed by the fine frequency estimation according to Eqs. (7.69) and (7.70), the
estimation of phase and amplitude are according to Eqs. (7.63) and (7.64). The
corresponding block diagrams are shown in Figs. 7.17–7.19; note that the phase
estimate in Fig. 7.19 equals

θ̂res(τ̂ ) = θ̂ + 2π F̂res(k̂τ + ε̂)T

= arg

⎛
⎝ 1

Kp

Kd+Kp−1∑
k=Kd

zk+k̃τ
s∗k e−j2π F̃reskT

⎞
⎠

(rather than θ̂ from Eq. (7.63)), which according to Eq. (7.46) can be used directly to
compute the samples uk to be supplied to the detector/decoder.

The operation of the frame synchronization algorithm (7.69) and the frequency
estimation algorithm (7.70) can be understood by decomposing zk+Dz∗

k as the sum of
its average (over the noise) E[zk+Dz∗

k ] and a zero-mean disturbance η3,k. This yields

FIG. 7.17

Frame synchronization.
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FIG. 7.18

Fine frequency estimation.

FIG. 7.19

Phase and amplitude estimation.

zk+Dz∗k = A2ej2πFresDTsk+D−kτ s∗k−kτ + η3,k. (7.71)

Note that the multiplication of zk+D and z∗
k turns the constant-speed rotation

ej2πFreskT , which is present in zk, into a constant phase shift ej2πFresDT . Substituting
Eq. (7.71) into Eq. (7.68) with k̃τ = k̂τ , we obtain

Np(k̂τ ) = 1

Kp − D

Kd+Kp−1−D∑
k=Kd

(
A2ej2πFresDT ck+ke c∗

k + η3,k+k̂τ
s∗k+Dsk

)
, (7.72)

where ke = k̂τ − kτ denotes the frame synchronization error, and

ck =
{

sk+Ds∗k , k ∈ {Kd, . . . , Kd + Kp − 1 − D},
0, k /∈ {Kd, . . . , Kd + Kp − 1 − D}. (7.73)
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When the contribution of η3,k to Eq. (7.72) is ignored, the Cauchy-Schwarz inequal-
ity2 indicates that Np(k̂τ ) achieves a maximum magnitude of s4

pA2 at ke = 0 (ie,

k̂τ = kτ ). For nonzero η3,k, the maximum magnitude of Np(k̃τ ) might occur for
ke �= 0; however, the probability that ke �= 0 decreases with increasing Kp − D,
because the arithmetical average of η3,k+k̂τ

s∗
k+Dsk in Eq. (7.72) can be interpreted

as lowpass filtering with a bandwidth of 1/((Kp − D)T). Hence, as far as the frame
synchronization is concerned, the best performance is obtained for D = 1.

Assuming k̂τ = kτ , we obtain from Eq. (7.72) that Np(kτ ) = s4
pA2ej2πFresDT + δ1,

where δ1 denotes the zero-mean contribution from η3,k. Disregarding δ1, Eq. (7.70)
yields F̂res = Fres. Actually, the disturbance term δ1 will give rise to a nonzero
normalized frequency estimation error eF = (F̂res − Fres)T. While the variance of
δ1 decreases with increasing Kp − D, the contribution of δ1 to eF is, according to

Eq. (7.70), obtained by dividing by 2πD the difference arg
(

Np(k̂τ )
)

− 2πFresDT,

caused by δ1; hence, the effect of D on the frequency estimation performance is
rather complicated. In order to avoid phase wrapping in Eq. (7.70), the phase of
Np(k̂τ ) should not cross the ±π boundaries; a necessary condition is |Fres|DT < 1/2;
because of the presence of δ1, it is safer to take a more conservative condition, eg,
|Fres|DT < 1/4. Note that the value of D used for frequency estimation in Eq. (7.70)
can be different from the one used for frame synchronization in Eq. (7.69); this allows
the separate optimization of both estimation algorithms.

In order to gain more insight in the operation of the phase estimation algorithm
(7.63) and the amplitude estimation algorithm (7.64), we assume perfect frame
synchronization (k̂τ = kτ ) and symbol timing estimation (ε̂ = ε) but consider a
nonzero frequency estimation error. Decomposing zk+kτ s∗

k as the sum of its average
(over the noise) E[zk+kτ s∗

k ] and a zero-mean disturbance η4,k, we obtain

zk+kτ s∗k = As2
pejθ ej2πFres(kT+τ ) + η4,k. (7.74)

Substituting Eqs. (7.74) in (7.65) for (F̃res, k̃τ ) = (F̂res, kτ ) yields

Mp(F̂res, kτ ) = 1

Kp

Kd+Kp−1∑
k=Kd

(
As2

pejθe−j2πeF
(
k+ τ

T

)
+ η4,ke−j2π F̂res(k+kτ+ε)T

)

= As2
pej(θ−2πeF

tc
T )

sin(πKpeF)

Kp sin(πeF)
+ δ2, (7.75)

where tc = (K−1)T
2 + τ denotes the instant that corresponds to the center of the

frame at the receiver side, and δ2 represents the contribution from η4,k. Assuming
Kp|eF| < 1, it follows from Eqs. (7.63) and (7.75) that the phase estimation error
eθ = θ̂ − θ is given by

2The Cauchy-Schwarz inequality states that |∑m amb∗
m|2 ≤ (∑

m |am|2) (∑m |bm|2); equality holds
for am = γ bm with arbitrary γ .
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eθ = −2πeF
tc
T

+ φ, (7.76)

where φ is the zero-mean contribution from the disturbance δ2 to the phase estimation
error. We observe that for a given normalized frequency estimation error eF , the phase
estimate θ̂ exhibits a nonzero bias E[eθ ], which equals the first term of Eq. (7.76).
Now we consider the estimate of the residual total phase θres(t), computed as θ̂res(t) =
2π F̂rest + θ̂ ; for the corresponding estimation error, we obtain

eθ ,res(t) = θ̂res(t)− θres(t)

= 2πeF
t

T
+ eθ

= 2πeF
t − tc

T
+ φ. (7.77)

We observe from Eq. (7.77) that the bias of θ̂res(t) varies linearly over the frame; the
bias is zero at the center of the frame (t = tc) and achieves its largest magnitude
π |eF|(K − 1) at the edges of the frame (ie, for |t − tc| = (K−1)T

2 ).
It follows from Eqs. (7.64) and (7.75) that

Â = A

∣∣∣∣ sin(πKpeF)

Kp sin(πeF)

∣∣∣∣+ δ3, (7.78)

where δ3 represents the contribution from the zero-mean disturbance η4,k to the am-
plitude estimation error. From Eq. (7.78) we observe that the normalized frequency
estimation error eF introduces a bias, which is limited to 10% (to 1%) for Kp|eF|
equal to 0.25 (to 0.08).

7.9 CA ML ESTIMATION OF (A, θ , Fres, kτ )
While in Section 7.8 we exploited only the pilot symbols for estimation purposes,
here we will apply the EM algorithm in order to also benefit from the presence of the
unknown data symbols. According to Eq. (7.61), the expectation step (7.35) (with y
replaced by the observation z) yields

Q

(
ψ |ψ̂ (i)

)
= 1

N0

∑
k

(
2A�

(
e−jθres(tk)m(i)∗1,k zk+kτ

)
− A2m(i)2,k

)
, (7.79)

where tk = (k + kτ + ε̂)T and

m(i)1,k = E

[
sk |z, ψ̂

(i)
]

, (7.80)

m(i)2,k = E

[
|sk|2 |z, ψ̂

(i)
]

(7.81)

depend on the estimates obtained during the ith iteration. Considering the similarity
between the expressions (7.79) and (7.61), we follow the same approach as in
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Section 7.8 for deriving the estimation algorithms. More specifically, the maximiza-
tion step gives rise to

k̂(i+1)
τ = arg max

kτ

∣∣∣N(i)(kτ )∣∣∣ , (7.82)

F̂(i+1)
res = 1

2πDT
arg

(
N(i)(k̂(i+1)

τ )
)

, (7.83)

θ̂ (i+1) = arg
(

M(i)(F̂(i+1)
res , k̂(i+1)

τ )
)

, (7.84)

Â(i+1) =
⎛
⎝ 1

K

K−1∑
k=0

m(i)2,k

⎞
⎠

−1 ∣∣∣M(i)(F̂(i+1)
res , k̂(i+1)

τ )

∣∣∣ , (7.85)

where

N(i)(kτ ) = 1

K − D

K−1−D∑
k=0

zk+D+kτ z∗k+kτ m(i)∗1,k+Dm(i)1,k, (7.86)

M(i)(Fres, kτ ) = 1

K

K−1∑
k=0

zk+kτ m(i)∗1,k e−j2πFres(k+kτ+ε̂)T . (7.87)

The EM iterations are initialized by taking for ψ̂
(0)

the pilot-based estimates of
(A, θ , Fres, kτ ) from Section 7.8. The corresponding block diagrams are similar to
those from Figs. 7.17–7.19, but now the summations run over all K symbol positions
(rather than only the Kp pilot symbol positions), and m(i)1,k and 1

K

∑K−1
k=0 m(i)2,k are

substituted for sk and s2
p.

The quantities m(i)1,k and m(i)2,k denote the a posteriori expectations of sk and |sk|2.
Expressing that the symbol sk is a function of the information bit sequence b, ie,
sk = χk(b), we obtain

m(i)1,k =
∑

b

χk(b)p

(
b|z, ψ̂

(i)
)

,

m(i)2,k =
∑

b

|χk(b)|2p

(
b|z, ψ̂

(i)
)

,

which involves averaging over the joint a posteriori distribution of the informa-
tion bits. These a posteriori expectations can be transformed into considerably
simpler expressions involving only the marginal a posteriori symbol probabilities

p
(

sk|z, ψ̂
(i))

, ie,
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m(i)1,k =
∑
sk

skp

(
sk|z, ψ̂

(i)
)

, (7.88)

m(i)2,k =
∑
sk

|sk|2p

(
sk|z, ψ̂

(i)
)

, (7.89)

where the summation is over the constellation points. For Kd ≤ k ≤ Kd + Kp − 1,

the symbol sk is a pilot symbol known by the receiver; this yields m(i)1,k = sk and

m(i)2,k = s2
p. For k ∈ {0, . . . , Kd − 1} ∪ {K − Kd, . . . , K − 1}, the marginal a posteriori

symbol probabilities can be computed by the detector/decoder that operates on the
sequence {u(i)k }, where

u(i)k = 1

Â(i)
e−jθ̂ (i)res(kT+τ̂ (i))z

k+k̂(i)d
. (7.90)

Fig. 7.20 shows a generic factor graph [17,18] of a communication system that
converts J information bits b = (b0, . . . , bJ−1) into a frame of K symbols s =
(s0, . . . , sK−1), whose operation is represented as s = χ(b). The upper and lower

function nodes represent the likelihood function p
(

z|s, ψ̂
(i))

and the indicator

function I[s = χ(b)], respectively; note that the upper function node depends on the
EM iteration number i. The variable nodes represent the symbols and the information
bits. Factor graph messages are computed according to the sum-product algorithm.

FIG. 7.20

Generic factor graph of communication system.
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The a posteriori probability of sk based on the estimates ψ̂
(i)

from the ith EM iteration
equals the product of the messages μ(i)↓ (sk) and μ(i)↑ (sk). From these a posteriori

probabilities, the expectations m(i)1,k and m(i)2,k are computed according to Eqs. (7.88)

and (7.89), and the channel estimates are updated to obtain ψ̂
(i+1)

. This process is
repeated until convergence occurs.

In the case of uncoded transmission, the a posteriori probabilities of the data
symbols are obtained as

p

(
sk|z, ψ̂

(i)
)

=
⎛
⎜⎝∑

s
′
k

T(i)(s
′
k)

⎞
⎟⎠

−1

T(i)(sk), (7.91)

where

T(i)(sk) = exp

(
−1

N0

∣∣∣∣zk+k̂(i)τ
− Â(i)ejθ̂ (i)res(kT+τ̂ (i))sk

∣∣∣∣2
)

. (7.92)

Through the marginal a posteriori symbol probabilities, the estimates benefit
from the presence of a channel code; therefore, the estimation is referred to as CA.
Assuming that, after conversion of the EM algorithm, m(∞)

1,k ≈ sk and m(∞)
2,k ≈ |sk|2,

the situation is as if all K symbols are pilot symbols; as typically K 	 Kp, a
considerable estimation performance improvement compared to PA estimation is
achieved.

It is convenient to modify Eq. (7.83) as

F̂(i+1)
res = 1

2πDT
arg

(
N(i)(k̂(i+1)

τ )e−j2π F̂(0)res DT
)

+ F̂(0)res . (7.93)

In this case, the condition on D to avoid phase wrapping is |Fres − F̂(0)res |DT <

1/4 rather than |Fres|DT < 1/4, which gives more freedom when selecting the
value of D.

Some simplifying alternatives involve (i) computing the a posteriori symbol
probabilities according to Eq. (7.91) even when a channel code is present (in this
case the estimator does not benefit from the code); (ii) replacing m(i)1,k and m(i)2,k by ŝ(i)k

and |ŝ(i)k |2, respectively, with ŝ(i)k denoting the receiver’s decision (either the decision
made by the decoder or the symbol-by-symbol decision based on Eq. (7.90)) about
sk during the ith iteration; (iii) updating only a subset of the estimates during the EM
iterations and keeping the other estimates equal to their values obtained during the
pilot-based estimation.
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7.10 EVALUATION OF MODIFIED CRAMER-RAO BOUNDS
We will evaluate the MCRBs related to the estimation of the unknown channel
parameters ψ = (A, θ , F, τ ), based on the received signal y(t) from Eq. (7.3) and
involving the transmission of K symbols (s0, . . . , sK−1). The corresponding MFIM
has been evaluated in Appendix B. Assuming that the transmit pulse h(t) is real and
even (this is the case for many popular transmit pulses, such as the square-root cosine-
rolloff pulse) the MFIM turns out to be block-diagonal: among the off-diagonal
elements, only (JMFIM)2,3 and (JMFIM)3,2, associated with θ and F, are nonzero.

Considering the estimation errors (eA, eθ , eF, eτ ) from Eq. (7.13), the correspond-
ing MCRBs related to the estimation of (A, F, τ ) are obtained as

E[e2
A]MCRB = 1

K

N0

2Es
, (7.94)

E[e2
F]MCRB = 3

π2
1

K3
N0

2Es
, (7.95)

E[e2
τ ]MCRB = 1´ |Tḣ(t)|2dt

1

K

N0

2Es

= 1´
4π2f 2T2|H(f )|2df

1

K

N0

2Es
, (7.96)

where ḣ(t) = dh(t)/dt and the estimation errors have been defined in Eq. (7.13).
The expression for E[e2

F]MCRB holds for large K. The above MCRBs are inversely
proportional to Es/N0. The MCRBs related to (eA, eτ ) and eF are inversely pro-
portional to K and K3, respectively. Only E[e2

τ ]MCRB depends on the shape of h(t):
E[e2

τ ]MCRB is inversely proportional to the energy of the derivative ḣ(t) of h(t), and
therefore, E[e2

τ ]MCRB decreases with the bandwidth of h(t); this makes sense, because
we expect a better symbol timing estimation accuracy from narrower pulses.

As far as phase estimation is concerned, it is relevant to consider the MCRB
corresponding to the estimation of the total phase θtot(t) = 2πFt + θ (rather than θ ).
This is because Eq. (7.14) shows that the total phase estimation error eθ ,tot(kT + τ̂ )

(rather than eθ ) affects the symbol sk at the input of the detector/decoder. Taking into
account that eθ ,tot(t) = 2πeF

t
T + eθ , the following is obtained for large K:

E[e2
θ ,tot(t)]MCRB =

(
1 + 12

(
t − tc
KT

)2
)

1

K

N0

2Es
, (7.97)

where tc = τ+ (K−1)T
2 denotes the center of the frame, observed at the receiver input.

Note that E[e2
θ ,tot(t)]MCRB achieves a minimum value of N0/(2KEs) at the center of

the burst (ie, t = tc), which corresponds to the estimation of θtot,c = θtot(tc). At the
edges of the frame (ie, t = tc ± K−1

2 T), E[e2
θ ,tot(t)]MCRB is essentially four times as

large as at the center. The MCRB related to the estimation of θ = θtot(0) is obtained
by setting t = 0 in Eq. (7.97). If the frequency offset estimation error was zero, we
would have eθ ,tot(t) = eθ and E[e2

θ ,tot(t)]MCRB = E[e2
θ ]MCRB = N0/(2KEs), which

equals the minimum value of Eq. (7.97) and coincides with Eq. (7.94).
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7.11 PERFORMANCE EVALUATION
In the following we investigate by means of computer simulations the performance
of the estimators derived in the previous sections. The considered performance
measures are the MSE of the estimates and the resulting BER of the receiver, which
will be compared to the MCRB and to the BER under perfect channel estimation,
respectively.

7.11.1 SIMULATION SETUP
We consider a rate 1/2 turbo-coded system with Gray-mapped 4-QAM signaling and
iterative decoding. The transmit filter is a square-root cosine-rolloff filter with 50%
rolloff, yielding B = 3/(4T). The turbo code consists of the parallel concatenation
of two recursive systematic convolutional codes with octal generators (37,21), using
a pseudo-random interleaver of 900 bits. The resulting 1800 turbo encoder output
bits are Gray-mapped to 900 4-QAM data symbols. In accordance with Fig. 7.16,
each frame consists of two parts of Kd = 450 data symbols separated by Kp 4-QAM
pilot symbols; unless mentioned otherwise, we take Kp = 101 yielding a frame size
of K = 1001 symbols. The pilot symbols are generated randomly for each frame.
The received signal is applied to an anti-aliasing filter HAA (f ), followed by sampling
using an oversampling factor Ns = 4; HAA (f ) is a square-root Nyquist filter with
respect to the sampling interval Ts = T/4.

Fig. 7.21 shows the BER performance of the above turbo code after 20 decoder
iterations as a function of Eb/N0, with Eb denoting the energy per information
bit; Eb/N0 and Es/N0 are related by Es/N0 = 900

900+Kp
(Eb/N0), such that for a

given Eb/N0 an increase of Kp reduces Es/N0. The BER curves for Kp = 0 and
Kp = 101, both under perfect channel estimation, show that the latter is degraded by
10 log 1001

900 ≈ 0.46 dB in Eb/N0 compared to the former, because of the addition of
pilot symbols; irrespective of Kp, a BER of 2 × 10−5 is obtained at Es/N0 ≈ 2 dB.
We have also displayed BER curves for Kp = 101 in the presence of fixed channel
estimation errors, causing degradations (in addition to the 0.46 dB degradation due
to the 101 pilot symbols) in Eb/N0 of up to roughly 0.5 dB near BER = 10−5;
these curves correspond to (eA, eθ ,c, eF , eτ ) = (2/3,0,0,0), (0,0.2,0,0), (0,0,10−4,0),
(0,0,0,0.15), where eθ ,c = eθ ,tot(tc) denotes the total phase error at the center of
the frame. Compared to the case of Kp = 101 and perfect estimation, a 0.5 dB
degradation results from a very small normalized frequency estimation error of about
10−4 (for K = 1001 and eθ ,c = 0, this corresponds to a maximum total phase
estimation error of about 0.3 rad at the frame edges), a phase estimation error of about
0.2 rad, or a normalized timing error of about 0.15; the BER performance is less sen-
sitive to amplitude estimation errors because for Gray-mapped QAM the amplitude
estimation error only affects the scaling of the log-likelihood ratio of the coded bits.

For uncoded QAM transmission, the values of eθ ,c and eτ that give rise to a 0.5 dB
degradation at BER = 10−5 (see Figs. 7.4 and 7.11) are smaller than for turbo-coded
QAM transmission, indicating a higher robustness of the latter. The turbo-coded
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Effect of estimation errors on the BER of turbo coded 4-QAM system.

system has a higher robustness because it operates at a lower Es/N0, compared to the
uncoded system (the difference in operating Es/N0 is roughly 10 dB at BER = 10−5):
while for a given Es and eτ the same amount of ISI is generated for uncoded and
coded transmission, the relative importance of the ISI compared to the noise level
is less for the coded system, which operates at the lower Es/N0; a similar reasoning
applies when comparing both systems for a given Es and eθ ,c.

In the following sections, the MSE performance of the individual estimation
algorithms will be investigated, and these algorithms will be optimized such that
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the estimation errors give rise to a negligibly small error performance degradation of
the turbo decoder near BER = 10−5, compared to the case of Kp = 101 and perfect
estimation.

7.11.2 NDA FREQUENCY AND SYMBOL TIMING ESTIMATION
We investigate the delay-and-multiply frequency estimation and the Oerder-and-
Meyr symbol timing estimation from Sections 7.6 and 7.7, respectively, considering
(i) the transmission of a single frame of K symbols and an observation interval of
duration (K + 15)T, the center of which coincides with the center of the frame, and
(ii) the continuous transmission of consecutive frames and an observation interval of
duration KT.

Fig. 7.22 shows the MSE E
[
e2

F

]
resulting from the delay-and-multiply frequency

estimator (7.51) as a function of Es/N0 for l0 = 1; when imposing the (conservative)
condition |F|l0Ts < 1/4 in order to avoid phase wrapping, the frequency estimator
can handle frequency offsets satisfying |F| < 1/T. Continuous transmission and
single-frame transmission yield virtually the same MSE. The MSE is observed to be
inversely proportional to K. The MSE converges to an MSE floor at a high Es/N0; this
floor is caused by the self-noise, ie, the statistical fluctuation of yAA(t)y∗

AA(t − l0Ts)

which is due to the random nature of the data symbols. It is easily verified from
Eq. (7.95) that for all considered values of K and Es/N0, the estimator performs
several orders of magnitude worse than the corresponding MCRB which, for large
K, is inversely proportional to K3Es/N0.

Fig. 7.23 shows the MSE E
[(
ε̂ − ε

)2] resulting from the Oerder-and-Meyr

symbol timing estimator (7.57), for K = 101, 1001, and 10001, as a function of Es/N0,
assuming eF = 0. The corresponding MCRBs are also shown. In the case of single-
frame transmission, the Oerder-and-Meyr symbol timing estimator performs close to
the MCRB, which is inversely proportional to KEs/N0. With continuous transmission
the same performance is observed at low and moderate Es/N0, but at a high Es/N0
the self-noise introduces an MSE floor, which is inversely proportional to 1/K2; the
self-noise originates from the statistical fluctuation of |z(t, F)|2 caused by the tails of
the pulses associated with the data symbols outside the observation interval.

7.11.3 PA ESTIMATION
To illustrate the MSE performance of the PA estimation algorithms from Section 7.8,
we consider the transmission of Kp known pilot symbols (no data symbols are
transmitted, ie, Kd = 0) and assume that the receiver uses perfect NDA estimates
(F̂, ε̂) = (F, ε) to compute the matched filter output samples {z(kT + ε̂T, F̂)}.

Fig. 7.24 shows the frame synchronization error probability (FSEP), Pr
[
k̂τ �= kτ

]
,

resulting from the maximization (7.69) with D = 1 over the uncertainty range
−5 ≤ k̃τ ≤ 5. We observe that for a given Es/N0, the FSEP spectacularly drops with
an increasing Kp.
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MSE for NDA frequency estimation from 4-QAM signal.

Fig. 7.25 shows the MSE E
[
(F̂res − Fres)

2T2
]

corresponding to the frequency

estimate (7.70) for several values of D, assuming k̂τ = kτ and Kp = 101, along with
the MCRB. We observe that for properly selected D, the MSE is close to the MCRB
at a moderate to high Es/N0.

Finally, Fig. 7.26 shows the MSEs E
[
e2

A

]
and E

[
e2
θ

]
resulting from Eqs. (7.64)

and (7.63), assuming k̂τ = kτ and F̂res = Fres, as a function of Es/N0. We observe
that both estimators perform very closely to the MCRB, even for values of Kp as
small as 11.
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MSE for NDA symbol timing estimation from 4-QAM signal, for eF = 0.

7.11.4 CA ESTIMATION
Taking into account that estimation errors should not degrade the turbo decoder
performance at BER = 2 × 10−5 by more than a small fraction of a dB, we first
determine which estimates need to be refined by means of CA estimation. As the
turbo decoder achieves BER = 2×10−5 at Es/N0 ≈ 2 dB in the absence of estimation
errors, we consider the performance of the NDA and PA algorithms at Es/N0 = 2 dB.
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FSEP for PA frame synchronization with D = 1 for F̂ = F , ε̂ = ε.

In the following, we make use of the fact that the magnitude of an estimation error is
likely not to exceed three times the root mean-square (rms) estimation error.3

• From Fig. 7.24 it follows that at Es/N0 = 2 dB, the PA frame synchronization
algorithm for Kp = 101 yields a FSEP which is several orders of magnitude
lower than the BER of a perfectly synchronized system. Hence, the frame
synchronization errors will barely affect the overall BER performance.

3The probability that the magnitude of a zero-mean Gaussian random variable exceeds 3 times its rms
value equals 0.0027.
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MSE of PA frequency estimation for F̂ = F and eτ = 0.

• Fig. 7.23 indicates that at Es/N0 = 2 dB, the MSE resulting from the NDA
symbol timing estimation for K = 1001 amounts to 2 × 10−4. The
corresponding rms error equals 1.4 × 10−2, so that the corresponding estimation
error eτ is likely to be much smaller than 0.15, the value that according to
Fig. 7.21 gives rise to a degradation in error performance of roughly 0.5 dB.

• Similarly, it follows from Fig. 7.26 that the rms errors related to PA amplitude
and phase estimation for Kp = 101 both equal about 5.5 × 10−2 at
Es/N0 = 2 dB. The resulting estimation errors eA and eθ are typically smaller
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MSE of PA amplitude and phase estimation for eF = eτ = 0.

than 2/3 and 0.2, respectively, for which the corresponding BER curves are
shown in Fig. 7.21.

• According to Fig. 7.22, the NDA frequency estimation at Es/N0 = 2 dB yields
an rms error of about 2.4 × 10−2 for K = 1001. Considering the MCRB (7.95),
the rms error resulting from the PA frequency estimation for Kp = 101 is lower
bounded by about 3 × 10−4 at Es/N0 = 2 dB. This indicates that neither the
NDA nor the PA frequency estimation errors are likely to be smaller than 10−4,
the value that according to Fig. 7.21 gives rise to 0.5 dB degradation in error
performance.
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The above analysis indicates that the NDA symbol timing estimation, the PA frame
synchronization, the PA phase estimation, and the PA amplitude estimation are
sufficiently accurate to yield an acceptable BER degradation of the turbo decoder;
therefore, these estimates will not be refined by means of CA estimation. The NDA
and PA frequency estimation errors, however, are too large, and we will therefore
consider CA frequency estimation to reduce these errors. During the EM iterations,
only the frequency estimate will be updated, while the estimates of the other
parameters will be kept at their values resulting from NDA estimation (fractional
time delay) and PA estimation (integer time delay, amplitude, and total phase at the
frame center). To reduce the overall computational complexity of the receiver, these
EM iterations will be intertwined with the iterations of the turbo-decoder: during the
ith receiver iteration, first the messages μ(i)↓ (sk) from Fig. 7.20 are computed based
on the current parameter estimates, subsequently one decoder iteration is performed
(without resetting inside the decoder the messages from the previous iteration), after
which the messages μ(i)↑ (sk) are generated, and finally, the frequency estimate is

updated to obtain F̂(i+1) according to Eq. (7.93).
Assuming eA = eθc = eτ = 0, Fig. 7.27 shows the BER resulting from CA

frequency estimation after 20 receiver iterations at Es/N0 = 2 dB, as a function of
the frequency estimation error e(0)F at the start of the iterations, for several values of
the delay D in Eq. (7.86); we observe that for D = 500 the CA frequency estimation
introduces virtually no BER degradation as compared to the case where F is known,
provided that |e(0)F | does not exceed about 2.5 × 10−4. Also shown is the BER after
20 decoder iterations, when the frequency estimate is not updated and the estimation
error is maintained at e(0)F ; in this case, |e(0)F | should not exceed about 0.5 × 10−4

(which is 5 times less than when using CA frequency estimation) in order to achieve
an acceptable BER degradation. In the following we investigate how the condition
on |e(0)F | can be met by the PA frequency estimation algorithm that makes use of the
matched filter output samples {z(kT + τ̂ ; F̂)}, with F̂ denoting the NDA frequency
estimate.

As the NDA frequency estimate with K = 1001 yields an rms error of about
2.4 × 10−2 at Es/N0 = 2 dB, the magnitude of the resulting frequency estimation
error is likely to be less than about 7.2 × 10−2. For FresT = 7.2 × 10−2, the PA
frequency estimation algorithm requires D ≤ 3 in order to avoid phase wrapping.
However, at Es/N0 = 2 dB, the PA frequency estimation with D ≤ 3 and Kp = 101

yields an rms error much larger than 10−4, so that the condition |e(0)F | < 0.5 × 10−4

(PA estimation only) or |e(0)F | < 2.5 × 10−4 (CA estimation) cannot be met. Taking
into account that the frequency offset F remains constant over many frames, this
problem can be solved by applying NDA and PA frequency estimation based on
the observation of multiple frames, rather than a single frame; this is accomplished
by extending the summations in Eqs. (7.49) and (7.68) over Nfr frames, as far as
frequency estimation is concerned; the estimation of the other parameters remains
on a per-frame basis. The condition |e(0)F | < 2.5 × 10−4, required for CA frequency
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BER for turbo-coded 4-QAM system at Es/N0 = 2 dB as a function of the PA frequency
estimation error e(0)F , assuming PA frequency estimation only or CA frequency estimation.

estimation, can be achieved for various pairs (Nfr, D); it turns out that this condition
is met for the minimum Nfr when (Nfr, D) = (30, 20). For the stronger condition
|e(0)F | < 0.5 × 10−4, required when PA frequency estimation is not further refined by
CA estimation, we would need Nfr > 100.

Fig. 7.28 shows the BER performance of a receiver when all parameters are
estimated, ie, the receiver performs, on a per-frame basis, NDA symbol timing
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BER performance of receiver with iterative CA frequency estimation versus receiver without
CA frequency estimation.

estimation (7.57) with Ns = 4, PA frame synchronization (7.69) using D = 1,
PA phase estimation (7.63), PA amplitude estimation (7.64), and CA frequency
estimation (7.93) with D = 500. The phase and amplitude estimates make use of
the PA frequency estimate that is used to initialize the EM iterations. This frequency
estimate results from first applying NDA coarse frequency estimation (7.51) with
l0 = 1 and Ns = 4, followed by PA frequency estimation (7.70) with D = 20; both
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the NDA and PA frequency estimation algorithms operate on Nfr = 30 consecutive
frames. In Fig. 7.28 we observe that the proposed receiver has only a small BER
degradation as compared to a system with perfect channel estimation and Kp = 101;
this degradation amounts to about 0.12 dB in the waterfall region of the BER curve,
and it is negligibly small for BER < 2 × 10−5. Also, the BER of the receiver with
iterative CA frequency estimation is seen to be much lower than the BER of the same
receiver without iterative CA frequency estimation (with the NDA and PA frequency
estimation still based on 30 frames). A value of Nfr larger than 100 would be required
for the latter receiver to achieve a BER close to that of the system with perfect channel
estimation.

7.12 CONCLUSIONS AND REMARKS
In this chapter we have considered the estimation of amplitude, phase shift, frequency
offset, and time delay in the context of the transmission of digital signals. In a
systematic way, we have derived several estimation algorithms that are based on
the maximization of (an approximation of) the proper likelihood functions. Whereas
the estimation of the integer part of the time delay requires a one-dimensional
search, closed-form expressions have been obtained for the estimates of the other
parameters. By means of computer simulations, we have assessed the resulting MSE
of the estimates and the effect of estimation errors on the BER of a rate 1/2 turbo-
coded system, which transmits frames containing 900 coded 4-QAM symbols and
101 pilot symbols. In order to achieve a negligible error performance degradation
(compared to a system with 101 pilot symbols and perfect estimation) near BER =
10−5 (corresponding to an operating point Es/N0 ≈ 2 dB), it is sufficient to perform,
on a per-frame basis, NDA estimation of the fractional time delay, along with PA
estimation of the integer time delay, the amplitude, and the phase. However, to
achieve the error performance target, a very accurate frequency estimate is required,
which is obtained by applying three consecutive algorithms, ie, a NDA and a PA
algorithm (both operating on 30 frames), followed by a (per-frame) iterative CA
algorithm.

The estimation algorithms covered in this chapter are a representative subset
of existing algorithms. The NDA and PA algorithms considered in this chapter
are of the feedforward (“open loop”) type: parameters are estimated from the
received signal, and the estimates are used to apply a correction that compensates for
these parameters. Parameters can also be estimated using feedback (“closed loop”)
algorithms: a correction is applied to the received signal using a trial value of the
parameter, the corrected signal is fed to an error detector which outputs an indication
about the difference between the trial value and the actual parameter value, and the
trial value is updated according to the error detector output; this leads to a steady-
state where the error detector output has zero mean. Usually, feedback algorithms
are simpler to implement than their feedforward counterparts, but they might require
long acquisition times, so that they are less suited for burst transmission systems.
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Additional feedforward/feedback NDA and PA algorithms have been introduced in
several papers contained in the special journal issues [19,20] and in the representative
selection of papers [21–27]. The two textbooks [12,16] (and the bibliographical notes
therein) deal with the systematic derivation of various synchronization algorithms,
present their performance analysis, and cover the implementation of these algorithms
in digital receivers.

The iterative CA estimation algorithms considered in this chapter are of the
feedforward type and are limited to the estimation of amplitude, phase, frequency,
and integer time delay. Other CA feedforward algorithms (including estimation of
fractional time delay) and CA feedback algorithms can be found in the overview
papers [28,29] (and the references therein) and in the representative selection of
papers [30–32].

Appendix A AVERAGED LIKELIHOOD FUNCTIONS
The likelihood function λ(F, τ ) of (F, τ ) is obtained by averaging λ(s,ψ) over
(s, A, θ), ie, λ(F, τ ) = Es,A,θ [λ(s,ψ)], with ψ = (A, θ , F, τ ). Noting that λ(s,ψ) =
exp(ln(λ(s,ψ))), we will perform the term-wise averaging of the following truncated
Taylor series approximation:

exp(ln(λ(s,ψ))) ≈ 1 + ln(λ(s,ψ))+ 1

2
(ln(λ(s,ψ)))2 . (7.98)

We assume that (i) the symbol constellation has a symmetry angle of 2π/N with
N > 2 (eg, N = 4 for QAM constellations, N = M for M-PSK constellations with
M > 2), the symbols are pairwise uncorrelated and all constellation points have the
same a priori probability; (ii) the phase θ has a uniform a priori p.d.f. over the interval
(−π ,π); (iii) the amplitude A has an arbitrary a priori p.d.f.

Considering Eq. (7.98) and taking Eq. (7.8) into account, the likelihood function
λ(F, τ ) can be approximated as

λ(F, τ) ≈ 1 + μ1(F, τ)+ μ2(F, τ), (7.99)

where

μn(F, τ) = 1

n!N−n
0 Es,A,θ

[(
2A�

(
e−jθ sHz(F, τ)

)
− A2|s|2

)n]
. (7.100)

It is easily verified that μ1(F, τ ) = C1 and μ2(F, τ ) = C2|z(F, τ )|2 + C3, with
{Ci} not depending on (F, τ ) and C2 > 0. Hence, removing from Eq. (7.99) terms
and factors which do not affect the maximization over (F, τ ), we have λ(F, τ ) ≈
|z(F, τ )|2. It follows from Eq. (7.10) that
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|z(F, τ)|2 =
tmax¨

tmin

yF(t1)y
∗
F(t2)H

K−1
0 (t1, t2, τ)dt1dt2, (7.101)

where yF(t) = y(t)e−j2πFt, and Hk2
k1
(t1, t2, τ ) is defined as

Hk2
k1
(t1, t2, τ) =

k2∑
k=k1

h∗(t1 − kT − τ)h(t2 − kT − τ). (7.102)

As a further approximation of λ(F, τ ), we replace in Eq. (7.101) HK−1
0 (t1, t2, τ ) by

H+∞−∞(t1, t2, τ ), which is periodic in τ with period T. The Fourier series expansion of
H+∞−∞(t1, t2, τ ) w.r.t. τ is given by

H+∞−∞(t1, t2, τ) =
∑

n
cn(t1, t2) exp (j2πnτ/T) , (7.103)

with

cn(t1, t2) = 1

T

ˆ +∞
−∞

h∗(t1 − u)h(t2 − u)e−j2π nu
T du

= 1

T

ˆ +∞
−∞

H∗(f )H
(

f − n

T

)
e−j2π ft1ej2π(f − n

T )t2 df . (7.104)

This yields

λ(F, τ) ≈
∑

n
ej2π nτ

T

tmax¨

tmin

yF(t1)y
∗
F(t2)cn(t1, t2)dt1dt2

= 1

T

∑
n

tmaxˆ

tmin

|z(t, F)|2e−j2π n(t−τ )
T dt. (7.105)

Decomposing the time delay as τ = (kτ + ε)T, where kτT and εT denote the integer
part and the fractional part of τ , we observe that Eq. (7.105) does not depend on kτ ;
hence, λ(F, ε) = Ekτ [λ(F, τ )] is simply given by λ(F, τ )|τ=εT .

The likelihood function λ(F) is obtained as Eε[λ(F, ε)]. After term-wise aver-
aging Eq. (7.105) over ε, only the term with n = 0 remains. Taking into account
that c0(t1, t2) = g∗(t1 − t2, 0)/T with g(t, eF) defined in Eq. (7.16), it follows that
λ(F) ≈ λapp(F), where (within irrelevant terms and factors)

λapp(F) = 1

T0

ˆ
g∗(u, 0)e−j2πFu

⎛
⎝ tmaxˆ

tmin

y(t)y∗(t − u)dt

⎞
⎠ du (7.106)

and T0 = tmax − tmin.
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Assuming an estimate F̂ is available, an estimate of ε is obtained by maximizing
λ(F̂, ε). In the practically interesting case where the bandwidth B of the transmit
filter is between 1/(2T) and 1/T, it follows from Eq. (7.104) that only the terms with
n ∈ {−1, 0, 1} contribute to Eq. (7.105). Taking into account that the term with n = 0
does not depend on ε, we have λ(F̂, ε) ≈ λapp(F̂, ε), where (within irrelevant factors
and terms)

λapp(F̂, ε) = �
⎛
⎝e−j2πε 1

T0

tmaxˆ

tmin

|z(t, F̂)|2ej2π t
T dt

⎞
⎠ . (7.107)

The approximate likelihood function λapp(F̂, ε) can also be used when the bandwidth
B exceeds 1/T, but then the nonzero terms with |n| > 1 in Eq. (7.105) are ignored.

Appendix B MFIM COMPUTATION
Making use of Eqs. (7.42), (7.3), and (7.1), we obtain the following, with ψ =
(A, θ , F, τ ):

(JMFIM)1,1 = 2

N0

ˆ
E[|s(t)|2]dt = 2

N0
Kσ 2

s ,

(JMFIM)2,2 = 2

N0
A2
ˆ

E[|s(t)|2]dt = 2

N0
KA2σ 2

s ,

(JMFIM)3,3 = 2

N0
A2
ˆ

4π2t2E[|s(t)|2]dt

= 2

N0
A2σ 2

s 4π2
(

D(K)+ Kt2c

)
,

(JMFIM)4,4 = 2

N0
A2
ˆ

E[|ṡ(t)|2]dt = 2

N0
KA2σ 2

s

ˆ
|ḣ(t)|2dt,

(JMFIM)2,3 = (JMFIM)3,2 = 2

N0
A2
(ˆ

2π tE[|s(t)|2]dt

)
= 2

N0
A2σ 2

s 2πKtc,

where s(t) = ∑
m smh(t − mT − τ ), ṡ(t) = ds(t)/dt, tc = τ + (K−1)T

2 , D(K) =
KI + S(K)T2, I = ´ t2|h(t)|2dt, and

S(K) =
K−1∑
m=0

(
m − K − 1

2

)2

≈
K/2ˆ

−K/2

x2dx = K3

12
.

Taking into account that the expectation E[|s(t)|2] is real, and that for a real and even
pulse h(t), the expectation E[ṡ(t)s∗(t)] is real and the integral

´
E[ṡ(t)s∗(t)]dt is zero,
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it easily follows that the remaining elements of JMFIM are zero; hence, JMFIM has a
block-diagonal structure.

Now we consider the computation of the elements of J−1
MFIM; we restrict our

attention to (J−1
MFIM)2,2, (J−1

MFIM)3,3, and (J−1
MFIM)2,3 (= (J−1

MFIM)3,2) because obtaining
the remaining elements is trivial. A straightforward evaluation of the inverse of a 2×2
matrix yields

(J−1
MFIM)2,2 = N0

2Es

(
1

K
+ t2c

D(K)

)
,

(J−1
MFIM)2,3 = (J−1

MFIM)3,2 = − N0

2Es

tc
2πD(K)

,

(J−1
MFIM)3,3 = N0

2Es

1

4π2D(K)
.

The MCRB related to the estimation of θtot(t) = (
1 2π t

) ( θ

F

)
is obtained as

E[θ2
tot(t)]MCRB = (

1 2π t
)( (J−1

MFIM)2,2 (J−1
MFIM)2,3

(J−1
MFIM)3,2 (J−1

MFIM)3,3

)(
1

2π t

)

= N0

2Es

(
1

K
+ (t − tc)2

D(K)

)

≈ N0

2Es

1

K

(
1 + 12(t − tc)2

K2T2

)
. (7.108)

In the last line of Eq. (7.108), we used the approximation D(K) ≈ S(K)T2 ≈
K3T2/12, which is accurate for a large K.
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8.1 MOTIVATION
In Chapter 4 there was only one impediment to reliable communication: additive
noise. Here, we consider the more realistic case where, in addition to adding
noise, the channel filters the transmitted signal. Such filtering arises in nearly
every practical scenario: A wireless channel filters because the transmitted signal
bounces off of different reflectors with different path lengths before arriving at the
receiver; an electronic cable filters because different frequencies are attenuated by
different amounts; a fiber-optic cable filters because different wavelengths propagate
at different speeds. This seemingly modest change to the channel model has pro-
found implications on how communications systems are designed and implemented.
Equalization is broadly defined as any signal processing aimed at counteracting
the dispersive effects of such a filtering channel. As we will see, the equalization
process can range from a simple linear filter to a sophisticated signal processing
algorithm, and it can be performed in advance (at the transmitter) or after the fact (at
the receiver).

Equalization plays a central role in most communications applications, ranging
from wireless to wired to storage devices. Equalization is thus a fundamental and
important topic in its own right. Moreover, the problem of equalization has at
its core the problem of mitigating interference, namely interference between one
information symbol and another. As such, the concepts developed in this chapter
readily extend to a much broader class of interference problems, many of which
at a glance have no obvious connection to the linear filter model considered here,
including co-channel interference, multiuser interference, intercell interference, and
multiple-input multiple-output communications.

8.2 MODELS AND METRICS
The nature of the equalization problem is strongly impacted by the type of mod-
ulation scheme being used. In this chapter, we will limit our discussion to a
communication system that uses a single-carrier passband version of pulse-amplitude
modulation such as quadrature-amplitude modulation (QAM) and phase-shift keying
(PSK), as opposed to nonlinear alternatives such as continuous-phase frequency-shift
keying or pulse-position modulation. Our motivation for this restriction is threefold:
(1) A wide variety of applications use QAM and its variations; (2) the mere presence
of a dispersive channel suggests that a spectrally efficient modulation scheme like
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QAM is an appropriate design choice; and (3) linear modulation schemes like QAM
are more amenable to equalization through signal processing.

In a QAM or PSK system, the transmitter conveys a sequence of L information
or message symbols {a0 · · · aL−1} by transmitting a signal whose complex envelope
(see Chapter 4) has the following form:

x(t) =
L−1∑
k=0

akg(t − kT), (8.1)

where g(t) is the transmit pulse shape, ak is the kth information symbol chosen from
a complex alphabet A (typically QAM or PSK), and T is the signaling period. This
equation describes a pulse train, where a new pulse is sent every T seconds, and the
amplitude of the kth pulse is modulated by the kth symbol ak.

The impact of a dispersive channel is to filter the transmitted signal. Filtering a
PAM signal yields another PAM signal, where the pulse shape after the filter is simply
a filtered version of the pulse shape before the filter. Therefore, the complex envelope
of the received waveform after a channel that first filters and then adds noise can be
written as

y(t) =
L−1∑
k=0

akh(t − kT) + v(t), (8.2)

where the received pulse shape h(t) is the filtered version of the transmit pulse shape
g(t), and where v(t) is the complex envelope of the additive noise, assumed to have
independent real and imaginary parts, each of which is white and Gaussian with
power-spectral density (PSD) N0/2.

8.2.1 DISCRETE-TIME INTERSYMBOL INTERFERENCE MODEL
The change in pulse shape is more problematic than it may at first seem because it
generally leads to interference between neighboring symbols, a phenomenon known
as intersymbol interference (ISI). Even when the transmitter carefully chooses its
transmit pulse shape g(t) so that the set of translated pulses {g(t − kT)} in Eq. (8.1)
are mutually orthogonal, the dispersive channel destroys that orthogonality, so that
the set of translated pulses {h(t − kT)} seen at the receiver are not orthogonal.

If {h(t − kT)} were orthogonal, the detection problem would simplify dramati-
cally: The receiver could apply the received waveform to a filter matched to h(t) and
sample the matched filter (MF) output at the symbol rate; the kth sample would be
a sufficient statistic for optimal detection of the kth symbol, and it could be passed
to a simple memoryless quantizer to arrive at the corresponding symbol decision. In
other words, if {h(t−kT)} were orthogonal, the optimal receiver could make symbol-
by-symbol decisions, considering each symbol in isolation.
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It can be shown that a filter matched to h(t) followed by a symbol-rate sampler
is an optimal front end (providing sufficient statistics) even when the received
pulses {h(t − kT)} are not orthogonal [1]. The cascade of this sampled MF and a
subsequent discrete-time noise-whitening filter is known as the whitened MF, and
it is a common starting point for front-end processing for the general case [2].
However, in this chapter we opt for a simpler presentation based on an assumption
that the transmitter pulse shape is the minimum-bandwidth Nyquist pulse shape,
that is, that g(t) = sin(π t/T)/(π t/T). Our motivation for this choice is based on
two observations:

• A practical transmitter will often either aim to implement this pulse shape
exactly or will implement a close approximation (such as a
square-root-raised-cosine pulse shape with a modest amount of excess
bandwidth).

• Using the ideal minimum-bandwidth pulse simplifies our exposition without
obscuring the main conceptual problem of equalization. Extensions to handle
arbitrary pulse shapes are more cumbersome but straightforward.

Since the received pulse shape is a filtered version of the transmitted pulse shape, the
bandwidth of the received pulse will match that of the transmit pulse. Therefore, our
assumption that the transmitter uses a minimum-bandwidth pulse, whose bandwidth
is 1/(2T), implies that the bandwidth of the received pulse h(t) will also be 1/(2T).
Furthermore, this implies that the received signal (before noise) will similarly be
bandlimited to 1/(2T). We can thus pass the noisy received signal r(t) through an
ideal low-pass filter with cutoff frequency 1/(2T) without losing any information
about the transmitted symbols; the low-pass filter will only reject out-of-band noise
that is irrelevant to the detection problem. Further, the fact that the filter output
is bandlimited enables us to sample it at the symbol rate 1/T without losing any
information. Applying Eq. (8.2) to such a low-pass filter that is scaled to have unit
energy and then sampling at the symbol rate 1/T leads to the following equivalent
discrete-time model for the channel:

rk =
L−1∑
i=0

aihk−i + nk, (8.3)

or more compactly rk = ak ∗ hk + nk, where hk = √
Th(kT) is a scaled and sampled

version of the received pulse shape and where {nk} is a complex-valued circularly
symmetric white-Gaussian noise process with PSD N0, so that its real and imaginary
parts are mutually independent, each being white and Gaussian with PSD N0/2. A
block diagram is shown in Fig. 8.1.

The discrete-time model of Eq. (8.3) and Fig. 8.1C will be our starting point
for the remainder of the chapter. The discrete-time impulse response hk captures the
severity of the ISI, and it will be referred to as the ISI response. To be concrete we
will assume that the impulse response is causal, starting at time 0, and has memory
μ, so that the only nonzero coefficients are h0 through hμ. We will at times require
that the memory be finite, μ < ∞.
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FIG. 8.1

Three equivalent views of the channel model, from top to bottom: passband model;
baseband continues-time model; baseband discrete-time model.

To recap, here are the key assumptions that we make in this chapter, limiting its
scope:

• We assume a single-carrier passband linear modulation (such as QAM or PSK).
• We assume a minimum-bandwidth pulse shape.
• We assume a linear time-invariant ISI response with additive white Gaussian

noise.
• We assume perfect channel knowledge available at the transmitter (for precoding

schemes only) and at the receiver (for all schemes).
• We assume perfect synchronization.

See Section 8.8 for further reading on the situation where one or more of these
assumptions is violated.

8.2.2 ARITHMETIC, HARMONIC, AND GEOMETRIC MEANS
For any real and nonnegative function S(ejθ ) over θ ∈ [−π , π), including, for
example, any valid PSD, let us define three mean operators as follows:

Arithmetic mean: A
{

S(ejθ )
}

= 1

2π

ˆ π

−π
S(ejθ )dθ ,

Harmonic mean: H{S(ejθ )} = 1
1

2π

´ π
−π

1
S(ejθ )

dθ
,

Geometric mean: G{S(ejθ )} = exp
{

1

2π

ˆ π

−π
log S(ejθ )dθ

}
.

These will prove to be useful throughout the chapter. A few comments:

• In all three cases, the mean of a constant is that same constant.
• All three means can be seen as a special case of the transformation

f −1( 1
2π

´ π

−π
f (S(ejθ ))dθ), or equivalently f −1(A{f ( · )}), where either

f (x) = x, f (x) = 1/x, or f (x) = log(x).
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• As written, the logarithm in the geometric mean is base e, although any other
base will yield the same result, as long as the outer exponential operator is
changed to be its inverse.

• All three can be seen as the limiting case (as N → ∞) of first taking N equally
spaced samples Sk = S(ejk2π/N) for k ∈ 0, . . . , N − 1, and second applying the
corresponding means to the resulting finite set of real numbers. For example,
when N = 2 the arithmetic mean is (S0 + S1)/2, the harmonic mean is
2/(1/S0 + 1/S1), and the geometric mean is

√
S0S1.

• The three means satisfy

H{S} ≤ G{S} ≤ A{S}, (8.4)

for any real and nonnegative function S = S(ejθ ). Equalities are met if and only
if S(ejθ ) is a constant, independent of θ .

• When S(ejθ ) is the PSD of a random sequence xk, the arithmetic mean reduces to
A{S(ejθ )} = E(|xk|2), the power in the random sequence.

• When S(ejθ ) is the PSD of a random sequence xk, the geometric mean reduces to
the mean-squared error of an optimal linear predictor x̂k = ∑∞

i=1 pixk−i, whose
predictor coefficients {pi} are chosen to minimize the mean-squared error [3],
that is, G{S(ejθ )} = min{pi} E(|x̂k − xk|2).

• The arithmetic mean operator is linear, so that A{a1S1 + a2S2} =
a1A{S1} + a2A{S2}. In contrast, neither the harmonic nor geometric mean
operators is linear.

• The geometric mean involving a product or ratio satisfies G{a S1S2
S3

} =
aG{S1}G{S2}

G{S3} .

• It can be shown that G{|1 + be−jθ |2} = 1 for any constant b satisfying |b| ≤ 1.
Combined with the previous fact, this implies that G{|M(ejθ )|2} = 1 for any
rational, monic, and minimum phase filter of the form
M(z) = 1 + m1z−1 + m2z−2 + · · · .

8.2.3 SHANNON CAPACITY
The Shannon capacity is an upper bound on how fast one can communicate reliably.
The Shannon capacity of the ISI channel with AWGN of Eq. (8.3), subject to a power
constraint on the input of E(|ak|2) ≤ Ea, can be expressed in terms of the discrete-
time Fourier transform H(ejθ ) = ∑

k hke−jkθ of the ISI response, according to [4]:

C = 1

2π

ˆ π

−π
log2

(
1 + Sa(ejθ )|H(ejθ )|2

N0

)
dθ (8.5)

= 1

2π

ˆ π

−π
log2(1 + SNR(θ))dθ (8.6)

= log2 G{1 + SNR(θ)} bits/symbol, (8.7)
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where for convenience we have introduced the signal-to-noise ratio (SNR) spectral
density, defined by:

SNR(θ) = Sa(ejθ )|H(ejθ )|2
N0

,

which can be interpreted as the SNR per unit frequency. The capacity formula
(8.5) is not complete until the PSD Sa(ejθ ) of the transmitted symbols is specified:
The capacity-achieving PSD can be found via a procedure with a geometrical
interpretation known as waterpouring, according to the following:

Sa(ejθ ) = max[0, λ − N0|H(ejθ )|−2], (8.8)

where the water-level parameter λ is adjusted until the power constraint is met with
equality, 1

2π

´ π

−π
Sa(ejθ )dθ = Ea.

Example 8.1. The waterpouring procedure is shown in Fig. 8.2 for the case when
the channel ISI response is H(z) = 1 + (0.6 + 0.6j)z−1 + 0.6jz−2, the transmit power
constraint is Ea = 1, and the noise PSD is N0 = 0.25, which corresponds to a channel
SNR of 9.2 dB. As the figure shows, the optimal PSD concentrates its power at those
frequencies for which the channel gain is large, while avoiding those frequencies for
which the channel gain is small.

Rather than adopting the optimal waterpouring spectrum, if the transmitted
symbols are instead chosen independently and identically distributed (iid) with a
uniform distribution from an alphabet with energy Ea, so that Sa(ejθ ) = Ea, the
formula (8.5) would no longer be the capacity of the channel; nevertheless, it would
represent an upper bound on the achievable rate for any input meeting the iid
constraint.

In the special case of a channel with no ISI, both the channel magnitude response
and the optimal waterpouring spectrum are flat, namely |H(ejθ )| = |h0| and Sa(ejθ ) =
Ea, so that the SNR spectral density reduces to the constant SNR0 = Ea|h0|2/N0,
independent of θ ; in this case, the capacity formula of Eq. (8.5) reduces to the familiar
form C = log2(1 + SNR0).

8.2.4 SNR BENCHMARKS: THE MF BOUND AND SHANNON SNR
We will encounter two types of SNRs in this chapter, and it will be important to not
confuse the two:

• Channel SNR: This is the SNR of the underlying ISI channel, and it is, by
definition, the ratio of the power in the received signal (the first term in Eq. 8.3)
divided by the power in the received noise (the second term in Eq. 8.3), namely,

SNR = E(|∑i aihk−i|2)

E(|nk|2)
=

1
2π

´ π
−π Sa(ejθ )|H(ejθ )|2dθ

N0
= A{SNR(θ)}, (8.9)
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FIG. 8.2

Geometric interpretation of the waterpouring procedure (Eq. 8.8) for determining the
capacity-achieving transmit spectrum: water is poured into the “bowl” N0|H(ejθ )|−2 until
the average water depth matches the power constraint; the depth of the water at each
frequency is then the optimal PSD, illustrated separately in the bottom figure.

where SNR(θ) = Sa(ejθ )|H(ejθ )|2/N0. This is the SNR of the ISI channel itself,
before any attempts at equalization are made.

• Postequalization SNR: Also referred to as the equalizer SNR, this is the SNR
after equalization. Importantly, this generally applies only to the class of
equalizers that strive to transform the ISI channel into an ISI-free channel; these
include the linear equalizers of Section 8.4, the decision-feedback equalizers of
Section 8.5, and the precoding strategies of Section 8.6. The performance of any
such equalizer is then easily and effectively quantified by the SNR of the
resulting ISI-free channel.
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The postequalization SNR is an effective metric for comparing equalizer alternatives.
The higher the postequalization SNR, the better the equalizer. A particularly useful
bound for the postequalization SNR of any practical equalization strategy is the so-
called matched-filter bound on the postequalization SNR, which is based on the
unrealistic assumption that the receiver has (genie-aided) knowledge of all of the
interfering symbols. In other words, when making a decision about the ith symbol
ai, the receiver somehow knows all of the interfering symbols {ak �=i}. A receiver
with this knowledge can do no better than to reconstruct the ISI from the known
interfering symbols and subtract it from the channel output Eq. (8.3), yielding the
ISI-free channel zk = aihk−i + nk. Subtracting the ISI in this way clearly transforms
the ISI channel into an ISI-free channel whose SNR is:

SNRMFB = Ea
∑

k |hk|2
N0

. (8.10)

When the transmit PSD is flat (Sa(ejθ ) = Ea), which is often the case, this SNR is
identical to the SNR of the underlying channel in Eq. (8.9). Otherwise, in the general
case, we use Ea = A{Sa(ejθ )} in Eq. (8.10). The reason that the MFB is a bound for
the postequalization SNR is because it arises from optimal processing with genie-
aided knowledge of the interfering symbols; optimal (or suboptimal) processing
without such knowledge can only perform worse.

An alternative upper bound on the postequalization SNR of any practical equal-
ization strategy is the “effective SNR” SNRShannon achieved by a capacity-achieving
system, which can be found by setting Eq. (8.5) to equal log2(1 + SNRShannon) and
solving for SNRShannon, yielding:

SNRShannon = G{1 + SNR(θ)} − 1.

The inequality in Eq. (8.4) directly leads to the conclusion that the effective SNR of
a capacity-achieving system cannot exceed the SNR of the underlying channel:

SNRShannon ≤ SNR,

with equality being reached only when SNR(θ) is a constant, independent of θ , which
can happen only when the channel has no ISI.

8.3 OPTIMUM TRELLIS-BASED DETECTORS
8.3.1 THE TRELLIS DIAGRAM
Before adding noise, the channel model in Eq. (8.3) applies the sequence of
information symbols ak to a linear filter with impulse response hk, producing the
filter output sk = ak ∗ hk. For the case when the channel memory is finite (μ < ∞),
it will be convenient to view this filter as a finite-state machine (FSM). In particular,
let θk = [ak−1, ak−2, . . . , ak−μ] denote the filter state at time k. Because each symbol
ak ∈ A is chosen from a finite alphabet, the number of such states is clearly finite,
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namely Q = |A|μ. More than just having a finite number of states, the filter is an
FSM because it further satisfies two additional properties. First, the current output sk

is uniquely determined by the pair (ak, θk), a fact that becomes clear when we rewrite
the convolution sk = ak ∗ hk as follows:

sk = h0ak + [h1, h2, . . . , hμ]θT
k . (8.11)

Second, the next state θk+1 is also uniquely determined by the pair (ak, θk); this
is also clearly true, since the next state θk+1 can be formed by concatenating
the current input ak with the first μ − 1 entries of the current state θk. The key
to the FSM formulation is that the state sequence satisfies the Markov property
P(θk+1|θ0, θ1, . . . , θ k) = P(θk+1|θk). Intuitively, this means that knowledge of the
state at time k tells us everything we need to know about what the next state at time
k + 1 might be; the history of how we got there is irrelevant. Two tapped-delay line
models for the FSM are shown in Fig. 8.3.

q

q
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m

m
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m

m

Bits

(A)

(B)

FIG. 8.3

Two equivalent views of the ISI filter as a finite-state machine. In both cases the state of the
filter is the contents of its memory elements. In (A) the memory stores the information
symbols, while in (B) the memory stores the corresponding message bit blocks, where bk
denotes the unique block of log2 |A| bits associated with the symbol ak ∈ A. The model of
(B) is preferred when computing probabilities for the message bits using the
Bahl-Cocke-Jelinek-Raviv algorithm.
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FIG. 8.4

We assume that the L information symbols are sandwiched between a preamble and
postamble, both consisting of a block of μ idle symbols.

So far, we have assumed that the transmitter sends a symbol sequence of length
L, starting with a0 and ending with aL−1. To proceed further we need to clarify
what happens before a0 and after aL−1. While it might seem natural to assume
that nothing is transmitted before and after, namely to assume that ak = 0 for all
k /∈ {0, . . . , L − 1}, this can be problematic when 0 /∈ A, because it would require
that an augmented alphabet A ∪ {0} is used to define the states during the transients
at the beginning and ending of the message. Besides, in practice it is more common
to use preambles or postambles of noninformation-bearing symbols for tasks such
as frame synchronization and channel estimation. To better capture this reality we
will identify one symbol from the alphabet as the idle symbol, denoted a0 ∈ A,
and we will assume that the transmitter uses both a preamble and a postamble, each
consisting of a block of μ idle symbols. In other words, we assume that ak = a0 for
k ∈ {−μ, . . . , −1} and k ∈ {L, . . . , L + μ − 1}. The preamble and postamble are
shown in Fig. 8.4. The preamble ensures that the state is in the all-idle state at time 0,
namely θ0 = [a0, . . . , a0], while the postamble ensures that the state is in the all-idle
state at time L + μ, namely θL+μ = [a0, . . . , a0].

In what follows we associate an integer label p ∈ {0, . . . , Q − 1} with each
state, and we will reserve the zero label for the all-idle state; with this notation, the
preamble and postamble ensure that both θ0 = 0 and θL+μ = 0. The symbols in the
postamble are sometimes referred to as termination symbols, since their purpose is
to terminate the trellis to a known state (namely, state 0).

The trellis diagram is defined simply as a plot of all possible states versus time.
Example 8.2. Suppose a block of L = 5 binary symbols A = {±1} are

transmitted across an ISI channel with memory μ = 2, sandwiched between a
preamble and postamble of two idle symbols a0 = −1. There are four possibilities
for the state θk = [ak−1, ak−2]: it can be [−1, −1], [+1, −1], [−1, +1], or [+1, +1],
which are assigned the integer labels 0, 1, 2, and 3, respectively. The corresponding
trellis diagram is shown in Fig. 8.5A. The preamble ensures that the state begins at
state 0 at time 0. The state at time 1 is either 0 or 1, depending on the value of a0.
The trellis terminates at state 0 at time 7. The path corresponding to the message
[a0, . . . , a4] = [−1, +1, +1, −1, +1] is highlighted. In all, there are |A|L = 25 = 32
distinct paths through this trellis, one for each possible message.

Longer messages, larger alphabets, and higher ISI memory can lead to a more
complicated trellis.
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Examples of trellis diagrams: (A) A relatively simple trellis diagram for a message of length
L = 5, alphabet size |A| = 2, and channel memory μ = 2. There are Q = |A|μ = 4 states;
and (B) a more complicated trellis diagram for alphabet size |A| = 4 and channel memory
μ = 2, with Q = |A|μ = 16 states. Each message sequence a corresponds to a unique
“path” through the trellis that begins at state 0 at time 0 and ends at state 0 at time L + μ.

Example 8.3. Suppose a block of L symbols chosen from an alphabet of size
M = |A| = 4 (such as 4-QAM or 4-PSK) is transmitted across an ISI channel with
memory μ = 2. In this case the state θk = [ak−1, ak−2] is the previous two symbols,
so that the number of states is Q = |A|μ = 16. The preamble and postamble ensure
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that the starting state (at time k = 0) and the ending state (at time k = L+μ) are both
zero. The corresponding trellis diagram is shown in Fig. 8.5B. The trellis diagram has
a total of L + μ stages. The first L stages of the trellis correspond to the L message
symbols. In these stages there are M = |A| = 4 branches emanating from each node,
one for each possible message symbol. The last μ stages of the trellis correspond to
the postamble idle symbols. In these stages there is only one branch emanating from
each node, namely the branch corresponding to the idle symbol.

8.3.2 MAP OR ML SEQUENCE DETECTION: THE VITERBI ALGORITHM
The maximum-a-posteriori (MAP) estimate of the message is the message a =
[a0, . . . , aL−1] ∈ AL that maximizes the a posteriori probability (APP), P(a|r) =
f (r|a)P(a)/f (r), or equivalently maximizes just the numerator f (r|a)P(a). When all
messages are equally likely, the MAP sequence decision reduces to the maximum-
likelihood (ML) sequence decision, which is the symbol sequence a ∈ AL that max-
imizes the likelihood f (r|a). A brute-force search for either type of decision would
require that f (r|a) be computed for each of the |A|L possible message sequences.
The complexity of such an exhaustive search would thus grow exponentially with the
message length L. In this section we describe an efficient solution to the MAP or ML
sequence detection problem whose complexity grows only linearly with L.

Every message a ∈ AL uniquely determines a “path” through the trellis, as
specified by the state sequence θ = [θ0, . . . , θL+μ] ∈ Aμ(L+μ+1). The reverse is
true as well, that is, every path through the trellis uniquely specifies the corresponding
message sequence. Therefore, to find the MAP estimate of the message, we only need
to find the MAP estimate for the path through the trellis, which is the state sequence
θ ∈ Aμ(L+μ+1) that maximizes the APP P(θ |r) = f (r|θ)P(θ)/f (r), or equivalently
maximizes just the numerator f (r|θ)P(θ). Because the noise components are inde-
pendent, and because the noiseless channel output sk depends only on the states at
time k and time k + 1, this numerator reduces to the following:

f (r|θ)P(θ) =
L+μ−1∏

k=0

f
(

rk|sk = s(θk ,θk+1)
)

P
(

ak = a(θk ,θk+1)
)

=
L+μ−1∏

k=0

γk(θk, θk+1), (8.12)

where γk(p, q) = f (rk|s(p,q))P(ak = a(p,q)) can be interpreted as a branch metric for
the branch in the trellis diagram from state p at time k to state q at time k + 1. Here
we use a(p,q) ∈ A to denote the unique input symbol associated with the transition
from state p ∈ {0, . . . , Q − 1} to state q ∈ {0, . . . , Q − 1}. (When such a transition
is impossible, we take the corresponding probability to be zero.) Similarly, we use
s(p,q) to denote the unique FSM output associated with a transition from state p to
state q, as defined by Eq. (8.11). This means that an FSM that starts out in state p
will output s(p,q) and move to state q when the input symbol is a(p,q). Intuitively, the
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branch metric for a branch from one state to another is a measure of how probable
that particular transition is; the smaller the branch metric, the less likely the state
transition along the corresponding branch occurred. The extreme case of a zero
branch metric indicates an impossible state transition; this generally arises because
the second factor P(ak = a(p,q)) is zero, meaning that it is impossible to make a
transition from state p to state q.

In effect, Eq. (8.12) rephrases the MAP sequence detection problem as the
problem of finding a path through the trellis with the largest path metric, where
the metric for a path is defined as the product of the branch metrics in its path,
according to Eq. (8.12). The Viterbi algorithm is an efficient solution to this problem
whose complexity grows only linearly with the message length L [2]. Let us define
the survivor for the node (p, k) as the partial path to that node (ie, the partial path
starting at node (0, 0) and ending at node (p, k)) with maximal metric. Further, let
α̂k(p) denote this maximal survivor metric.1 The decision path can thus be thought
of as the survivor path for ending the node of the trellis, namely the node (0, L + μ).
The key to the Viterbi algorithm is the observation that the survivors for the states at
time k + 1 will always build on the survivors at time k. In particular, the survivors for
the states q ∈ {0, 1, . . . , Q − 1} at time k + 1 can be computed recursively from the
Q survivors at time k according to

α̂k+1(q) = maxp{α̂k(p)γk(p, q)}, (8.13)

with initialization α̂0(p) = δp, to account for the fact that the state is initially p = 0
at time 0.

The Viterbi algorithm starts at the zeroth stage of the trellis, computes the
survivors for the nodes at time k = 1 based on the above recursion, then moves
on to the next stage, computes the survivors for the nodes at time k = 2, and so on.
It continues moving through the trellis from left to right and computes the survivors
recursively, according to the above recursion, and further stores for each node the
index of the previous state that was selected by the maximization of Eq. (8.13). At
any time k the Viterbi algorithm need only track Q survivors, independent of k, one
for each possible state at time k. This represents a significant amount of pruning,
since the number of partial paths to any node at time k grows exponentially with k.
Further, observe that the complexity at the kth stage of the trellis is fixed, independent
of the value of k; the number of computations required to implement Eq. (8.13) does
not depend on k. This makes the overall complexity of the Viterbi algorithm a linear
function of the sequence length L, in stark contrast to the exponential dependence on
L that would be required by an exhaustive search for the best message.

The Viterbi algorithm described above is multiplicative because the path metric
Eq. (8.12) is the product of all of the branch metrics in its path; because the logarithm

1The reason for the “hat” is that this metric can be interpreted as an estimate or approximation of a
quantity that will be denoted αk(p) in the next section.
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is monotonic, we can equivalently maximize the logarithm of Eq. (8.12), that is,
maximize

∑
k gk(θk, θk+1), which leads to an additive version of Eq. (8.13):

λk+1(q) = maxp{λk(p) + gk(p, q)}, (8.14)

where λk(p) = log α̂k(p) and gk(p, q) = log γk(p, q). Exploiting the fact that the
noise is Gaussian, the branch metric γk(p, q) = f (rk|s(p,q))P(a(p,q)) reduces to

γk(p, q) = 1

πN0
e−|rk−s(p,q)|2/N0 P(ak = a(p,q)), (8.15)

so that a negatively scaled version μk(p, q) = −N0gk(p, q) of the additive branch
metric is

μk(p, q) = |rk − s(p,q)|2 − N0 log
P(ak = a(p,q))

πN0
. (8.16)

The negative scaling factor means that, instead of maximizing the sum
∑

k gk(θk,
θk+1) of the original additive branch metrics, the MAP detector can now equivalently
minimize the sum

∑
k μk(θk, θk+1) of the new branch metrics. Furthermore, when

all symbols are equally likely, the subtracted term in Eq. (8.16) will be independent
of p and q and thus the same for every branch in the trellis, meaning that the MAP
detector (which reduces to the ML detector in the case when all symbols are equally
likely) can be based on an additive version of the Viterbi algorithm with the simplified
branch metric μ̂k(p, q) = |rk−s(p,q)|2. This last branch metric has a simple geometric
interpretation as the squared Euclidean distance between the kth observation and
what that observation should have been, had the particular transition from state p
to state q actually occurred. The Viterbi algorithm with this branch metric is also
commonly known as the minimum-distance sequence detector, or the maximum-
likelihood sequence detector when the noise is white and Gaussian. The solution
is the message sequence that maximizes the likelihood f (r|a), or equivalently
minimizes the energy in the error between the observation sequence rk and the filtered
message ak ∗ hk.

Example 8.4. Suppose a sequence a = [a0, . . . , a4] of L = 5 binary symbols
chosen independently and uniformly from the BPSK alphabet A = {±1} is transmit-
ted across an ISI channel with real-valued impulse response H(z) = 3 + 2z−1 + z−2,
which has memory μ = 2, with a preamble and postamble each consisting of a pair of
idle symbols a0 = −1. In this example we illustrate how to use the Viterbi algorithm
to find the ML decision sequence, given that the noisy channel output2 (after additive
white Gaussian noise) is r = [r0, . . . , r6] = [1, 4, 1, 1, 5, 2, −4].

The state θk = [ak−1, ak−2] can be [−1, −1], [+1, −1], [−1, +1], or [+1, +1],
which are labeled by the integers 0, 1, 2, and 3, respectively. A transition from state
θk = [ak−1, ak−2] at time k to state θk+1 = [ak, ak−1] at time k + 1 uniquely

2In practice, neither the channel ISI coefficients nor the noisy channel outputs will be integer-valued;
nevertheless, we assume they are integers in this example to simplify the branch metric computations.
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FIG. 8.6

The Viterbi algorithm example: (A) shows the expected outputs {s(p,q)}, while (B) through
(H) show the branch metrics and add-compare-select results for stage 0 through stage 6,
respectively.

determines the “expected” filter output sk = 3ak + 2ak−1 + ak−2 at time k (see
Eq. 8.11). The expected filter outputs for all possible state transitions are summarized
in Fig. 8.6A. On the left of the figure is a set of four nodes, one for each possible value
for the state p ∈ {0, 1, 2, 3} at time k. On the right is another set four nodes, one for
each possible state q ∈ {0, 1, 2, 3} at time k + 1. A branch from state p to state q
indicates that a transition from state p to state q is possible. The label on each such
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branch in Fig. 8.6A is the corresponding expected output sk = 3ak + 2ak−1 + ak−2
at time k.

The diagram in Fig. 8.6A can be used as an alternative to convolution for com-
puting the ISI filter output in response to an input sequence. For example, consider
the input sequence a = [a0, . . . , a4] = [−1, +1, +1, −1, +1]. The path for this
sequence is highlighted in Fig. 8.5A. Each branch in this path has an expected output,
as indicated in Fig. 8.6A, so that the expected ISI filter output in response to this
input sequence can be read off from the branches in Fig. 8.6A as s = [s0, . . . , s6] =
[−6, 0, 4, 0, 2, −2, 4].

Each message has its own unique path, and hence, from Fig. 8.6A, its own
expected output sequence s. The ML sequence detection problem for this AWGN
channel reduces to that of finding the message a whose expected filter output s is
closest to the observation r = [r0, . . . , r6], in the sense that it minimizes ‖r − s‖2 =∑6

k=0 |rk − sk|2. Let us label the branch from state p at time k to state q at time k + 1
with the additive branch metric |rk − s(p,q)|2 (which is equivalent to Eq. 8.16 given
our assumption that the symbol distribution is uniform), where s(p,q) is the expected
output associated with a transition from state p to state q, as summarized in Fig. 8.6A.
The ML cost ‖r − s‖2 for a particular message can then be computed by summing
the branch metrics in its corresponding path; this branch label thus reduces the ML
sequence detection problem to the problem of finding a path through the trellis (from
state 0 at time 0 to state 0 at time 7) whose path metric (equal to the sum of its branch
metrics) is as small as possible.

The Viterbi algorithm efficiently finds the path through the trellis with minimum
cost. For each node (p, k) in the trellis, the algorithm keeps track of both the survivor
path to that node (which is the lowest-cost path to that node) and its corresponding
cost, call it αk(p). The algorithm is depicted in Fig. 8.6B through Fig. 8.6H. Fig. 8.6B
highlights stage k = 0 of the trellis, with the corresponding noisy observation r0 = 1
written below it. The two branch metrics for this stage are computed by computing
the square of the difference between the actual observation (r0 = 1) and the expected
observation (s(p,q)) for the transition, as indicated in Fig. 8.6A. In particular, since
s(0,0) = −6 in Fig. 8.6A, the upper branch metric in Fig. 8.6B is |rk − s(0,0)|2 =
|1 − (−6)|2 = 49. Similarly, since s(0,1) = 0 in Fig. 8.6A, the lower branch metric in
Fig. 8.6B is |rk − s(0,1)|2 = |1 − 0|2 = 1.

In the figure, the number written inside each node (p, k) is the survivor metric
αk(p) for that node’s survivor; that is, it is the cost of the lowest-cost partial path
to that node. The cost at the beginning of the trellis (state 0 at time 0) is initialized
to zero. At time 1 only two of the four states are reachable, with costs 49 and 1, as
shown in Fig. 8.6B.

In Fig. 8.6C we highlight stage k = 1 of the trellis, with the corresponding noisy
observation r1 = 4 written below. As before, the branches are labeled by the squared
difference between the actual observation r1 = 4 and the expected observation for the
corresponding transition, as indicated in Fig. 8.6A. For example, since s(0,0) = −6 in
Fig. 8.6A, the upper branch metric in Fig. 8.6C is |rk − s(0,0)|2 = |4 − (−6)|2 = 100,
and since s(1,2) = −2 in Fig. 8.6A, the corresponding branch metric in Fig. 8.6B is
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|rk − s(1,2)|2 = |4− (−2)|2 = 36. The survivor metrics are then computed and stored
by adding the previous survivor metrics to the corresponding branch metrics.

It is not until stage k = 2 of the trellis, as highlighted in Fig. 8.6D, that the
pruning of paths begins. The noisy observation for this stage is r2 = 1, which is
written below. The branch metrics are labeled as before (by computing the square
of the difference between r2 and the expected outputs from Fig. 8.6A). Next, the
survivors for the states at time k = 3 are computed. For example, the figure shows
that there are two ways to get to node (0, 3):

• we could start at node (0, 2), which has a cost of 149, and traverse the upper
branch, which has a cost of 49, for a total cost of 198;

• we could start at node (2, 2), which has a cost of 37, and traverse the lower
branch, which has a cost of 25, for a total cost of 62.

The Viterbi algorithm selects the second option because of its lower cost. In the
figure, we indicate this selection by crossing out the branch that was not selected
(the upper branch in this case). We further store the new metric by writing the cost
of 62 into node (0, 3). A similar add-compare-select procedure is implemented for
the remaining three nodes at time k = 3: the lower branch is selected for node
(1, 3), since 37 + 1 = 38 < 149 + 1 = 150; the lower branch is selected for
node (2, 3), since 1 + 1 = 2 < 65 + 9 = 74; and the lower branch is selected for
node (3, 3), since 1 + 25 = 26 < 65 + 9 = 74.

The algorithm then moves on to stage k = 3, as shown in Fig. 8.6E, performing
four add-compare-select operations, one for each possible state, and storing the
new survivor metrics. The same operations are performed for stage 4, as shown in
Fig. 8.6F, and then again for stage 5, as shown in Fig. 8.6G, and then again for the
last stage, as shown in Fig. 8.6H.

The decision path is the survivor path for the last node of the trellis. It can be
found by starting at the ending node of the trellis and tracing backwards, at each
stage choosing the branch that was not discarded (ie, not crossed out); the resulting
decision path is highlighted in Fig. 8.6H. The decision path in turn determines the
decision message, since there is a one-to-one mapping between paths and messages.
In particular, since the states were ordered so that the lower branch emanating from
any node always corresponds to an input of +1, the fact that the decision path
transitions are lower-lower-upper-lower-lower-upper-upper indicates that the ML
decision sequence is â = [+1, +1, −1, +1, +1]. (The last two transitions correspond
to the postamble and are not a part of the message decision.)

Observe that the survivor metric for the last node of the trellis is α7(0) = 8. This
is the smallest cost ‖r − s‖2 that is achieved by the decision sequence. Indeed, we
can confirm this value by computing the expected output sequence from the decision
sequence â (via Fig. 8.6A) as s = [0, 4, 0, 2, 4, 0, −4], and verifying that the squared
distance to r = [1, 4, 1, 1, 5, 2, −4] is indeed ‖r − s‖2 = 8.

We close this section with a summary of the key properties of the Viterbi
algorithm, as described so far:
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• It makes a decision about the entire sequence all at once, either the MAP or ML
decision, depending on how the branch metrics are defined.

• It waits until the entire message has been transmitted before making its decision.
• It is built on a trellis diagram consisting of L + μ stages (in the horizontal

dimension) and Q = |A|μ states (in the vertical dimension).
• The storage requirement for the survivor paths is roughly QL.
• The complexity of each stage is roughly proportional to the number of branches

in each stage, namely |A|μ+1, so that it requires a constant computation rate that
is independent of the message length.

To reduce the storage requirements and delay, in practice the Viterbi algorithm is
typically modified to operate over a window of, say, D stages of the trellis, from
time k − D to time k. At each time k, the survivor node with the best survivor
metric is traced back to determine the decision at time k − D. This approach reduces
the decoding delay from approximately L to D, and it reduces the storage required
from approximately QL to approximately QD. The window depth parameter D can
then be tuned to trade-off performance versus complexity and delay. The optimal
performance of the original Viterbi algorithm is achieved as D grows large, but small
values are often sufficient; values of D on the order of 5μ are often sufficient to make
the performance degradation negligible.

The Viterbi algorithm is an effective solution to the problem of estimating the
inputs to an FSM based on a noisy observation of the FSM output, and it is used in
a wide variety of applications beyond equalization of ISI channels, including error-
control decoding for convolutional and trellis codes and demodulation of continuous-
phase modulation [2].

8.3.3 APP DETECTION: THE BCJR ALGORITHM
The MAP decision found by the Viterbi algorithm of the previous section is optimal
in the sense that it minimizes the probability that the message decision is incorrect.
What could be better? Note that the MAP decision produced by the Viterbi algorithm
is a hard decision about the entire message sequence. Here we describe the Bahl-
Cocke-Jelinek-Raviv (BCJR) algorithm [5,6] that differs on both fronts:

• Instead of making one decision about the entire message, the BCJR algorithm
makes separate decisions about each bit of the message.

• Instead of making hard decisions about the message bits, the BCJR algorithm
makes soft decisions in the form of APPs.

The “soft” decisions of the BCJR algorithm are the APPs P(bk,i = 1|r) for each
message bit bk,i, for k ∈ {0, . . . , L − 1}, and for i ∈ {0, . . . , log2 |A| − 1}. The
BCJR algorithm is thus an APP computer. If we were to quantize each bit’s APP we
would arrive at hard decisions that would at times disagree with those of the Viterbi
algorithm. In fact, these quantized APPs would be optimal in the sense that they
minimize the probability that each message bit is incorrect.
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The fact that the quantized APPs from BCJR minimize the bit-error probability, as
opposed to the word-error probability minimized by the Viterbi decision, is not what
makes BCJR valuable. Indeed, in practice the performance difference between the
two is often negligible. In other words, the fact that BCJR makes separate decisions
about each bit is not what makes it valuable. Instead, the value of BCJR is the soft
outputs (APPs) themselves, not their quantized versions. An equalizer that passes
hard decisions to another receiver computation block (such as synchronization,
estimation, or error-control decoding) is throwing away useful information. Overall
performance can be improved significantly when the equalizer instead passes soft
decisions to these other receiver blocks. For example, an error-control decoder
operating on soft decisions can significantly outperform a decoder operating on
hard decisions. Extraordinary gains can be achieved when such blocks iteratively
cooperate by sharing soft decisions according to the turbo principle [7]. Indeed, the
BCJR algorithm is a key building block for turbo decoding of convolutional codes
[8] and turbo equalization of ISI channels [7].

We now describe the BCJR algorithm, which is built on precisely the same trellis
as the Viterbi algorithm. Let us associate with each node (p, k) in the trellis the
forward metric αk(p) = f (θk = p, rk−1

0 ), which is within a scaling constant of being
the APP P(θk = p|rk−1

0 ) of being in that state p at that time k, given all of the “past”
observations rk−1

0 = {r0, r1, . . . , rk−1}. These metrics can be computed recursively,
that is, knowledge of the Q metrics αk(0) through αk(Q − 1) at time k can be used to
compute the Q metrics αk+1(0) through αk+1(Q − 1) at time k + 1, according to the
following:

αk+1(q) =
Q−1∑
p=0

αk(p)γk(p, q), for q ∈ {0, 1, . . . , Q − 1}, (8.17)

where, again, γk(p, q) denotes the branch metric from state p at time k to state q at
time k + 1 and is precisely the same as the branch metric for the Viterbi algorithm,
namely γk(p, q) = f (rk|s(p,q))P(a(p,q)). The forward recursion of Eq. (8.17) is
initialized in the same way as the Viterbi algorithm, namely α0(p) = δp, to account
for the fact that the state is initially p = 0 at time 0.

Comparing the recursion Eq. (8.17) to the Viterbi recursion in Eq. (8.13) we see
that they are nearly the same; the only difference is that the maximum operation maxp

of Eq. (8.13) has been replaced by a sum operation
∑

p in Eq. (8.17). This difference
means that, while only the largest term contributes in the Viterbi recursion, all terms
contribute in the BCJR recursion. The difference is not always significant, however,
because at high SNR, it is common for one term to dominate anyway. We can thus
view the Viterbi survivor metric α̂k(p) in Eq. (8.13) as a high-SNR approximation of
the BCJR metric αk(p) in Eq. (8.17).

Similarly, let us associate with each node (p, k) in the trellis the backward metric
βk(p) = f (rL+μ−1

k |θk = p), which is a function of the “future” observations,

rL+μ−1
k = {rk, . . . , rL+μ−1}. These metrics can also be computed recursively, using
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the same type of recursion as in Eq. (8.17), except that it starts at the end of the trellis
and moves backwards, so that the backward metrics at time k can be computed from
those at time k + 1 according to the following:

βk(p) =
Q−1∑
q=0

γk(p, q)βk+1(q), for p ∈ {0, 1, . . . , Q − 1}, (8.18)

where, again, γk(p, q) = f (rk|s(p,q))P(a(p,q)). The backward recursion of Eq. (8.18)
is initialized by βL+μ(q) = δq, to account for the fact that the ending state at time
k = L + μ is fixed at q = 0.

Key to the BCJR algorithm is the fact that the APP of a state transition, say a
transition from state p at time k to state q at time k + 1, can be expressed in terms of
the forward, backward, and branch metrics as follows:

P(θk = p, θk+1 = q|r) = αk(p)γk(p, q)βk+1(q)/f (r). (8.19)

Therefore, according to the law of total probability, we can compute the APP for a
particular bit, say the ith bit, of the kth symbol by summing over all state transitions
for which the ith bit is one:

P(bk,i = 1|r) = 1

f (r)

∑
(p,q)∈Bi

αk(p)γk(p, q)βk+1(q), (8.20)

where Bi denotes the subset of branches {(p, q): p, q ∈ {0, . . . , Q−1}} for which the
ith bit of the symbol associated with that transition is one.

Rather than computing Eq. (8.20) directly, it is much more convenient (and hence
much more common) to compute the so-called “L” values, which are defined as the
logarithm of the ratio of the APPs [9]:

Lk,i = log
(

P(bk,i = 1|r)
P(bk,i = 0|r)

)
. (8.21)

These L values are the soft information provided by the BCJR algorithm. They have
several useful properties:

• The sign of the L values determines the optimal MAP decision (ie, the decision
that minimizes the probability of being incorrect), according to b̂MAP

k,i = 1Lk,i>0.
• A zero value (Lk,i = 0) indicates complete uncertainty in the value of the

corresponding bit; that is, bk,i is equally likely to be a 0 and a 1.
• More generally, the magnitude |Lk,i| is a measure of certainty regarding the hard

decision; small magnitudes indicate a small amount of confidence that the hard
decision is correct, while large magnitudes indicate a high amount of confidence
that the hard decision is correct.

• The a posteriori bit probability in Eq. (8.20) can be recovered from the L value
via P(bk,i = 1|r) = 1/(1 + e−Lk,i).
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Substituting Eq. (8.20) and its complement into Eq. (8.21) yields the following
expression for the L values, expressed in terms of the α, β, and γ parameters:

Lk,i = log

(∑
(p,q)∈Bi

αk(p)γk(p, q)βk+1(q)∑
(p,q)∈B̄i

αk(p)γk(p, q)βk+1(q)

)
. (8.22)

The set B̄i in the denominator denotes the complement of Bi, that is, the set
of branches corresponding to a zero bit. The scaling factor 1/f (r) in Eqs. (8.19)
and (8.20) can be ignored because it is common to both the numerator and the
denominator in Eq. (8.22), so it will cancel.

We can now summarize the BCJR algorithm for APP computation after an ISI
channel:

1. Compute the forward metrics {αk(p)} recursively using the forward recursion
Eq. (8.17), moving through the trellis from left to right.

2. Compute the reverse metrics {βk(p)} recursively using the backward recursion
Eq. (8.18), moving through the trellis from right to left.

3. Use Eq. (8.22) to compute the APP values for each bit of the message.

Each pass through the trellis has complexity roughly comparable to that of the Viterbi
algorithm, making the BCJR algorithm roughly twice as complex.3 The computation
of the APP L values has a further cost in complexity.

Example 8.5. Suppose a sequence of symbols chosen from the 4-QAM alphabet
A = {±1 ± j} is transmitted over the ISI channel H(z) = h0 + h1z−1 + h2z−2, where
h0 = 1+0.3j, h1 = 0.2+0.7j, and h2 = 0.05−0.1j, and the noise power is N0 = 0.18,
so that SNR = EaEh/N0 = 12.6 dB. The message bits are iid uniform over {0, 1}.
A block diagram is shown in Fig. 8.7, along with two empirically measured constel-
lations: one for the output rk of the noisy channel and another for the outputs Lk,i of
the BCJR algorithm. The ISI in this example is severe enough to cause significant
overlap of neighboring clouds. Some sort of equalization is clearly needed to reliably
recover the transmitted message. The trellis diagram for this example is exactly as
shown in Fig. 8.5B. In particular, since the alphabet size is |A| = 4 and the channel
memory is μ = 2, the number of states is Q = |A|μ = 16. Also shown in the figure
is a constellation for the fictitious signal Lk,1 + jLk,2 after the BCJR algorithm. We see
that it resembles a 4-QAM constellation with no ISI and with circularly symmetric
Gaussian noise. The conditional distribution after the BCJR is approximately consis-
tent Gaussian, meaning that the variance in each dimension is twice the conditional
mean. Measuring the SNR after the BCJR algorithm yields SNR = 12.6 dB, which is
approximately the same as the underlying SNR. Evidently, in this example, the BCJR
algorithm is able to eliminate the effects of the ISI without an appreciable penalty in
SNR. This conclusion can be confirmed in terms of capacity [10].

3Although the traceback operation of the Viterbi algorithm can be viewed as a backward pass through
the trellis, analogous to the backward recursion of BCJR, it does not require any computations.
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An example of equalization via BCJR for 4-QAM over the ISI channel
H(z) = (1 + 0.3j) + (0.2 + 0.7j)z−1 + (0.05 − 0.1j)z−2, with SNR = 12.6 dB.

8.4 LINEAR EQUALIZATION
The trellis-based detectors of the previous section perform exceptionally well, but
their complexity can be high. In particular, the complexity of both Viterbi and
BCJR algorithms is exponential in both the spectral efficiency (log2 |A|) and channel
memory (μ), and it can be prohibitive when the alphabet is large, the channel memory
is large, or both. As an alternative, we consider in this section the class of linear
detectors, which feature a complexity that is nearly independent of the alphabet size
and channel memory, albeit with performance that can at times fall significantly short
of the trellis-based detectors.

A linear equalizer is simply a linear time-invariant filter applied to the channel
output. In this section we assume that the linear equalizer is designed with the
expectation that the equalizer output will be applied to a memoryless quantizer that
rounds the equalizer output to the nearest element of the symbol alphabet A. In other
words, the aim of the linear equalizer is to eliminate ISI, so that subsequent receiver
processing can ignore ISI.4

A block diagram of a linear equalizer is shown in Fig. 8.8. In the following
three sections we describe three special cases of the linear equalizer: (1) the MF,
(2) the zero-forcing (ZF) linear equalizer, and (3) the minimum-mean-squared-error
(MMSE) linear equalizer.

4This is in contrast to a partial-response equalizer, which aims not to eliminate ISI, but to mold it to
match a desired target [11].
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A linear equalizer C(z) followed by memoryless quantizer results in decisions âk about the
message symbols ak .

8.4.1 THE MATCHED FILTER
If the transmitter were to send only a single symbol in isolation, so that L = 1 in
Eq. (8.1) and the channel model Eq. (8.3) reduces to rk = a0hk + nk, the SNR after
equalization (at time 0) is maximized when the linear equalizer C(z) in Fig. 8.8 is
matched to the channel. In the time domain, the MF impulse response is a time-
reversed and conjugated version of the ISI channel:

ck = h∗−k.

In the z domain,5 this means that C(z) = H∗(1/z∗), while in the frequency domain
it means that C(ejθ ) = H∗(ejθ ). The MF equalizer gain at a particular frequency
matches that of the channel at that frequency; frequencies that are amplified by the
channel will be further and similarly amplified by the equalizer, while frequencies
that are attenuated by the channel will be further and similarly attenuated by the
equalizer.

In practice, the transmitter will send a sequence of symbols, not a single symbol
in isolation. In this case the MF receiver may not at first glance appear to be an
equalization strategy at all, since the net effect of the MF will be to accentuate the
severity of the ISI rather than to eliminate it. However, as we will see below, the
MF is an optimal linear equalizer in the limit of low SNR. Intuitively, this can be
understood by observing that the ISI, no matter how severe, will eventually become
negligible (falling below the noise floor) at a low enough SNR. Furthermore, in a
direct-sequence code-division-multiple-access (DS-CDMA) application for which
the transmit pulse shape g(t) of Eq. (8.1) has a bandwidth that is orders of magnitude
greater that the signaling rate 1/T , an oversampled version6 of the MF is known as

5The z transform of a sequence xk is a mapping from the complex z plane to X(z) = ∑∞
k=−∞ xkz−k,

for those values of z for which the sum converges. Evaluating the z transform at z = ejθ results in the
Fourier transform X(ejθ ), when it exists.
6The broadband nature of a DS-CDMA signal violates the minimum-bandwidth assumption made in
Section 8.2.1; hence the baud-rate sampled model considered in this chapter would need to be replaced
by an oversampled model in order to accommodate the expanded bandwidth.
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the RAKE receiver and is an effective method for compensating for the effects of a
dispersive channel, at any SNR.

8.4.2 ZF LINEAR EQUALIZATION
The ZF strategy for the linear equalizer design is to choose the equalizer to be the
inverse of the channel, when it exists, which will completely eliminate the ISI:

CZF(z) = 1

H(z)
. (8.23)

This is called a ZF equalizer because the ISI is forced to zero. The ZF linear equalizer
is in some sense the opposite of the MF: It attenuates at frequencies that are amplified
by the channel, and it amplifies at frequencies that are attenuated by the channel.

Because the ZF linear equalizer completely eliminates ISI, its output can be
written as follows:

yk = ak + ek,

where ek = nk ∗ ck is the noise after being filtered by the equalizer. The PSD of the
filtered noise is

Se(ejθ ) = N0|C(ejθ )|2 = N0

|H(ejθ )|2 .

The power of the filtered noise is E(|ek|2) = A{Se(ejθ )}. Therefore, the SNR after
the ZF equalizer, as seen by the memoryless quantizer, is simply

SNRZF = E(|ak|2)

E(|ek|2)
= Ea

A{Se(ejθ )} = 1

A{ 1
SNR(θ)

} , (8.24)

or more compactly,

SNRZF = H{SNR(θ)}. (8.25)

This is the postequalization SNR of the ZF linear equalizer. Note that this SNR
does not account for the correlation in the noise after the linear equalizer because
the memoryless quantizer has no way of exploiting this correlation. Thus, the SNR
measure implicitly takes the memoryless constraint into account. (In contrast, an
optimal way of exploiting the noise correlation would be to follow the equalizer by
the inverse of the equalizer (!), which reverts back to the original channel output, and
then to apply a trellis-based detector.)

The ZF linear equalizer performance is never better than the MF bound when
the transmit spectrum is flat, since in this case the inequalities in Eq. (8.4) imply
that SNRZF = H{SNR(θ)} ≤ A{SNR(θ)} = SNRMFB. The inequality becomes an
equality if and only if there is no ISI, that is, if and only if SNR(θ) is independent of θ .
Therefore, for any channel with ISI, the ZF linear equalizer always falls short of the
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MFB. The nature of the harmonic mean implies that the gap in performance can be
significant when the channel frequency response is small at one or more frequencies.

Example 8.6. Consider the performance of the ZF linear equalizer for a sequence
of iid symbols chosen from the 4-QAM alphabet A = {±1 ± j} over a channel with
frequency response H(z) = 1 + bz−1 and noise PSD N0 = 2; in this case the SNR
spectral density reduces to SNR(θ) = |1 + be−jθ |2, so that the SNR after a ZF linear
equalizer is as follows:

SNRZF = H{SNR(θ)}
= 1

1
2π

´ π
−π

1
|1+be−jθ |2 dθ

= 1 − |b|2.

If |b| is infinitesimal, this SNR is not much smaller than the MFB, namely SNRMFB =
1 + |b|2. However, as |b| grows large, the SNR decreases dramatically. In fact, as
|b| approaches unity, the SNR approaches zero! The ZF linear equalizer thus incurs
an infinite SNR penalty when |b| = 1. The reason can be easily understood in the
frequency domain, for the channel magnitude response |H(ejθ )| = |1 + be−jθ | has a
spectral null at some frequency θ (that depends on the angle of b) when |b| = 1. In
turn, this implies that the gain of the equalizer |C(ejθ )| = 1

|H(ejθ )| grows to infinity at
that same frequency. This amplifies the noise by an infinite amount, so that the noise
totally swamps the desired signal.

It is generally true that a ZF linear equalizer suffers infinite noise enhancement
whenever the channel magnitude response is zero at one or more frequencies, and
it performs poorly whenever the channel has a near spectral null at one or more
frequencies.

8.4.3 MMSE LINEAR EQUALIZATION
The fatal flaw of the ZF equalizer is its insistence on forcing ISI to zero, regardless
of what impact it has on the noise. Forcing ISI to zero is overkill. In contrast, here we
describe the MMSE equalizer, which chooses its coefficients so as to minimize the
mean-squared error between the equalizer output and what we want it to be, namely
to minimize MSE = E(|ek|2), where ek = yk − ak. The Fourier transform of the
solution is

CMMSE(ejθ ) = H∗(ejθ )

|H(ejθ )|2 + N0
Ea

. (8.26)

The numerator represents an MF, which transforms the channel frequency response
from its original form, H(ejθ ), to |H(ejθ )|2. The presence of the constant N0/Ea
term in the denominator is the only thing that prevents the remainder of the MMSE
equalizer from inverting this effective response. As such, this constant is the only
thing that prevents the MMSE linear equalizer from being the ZF linear equalizer.
Intuitively, we can think of the constant as a way of preventing the denominator
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from being close to zero, even when the channel itself is zero or near zero at certain
frequencies.

Two extremes are of special interest: high SNR and low SNR. At high SNR,
one that is high enough that the N0/Ea term in the denominator is negligible, the
MMSE equalizer reduces to the ZF equalizer CZF(ejθ ) = 1/H(ejθ ) of Eq. (8.23).
This makes intuitive sense, because at a high enough SNR, any residual ISI after the
equalizer will eventually dominate. At the other extreme, which is low SNR, so low
that the N0/Ea term in the denominator dominates, the MMSE equalizer reduces to
within a constant scaling factor of the MF H∗(ejθ ). This also makes sense intuitively,
because at a low enough SNR the ISI will eventually fall below the noise floor and
will become negligible.

The two extreme cases considered above help to clarify the tradeoff achieved
by the MMSE solution. The error after the equalizer will have two components,
one being residual ISI and the other being filtered noise. The aim of the MMSE
equalizer is to minimize the sum of the power of both. In stark contrast, the ZF
equalizer minimizes ISI while ignoring the noise. Similarly, the MF can be thought
of as an equalizer that maximizes SNR while ignoring the ISI. Neither of these
extremes achieves the optimal balance obtained by the MMSE equalizer. One final
intuitive view of how the MMSE equalizer compares to the ZF equalizer: While the
ZF equalizer forces ISI to zero at the expense of a potentially large enhancement of
the noise power, the MMSE equalizer merely pushes the ISI to be roughly below the
noise floor, without as much noise enhancement.

In order to accurately quantify the postequalization SNR of the MMSE equalizer,
we need to account for the equalizer bias. Let βk = hk ∗ ck denote the impulse
response of the cascade of the channel and any equalizer ck. We say that an equalizer
is biased whenever the zeroth coefficient β0 satisfies β0 �= 1, because the conditional
mean of the equalizer output satisfies E(yk|ak) = β0ak. For example, the ZF equalizer
of the previous section is unbiased, because in that case β0 = 1. On the other hand,
the MMSE equalizer is biased because β0 �= 1, namely

β0 = 1

1 + 1/SNRMMSE-LE
,

where SNRMMSE-LE will be defined shortly (see Eq. 8.28). Scaling the equalizer by
1/β0 removes the bias, leading to the so-called unbiased MMSE linear equalizer:

CMMSE,U(ejθ ) = β−1
0 H∗(ejθ )

|H(ejθ )|2 + N0
Ea

. (8.27)

At high SNR, there is not much difference in performance between the unbiased
and biased equalizer. However, the unbiased version makes it easy to compute the
postequalization SNR of the MMSE equalizer, because—unlike for the biased case—
the equalizer error ek = yk − ak after the unbiased equalizer will be independent of
ak, so that the SNR after this equalizer can be computed simply as follows:
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SNRMMSE-LE = E(|ak|2)

E(|ek|2)
(8.28)

= H{1 + SNR(θ)} − 1. (8.29)

Comparing this SNR to that of the ZF linear equalizer, and exploiting the inequality
Eq. (8.4), we conclude the following:

SNRMMSE-LE ≥ SNRZF-LE,

with equality if and only if the channel has no ISI. Thus, when faced with ISI, the
MMSE linear equalizer always outperforms the ZF linear equalizer. The difference in
performance can be significant at a low SNR, or for channels with severe ISI, while
the difference can be small at a high SNR, or for channels with mild ISI.

Example 8.7. Consider a channel with transfer function H(z) = 1 + h1z−1 +
h2z−2 + h3z−3, where h1 = 0.4 − 0.1j, h2 = 0.1 + 0.5j, and h3 = 0.3 + 0.8j.
The magnitude response |H(ejθ )| is shown in Fig. 8.9, where we see deep spectral
nulls that are attenuated by as much as 32 dB relative to the peak response. Since
the MF and the channel share the same magnitude response, this same curve also
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An illustration of how the magnitude response of the MMSE linear equalizer ranges from
that of an MF to that of a ZF linear equalizer, depending on the SNR.



8.5 Decision-feedback equalization 311

depicts the magnitude response of the MF. Also shown in the figure is the magnitude
response |CZF(ejθ )| = 1/|H(ejθ )| of the ZF linear equalizer. Observe that the ZF
linear equalizer has a high gain of over 20 dB at the frequency most attenuated by
the channel. The remaining five curves show the magnitude response of the unbiased
MMSE linear equalizer for five different SNR values, ranging from 0 to 40 dB. At low
SNR, the MMSE equalizer has roughly the same shape as the MF. At high SNR, the
MMSE equalizer closely approximates the ZF linear equalizer. At moderate SNR,
the MMSE linear equalizer resembles neither the MF nor the ZF linear equalizer
over the entire frequency range. Instead, at 20 dB SNR, for example, we see that the
MMSE linear equalizer behaves like the MF at frequencies near the channel null,
while it behaves more like the ZF linear equalizer at all other frequencies.

8.5 DECISION-FEEDBACK EQUALIZATION
The decision-feedback equalizer (DFE) is a nonlinear equalization strategy that can
significantly outperform a linear equalizer, with comparable complexity. The DFE is
based on the concept of interference cancellation, where interference is estimated at
the receiver and subtracted. As a motivating example, let us begin our discussion by
supposing that the channel impulse response has most of its energy concentrated in
the zeroth coefficient h0, so that the channel output rk = ak ∗ hk + nk can be broken
down into three terms:

rk = h0ak︸︷︷︸
desired

+
μ∑

i=1

hiak−i

︸ ︷︷ ︸
ISI

+ nk︸︷︷︸
noise

.

The first term represents the desired signal, the second term is the ISI, and the third
term is the channel noise. Suppose further that, at time k, the receiver has access
to the prior decisions {âk−1, âk−2, . . .}. In this case, the receiver can reconstruct an
estimate

∑μ
i=1 hiâk−i of the ISI and subtract this estimate from the channel output,

and further scale by 1/h0, resulting in the following:

zk = 1

h0

⎛
⎝rk −

μ∑
i−1

hiâk−i

⎞
⎠ (8.30)

= ak + 1

h0

μ∑
i=1

hi(ak−i − âk−i) + nk/h0.

When the μ relevant decisions are correct, this reduces to

zk = ak + nk/h0.

Like the ZF linear equalizer, this DFE has completely eliminated ISI. Unlike the
linear equalizer, however, the noise here has not been enhanced. Instead, the noise
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The DFE has two filters: a forward filter for mitigating ISI from future symbols and a
feedback filter for mitigating ISI from past symbols.

term nk in the above equation is the noise nk of the original channel. This DFE thus
eliminates ISI without any noise enhancement.

In the general case when h0 is not large, the receiver can first apply the channel
output to a linear “forward” filter whose purpose is to transform the cascade of the
channel and the equalizer into an effective channel whose zeroth tap is large. This
leads to the DFE structure shown in Fig. 8.10. The equalizer output (or equivalently,
the input to the decision device) for the DFE is as follows:

zk = rk ∗ fk −
∞∑

i=1

biâk−i, (8.31)

where fk is the impulse response of the forward filter and where bk is the impulse
response of the feedback filter. To be implementable, the feedback filter must be
strictly causal, that is, it must satisfy bk = 0 for all k ∈ {0, −1, −2, . . .}, so that
B(z) = ∑∞

k=1 bkz−k. The motivating example of the previous paragraph is a special
case when the forward filter is the scaling factor F(z) = 1/h0, and the feedback filter
is the strictly causal “tail” of the normalized channel, B(z) = (H(z) − h0)/h0 =
h−1

0

∑μ
k=1 hkz−k.

8.5.1 THE ZF DFE
A ZF DFE is one for which the DFE output zk depends only on the kth symbol ak,
with no residual ISI from the others. Of the many DFEs that satisfy this ZF property,
we will prefer the one that results in the highest SNR, or, equivalently, the one that
minimizes the MSE = E(|zk − ak|2). This version of the ZF DFE is unique and is
given by [1]:

F(z) = H∗(1/z∗)

γ 2M∗(1/z∗)
, (8.32)
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B(z) = M(z) − 1, (8.33)

which are defined in terms of the following spectral factorization of H(z)H∗(1/z∗):

H(z)H∗(1/z∗) = γ 2M(z)M∗(1/z∗), (8.34)

where M(z) = 1 + m1z−1 + m2z−2 + · · · is monic (ie, satisfying m0 = 1), loosely
minimum phase (ie, all of its poles are inside the unit circle, and all of its zeros are
either inside or on the unit circle), and where

γ 2 = G{|H(ejθ )|2}

is the geometric mean of the magnitude squared of the channel frequency response.
With this choice for the forward filter, it is easy to see that the cascade of the channel
and the forward filter reduces to H(z)F(z) = M(z). Thus, the forward filter transforms
the original channel with the transfer function H(z) into an effective channel with
transfer function M(z). Of all transfer functions having the same magnitude response
as the original channel, the minimum-phase factor γ M(z) has the desirable property
that its energy is maximally concentrated at time 0. Observe further that the optimal
ZF forward filter is a scaled all-pass filter, which ensures that it does not enhance
the noise; the noise after the forward filter is still white. One final observation: If the
original channel happens to be a minimum phase from the beginning, the minimum-
phase factor reduces to γ M(z) = H(z). This means that the forward filter reduces to
a scaling constant F(z) = 1/γ = 1/h0, and the feedback filter reduces to B(z) =
H(z)/h0 − 1, so that the optimal ZF DFE reduces to the original motivating example
provided at the beginning of this section.

To compute the SNR of the ZF DFE, observe that the net effect of the forward
filter F(z) from Eq. (8.32) is to transform the channel from H(z) to the channel-filter
cascade H(z)F(z) = M(z). Because the forward filter is a scaled all-pass filter, the
noise after the forward filter is still white and Gaussian. The scaling constant changes
the noise PSD from N0 to N0/γ

2. The feedback filter eliminates the ISI without any
impact on this noise, so that the SNR after the ZF DFE, assuming correct decisions,
is simply:

SNRZF-DFE = Ea

N0/γ 2
= Ea

N0
G{|H(ejθ )|2} = G{SNR(θ)}. (8.35)

(The last equality requires that the transmit spectrum be flat, Sa(ejθ ) = Ea.) This is
the postequalization SNR for the ZF DFE. Exploiting the inequality Eq. (8.4), we
conclude the following:

SNRZF-DFE ≥ SNRZF-LE,

with equality if and only if the channel has no ISI. The DFE thus always outperforms
the linear equalizer for channels with ISI. One caveat to keep in mind for the DFE is
that the above SNR measure is based on an assumption that decisions are correct; the
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actual SNR (that accounts for occasional errors) will be slightly lower. The impact of
errors is considered next.

8.5.2 ERROR PROPAGATION
The DFE was designed and analyzed in the previous section with an assumption
that the receiver decisions are correct. In practice, there will be occasional errors
that tend to increase the probability of a subsequent error, a phenomenon known as
error propagation. A single error will often lead to a burst of many errors. Looking
closer at Eq. (8.30), we see that any error among {âk−1, . . . , âk−μ} will lead to the
corresponding ISI being added (in effect, doubled) instead of subtracted, which will
in turn significantly increase the probability of a subsequent error. The error burst
effect ends whenever μ consecutive correct decisions are made. The impact of error
propagation on the overall performance depends on the value of SNR: At a high SNR
the impact can be negligible, while at a low SNR the impact can be more severe.

Fortunately, we can analyze the impact of error propagation in a straightforward
way and quantify the overall performance that takes into account the possibility of
error propagation. We illustrate this analysis with a simple example.

Example 8.8. Consider the channel rk = ak + ak−1 + nk, where the symbols
are chosen uniformly and independently from the BPSK alphabet A = {±1}, and
where the independent noise is white with variance σ 2 = N0/2. The forward filter
of the ZF DFE in this case is the identity, F(z) = 1, while the feedback filter is the
impulse response tail, namely B(z) = z−1. The kth decision is then âk = sign(zk).
Let p0 = P(âk �= ak|âk−1 = ak−1) denote the conditional probability of error for
the kth decision, given that the previous decision was correct. Under this condition,
Eq. (8.31) reduces to zk = ak + nk, from which we conclude that p0 = Q(1/σ).
Similarly, let p1 = P(âk �= ak|âk−1 �= ak−1) denote the conditional probability of
error for the kth decision, given that the previous decision was incorrect. Under this
condition, Eq. (8.31) reduces to zk = ak + ak−1 − âk−1 + nk = ak + 2ak−1 + nk. The
doubling of the ISI in this case is clearly evident. From this equation we conclude that
the conditional error probability for âk = sign(zk) is p1 = 1

2 (1 − Q(1/σ)+ Q(3/σ)).
From the law of total probability, the overall probability of error Pe = P(âk �= ak)

can then be written as follows:

Pe = P(âk �= ak|âk−1 = ak−1)P(âk−1 = ak−1)

+ P(âk �= ak|âk−1 �= ak−1)P(âk−1 �= ak−1)

= p0(1 − Pe) + p1Pe.

Solving this equation for Pe yields the following:

Pe = p0

1 + p0 − p1
= 2Q(1/σ)

1 + 3Q(1/σ) − Q(3/σ)
.

The denominator quickly approaches unity as SNR increases, so the dominant
impact of error propagation can be seen from the numerator: Error propagation
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The impact of error propagation on the performance of the ZF DFE, for the channel
H(z) = 1 + z−1. The lower curve is the performance of the genie-aided (ideal) DFE that
somehow has access to correct decisions. The upper curve is the performance that takes
into account the impact of decision errors in the feedback process. The SNR penalty due to
error propagation is 0.17 dB at Pe = 10−7.

approximately doubles the overall error probability in this example. This result is
plotted in Fig. 8.11 versus SNR (upper curve), along with the performance of the ideal
DFE (lower curve) that somehow has access to correct decisions when canceling the
ISI. While it is true that the error propagation effectively doubles the error probability
at moderate to high SNR, which may sound severe, the actual degradation when
measuring the horizontal distance between the two curves is small. This is a result of
the fact that the Q function decays rapidly. In fact, the horizontal distance between
the two curves is only 0.17 dB at Pe = 10−7, implying that the SNR penalty due to
error propagation is only 0.17 dB at this probability.

The broad conclusions from the above example generalize to a wide range of
alphabets and ISI responses: The impact of error propagation is rarely, if ever,
catastrophic. Instead, it results in a modest SNR penalty when compared to the ideal
DFE, a penalty generally small enough that even with error propagation the DFE will
outperform the linear equalizer. (We will see another example in Section 8.7 where
the error propagation penalty is about 0.5 dB.)
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8.5.3 THE MINIMUM-MSE DFE
The DFE output zk will generally contain both ISI and noise. The ZF DFE described
in the previous section forces the ISI to zero, without regard to the impact on the
noise. In this section we describe the MMSE DFE, which chooses the forward and
feedback filters to minimize MSE instead, thus accounting for both ISI and noise. In
particular, the MMSE DFE chooses F(z) and B(z) to minimize MSE = E(|zk −ak|2),
where, again, the DFE output zk is given by Eq. (8.31). The MMSE solution is as
follows [1]:

F(z) = H∗(1/z∗)

γ̃ 2M̃∗(1/z∗)
, (8.36)

B(z) = M̃(z) − 1, (8.37)

where γ̃ and M̃(z) are defined by the following spectral factorization:

H(z)H∗(1/z∗) + N0

Ea
= γ̃ 2M̃(z)M̃∗(1/z∗), (8.38)

where, again, M̃(z) is monic and minimum phase. Like the linear MMSE equalizer,
this MMSE DFE is biased; removing the bias means scaling the forward filter by
1 + 1/SNRMMSE-DFE. The resulting SNR of the MMSE DFE is

SNRMMSE-DFE = G{1 + SNR(θ)} − 1. (8.39)

In light of the inequalities in Eq. (8.4) we conclude that, for any channel with ISI, the
MMSE DFE will always outperform the ZF DFE, the MMSE LE, and the ZF LE.

A summary of the linear and DFE equalizers is provided in Table 8.1. The rows
are sorted roughly from best to worst, according to their SNR. The sorting is rough
because it is possible for an MMSE linear equalizer to outperform a ZF DFE, if
the channel ISI response and SNR are carefully chosen. But the other rankings are
universal; we always have the following:

SNRMFB ≥ SNRShannon = SNRMMSE-DFE ≥ SNRZF-DFE,

and

SNRMMSE-LE ≥ SNRZF-LE.

Example 8.9. Consider a 4-QAM alphabet A = {±1 ± j} over the ISI channel
H(z) = 1 + bz−1 with noise PSD N0 = 2, so that the SNR spectral density is
SNR(θ) = |1 + be−jθ |2. The severity of the ISI in this example is captured by the
value of the ISI coefficient h1 = b. At one extreme, b = 0 corresponds to the case
of an ideal ISI-free channel. At the other extreme, b = 1 corresponds to severe
ISI, where the energy of the interfering symbol is the same as the energy of the



8.5 Decision-feedback equalization 317

Table 8.1 Summary of Structure and Performance of the
Linear and DFE Equalizers

Forward F(z) Feedback B(z) SNR

MFB A{SNR(θ)}
Shannon G{1 + SNR(θ)} − 1

MMSE DFE
β−1

0 H∗

γ̃ 2M̃∗ (M̃(z) − 1)/β0 G{1 + SNR(θ)} − 1

ZF DFE H∗
γ 2M∗ M(z) − 1 G{SNR(θ)}

MMSE linear
β−1

0 H∗

HH∗+ N0
Ea

0 H{1 + SNR(θ)} − 1

ZF linear 1
H(z)

0 H{SNR(θ)}
Notes: The first row shows the matched-filter bound on SNR for the case of a flat
transmit spectrum (Sa(ejθ ) = Ea), for comparison. The bias coefficient β0 of both
MMSE equalizers is related to the corresponding SNR (last column) by
β−1

0 = 1 + 1/SNR.
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SNR after equalization versus the severity of the ISI, as captured by the value of the ISI
coefficient h1 = b.

desired symbol. In Fig. 8.12 we plot the SNR after equalization versus the channel
coefficient b, as b ranges from 0 to 1. For small values of b we see that all equalizers
perform about the same. For large values of b, however, we see that the MMSE
versions significantly outperform the ZF counterparts. Further, we see that the DFE
significantly outperforms the LE. Of particular note is the poor performance of the
ZF LE as b grows large, which is the result of noise enhancement: As b approaches 1,
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the channel frequency response develops a spectral null; an equalizer that attempts to
invert this null will end up amplifying the noise by an infinite gain.

8.5.4 DFE VIA NOISE PREDICTION
The DFE was introduced above as an instance of interference cancellation, where
the feedback filter reconstructs the ISI from past decisions and subtracts it. Here
we describe an alternative viewpoint, namely that the DFE can be viewed as a
combination of linear equalization and noise prediction. To see how, let us start with
the ZF linear equalizer C(z) = 1/H(z), whose output is yk = ak + ηk, where ηk is
the filtered (enhanced) noise:

ηk = nk ∗ ck,

which has the PSD

Sη(z) = N0C(z)C∗(1/z∗)

= N0

H(z)H∗(1/z∗)
.

The fact that this noise PSD is not white implies that the filtered noise values {ηk} are
correlated and that knowledge of the past values can be used to predict the next value.
Let η̂k = ∑∞

i=1 piηk−i be a linear predictor. In terms of the spectral factorization
H(z)H∗(1/z∗) = γ 2M(z)M∗(1/z∗) of Eq. (8.34), the prediction coefficients {pi} that
minimize the mean-squared error E(|η̂k−ηk|2) are defined by P(z) = 1−M(z). While
the receiver does not have access to the filtered noise ηk directly, it does have access
to the receiver decisions âk, and therefore it can compute the difference yk−âk, which
reduces to ηk whenever the corresponding decision is correct. Therefore, under the
assumption that the past decisions are correct, the linear predictor η̂k = ∑∞

i=1 piηk−i

for the kth filtered noise sample can be rewritten as follows:

η̂k =
∞∑

i=1

pi(yk−i − âk−i).

The receiver can then subtract this predicted value for ηk from the equalizer
output, as shown in the block diagram of Fig. 8.13. The impact of this subtraction
changes the noise that is seen at the decision device: Instead of being ηk, which has
power E(|ηk|2) = A{N0|H(ejθ )|−2}, the noise after subtraction is ηk − η̂k, which has
power E(|ηk − η̂k|2) = G{N0|H(ejθ )|−2}, when the prediction coefficients {pi} are
chosen optimally, and assuming the relevant past decisions are correct. The geometric
mean is always less than the arithmetic mean whenever there is ISI, so the use of noise
prediction will always lead to a performance improvement.

Perhaps unexpectedly, the noise prediction strategy described above and shown
in Fig. 8.13 is actually precisely equivalent to the ZF DFE described earlier. In other
words, linear prediction does not lead to a new receiver strategy; it merely provides
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An alternative interpretation of the DFE based on linear prediction of the noise. Both the
ZF and MMSE DFE have this interpretation, depending on whether the front-end linear
equalizer is the ZF or MMSE linear equalizer.

an alternative viewpoint for interpretation of the DFE strategy. Indeed, looking closer
at the prediction architecture in Fig. 8.13, we see that it can be viewed as an instance
of the DFE structure in Fig. 8.10, when the forward filter is F(z) = C(z)(1 − P(z))
and the feedback filter is B(z) = −P(z). Furthermore, when substituting the optimal
linear prediction coefficients P(z) = 1 − M(z), the forward and feedback filters
reduce to the optimal forward and feedback filters of the ZF DFE, as described by
Eqs. (8.32), (8.33).

While we have restricted our attention here to the ZF DFE, the noise predictive
architecture of Fig. 8.13 applies equally well to the MMSE DFE; the only change is
that the front-end linear equalizer is not the ZF but the MMSE linear equalizer, and
the predictor is predicting the resulting error at the output, which includes residual ISI
as well as noise. When the prediction coefficients are chosen optimally, the predictive
architecture is equivalent to the MMSE DFE as defined by Eqs. (8.36), (8.37).

8.6 TOMLINSON-HARASHIMA PRECODING
The theory of the previous section shows that the ideal performance of the MMSE
DFE is sufficient to achieve the Shannon capacity of the ISI channel. This is a
remarkable result because it implies that the more complicated trellis-based detectors
(such as Viterbi and BCJR) are not ideally necessary to approach capacity. However,
this theoretical result is based on an assumption that the DFE has instantaneous
access to correct decisions, which is nearly impossible to achieve in practice.
Decisions that are instantaneous cannot tolerate the long decoding delay of powerful
error-control codes and are hence unlikely to be correct; decisions that are likely
to be correct require a significant decoding delay that prevents them from being
instantaneous. In this sense, the DFE is fundamentally incompatible with powerful
error-control codes.
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Tomlinson-Harashima precoding (THP) is an alternative to the DFE with a similar
performance that is compatible with error-control coding [12,13]. In a sense, THP
can be thought of as a way of implementing the DFE at the transmitter instead of at
the receiver. Since the transmitter knows the symbols it transmits, there is no chance
for error propagation. However, as we will see, this benefit comes at the cost of (1) a
slight increase in transmit power, which translates to a small SNR penalty, and (2) the
requirement that the channel ISI response be known precisely at the transmitter. THP
is thus not a good match for rapidly varying channels as well as other situations where
it is difficult to get precise channel knowledge to the transmitter.

The relationship between THP and DFE is shown in Fig. 8.14. The top of the
figure shows the channel model followed by the DFE of Fig. 8.10. As a reminder, for
the ZF case, the forward filter transforms the channel into its monic and minimum-
phase equivalent form, so that H(z)F(z) = M(z) = 1 + m1z−1 + m2z−2 + · · · , and
the feedback filter is the tail B(z) = M(z) − 1 of this channel.
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The relationship between DFE and THP. The top of the figure shows the channel
model followed by the DFE from Fig. 8.10. The bottom part of the figure shows
Tomlinson-Harashima precoding (THP) implemented at the transmitter, before the channel,
with additional processing performed by the receiver. The feedback filter of the DFE has
been moved to the transmitter, but with two modifications: (1) the quantizer of the DFE is
replaced by a modulo device for THP; (2) there is a scaling constant α in THP to avoid any
signal power amplification. Also shown in the figure are constellations at various points of
the THP system, for a 16-QAM alphabet and a particular ISI response at SNR = 16 dB.
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The Tomlinson-Harashima precoder is shown at the bottom of Fig. 8.14. The THP
principle requires that the message symbols {ak} be chosen from an M-ary QAM
alphabet, say Re{A} = Im{A} = {±1, ±3, . . . , ±(K − 1)}, where K = √

M. Instead
of transmitting {ak} directly, the kth symbol αxk transmitted by THP is computed
recursively according to the following:

xk =
⎡
⎣ak −

∞∑
i=1

mixk−i

⎤
⎦

2K

, (8.40)

where mk is the impulse response of the monic and minimum-phase equivalent
channel M(z), and where we have introduced the complex modulo operator:

[z]2K = z + 2K(p + jq),

where p and q are integers chosen so that the result [z]2K falls within the complex
square centered at the origin with sides of length 2K. Looking at it another way: the
modulo operator adds an integer multiple of 2K to both the real and imaginary parts
of its input, and it chooses these two integers so that the modulo output is as close
to the origin as possible. The modulo operator thus maps any point in the complex
plane to a point inside the 2K-by-2K square centered at the origin.

THP is known as “DFE at the transmitter” because the mapping from ak to xk

of Eq. (8.40) is identical to the second-half of the DFE, with the feedback filter
M(z) − 1, except that the decision device of the DFE is replaced by the complex
modulo operation.

One way to motivate the modulo operation is to recognize that, without the
modulo operator, the mapping in Eq. (8.40) would be a recursive implementation of
a filter with transfer function 1/M(z). In other words, without the modulo operator,
the mapping in Eq. (8.40) would be a ZF linear equalizer at the transmitter. And
just like linear equalization at the receiver suffers from noise enhancement, linear
equalization at the transmitter suffers from what might be called signal enhancement:
the filter could potentially amplify the transmit signal power by a significant amount,
especially when the channel ISI is severe. One way to compensate for this signal
amplification is to follow the linear filter by a compensating attenuator. (Doing so
would lead to the conclusion that linear equalization at the transmitter performs
identically to linear equalization at the receiver; performance-wise it is neither better
nor worse.) THP compensates for the signal amplification in a nonlinear way using
the modulo operation, which removes nearly all of the signal amplification, while
at the same time allowing the receiver to compensate (with high probability) for the
modulo operation with another modulo operation.

For most channels the output of the THP modulo operator will be approximately
uniformly distributed over the 2K-by-2K square in the complex plane, which makes
its energy Ex = E(|xk|2) = 2K2/3. In contrast, the energy before the precoder is Ea =
2(K2 − 1)/3. The THP precoder thus includes an attenuation factor of α = √

Ea/Ex

and transmits αxk as the kth transmitted symbol. This attenuation makes for a fair
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comparison because it ensures that the energy of the symbols transmitted by a THP
precoder is the same as the energy of the original alphabet A. We see that α will be
a number only slightly less than unity, and it will approach unity as the size of the
alphabet grows large. For example, the value of α is 0.866, 0.968, 0.992, and 0.998
for QAM alphabets A of size 4, 16, 64, and 256, respectively.

At the receiver, the THP uses a scaled version of the same front end as the DFE,
namely the linear filter α−1F(z), where H(z)F(z) = M(z). The purpose of the gain
factor α−1 in the receiver is to cancel the attenuation factor of α that was introduced
at the transmitter. Since the forward filter satisfies H(z)F(z) = M(z), and since the
precoder inverts M(z) and effectively adds a complex integer 2K(pk + jqk) to each
information symbol ak, it follows that the output of the scaled forward filter at the
receiver will be the following:

yk = ak + 2K(pk + jqk) + nk/α. (8.41)

The first term is the desired information symbol, which lies within the 2K-by-
2K square. When the noise nk/α is small enough, the second term can be cleanly
wiped away by a modulo operator, yielding [yk]2K = ak + nk/α. Motivated by this
observation, the receiver applies the forward filter output to the same modulo operator
that was used at the transmitter. It then follows with a standard memoryless quantizer,
which rounds each input to the nearest element of the alphabet A.

Example 8.10. Consider a K2 = 16 QAM alphabet with Re{A} = Im{A} =
{±1, ±3}, so that K = 4. Assume the ISI channel is H(z) = 1 + (0.4 − 0.1j)z−1 +
(0.1 + 0.5j)z−2 + (0.3 + 0.8j)z−3, and the SNR is 16 dB. Shown in Fig. 8.14 are the
constellations for several of the signals at various points in the THP system. First, the
constellation for the information symbols ak is shown, along with the 8-by-8 square.
The output xk of the modulo operator is empirically measured to be approximately
uniform over the 8-by-8 square, so that its constellation is represented by a shaded
square. After the forward filter, the constellation for yk of Eq. (8.41) is shown. The
constellation clearly extends well beyond the 8-by-8 square. Applying yk to another
modulo operator yields the final decision variable zk, whose constellation is strictly
confined to the 8-by-8 square. It closely resembles a simple 16-QAM alphabet that
has been perturbed by Gaussian noise.

8.7 COMPARING PERFORMANCE: A CASE STUDY
There is no definitive ranking of the various equalization strategies described in this
chapter; they all have their merits, and it will be the specific details of the application
scenario that will dictate which choice is best. For example, fiber-optic links and
other high-data-rate applications will often not have enough computational power to
implement trellis-based detectors, and they hence will favor the reduced-complexity
alternatives. Rapidly varying channels may not easily acquire knowledge of the
channel at the transmitter, and they hence will avoid transmitter-based equalization



8.7 Comparing performance: A case study 323

strategies like THP. High-performance links that operate at low SNR and use
powerful error-control strategies will avoid DFE, since the decoding delay prevents
the DFE from having timely and reliable decisions. The severity of the ISI also plays
a major role when comparing various strategies. For example, linear equalization
is generally not a viable option when the ISI is severe, while linear equalization is
generally a preferred option when the ISI is mild (and there is not much to be gained
by the more complex alternatives).

To close out this chapter, we will compare equalizer performance for one particu-
lar example. The reader is cautioned against drawing any universal conclusions from
this one example; as the previous paragraph points out, a different example might
reveal very different quantitative results. Nevertheless, the example we consider
will be a valuable tool for pointing out the various qualitative differences between
approaches.

Suppose a sequence of independent and uniformly distributed 16-QAM symbols
is transmitted over an ISI channel with AWGN, whose impulse response is H(z) =
1+h1z−1+h2z−2+h3z−3, where h1 = 0.4−0.1j, h2 = 0.1+0.5j, and h3 = 0.3+0.8j.
The same ISI response was considered in the example of Section 8.4.3. This channel
is monic (h0 = 1) and minimum phase, which avoids the need for forward filters
for the ZF DFE and THP strategies. The monic and minimum-phase condition is
chosen for convenience, but it is not a limiting constraint on the channel, because any
nonmonic and nonminimum-phase channel with AWGN can always be transformed
into a monic and minimum-phase channel by a front-end all-pass filter. In effect, by
starting with the minimum-phase channel, we are absorbing this all-pass filter into
the definition of the channel. The magnitude response of the channel is shown in
Fig. 8.15, where we see deep spectral nulls that are 32 dB below the peak magnitude
response. The ISI in this example is severe.

Because the transmit PSD is flat, the underlying channel SNR and the MFB
Eq. (8.10) on postequalization SNR are identical, namely SNR = Ea

∑
k |hk|2/N0.

Some equalization strategies, like the linear and decision feedback equalizers, strive
to transform the ISI channel into an effective memoryless (ISI-free) channel. When
successful, the performance after such an equalizer can be quantified using the
classical closed-form expression for the symbol-error probability of an ML detector
in AWGN for 16-QAM (eg, Eq. 5.113 in [1]):

Pe = 3Q
(√

SNReq/5
)

− 2.25Q2
(√

SNReq/5
)

, (8.42)

where SNReq is the SNR at the output of the equalizer. In the process of this
transformation, the equalizer typically introduces a penalty in SNR, so that SNR after
the equalizer is strictly less than the SNR of the underlying channel. In the previous
sections we derived theoretical expressions for this postequalizer SNR for various
strategies and compared them. Here, we instead look at the performance as measured
by the symbol-error probability Pe.

The error-probability performance of eight different equalizers is shown in
Fig. 8.16. In the following we will discuss the results for each strategy, one by one:
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Error probability comparison of various equalizers for the case study example.
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8.7.1 ZF LINEAR EQUALIZER
• Implementation: Because the channel is FIR, its linear inverse (ie, the ZF linear

equalizer of Eq. 8.23) cannot be implemented as an FIR transversal filter. (It
would require an infinite number of coefficients.) However, because the channel
has been reduced to its monic and minimum-phase form, its inverse can be
implemented recursively via yk = rk − ∑μ

i=1 hiyk−i, where rk is the equalizer
input and yk is the equalizer output, so that the ZF linear equalizer can be
implemented with only μ = 3 (feedback) coefficients.

• Performance: The right-most curve in Fig. 8.16 shows the error probability
performance of the ZF linear equalizer. It performs worse than all other options,
requiring nearly 21 dB to achieve a symbol-error probability of Pe = 10−5. This
curve (like most of the others) was generated via Monte Carlo simulations over
millions of independent realizations of the symbols and noise. However, because
the ZF linear equalizer exactly transforms the ISI channel into an ISI-free
channel, we could instead use the closed-form equation of Eq. (8.42) for this
error-probability curve, with SNReq set to the SNR after the ZF linear equalizer,
namely the harmonic mean SNRZF of the SNR spectral density, as specified in
Eq. (8.25).

8.7.2 MMSE LINEAR EQUALIZER
• Implementation: Unlike the ZF case, the MMSE linear equalizer of Eq. (8.27)

cannot be implemented in exact form using a finite number of coefficients.
Instead, a finite-coefficient version of the MMSE was implemented, with the
number of coefficients chosen to be 200, which is large enough to mimic the
performance of the theoretical infinite-coefficient case. The magnitude of the
200 MMSE linear equalizer coefficients for this example is shown in Fig. 8.17
for the case when SNR = 15 dB.

• Performance: The MMSE linear equalizer outperforms the ZF linear equalizer in
this example at all SNR values. The advantage of MMSE over ZF is seen to
decrease as the SNR grows; the horizontal spacing between the MMSE and ZF
linear curves is only about 0.2 dB at Pe = 10−5. This trend confirms the fact that
MMSE and ZF converge at high SNR, as expected because of the fact the
MMSE equalizer of Eq. (8.26) reduces to the ZF equalizer as N0 → 0. We can
use Eq. (8.42) to predict performance for the MMSE linear equalizer, with
SNReq set to SNRMMSE from Eq. (8.27). The resulting curve is no longer exact,
however, because the MMSE equalizer only approximately transforms the ISI
channel into an ISI-free channel, leaving some residual ISI that is subsequently
treated as noise. The fact that the distribution of this residual ISI is not precisely
Gaussian is what makes the expression in Eq. (8.42) an approximation.
Nevertheless, the central-limit theorem ensures that it is close to Gaussian, and
the curve predicted by Eq. (8.42) (not shown) is indistinguishable from the
actual performance curve (generated via Monte Carlo simulation).
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The magnitude of the 200 coefficients of the MMSE linear equalizer for the case study,
when SNR = 15 dB. The leading and trailing coefficients are close to zero, suggesting that
200 coefficients is enough to mimic the infinite-coefficient theoretical MMSE linear
equalizer.

8.7.3 ZF DFE
• Implementation: The ZF DFE is described by Eq. (8.31). Because the channel is

minimum-phase and monic, the forward filter of Eq. (8.32) reduces to the
identity, F(z) = 1 (requiring no coefficients), and the feedback filter of Eq. (8.33)
reduces to the impulse response tail B(z) = H(z) − 1 = h1z−1 + h2z−2 + h3z−3,
requiring only μ = 3 coefficients. The complexity (as measured by the number
of coefficients) of the ZF DFE is thus no greater than that required by the ZF
linear equalizer. Furthermore, by the same complexity metric, the complexity of
the ZF DFE is significantly less than that of the MMSE linear equalizer (which
requires in theory an infinite number of coefficients or, as implemented, 200
coefficients).

• Performance: The ZF DFE is seen to significantly outperform both linear
equalizers. Remarkably, this performance advantage comes at essentially no cost
in complexity. The dashed curve labeled “ideal ZF DFE” shows the performance
predicted by Eq. (8.42) with SNReq set to SNRZF-DFE from Eq. (8.35); we see
that this bound is not an accurate predictor of performance because Eq. (8.35)
does not take into account the effects of error propagation. The impact of error
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propagation can be quantified by comparing the dashed and solid curves for the
ZF DFE. Error propagation is especially detrimental at low SNR, as might be
expected, but its impact decreases rapidly at high SNR. At Pe = 10−5, the SNR
penalty due to error propagation for the ZF DFE is 0.5 dB. Comparing ZF DFE
to the linear equalizers, we see that the ZF DFE always outperforms the ZF
linear equalizer in this example, regardless of SNR, and regardless of error
propagation. Comparing the ZF DFE to the MMSE linear equalizer, we see a
crossover point: At a high enough SNR the ZF DFE is better, while at a low
enough SNR the MMSE linear equalizer is better.

8.7.4 MMSE DFE
• Implementation: The MMSE DFE is described by Eqs. (8.31), (8.36), and (8.37).

Because the channel H(z) in this example is minimum phase, the forward filter
F(z) of Eq. (8.36) is anticausal, satisfying fk = 0 for all k > 0. In theory this
F(z) requires an infinite number of equalizer coefficients. Like the linear case,
however, we can approximate the infinite-coefficient case by using a finite
number of coefficients and choosing this number to be large. For this example,
the MMSE DFE was implemented using a forward filter having 200 coefficients,
that approximates the infinite-coefficient filter of Eq. (8.36). The MMSE DFE
feedback filter from Eq. (8.37) has only μ = 3 nonzero coefficients. The
magnitudes of the forward and feedback coefficients for the MMSE are shown in
Fig. 8.18, where they are compared to those for the ZF case.

• Performance: The MMSE DFE is seen to outperform the ZF DFE at all values of
SNR. The performance gain is most significant at a low SNR, it decreases as
SNR increases. At Pe = 10−5, the advantage of MMSE DFE over ZF DFE is
only 0.1 dB. This gain comes at the cost of an increase in complexity due to the
increased number of filter coefficients. The dashed curve labeled “ideal MMSE
DFE” shows the performance predicted by Eq. (8.42) with SNReq set to
SNRMMSE-DFE from Eq. (8.39); as for the ZF case, this bound is not an accurate
predictor of performance because it neglects error propagation. Furthermore,
again as in the ZF case, the penalty due to error propagation at Pe = 10−5 for the
MMSE DFE is 0.5 dB.

8.7.5 ZF TOMLINSON-HARASHIMA PRECODING
• Implementation: The ZF THP precoded symbols xk are generated according to

Eq. (8.40), where—because H(z) is already monic and minimum phase in this
example—M(z) is set to H(z). This will only be possible when the transmitter
knows the channel, perhaps through a feedback mechanism from the receiver. To
avoid the signal-enhancement effect of the modulo device, these symbols are
attenuated in amplitude by a factor of α = √

Ea/Ex = √
10/(32/3) ≈ 0.9682

before transmitting (see Fig. 8.14). The forward filter F(z) reduces to unity in
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Comparison of the ZF and MMSE forward and feedback coefficients (magnitudes) for the
case study example, when SNR = 15 dB. The coefficients in the left box are the anticausal
forward filter coefficients fk . For the ZF the only nonzero forward coefficient is f0 = 1, while
for the MMSE case there are 200 nonzero coefficients (not all are shown). The coefficients
in the right box are the strictly causal feedback filter coefficients b1 through b3.

this example. The receiver thus directly scales the channel output and applies a
modulo device, yielding zk = [rk/α]8, which is then rounded to the nearest
alphabet symbol to arrive at the decision.

• Performance: ZF THP is similar to ZF DFE but with one big advantage: by
moving the feedback filter from the receiver to the transmitter (see Fig. 8.14),
THP avoids the problem of error propagation. In Fig. 8.16 we see that ZF THP
outperforms ZF DFE at all SNR values and that the gap in performance is
especially large at a low SNR, where error propagation is most severe. However,
the performance of ZF THP is seen to fall short of the performance of the ideal
ZF DFE (dashed curve) that feeds back correct decisions; this gap is due to a
combination of the attenuation factor α and the loss inherent in the modulo
device at the receiver.

8.7.6 MMSE THP
• Implementation: In theory, the MMSE THP forward filter F(z) is the MMSE

DFE forward filter of Eq. (8.36), and the precoded symbols xk are generated
according to Eq. (8.40), where the feedback filter M(z) − 1 is the MMSE DFE
feedback filter of Eq. (8.37). As before, the attenuation factor is
α = √

Ea/Ex ≈ 0.9682. The forward filter was implemented using 200
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coefficients, enough to emulate the infinite-coefficient filter specified by
Eq. (8.36). The receiver scales by 1/α and filters by the MMSE forward filter
F(z), as shown in Fig. 8.14, applies a modulo device, and then rounds to the
nearest alphabet symbol to arrive at the decision.

• Performance: In Fig. 8.16 we see that MMSE THP is slightly but consistently
better than ZF THP at all SNR values. As in the ZF case, the MMSE THP
closely approaches the performance of the ideal MMSE DFE; it falls short
because of a combination of the attenuation factor α and the modulo loss. It is
worth emphasizing that THP is a transmitter-based equalization strategy that
requires knowledge of the channel at the transmitter; as such it will be
incompatible with many rapidly varying applications, as well as with many
broadcast (one-to-many) applications.

8.7.7 VITERBI ALGORITHM
• Implementation: The Viterbi algorithm is implemented according to Eq. (8.14),

where in place of gk(p, q) we use the simplified additive branch metric
μ̂k(p, q) = |rk − s(p,q)|2. There is no a priori term in the branch metrics, because
all transmitted symbols are independent and uniformly distributed over the
16-QAM alphabet. Because the channel memory is μ = 3 and the alphabet size
is M = 16, the number of states in the trellis is Mμ = 4096. Furthermore, there
will be M = 16 branches emanating from each node in the trellis. The overall
complexity is thus extremely high, significantly higher than the suboptimal
equalizers considered above.

• Performance: The gray curve in Fig. 8.16 shows the performance of the Viterbi
algorithm. At high SNR, the Viterbi algorithm significantly outperforms all of
the linear, decision feedback, and THP strategies. At Pe = 10−5, the SNR
advantage of Viterbi over MMSE THP is 1.7 dB, and the advantage over ZF LE
is more than 5.3 dB. Interestingly, the performance advantage of Viterbi is not as
significant at extremely low SNR values. In fact, when the SNR is so low that the
error probability exceeds 20%, the Viterbi algorithm is seen to perform slightly
worse than the significantly less complex THP strategies. The dashed curve
labeled “MFB” shows the error probability of the matched-filter bound, which is
computed by substituting Eq. (8.10) into Eq. (8.42). The Viterbi algorithm
closely approaches the MFB at high SNR, falling only 0.2 dB short at
Pe = 10−5.

8.7.8 BCJR ALGORITHM
• Implementation: The BCJR is implemented using the same 4096-state trellis as

Viterbi, with a multiplicative branch metric γk(p, q) = e−|rk−s(p,q)|2/N0 that is a
simplified version of Eq. (8.15). (Factors in the branch metric that are common
to all branches—like the a priori probability factor—are ignored, to reduce
complexity.) The forward and backward recursions are implemented according
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to Eqs. (8.17), (8.18). The scaled APPs for each QAM symbol are computed
according to P(ak = a|r) = ∑

(p,q)∈Ba
αk(p)γk(p, q)βk+1(q), where Ba is the set

of branches (p, q) corresponding to an input symbol of a ∈ A. The maximum
such APP determines the MAP decision, âk = arg maxa∈AP(ak = a|r).

• Performance: The hard-output BCJR detector, which minimizes symbol-error
probability, is seen to be almost indistinguishable from the Viterbi algorithm,
which minimizes sequence-error probability. At a high SNR they perform
identically, while at a low SNR we see a slight advantage for BCJR over Viterbi.
This result reinforces a point that was made earlier: hard-output BCJR is not
typically worth the trouble, the Viterbi algorithm is simpler to implement and
performs nearly the same. The story would change if we were to expand the case
study to include error-control coding, however; in that case, the soft outputs of
BCJR would become extremely valuable, and the performance after error-control
decoding would be significantly better with BCJR than with Viterbi.

8.8 SUMMARY
This chapter has reviewed an array of strategies for dealing with the ISI that arises
because of dispersive channels. Linear and decision-feedback equalizers transform
the ISI channel into an effective ISI-free channel, which enables us to quantify
their performance by the postequalization SNR. This postequalization SNR was in
turn shown to be related in a simple way to the harmonic and geometric means
of the SNR spectral density. These results are tabulated in Table 8.1. In practice
the DFE SNR falls short of the SNR predicted by this theory because of error
propagation; in the case study example the penalty was seen to be about 0.5 dB. The
Viterbi and BCJR detectors have no notion of a postequalization SNR, although their
performance is bounded and typically close to the matched-filter bound at low error
probabilities. Which strategy to choose for a particular design scenario will depend
on many factors, including the severity of the ISI, the computational resources, and
the availability of reliable channel knowledge at the transmitter.

This chapter’s focus was limited to classical equalization strategies for single-
carrier systems. Space limitations prevented us from exploring several alternative
equalizers and related concepts. For example, we assumed throughout that the
channel response was known. Channel estimation [14] and adaptive equalization
[15] for finite-coefficient equalizers [1] are important topics for the realistic case.
We assumed perfect synchronization at all levels (eg, frame, symbol, carrier phase).
Synchronization strategies are explored in Chapter 7. Fractionally spaced equalizers
[16] are robust to timing errors and to signals with excess bandwidth (beyond the
minimum bandwidth assumed in this chapter), while passband equalizers [17] are
robust to carrier phase errors. A combination of partial-response linear equalization
and trellis-based detection has been effectively used for hard-disk drives for decades
[11]. Single-carrier frequency-domain equalization (as used in LTE-A uplink) is
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a reduced-complexity alternative for implementing either a linear equalizer or the
forward filter of a DFE [18]. Multicarrier strategies such as orthogonal-frequency-
division multiplexing (OFDM) are immensely important strategies for communica-
tion over ISI channels; conceptually, the idea is to transmit data independently across
numerous subchannels, each of whose bandwidth is so narrow that a simple one-
coefficient linear “equalizer” is enough to compensate for the dispersive channel.
Chapter 10 is devoted to OFDM and related concepts.
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9.1 INTRODUCTION
Orthogonal frequency division multiplexing (OFDM) is a modulation technique that
is used in several applications ranging from cellular systems (3GLTE, WiMAX),
wireless local area networks (LANs), digital audio radio, underwater communica-
tions, and even optical light modulation. OFDM combines several signals operating
at different frequencies simultaneously. These frequencies are known as subcarriers
or tones. If single-carrier systems are like single notes in music played quickly,
OFDM comprises multiple tones and a chord, played simultaneously over a longer
period.
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In a single-carrier system, frequency selectivity demands some type of equaliza-
tion. In OFDM, because constellations values are mapped onto narrow-band tones,
equalization is relatively simple. Because each symbol is mapped onto a single
tone with a single-valued gain and phase component, it is an attractive modulation
technique for transmission schemes that are based on flat-fading channels, such as
multiple-input-multiple-output (MIMO) systems.

OFDM has existed in one form or another since 1958 [1–4]. However, up until the
late 1970s, OFDM was essentially an analog system, ie, transmitting multiple signals
from widely-spaced carriers with guard bands. Though there existed high frequency
(HF) OFDM modems used by the government, eg, [5], OFDM was primarily used in
telephone lines, ie, relatively static channels.

A major breakthrough for digital OFDM was the introduction of the use of the
fast Fourier transform (FFT) and cyclic prefix (CP) in Ref. [6]. In the late 1980s,
digital OFDM was proposed (and eventually adopted) for digital subscriber twisted
copper lines. However, one of the first times OFDM was proposed for a wireless
channel was in Ref. [7]. Unlike most of today’s OFDM wireless systems, this was
OFDM operating in a flat but fast-fading environment. It was established as a viable
modulation technique in frequency-selective channels when it became the standard
for the European Digital Audio Broadcast (DAB) system [8].

OFDM had been seen as problematic for frequency-selective channels because
each subcarrier had a different SNR and hence a different probability of error.
In a wireline, static system, the transmitter can learn the location of the low
SNR subcarriers and choose not to use them or only assign a few bits to those
subcarriers [9]. But in a wireless system where the channel is changing, or in
a broadcast system where each user experiences a different frequency response,
adapting the bit assignment to the SNR of each subcarrier is problematic. In a
frequency-selective channel, there is a good probability that many of the subcarriers’
SNRs will be poor and hence dominate the probability of error for the entire OFDM
symbol. To overcome this, the DAB standard proposed coded OFDM (COFDM). The
idea was that coding and interleaving across the OFDM tones would compensate for
deep fades.

This chapter discusses OFDM in fading channels. It begins with the predecessor
to OFDM, frequency shift keying (FSK). It then moves on to digital OFDM and its
implementation, including the use of the CP and methods to shape the spectrum.
Finally, how coding and interleaving affect diversity and performance is introduced.

9.2 EARLY OFDM
9.2.1 FREQUENCY SHIFT KEYING
Frequency shift keying (FSK) was proposed in the early twentieth century by
Fessenden [10], among others. In FSK, different frequencies are used to signal
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FIG. 9.1

Illustration of a 1-bit FSK signal set. The data rate for this signal set is 1/2 bits/s/Hz. At any
one time, a user would transmit one of the two pulses with a normalized bandwidth of 2.
This illustration assumes a Gaussian pulse shape.

different messages. Unlike modern OFDM, FSK sends one frequency at a time. The
receiver listens to a set of frequencies and determines which frequency has the largest
signal. This frequency represents a specific bit combination. A 1-bit FSK frequency
response is illustrated in Fig. 9.1.

9.2.1.1 Modulation
Given a bandwidth allocation B and M frequency signals, we require a modulating
pulse whose bandwidth is relatively narrow-band, ie, proportional to B/M (Hz). Thus,
for example, given a pulse, p(t), the user can send M messages by transmitting one
of the following baseband signals:

p(t) exp(j2π fit),

where fi is one of M center frequencies.
Given a flat-fading channel, the receiver would see the following:

y(t) = p(t) exp(j2π fit) + v(t), (9.1)

where v(t) is complex-valued zero-mean additive Gaussian noise with variance N 0.
(We assume that we are working with a baseband signal, but without loss of
generality, we can translate all calculations to the carrier frequency of interest.)
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The maximum-likelihood receiver would apply M matched filters:

zk =
ˆ

y(t)p(t)∗ exp(−j2π fkt)dt

=
ˆ

|p(t)|2 exp(j2π(fi − fk))dt + nk, (9.2)

where nk = ´
n(t)p(t) exp(−j2π fkt)dt is zero-mean Gaussian noise with variance

N0‖p‖2 and ‖p‖2 = ´ |p(t)|2dt.
We choose the most likely transmitted message to be the lth one if zl is greater

than all other zk.
As the number of signals increases, the bandwidth also increases. A such,

this type of system is bandwidth inefficient: the data rate is on the order of
log2(M)

MB bits/s/Hz. This ratio goes to zero as M increases.
Example 9.1. Suppose you have a 1-bit FSK system with p(t) = 1√

T0
sinc(t/T0)

and f1 = 0 and f2 = α
T0

, where α represents an overlap factor. For example, if α = 0
the frequency pulses overlap (and there is no differentiation), but if α = 1, there is
no overlap. Each fi corresponds to a message and the receiver’s goal is to determine
which message was most likely sent.

The transmitter sends x(t) = 1√
T0

sinc(t/T0) exp(j2π fit) and the received signal is

y(t) = x(t) + n(t), where n(t) is additive white Gaussian noise (AWGN) with power
spectral density Sn(f ) = N0 W/Hz.

The receiver chooses the message to be î if zi + ni > zk + nk for all other k. The
resulting BER for different overlap values of α are shown in Fig. 9.2. The SNR is
measured as the energy of one frequency pulse divided by the energy of the resulting
noise,

´
n(t)x(t)∗dt.

Note that in Fig 9.2 as the normalized bandwidth increases (and the effective
bit rate decreases) the probability of error decreases. However, one can also see that
some overlap between the signals is not that harmful.

9.2.1.2 Orthogonal signals
Two vectors are orthogonal if there is a 90 degree angle between them. One
can test if two vectors are orthogonal by taking the inner product of the two:
< x1, x2 >= ∑N

i=1 x1,ix2,i; if the inner product is zero, the vectors are orthogonal.
Similarly, functions can be orthogonal. For example, x1(t) = cos(2π fct) and x2(t) =
sin(2π fct) are orthogonal. If the inner product of two functions, < x1(t), x2(t) >=´

x1(t)x2(t)dt, is zero, the two functions are orthogonal.
From a communications point of view, if x1(t) and x2(t) are orthogonal, they are

easily separable. One can transmit both simultaneously, yet still discriminate one
from the other. In a communications system, we map a finite set of, for example,
M signals to a set of messages. These M signals can be mapped onto a finite set of
N ≤ M orthonormal basis functions [4,11].
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FIG. 9.2

Plot of symbol error probability versus normalized bandwidth, ie, bandwidth divided by the
bandwidth of a single pulse. The SNRs used in this plot are 7, 10, and 13 dB.

A set of functions φi(t), i = 1, . . . , N are orthonormal if

ˆ
φi(t)φk(t)dt =

{
1, i = k,
0, otherwise.

(9.3)

An M-point FSK constellation with zero correlation between signals can be
modeled as follows:

xi(t) = xφi(t), (9.4)

where M = N, ie, there is one symbol for each basis function. For FSK constellations,
φi(t) are not only orthonormal, but the center frequencies differ. So unlike in
Example 9.1, in this example, we require the functions to be orthogonal. Rather than
use sinc functions as the basic pulse, as in Example 9.1, the FSK signals can have the
following form:

φn(t) = 1√
NT

e
j2πnt
NT �

( t

NT

)
,

where �(t) =
{

1, t ∈ [−1/2, 1/2],
0, otherwise.

Note that this is an orthonormal set of

functions and the center frequencies of each of subcarriers are spaced 1
NT Hz apart.
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In any case, the FSK signals can be represented as vectors:

x1 = x(1, 0, 0, . . . , 0),

x2 = x(0, 1, 0, . . . , 0),

...

xM = x(0, 0, . . . , 0, 1).

Given y = xi + n, where n is a vector of independent identically-distributed
(iid) zero-mean Gaussian noise with variance σ 2, the probability of error is as
follows:

Pe = (M − 1)Q(
√

SNR/2), (9.5)

where Q(x) = ´∞
x

1√
2π

exp(−s2/2)ds, and the SNR is x2

σ 2 .

As a comparison, for M-QAM constellations, Pe ≈ 3Q
(√

3SNR
M−1

)
[1,12]. The

probability of error for M-FSK and M-QAM is plotted in Fig. 9.3 for an SNR of
13 dB. Though FSK has better performance than QAM as the bit rate increases, this
is at the expense of a large increase in bandwidth. In a frequency-selective channel,
individual FSK signals can experience a loss in SNR. This is because in a frequency-
selective channel, some part of the spectrum will have a much lower SNR than others.
This in turn implies that some FSK signals will have a lower SNR than others.
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Plot of symbol error probability versus bits/symbol for FSK versus QAM (SNR = 13 dB).



9.2 Early OFDM 339

9.2.1.3 FSK and frequency-selective channels
Suppose you have a frequency-selective channel, modeled by an impulse response
h(t) = ∑L−1

k=0 αkδ(t − �tk), where αk are uncorrelated zero-mean, complex-valued
Gaussian random variables. This is a model [13] that represents the changing
gain and phase due to a rich multipath environment. The probability of error
for a given frequency pulse will be affected by the frequency response of the
channel.

Example 9.2. Suppose you have a 2-FSK system and the frequency response for
each frequency is Hi, where H1 and H2 are independent and E[|Hi|2]/σ 2 = �, where
σ 2 is the variance of the noise in each dimension.

We can model each symbol as follows:

x1 = H1(1, 0, 0, 0),

x2 = H2(0, 1, 0, 0).

Suppose x1 is transmitted. Then, the square-law detector would see y1 = H1 + n1
and y2 = n2 and choose between z1 = |H1 + n1|2 and z2 = |n2|2.

The probability of being correct in this case is as follows:

P(z2 > z1) =
ˆ ∞

0

1

σ 2
exp
(

− γ1

σ 2

)
dγ1

ˆ ∞
γ1

1

� + σ 2
exp
(

− γ2

� + σ 2

)
dγ2

=
ˆ ∞

0

1

σ 2
exp
(

− γ1

σ 2

)
dγ1 exp

(
− γ1

� + σ 2

)
dγ1

=
ˆ ∞

0

1

σ 2
exp
(

−γ1

(
1

σ 2
+ 1

� + σ 2

))
dγ1

=
ˆ ∞

0

1

σ 2
exp

(
−γ1

� + 2σ 2

σ 2(� + σ 2)

)
dγ1

= � + σ 2

� + 2σ 2

= SNR + 1

SNR + 2
,

which means that the probability of error is Pe = 1 − SNR+1
SNR+2 = 1

SNR+2 . The BER for
this scheme is shown in Fig. 9.4.

9.2.1.4 Data rate
With FSK, given M messages, the bandwidth will be proportional to MB1, where
B1 (Hz) is the bandwidth of the subcarrier and its guardband. As stated earlier,
the normalized bandwidth log2(MB1)

MB → 0 as M → ∞. The key to increasing the
efficiency of this system is to take advantage of the orthogonality of the frequency
signals and send them simultaneously.
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Plot of BER for a 2-FSK signal in a frequency-selective fading channel.

9.2.2 ANALOG OFDM
Analog OFDM [1,3] took advantage of the fact that multiple signals separated in
frequency could be transmitted simultaneously. This meant that the data rate could be
significantly increased over what was offered by FSK. Before the advent of the FFT,
this was done using analog filters, either by using non-overlapping or overlapping
frequency division multiplexing.

In all cases, the baseband transmitted signal was of the following form:

x(t) =
K∑

k=1

ckp(t)ej2πk�f , (9.6)

where �f is the frequency separation between the different pulses. Typically, in the
modems described, ck was a binary pulse.

For the non-overlapping case, if P(f ) is the Fourier transform of the pulse, �f is
large enough so that P(f ) and P(f + �f ) have minimal overlap. The problem with
this method was that the data rate was limited by the separation between channels;
the further apart the spectral pulses, the less efficient the data rate was. An example
of a four-subcarrier analog OFDM signal is shown in Fig. 9.5. This problem was
solved in Ref. [2] by alternating in-phase and quadrature modulation on adjacent
subcarriers.

Example 9.3. Consider an N-subcarrier analog OFDM system with full-cosine
roll-off as in Ref. [2]. The bandwidth of each 100% roll-off pulse is 2

T .
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Example of the frequency response of a four-subcarrier, analog OFDM signal. Note that the
effective symbol rate would be 4b

8 bits/s/Hz. This is due to the need for guardbands
between the analog subcarriers.

In a non-overlapping pulse system, the bit rate would be less than Rn = Nb
T

1
N
2T

=
b/2 bits/s/Hz.

But in an overlapping system, where orthogonality is preserved by modulating
adjacent subcarriers 90 degrees out-of-phase, the data rate is b bits/s/Hz.

The overlapping analog system described above had an inherently limited data
rate for two reasons. In the 1960s, multi-level transmission was not feasible due to
channel variation and the electronics of the time. In addition, full modern quadrature
transmission was not feasible either. This meant that the bit rate described in
Example 9.3 had a maximum value of 1 bit/s/Hz. Increasing the bit rate in this
fashion while preserving the orthogonality of the signals required an efficient way to
transmit and receive multi-amplitude constellations. In addition, it required a static
channel or knowledge of the channel at the transmitter to preserve orthogonality
between subcarriers. Given knowledge of the channel at the transmitter, the pulse
response of the transmitter could be shaped to ensure orthogonality at the receiver.
The requirement for a static channel is illustrated in the following example.

Example 9.4. Suppose you transmit 1 bit on each subcarrier and receive the
following:

x(t) =
N−1∑
k=0

bkp(t)ej(2πk�f t+φk),



342 CHAPTER 9 Multicarrier transmission in a frequency-selective channel

where φ2k = 0 and φ2k+1 = π/2, ie, the adjacent subcarriers are 90 degrees out-of-
phase. In addition, suppose p(t) is a square-root Nyquist pulse with 100% roll-off as
in Ref. [2] and

P(f ) = √
T cos(πTf /2) �

(
fT

2

)
.

Using Rayleigh’s theorem, note that
ˆ

p(t)ej2π�ft+jφk (p(t)ej2π l�f t+jφl )∗dt = ej(φk−φl)

ˆ
P(f − k�f )P(f − l�f )

∗df .

Letting �f = 1
T ,

ej(φk−φk−1)

ˆ
P

(
f − k

1

T

)
P

(
f − (k − 1)

1

T

)
df

= Tej±π/2
ˆ 1

2T

−0
cos(πTf /2) cos

(
πT

(
f − 1

T

)
/2

)
df = ±j/2.

A similar result holds for
´

p(t)ej2π k
T t+jφk(p(t)ej2π k−1

T t+jφk−1)∗dt and the inner

product of all other pulses with p(t)ej2π k
T t+jφk would be zero.

Using this,
ˆ

x(t)p(t)ej(2πk f
T −φk)dt = bk ± j/2bk+1 + ∓ j/2bk−1,

and because the in-phase and quadrature components are orthogonal, the receiver can
recover the symbol-of-interest, bk.

9.3 DIGITAL OFDM
Digital OFDM not only includes the use of digital techniques such as the FFT, but
also coincides with the rise of digital communications research in the 1970s and
digital communications implementation in the 1990s. Not only is it more bandwidth
efficient than analog OFDM, but it also provides a means for interleaving and error-
control coding of data.

9.3.1 THE FFT AND THE CYCLIC PREFIX
A breakthrough method for OFDM was presented in Ref. [6]1 and introduced the use
of the discrete Fourier transform (DFT) in the form of the FFT and the cyclic prefix.
One of the issues of any communications system is to have the maximum data rate
for the minimum bandwidth (and of course, power). Using the DFT and the cyclic

1Note that the concept of the cyclic prefix used in Ref. [6] was explicitly championed in Ref. [14].
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prefix provided a way to set up orthogonal signals that retain their orthogonality in
the presence of a channel unknown to the transmitter.

As shown above, it is not simple to find functions that are orthogonal in frequency
at the receiver in the presence of an unknown channel. A key breakthrough in Ref.
[6] was the use of an FFT and a non-linear receiver method to ensure orthogonality.

9.3.1.1 The discrete Fourier transform
With continuous signals, convolution in the time domain is equivalent to multiplica-
tion in the frequency domain. However, with discrete signals, multiplication in the
frequency domain is equivalent to cyclic convolution in the time domain. That is, the
cyclic convolution between two discrete and finite sequences of length N, hn, and xn,
is defined as follows:

hn ⊗ xn =
N−1∑
k=0

hmod(n−k,N)xk.

For example, given N = 4, (hn ⊗ xn)n=2 = h2x0 + h3x1 + h0x2 + h1x3.
The DFT of a sequence of length N is

Xn =
N−1∑
k=0

xke
−j2πkn

N ,

and the inverse DFT (IDFT) of a sequence of length N is

xk = 1

N

N−1∑
n=0

Xne
j2πkn

N .

The DFT of xn ⊗ hn is Xn × Hn. The cyclic aspect of the convolution is the key point
here. It must be considered to ensure orthogonality between subcarriers in OFDM.

9.3.1.2 Modulation of OFDM with the IDFT and the cyclic prefix
In digital OFDM,

x(t) =
N−1∑
k=0

cke
j2πkt
NT (9.7)

if t ∈ [0, NT + �], and 0 otherwise.
Note that the period of this signal is 1/(NT), but we extend the length of the signal

by � seconds. This extension, which we think of as coming in advance of the signal,
is the cyclic prefix.

Rather than taking the DFT of the signal, we are applying the IDFT. This is
done only to emphasize the fact that the constellations are mapped to symbols in
the frequency domain. Mathematically, there is no reason to choose one over the
other.



344 CHAPTER 9 Multicarrier transmission in a frequency-selective channel

−2 0 2 4 6 8 10 12 14 16 18
−0.4

−0.2

0

0.2

0.4

0.6

0.8

1

Normalized frequency

S
pe

ct
ra

l r
es

po
ns

e

FIG. 9.6

An illustration of the overlapping sinc pulses found in the spectrum of a digital OFDM
signal. In this example, there are 16 subcarriers. The effective data rate of this signal
(excluding the cyclic prefix overhead) is b16

16 = b bits/s/Hz, where b is the number of bits
per subcarrier.

Suppose the impulse response of the channel, h(t), is essentially zero outside the
region [0, Th], then

x(t) ∗ h(t) =
ˆ min(t,Th)

0
x(t − τ)h(τ )dτ

=
N−1∑
k=0

cke
j2πkt
NT

ˆ min(t,Th)

0
h(τ )e

−j2πkτ
NT dτ . (9.8)

Note that the upper-limit of the integral is the minimum of t and the length
of the channel response, Th, because of the start-up period of the convolution.

The right-hand side of Eq. (9.8),
´ min(t,Th)

0 h(τ )e− −j2πkτ
NT dτ , almost looks like the

Fourier transform of h(t) evaluated at frequency k/(NT), except for the non-linear
min(t, Th) term.

However, if the guard period, �, is greater than Th, then for t ≥ �,

ˆ min(t,Th)

0
h(τ )e− j2πkτ

NT dτ =
ˆ Th

0
h(τ )e− j2πkτ

NT dτ = Hk.

So by using a modulating square pulse as the pulse which is equivalent to using a
DFT as a modulation tool, we have improved the efficiency of the overlapping pulses.
An illustration of the overlapping sinc pulses for each subcarrier of a digital OFDM
signal is shown in Fig. 9.6. By extending the length of the modulating pulse, and then
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using the non-linear step of throwing away the first � seconds of the received pulse,
we ensure the orthogonality of the signal. That is, for t ≥ �,

x(t) ∗ h(t) =
N−1∑
k=0

ckHke
j2πkt
NT .

The impulse response of the channel does not impact the orthogonality of the system,
but it shows up at the receiver as a gain and phase shift of the received signal. Hence
the cyclic prefix makes linear convolution look cyclic and ensures orthogonality; it
also acts as a guard period between adjacent OFDM symbols. The downside of the
cyclic prefix is the loss of data rate due to the additional overhead.

9.3.1.3 Data rate and the cyclic prefix
This leads to the need for a system where the signal is long enough, ie, NT >> �

so that the addition of the cyclic prefix is not wasteful. This also has an impli-
cation about the bandwidth of the system. The effective bandwidth of the OFDM
signal is 1

T .
Example 9.5. Suppose you have the two-tap channel, h(t) = α1δ(t)+α2δ(t−τ),

where τ < �.
As in Ref. [15], we consider the effect of the CP on the performance of an OFDM

signal with and without the CP.
For a system with the CP, let y(t) = x(t) ∗ h(t) + v(t), where v(t) is AWGN:

y(t) =
N−1∑
k=0

cke
j2πkt
NT ∗ (α1δ(t) + α2δ(t − τ)

=
⎧⎨
⎩
∑N−1

k=0 ck(α1e
j2πkt
NT )t ∈ [0, τ)∑N−1

k=0 ck(α1 + α2e
−j2πkτ

NT )e
j2πkt
NT .

If we throw away the portion of the signal in the CP, sample the remaining signal
every T seconds and take the IDFT, we have zl = Hlcl + vl. Given perfect knowledge
of the frequency response, the probability of error for each subcarrier is

Pe,l ≈ NeQ

( |Hl|dmin
2σ

)
,

where Ne is the number of nearest neighbors, dmin is the minimum distance of the
constellation from which cl is chosen, and σ 2 is the variance of the noise term,
nl. Two factors affect the probability of a symbol error here: the amplitude of the
frequency response at the subcarrier and the AWGN process.

If there were no CP, then the sampled signal would be as follows:

yn =
{

α1
∑N−1

k=0 cke
j2πnk

N + vn, n ≤ L − 1,∑N−1
k=0 (α1 + α2e−j2π kτ

NT )ck + vn, n > L,
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where L − 1 = �[τ/T�. In this case, the DFT of the signal would yield the following:

zl = 1

N

L−1∑
n=0

yne− j2πnl
N + 1

N

N−1∑
n=L

yne− −j2πnl
N

= α1
1

N

L−1∑
n=0

N−1∑
k=0

cke
j2π(k−l)n

N + 1

N

N−1∑
n=L+1

N−1∑
k=0

Hkcke
j2π(k−l)n

N

= α1
1

N

N−1∑
k=0

cke
jπ(k−l)(L−1)

N

sin
(

π(k−l)L
N

)
sin
(

π(k−l)
N

) + 1

N

N−1∑
k=0

Hkcke
jπ(k−l)(2L−1)

N

sin
(

π(k−l)(N−L)
N

)
sin
(

π(k−l)
N

)

=
(

α1L

N
+ N − L

N

(
α1 + α2e

−j2πkτ
NT

))
cl + ICI,

where the ICI is the intercarrier interference, ie, the extra terms in the sum.
There are two observations here. The first is that the data symbol, cl, is not a

multiple of the frequency response Hk but a combination of the first tap, α1, and the
frequency response, Hk. The second is that the channels are no longer orthogonal and
there is ICI. The energy of the ICI is as follows:

E ICI = E[| 1

N

∑
k �=l

ckejπ(k−l)(L−1)N

sin(π(k − l))/N)
(α1 sin(π(k − l)L/N)

+ Hkejπ(k−l)L/N sin(π(k − l)(N − L)/N))|2

= 1

N

2
Ec
∑
k �=l

|α1 sin(π(k − l)L/N) + Hkejπ(k−l)L/N sin(π(k − l)(N − L)/N)|2
sin(π(k − l)/N)2

.

In the last step we are assuming that the constellation values ck are iid with
energy Ec.

9.3.1.4 Demodulation of OFDM
For modern OFDM with a cyclic prefix, demodulation of y(t) = x(t) ∗ h(t) + n(t)
involves the following:

1. Throw away the cyclic prefix.
2. Sample the remaining signal every T seconds. (Note these two steps can be

reversed.)
3. Take the DFT of the sampled signal, so that we have

zl = DFT(y(nT))

= 1

N

N−1∑
n=0

⎛
⎝N−1∑

k=0

ckHke
j2πknT

NT

⎞
⎠+ v(nT))e

−j2πnl
NT

= ckHk + nk.
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4. Find the best estimate of the frequency response Ĥl, for each of the N
subcarriers and find ĉl from zl/Ĥl.

9.3.2 ZERO-PADDING: AN ALTERNATIVE TO THE CYCLIC PREFIX
The cyclic prefix has two roles: to preserve orthogonality and serve as a guard time
between the current signal and the previous one.

An alternative to the cyclic-prefix is zero-padding, ie, instead of a cyclic prefix,
have a guard period of zeros of length �. Though it does prevent intersymbol
interference between two adjacent OFDM symbols, provided � is greater than the
length of the channel, it does not ensure orthogonality as the cyclic prefix does.
However, orthogonality can be ensured through the process of overlap-and-add [16].

Consider a zero-padded signal x(t) =
{

0 t ∈ [0, �),∑N−1
n=0 cke

j2πnt
NT t ∈ [�, NT + �]

Then, given a channel impulse response, h(t),

y(t) =

⎧⎪⎨
⎪⎩

´ t−�
0 x(t − τ)h(τ )dτ , t ∈ [�, 2�),´�
0 x(t − τ)h(τ )dτ , t ∈ [2�, NT],´�
t−NT x(t − τ)h(τ ), t ∈ [NT , NT + �].

The key point here, which is illustrated in Fig. 9.7, is the following. In the start-up
phase of the convolution, the first part of the channel impulse response is used, while
in the ending phase of the convolution, the latter part of the channel is used. Note
that in the zero-padding period belonging to OFDM symbol 2, the payload data from
OFDM symbol 2 does not show up; only the tail end of OFDM symbol 1 shows up.

So orthogonality can be restored by overlapping and adding the tail end of the
received OFDM signal with the initial end. Hence this process is called overlap-and-
add [16].

Time

OFDM symbol 1 OFDM symbol 2

FIG. 9.7

Two adjacent OFDM symbols with zero-padding. Just before the start of the first OFDM
symbol, we see the reversed channel indicating convolution at that point. At the end of the
first OFDM symbol, we see the reversed channel again indicating convolution at this later
point in time. Note that if we add the convolution at the beginning of the OFDM signal to the
convolution at the end of the OFDM signal, we will have the effective “cyclic” convolution.
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So,

yoa(t) =
⎧⎨
⎩

y(t + �) + y(t + NT + �), t ∈ [0, �],
y(t + �), t ∈ [�, NT],
0, otherwise

=
ˆ �

0
h(τ )x(t + � − τ)dτ

=
N−1∑
k=0

ckHkej2πkt/NT .

However, if noise is present, we have an additional noise term for the overlapped
part, that is,

yoa(t) =
{ ∑N−1

k=0 ckHkej2πkt/NT + n(t + �) + n(t + NT + �), t ∈ [0, �].∑N−1
k=0 ckHkej2πkt/NT + n(t + �), otherwise.

Whether to use zero-padding or the cyclic prefix is not a simple decision. The
zero-padding option uses less energy, but it lacks the redundancy found in the cyclic
prefix. This redundancy can have other uses such as synchronization [17]. However,
it can be argued that the quick drop in signal that is found in a zero-padded OFDM
signal can also be used for synchronization [16].

9.3.2.1 Windowing and frequency characteristics
One of the key issues in any modulation technique is its frequency spectrum and
bandwidth. OFDM is made of multiple subcarriers, each with an energy spectrum
that decays at a rate that is inversely proportional to the frequency (Fig. 9.8).

Consider an OFDM signal with a cyclic prefix:

x(t) =
N−1∑
k=0

ckej2π kt
NT �

(
t

NT + �

)
,

X(f ) = (NT + �)

N−1∑
k=0

cksinc

((
f − k

NT

)
(NT + �)

)
,

G(f ) = E[|X(f )|2]

= (NT + �)2
N−1∑
k=0

Ecsinc

((
f − k

NT

)
(NT + �)

)2
.

To determine how quickly the sum rolls off outside the main frequency window,

note that for f > 0, sinc
((

f − k
NT

)
(NT + �)

)2 ≤ 1

π2(NT+�)2
(

f − k
NT

)2 ; and approxi-

mating the sum by an integral, for f outside the bandwidth,
[
0, 1

T

]
,
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FIG. 9.8

Spectrum of an OFDM symbol with 128 subcarriers, along with that of a single subcarrier.

G(f ) ≈ (NT + �)2Ec

ˆ N−1

0

1

π2(NT + �)2
(
f − x

NT

)2 dx

= Ec
NT

π2

1

f
(

f − N−1
NT

) .

The main point here is that the frequency will still roll off by a factor of 1/f 2 outside
the bandwidth, but the drop from 1 to 1

(NT+�)2 is decreased by the factor of NT in
the numerator. That is, by summing the N sinc-squared terms, we are increasing the
out-of-band spectrum by a factor of N.

The square pulse is responsible for the relatively high out-of-band spectrum
values. One way to reduce the out-of-band spectrum, and hence narrow the effective
bandwidth, is the use of windowing.

9.3.2.2 Extra windowing and the preservation of orthogonality
By extending the OFDM symbol with a windowed version of the signal, eg, a
Hanning window, w(t) = (1 − cos(2π tf0))/2, the out-of-band spectrum can be
narrowed but with the penalty of additional overhead and the resulting loss in
data rate.

So suppose your OFDM symbol, x(t), has width NT +� seconds; as a result, one
can add extensions before and after the symbol. Let xe(t) be the cyclically extended
version of x(t), and then multiply it by the window:
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w(t) =

⎧⎪⎨
⎪⎩

1
2 (1 + sin(π(t + α/2))α)), t ∈ [−α, 0],
1, t ∈ [0, NT + �],
1
2

(
1 − sin

(
π(t−(NT+�+α/2))

α

))
, t ∈ [NT + �, NT + � + α].

Note that with some manipulation the Fourier transform of w(t) is found to be the
following:

W(f ) = e−jπ fB

2π
(sin(π(NT + � + 2α)) + sin(π(NT + �)))

⎛
⎝1

f
− f

f 2 − 1
(2α)2

⎞
⎠ .

Even though we have added an additional 2α seconds to the symbol period, the loss
in rate is the same as if we only add α seconds. This is because we throw away the
2α+� seconds of the symbol, and the next OFDM symbol can start at time NT +�;
hence, the decrease in data rate is NT+�

NT+�+α
.

Fig. 9.9 shows a dramatic decrease in spectrum outside the payload region of
[0, 1/T] Hz of the OFDM signal. So the bandwidth can be reduced, but at a cost.
When designing these systems, one must consider if the need for bandwidth reduction
is a function of the physics of the channel or a need for more spectrum. If it is the
latter, the following question arises: Is the net result of a window in time, which in
turn leads to a bandwidth reduction, a net gain or a net loss?
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FIG. 9.9

Spectrum of an OFDM symbol with 128 subcarriers with no windowing and with a window
where α = �.
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An alternative to increasing the time period of the signal is to window the signal
within the existing OFDM signal. So the window is now the following:

w(t) =

⎧⎪⎨
⎪⎩

1
2

(
1 − cos

(
π t
α

))
, t ∈ [0, α],

1, t ∈ [α, NT + � − α],
1
2

(
1 + cos

(
π(t−(NT+�))

α

))
, t ∈ [NT + � − α, NT + �].

The downside of this approach is that the subcarriers are no longer orthogonal.
However, one could argue that the correlation is minimal and the errors that may
result can be mitigated through extra error control. Again, this is mitigating data
loss in one regime (time) but increasing data loss through the need for extra coding.
Fig. 9.10 displays the BER curves for an OFDM symbol in multipath channels with
and without windowing. Though the windowing will bring down the spectral wings,
it will lead to an error floor and require additional coding. The designer must decide
between large spectral wings or loss of data rate due to windowing. The loss of data
rate due to windowing is the result of either adding extra length to the symbol, with
no loss of orthogonality, or the result of adding no extra length to the symbol but
requiring extra coding due to the increase in bit errors.
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FIG. 9.10

Plot of BER for different channels for a 128 subcarrier OFDM system with and without
windowing. The cyclic prefix size is � = 12 samples and the width of the window wings is
α = 6 samples. In this case, the windowing is part of the OFDM symbol, so the length does
not change.
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9.4 DIVERSITY AND FREQUENCY MODULATION
For any modulation in a Rayleigh fading channel, some sort of diversity is nec-
essary to avoid high error rates. In a single-carrier system, the equalizer acts as a
diversity combiner. However, in a narrow band FSK or an OFDM system, frequency
diversity is needed to overcome the high probability of error brought on by nulls in a
frequency-selective channel.

Error control coding is used with frequency interleaving to achieve diversity and a
resulting decrease in probability of error in OFDM. Error-control coding is a subject
beyond the scope of this chapter but can be studied in books such as Ref. [18].
However, the main points to know about error control coding with respect to diversity
are as follows:

1. A code consists of multiple codewords; a good code has a large distance
between codewords while minimizing the required increase in rate.

2. The large distance between codewords decreases the probability of error. In
general, the probability of error for a code is bounded above by the minimum
distance between codewords.

3. Frequency diversity can be induced by a code through frequency interleaving.
An interleaver takes the inputs to the codewords and separates adjacent elements
of a codeword to ensure that not all elements of a codeword experience a low
SNR.

This section describes how frequency selectivity affects the uncoded probability of
error. It then discusses how coding and interleaving can decrease the probability of
error in a frequency-selective channel.

9.4.1 PROBABILITY OF ERROR FOR UNCODED OFDM
In a frequency-selective channel, the average probability of error is dominated by
the subcarrrier with the lowest SNR. That is, given that the received signal on
each subcarrier is yk = Hkck + nk, the probability of error for each subcarrier is

approximately NeQ(

√
|Hk|2Ec

σ 2
n

Kc), where Ne is the number of nearest neighbors, Ec is

the energy of the constellation that ck comes from, σ 2
n is the variance of the frequency

domain noise, and Kc is a term that compensates for the size of the constellation.
Therefore, the average probability of error for the uncoded OFDM signal is

Pe = 1

N

N−1∑
k=0

Ne,kQ

(√
Kc,k

|Hk|2Ec

σ 2
n

)
,

where Ne,k is the number of nearest neighbors for the constellation on the kth
subcarrier, and Kc,k is the adjustment in the argument due to the constellation size.
For example, for a quadrature phase shift keying (QPSK) constellation, Ne,k = 2,
and Kc = 1, while for quadrature amplitude modulation (QAM) with 16 points in
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the signal constellation, Ne = 3 and Kc = 1/5. If Kc,k and Ne,k are the same for
all subcarriers, the only part that changes as a function of frequency is the effective

SNR |Hk|2
σ 2 .

Note that if the sampled noise in the time domain is AWGN, the sampled noise in
the frequency domain is also AWGN. This can be shown by noting that the FFT of
AWGN is as follows:

nk = 1

N

N−1∑
k=0

wke−j2πkn/N

and

E[nk] = 0,

σ 2
n = E[|nk|2]

= 1

N
σ 2

W .

Note that the original noise came from a random process with a bandwidth of N/T .
The subcarrier noise has a bandwidth that is on the order of 1/T , hence the factor of N
reduction in variance. However, the factor 1/N is also a product of the normalization
of the FFT.

Example 9.6. Suppose you have a 128-subcarrier OFDM signal with a baseband
channel h(t) = δ(t) + (0.8 + 0.4j)δ(t − .9T), and each subcarrier is modulated by
16-QAM, where Ec = E[|ck|2] = 1, while the variance of the frequency domain
noise E[|nk|2] = 0.05.

The SNR on each subcarrier is as follows:

SNRk = Ec|Hk|2
E[|nk|2]

= 20|1 + (0.8 + 0.4j)e
−j2π0.9Tk

NT |2
= 20(1.8 + 1.79 cos(2π0.9k/N + 0.15π)).

Because of 16-QAM, the probability of error for each subcarrier is as follows:

Pe,k = 3Q(
√

20(1.8 + 1.79 cos(2π0.9k/N + 0.15π)/5))

= 3Q(
√

4(1.8 + 1.79 cos(2π0.9k/N + 0.15π))).

The average Pe = 1
128

∑N
k=0 Pe,k = 0.07. A plot of the probability of symbol

error versus the subcarrier index is shown in Fig. 9.11. Note that even though some
subcarriers, eg, those close to the edges of the symbol, have a low probability of
error, around 10−4, the subcarriers close to the middle (where the argument of the
cosine would be π ) have a probability of error of around 1/2. That means that the
bits modulated on those subcarriers have very little chance of being correct.
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FIG. 9.11

Plot of symbol error probability versus subcarrier index for the example given in
Example 9.6.

In Example 9.6, we had a static, frequency-selective channel. If the taps of
channels are Rayleigh-fading, ie, zero-mean, complex-valued Gaussian random
variables, the frequency response of the channel, Hk, is also Rayleigh fading. In this
case, the average probability of error for an OFDM signal in a frequency-selective
Rayleigh-fading channel is

E[Pe] ≈ 1

N

N−1∑
k=0

Ne,kE[Q(
√

γkKk)],

where γk = Ec|Hk|2/σ 2
n . Note that γk has an exponential distribution. Most OFDM

systems in wireless channels use the same constellation type over all subcarriers. This

means that the term E[Q(
√

γkK)] is a constant and is equal to 1/2
(

1 −
√

�
�+2

)
,

where � = K
Ecσ

2
h

σ 2
n

. This can be found by noting that E[Q(
√

γkK)] is a double-

integral. By exchanging the order of integration and integrating over γk first, the
result follows.

As such, the average probability of error in a fading channel for an OFDM
system is

Pe(�) = 1/2

(
1 −
√

�

� + 2

)
.

In the limit,
(

1 −
√

�
�+2

)
is inversely proportional to �. This can be shown by using

L’Hôpital’s rule.
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Accordingly, an uncoded OFDM symbol in a Rayleigh fading channel has an
average probability of error that is inversely proportional to the average SNR. In
contrast to this, in an AWGN channel, the probability of error decreases exponentially
for a large SNR.

Example 9.7. Suppose the SNR of the channel for the QPSK constellation in an
AWGN channel is 10 dB and the probability of error is 10−3. An additional 3 dB of
transmit power will result in a probability of error on the order of 10−6. For a fading
channel with an average SNR of 10 dB, the probability of error will be

P̄e = 1/2(1 −√10/12)

= 0.04.

A 3 dB increase in transmit power will result in

P̄e = 1/2(1 −√20/22)

= 0.02,

which is only a decrease in BER of a factor of 2.
Even in a non-fading channel, as long as the channel is frequency-selective,

uncoded OFDM will have a rather high probability of error due to low-SNR
subcarriers. In static channels where the channel information can be forwarded to
the transmitter, waterfilling and bit-loading can be used to compensate for low-SNR
subcarriers [9]. When the transmitter knows that there is a subcarrier with an SNR
of, say 0 dB, the transmitter may allocate no power to bits to that subcarrier.

However, given a broadcast channel where the transmitter cannot know the
channel of every user or if the channel is changing so rapidly that channel information
is outdated quite quickly, diversity methods are used to combat the presence of
low SNR subcarriers. The diversity method of choice for OFDM is coding and
interleaving across the subcarriers. The next two sections discuss bit-loading systems
where timely feedback is feasible and coding and diversity for those where feedback
is not practical.

9.5 OFDM: POWER-LOADING AND BIT-LOADING
When a channel is relatively static and the transmitter can adapt the power and
modulation for an individual user, power-loading and bit-loading are methods that
combat the frequency selectivity of the channel. Power loading assigns the most
power to the subcarriers with strong SNR and the least to those with weak SNR.
Bit-loading assigns different bits to each subcarrier so that the probability of error on
each tone is relatively equal.

Given a frequency-selective channel with frequency response Hk on each of the
subcarriers and a power budget P, one question is how to assign the power to each
subcarrier to maximize the rate.
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The capacity for an OFDM system is expressed as

C =
N−1∑
n=0

log2

(
1 + Pn|Hn|2

σ 2

)
, (9.9)

where
∑N−1

n=0 Pn = P is the power budget.
How to assign the power is solved by taking the derivative of the capacity with

respect to Pn and with the Lagrange multiplier constraint, λ(P −∑N−1
n=0 Pn) as well

as the additional constraint that Pn > 0 for all n. This leads to allocating power
according to the waterfilling method:

Pn =
{

ν − σ 2

|Hn|2 , ν > σ 2

|Hn|2 ,

0, otherwise,
(9.10)

where ν is chosen so that
∑N−1

n=0 Pn = P. This is called waterfilling, as one can think

of inverting channels, ie, examining the inverse of the channel SNR |Hn|2
σ 2 , and filling

up the resulting signal with water until it reaches the level ν.

Example 9.8. Suppose N = 16 and |Hk|2
σ 2 equal to 100 for k = 0, 1, 2, . . . , 9 and

equal to 1 for k = 11, . . . , 15.
In the first case, let us assume that the power budget is only 1 W. (Note that in

most real systems, the allocated power will be on the order of milliwatts, not watts.
Here, we are using simple numbers for illustrative purposes.) Then we want to find ν

such that Pn > 0 and P = 1. Then, by setting ν = 1/9.1, Pn = 0.1 for n = 0, . . . , 9,
and 0 otherwise. In this case, power is allocated exclusively to the first 10 subcarriers.

Note that the capacity for the system with waterfilling is C = 10× log2(1+10) =
34.6 bits. In a system with equal power allocation across all bits, ie, Pn = 1/16, the
capacity would be C = 10 × log2(1 + 100/16) + 6 × log2(1 + 1/16) = 29 bits. In
this case, waterfilling increases the capacity of the OFDM signal.

In the second case, let us assume that the power budget is 100 W. In this case, if
ν = 6.63, then Pn = 6.62 for n = 0, . . . , 9 and 5.63 for the last six subcarriers.

In this case, the power is much more equally divided. With the higher power
budget, with waterfilling C = 10 log2(1 + 663) + 6 log2(1 + 5.63) = 110.1 bits
while with uniform distribution, the capacity is C = 10 log2(1 + 100 × 100/16) +
6 log2(1 + 100/16) = 110 bits.

Note that as the power budget increases, the water-filling as in the last example
evens out. Waterfilling displays a large difference in power allocation when the SNRs
between the subchannels are significantly different or when the power budget is low,
leading to a low-water level. This is analogous to a tidal river. When the river is high,
bumps in the waterbed are not visible. Only as the water level decreases does one see
the differences in the signal.

Waterfilling can also be seen as finding the appropriate subband for transmission.
On-off waterfilling [19,20] assigns equal power to those subcarriers that have
reasonable SNR and no power is assigned to the remaining subcarriers. On-off
waterfilling can have virtually the same rate as a water-filled signal and is much
simpler to implement.
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Example 9.9. Suppose Hk = 1 + 0.5ej2πk/N , N = 16 and σ 2 = 1. Furthermore,
suppose that P = 1.

Then |Hk|2 = 2+cos(2πk/N), and then if ν = 0.66, Pn = 0.2156, 0.2, 0.15, 0.05
for n = 0, 1, 2, 3 Pn = 0.05, 0.15, 0.2 for n = 13, 14, 15, and zero otherwise.

In this case, the capacity is C = 2.57 bits. If, instead of assigning the power
as above, one assigns equal power to subcarriers 0, 1, 2, 14, and 15, Pn = 0.2, the
capacity is 2.53 bits.

In general, judicious power allocation is a reliable way to improve through-
put when the channel is one-to-one and stable enough to ensure reliable
feedback.

Whether waterfilling, on-off power allocation or equal power allocation is used,
the SNR on each subcarrier will most likely vary. Given a reasonable estimate of the
channel at the transmitter, the transmitter can adjust the constellation size for each
subcarrier to ensure that the probability of error across all subcarriers does not vary
significantly. Determining how to assign the bits to each subcarrier is an art. There
are several algorithms for bit-loading that can be found in references such as [9].

9.6 OFDM: DIVERSITY AND CODING
Diversity is a way to decrease the probability of error when the channel is unknown
at the transmitter. One cannot assign bits and power to the strong subcarriers, but one
can use the diversity of the channel to decrease the probability of error.

The basic idea behind diversity is the following. One signal alone can fade
unpredictably and can lead to poor error rates. But if one has two or more versions
of the same information and each version of the signal is faded independently, the
likelihood that all the signals have poor SNR is quite low. With diversity, the designer
is banking on the probability that there will exist strong signal versions of the data
that can boost the success of the weak signals.

9.6.1 OFDM AND CODING
As shown in Section 9.4.1, the probability of error for uncoded OFDM (with an equal
number of bits on each subcarrier) is high due to the variation of the SNR across
subcarriers. When power- and bit-loading are impractical, most OFDM systems use
forward error-control (FEC) coding and interleaving to overcome the difficulties of
low-SNR subcarriers. In a frequency-selective channel, error-control coding reduces
the probability of error by increasing the effect.

When decoding, an error-control code one can make hard decisions or soft
decisions. The term “hard decision” implies that the demodulater has mapped the
received signal to bit values before the decoder. The term “soft decision” implies
that the decoder has some information about the reliability of the signal. Sometimes
this can be a quantized value, and sometimes this relates to the relative SNR of
the symbol whence the bit came. A measure for the performance of the code is
the minimum distance between code words. The larger the distance between code
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words, the lower the probability that one code word is mistaken for another. When
soft decisions are used, the distance between codewords is affected by the SNR of
the individual components of the codewords.

For an OFDM signal with a frequency-selective channel, without prior knowledge
at the transmitter, one cannot predict where the low SNR subcarriers will lie. FEC
produces codewords that differ by at least dfree bits. The effective SNR of the coded
system increases by this distance dfree. Ideally, one distributes the codeword across
several subcarriers so that elements of a codeword have both high and low SNR.
However, if adjacent bits in the codeword are found on successive subcarriers, the
SNR on all the bits will have similar values. This is because the frequency response
on adjacent channels will be highly correlated.

Example 9.10. Suppose you have a linear error control code with a codeword of
length 8 bits and the codewords are 00000000, 01010101, 10101010, and 11111111.

Further suppose that you have 8 subcarriers with BPSK modulation on each one
and the frequency response is Hk = 1 + ej2πk/8. The distance-squared between the
codewords would be as tabulated below:

Codeword 1 Codeword 2 Distance Squared Between Codewords
00000000 01010101

∑
k=1,3,5,7(2 + 2 cos(2πk/8))/σ 2 = 8

00000000 10101010
∑

k=0,2,4,6(2 + 2 cos(2πk/8))/σ 2 = 8
00000000 11111111

∑
k=1,2,...,7(2 + 2 cos(2πk/8))/σ 2 = 16

01010101 10101010
∑

k=1,2,...,7(2 + 2 cos(2πk/8))/σ 2 = 16
01010101 11111111

∑
k=0,2,4,6(2 + 2 cos(2πk/8))/σ 2 = 8

10101010 11111111
∑

k=1,3,5,7(2 + 2 cos(2πk/8))/σ 2 = 8

So in this case, the minimum distance-squared between codewords is 8. Note that
if our codewords had been 00000000, 11110000, and 00001111 instead, where each
bit is assigned to its respective subcarrier, the distance-squared between codewords
would be as follows:

Codeword 1 Codeword 2 Distance Squared Between Codewords
00000000 11110000

∑
k=0,1,2,3(2 + 2 cos(2πk/8))/σ 2 = 10

00000000 00001111
∑

k=4,5,6,7(2 + 2 cos(2πk/8))/σ 2 = 6
00000000 11111111

∑
k=1,2,...,7(2 + 2 cos(2πk/8))/σ 2 = 16

11110000 00001111
∑

k=1,2,...,7(2 + 2 cos(2πk/8))/σ 2 = 16
11110000 11111111

∑
k=4,5,6,7(2 + 2 cos(2πk/8))/σ 2 = 6

00001111 11111111
∑

k=0,1,2,3(2 + 2 cos(2πk/8))/σ 2 = 6

This example shows how the ordering of the bits in a codeword with respect
to the subcarriers of the OFDM signal can affect the performance. For a given
code, one can change the order of the components of the codeword through
interleaving.
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In OFDM, error control coding is applied with interleaving across the subcarriers
to mitigate the poor performance of the low SNR subcarriers. Suppose you have
a frequency-selective channel with the following frequency responses: Hk, k =
1, . . . , N. Coded bits correspond to modulated symbols. One can change the order
and SNR of the modulated symbols through interleaving.

Example 9.11. Suppose you have QPSK modulation on every tone, N = 128
subcarriers and a rate 1/2 convolutional encoder. After the encoder, each 2-bit output
can be mapped directly to a QPSK constellation value c1, . . . , cN .

A block encoder with interleaver depth 8 would map out the 128 symbols as
follows:

c1 c2 . . . c16,
c17 c18 . . . c32,

...
c113 c114 . . . c128.

The vertical lines are read out first so that c1 maps to H1, c17 maps to H2, etc. So
the bits fed into the decoder would be from H1c1, H9c2, H17c3, H25c4, . . . , H128c128.
Note that rather than interleave constellation symbols, one can interleave the bits
directly before modulation as in bit-interleaved coded modulation [21].

If the minimum path between two code words is d2
min,coded = ∑k∈I |Hk|2d2

k ≥
d2

min
∑

k∈I |Hk|2, where I is the indexing set across frequency subcarriers, the
question is, how much diversity can be found in an OFDM coded system? The key
lies in the correlation of the frequency response and the depth of the interleaving.
As in Refs. [22–24], the probability of error for a linear code word is upper
bounded by

Pe ≤ NeQ

⎛
⎜⎝
√

d2
min
∑

ik∈Idfree
|Hik |2

σ 2

⎞
⎟⎠ , (9.11)

where σ 2 is the variance of the noise, dk is the minimum distance between the
modulated bits, Idfree is an index of points that have a minimum distance from the
all-zeros codeword, and Ne is the number of paths that are dfree bits away. Note that
if we have a large constellation, the distance between bits from the codeword may
differ. For example, if a path of a convolutional code is dfree bits from the all-zeros
path, the soft-distance between bits may vary depending on whether the two bits
come from adjacent points in the constellation or points that are at opposite ends of
the constellation.

Based on Eq. (9.11) the average Pe can be bounded by noting that for
Rayleigh-fading, Hk are correlated, Gaussian random variables. As in Refs. [22–24]
the covariance matrix can be found by noting that for a time domain channel
h(t) =∑L

k=1 αkδ(t − τk),

|H(ik)|2 = α∗E∗
ik

Eikα,
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where Eik =

⎛
⎜⎜⎜⎜⎝

1

e− j2πτ2ik
NT

...

e− j2πτLik
NT

⎞
⎟⎟⎟⎟⎠, assuming without loss of generality that τ1 = 0,

α =
⎛
⎜⎝

α1
...
αL

⎞
⎟⎠ and Eikα = Hik .

If α1, . . . , αL are independent, identically-distributed zero-mean complex-valued
Gaussian random variables, then as in Ref. [25],

∑
ik∈Idfree

|Hik |2 = ( u1 . . . u∗
L

)
S

⎛
⎜⎝

u1
...

uL

⎞
⎟⎠ ,

where USU′ is the singular value decomposition of R1/2
α

∑
ik∈Idfree

E∗
ik Eik R1/2

α . Note

that this is the same as the singular value decomposition of Rα

∑
ik∈Idfree

E∗
ik Eik . This

in turn means that
∑

ik∈Idfree
|Hik |2 is a random variable whose distribution is the

same as
∑L

i=1 λi|vi|2, where vi is a zero-mean complex-valued Gaussian random
variable variance and therefore, |ui|2 is an exponentially distributed Gaussian random
variable with parameter 1 and the λis are the singular values of Rα

∑
ik∈Idfree

E∗
ik Eik .

So how much diversity is present in coded OFDM with interleaving across the
tones? It depends on the number of non-zero eigenvalues. This in turn is bounded by
the rank of

∑
ik∈Idfree

E∗
ik Eik . This rank is bounded by two factors: L, the number of

taps in the channel and dfree, the number of differences in the code path calculation.
Note that while each individual matrix E∗

ik Eik has rank 1, the sum
∑

ik∈Idfree
E∗

ik Eik

has a rank that is less than or equal to the number of addends in the sum. But
as
∑

ik∈Idfree
E∗

ik Eik is an L × L matrix, it cannot exceed L nor can it exceed dfree.
When designing a code for diversity, the amount of diversity is dependent both on
the minimum distance of the code and the number of independent taps in the time
domain channel.

Example 9.12. Suppose N = 128 and h(t) = α1δ(t) + α2δ(t − 1.5T), where α1
and α2 are zero-mean complex-valued Gaussian random variables. Further, suppose
that the interleaving depth is 8 and the minimum distance between the paths in
convolutional code is dfree = 5.

Therefore,

∑
ik∈Idfree

Eik Eik =
4∑

k=0

(
1 e− j2π(k+i)×8×1.5

128

e
j2π(k+i)×8×1.5

128 1

)

=
⎛
⎝ 5 e−j2π i12128 1−e−j2π60/128

1−e−j2π12/128

ej2π i12128 1−ej2π60/128

1−ej2π12/128 5

⎞
⎠ ,
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and the eigenvalues of Rα

∑
ik∈Idfree

are λ1 = 6.48�σ 2

1.5 and λ2 = 1.02�σ 2

1.5 . The
average probability of error for such a code would be bounded by

Pe ≤ Ne/2

⎛
⎝1.19

⎛
⎝1 −

√√√√ 6.48�
1.5

6.48�
1.5 + 2

⎞
⎠− 0.19

⎛
⎝1 −

√√√√ 1.02�
1.5

1.02�
1.5 + 2

⎞
⎠
⎞
⎠ .

Though dfree = 5, we have only 2-path diversity. However, the difference between
dfree = 5 and the diversity level of two shows up as an increase in the effective
average SNR. The two eigenvalues, λ1 and λ2, sum to 5�σ 2, ie, a 5-fold increase in
the average SNR. The bounded probability of error is shown in Fig. 9.12.

So frequency diversity in OFDM can be achieved through coding and interleaving
across subcarriers. However, this diversity is limited by three factors: the amount of
diversity inherent in the channel itself, the interleaving scheme of the code, and the
minimum distance of the code.

9.6.2 OUTAGE CAPACITY AND OFDM
The above analysis focuses on the average probability of error of a coded system.
However, the average probability of error only gives part of the picture. Most wireless
systems transmit a block of data and can tolerate a small percentage, say 5%, of those

0 5 10 15 20 25 30
10−9

10−8

10−7

10−6

10−5

10−4

10−3

10−2

10−1

Average SNR (dB)

U
ni

on
 b

ou
nd

 fo
r 

co
de

d 
pr

ob
ab

ili
ty

 o
f e

rr
or Coded diversity

2−path diversity

3−path diversity

FIG. 9.12

Plot of union bound for average probability of error for the code given in Example 9.12. This
is plotted along with the average probability of error for 2- and 3-path diversity. Note that
though dfree = 5, the diversity of the system is at most 2.
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blocks being in error. As such, the outage capacity of an OFDM symbol is of interest.
Given an instantaneous OFDM symbol with equal power on every subcarrier, the
normalized capacity of that symbol is

Ci =
N∑

n=1

log2(1 + |Hi,n|2�)/N.

Over a collection of frequency responses, {Hi,n}, n = 1, . . . , N, there will be a set
of capacities, {Ci}. Let CX be the capacity value such that 1 − X % of the capacity
values are greater than CX . Then in theory, we can transmit outage free 1 − X % of
the time as long as R ≤ CX . CX is the X % outage capacity.

Example 9.13. Suppose h(t) = δ(t) + α1δ(t − T), where α1 is a zero-mean
complex-valued Gaussian random variable with variance 1. Suppose N = 128, then

Hk = α0 + α1 exp(−j2πk/N),

|Hk|2 = |α0|2 + |α1|2 + 2|α1||α0| cos(2πk/N + θ1 − θ0),

where α1 = |α1|ej2πθ1 and α0 = |α0|ej2πθ0 . The cumulative density function (cdf) of
the capacity Ci for the 2-tap channel is found in Fig. 9.13. From the cdf one can see
that the 5% outage capacity is around 1 bit/s/Hz and that there is wide variation in
the capacities for a two-tap channel. If we repeat this for a 5-tap channel, assuming
a uniform delay spread, then the outage capacity is increased by 1 bit. This is also
shown in Fig. 9.13. If we found the average capacity of both channels, it would be
the same, 2.9 bits.

The reason the 2-tap channel has a lower outage capacity than the 5-tap channel
is the following. In a 2-tap channel, there is less variability in the channel’s frequency
response than there that of 5-tap channel. So the more taps in the channel, the
more likely is for a subset of subcarriers with large enough SNR to dominate the
capacity calculation. For the two-tap channel, the maximum SNR is proportional to
the random variable |α0|2 + |α0|2 = γ . This random variable has the probability
density function (pdf), γ

�2 exp(−γ /�)u(γ ), when both α0 and α1 are identically-
distributed complex-valued zero-mean Gaussian random variables. So the probability
that the maximum value of |Hk|2 < X is small, but not zero. However, when the
maximum SNR is proportional to γ = ∑L

i=1 |αi|2 where L > 2, the probability
that the maximum capacity across all subcarriers is less than 1 bit is much, much
smaller.

The smaller the variability of the frequency response, the larger the variety of
capacity values over a set of channels. But when there is large variability within the
frequency response of the channel, it is more likely that some subcarriers’ SNRs will
be large enough to ensure a larger outage capacity. In summary, both the SNR and
the delay spread of the channel determine the outage capacity and the rate at which
one can transmit in the presence of uncertainty.



9.7 Conclusions 363

0 1 2 3 4 5 6
0

0.1

0.2

0.3

0.4

0.5

0.6

0.7

0.8

0.9

1

Capacity per subcarrier

P
ro

ba
bi

lit
y 

ca
pa

ci
ty

 is
 le

ss
 th

an
 X

−
ax

is 2−tap channel
5−tap channel

FIG. 9.13

Cumulative density function for capacity for a 2-tap channel and 5-tap channel and a
128-subcarrier OFDM signal. The average SNR is 10 dB.

The outage capacity argument provides for a non-zero period where transmission
will fail, but most communications are designed to have a certain percent, eg, 10%
failure or retransmission rate.

In Ref. [26] the outage capacity was found using fixed constellation size. Typi-
cally, OFDM system designers will adapt the number of bits on each subcarrier based
on the average SNR. The implications from Ref. [26] are that rather than reducing
the number of bits on each subcarrier, the designer could keep a constant modulation
on every subcarrier and adapt the coding rate in a diversity-rich environment. This
allows the code to take advantage of the high SNR subcarriers. The trick is designing
high-rate codes that can take advantage of this SNR.

9.7 CONCLUSIONS
OFDM is an excellent choice for wireless communications. It is flexible and does
not require complicated equalization. Because it divides the spectrum into multiple
subcarriers, it can be designed to avoid interference within the spectrum. Diversity
and improved performance can be attained through coding and interleaving. It is
an elegant solution for any technique that requires non-frequency-selective signals,
eg, MIMO. It also provides a useful starting point for researchers and system
designers.
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Appendix CORRELATED DIVERSITY SIGNALS
Suppose you have L received values, yi = αix+ni, but now the αi received zero-mean
complex-valued Gaussian values are correlated, rather than independent. This could
occur if the antennas receiving the values are closely spaced or in the case of OFDM,
if the different values are closely spaced in frequency. How does this affect the
diversity receiver?

Finding the symbol error rate for maximum ratio combining with correlated
signals is relatively easy thanks to a trick from Turin [25]. Suppose you have L
correlated zero-mean, complex-valued Gaussian random vectors, α = (α1, . . . , αL).
We are interested, as before, in the sum γ = ∑L

i=1 |αi|2, which is the inner product
of α with itself.

First suppose that the covariance matrix for α is R.
The random vector α̃ = uR1/2, where u = (u1, . . . , uL) is a vector of zero-mean,

unit-variance, independent complex-valued Gaussian random variables that behaves
like α. Both α and α̃ are zero-mean complex-valued Gaussian random variables, and
the covariance matrix of α̃ is the same as αs by construction. So

γ̃ = 〈α̃, α̃∗〉
= uR1/2RH/2u∗

= uRu,

so the inner product of the correlated Gaussian random variables acts like a modified
inner product with the Hermitian symmetric matrix R in the middle. The trick from
Turin is to decompose R into unitary and diagonal matrices. One can use the singular-
value decomposition and find

γ̃ = uESE∗u∗,

where EE∗ = E∗E = I the identity matrix and S is a diagonal matrix of the
eigenvalues of R, λi ≥ 0.

The new vector v = uE is zero-mean, complex-valued Gaussian, identically
distributed with unit variance 1. The advantage of this way of writing the decision
metric γ is that it is now the sum of independent random variables. So

γ̃ = vSv∗

=
L∑

i=1

λi|vi|2,

and the inner product of correlated Gaussian random vectors behaves like the inner
product of independent Gaussian random variables, each with a different variance.

To find the pdf of γ , one can use characteristic functions. The characteristic
function of γ is

�(f ) =
L∏

i=1

1

j2π f λi + 1

=
L∑

i=1

Ai

j2π f λi + 1
,
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where

Ai = λL−1
i∏

k �=i(λi − λk)
.

This leads to the pdf of γ as

f (γ ) =
L∑

i=1

Ai

λi
exp
(

− γ

λi

)
.

From this, the average probability of error assuming distinct λis is

E[Pe] =
L∑

i=1

Ai

2
(1 −√λi2 + λi).

For large λi,

E[Pe] ≈
L∑

i=1

Ai

2λi

=
∑L

i=1 Ai
∏

k �=i λk

2
∏L

i=1 λi
.

Note that this means with L correlated paths, we can still achieve diversity. However,
the diversity is limited by the correlation.

Example I.14. Suppose you apply maximum ratio combining with three differ-
ent versions of the signal, yi = αix + ni, i = 1, . . . , 3, and the covariance matrix

R = �

⎛
⎝ 1 0.99 0.97

0.99 1 0.99
0.97 0.99 1

⎞
⎠ .

The singular values of this matrix are 2.97�, .03�, and .003�. Then, the
random variable γ = ∑3

i=1 |αi|2 has the same probability density function
as γ̃ = �(2.97|v1|2 + 0.03|v2|2 + 0.003|v3|2). The partial fraction expansion
coefficients are

A1 = 1.0113,

A2 = −0.0115,

A3 = 0.0001.

For a BPSK channel,

E[Pe] ≈1/2(1.0113(1 − √
2.97�2 + 2.97�)

− 0.045(1 − √
0.03�2 + 0.03�)

+ 0.0001(1 − √
0.0001�2 + 0.0001�)).
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FIG. I.14

Plot of the average probability of error for the correlated paths given in Example I.14.

The probability of error for this case is plotted in Fig. I.14. Because the 3 paths are
so highly correlated, only one path dominates the distribution of the SNR and the
resulting average probability of error.

Depending on the relative correlation of the components, the amount of diversity
that results will vary and depends on the number and relative spread of the eigenval-
ues of the covariance matrix of the complex-valued Gaussian random variables that
represent the gain and phase of each path.
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10.1 FUNDAMENTALS OF SPREAD SPECTRUM
COMMUNICATIONS
10.1.1 MOTIVATION
In many applications, a digital communication system must operate in the presence of
other impairments in addition to just thermal noise. The technique of spread spectrum
was initially developed to provide a digital communication system the capability
of being somewhat robust to various forms of intentional interference found in
military environments [1–5]. However, it has been seen that many of these military
communication techniques have important commercial applications as well [6,7]. In
addition to providing robustness to intentional jamming, spread spectrum techniques
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also provide robustness to a variety of unintentional forms of interference that are
found in today’s wireless world.

We start by examining the effect a typical interferer might have on a very simple
BPSK-based communication system. Suppose the system transmits one data symbol
every Ts seconds and let B be the bandwidth the BPSK signal occupies. For example,
if “sinc” pulse shapes were used, the bandwidth of the system would be B = 1/Ts Hz.
Now suppose that in addition to the desired signal and the usual white noise, the
received signal also has an interference component, j(t). Furthermore, assume that
the interfering signal has a total power of J spread over the bandwidth B so that the
spectral density of the interferer’s signal is equal to

Sjj(f ) = J

2B
, | f − fc| < B/2.

The white noise is taken to have a spectral density of No/2.
In order to make the problem easy to analyze, it is assumed that the interfering

signal can be modeled as Gaussian noise. Assuming the white noise and the
interference are independent, the interfering signal has the effect of adding to the
spectral density of the noise, and the resulting probability of error of a typical detector
is then

Pe = Q

(√
2Es

No + J/B

)
= Q

(√
2Es/No

1 + J
S

Es
No

Rs
B

)
,

where Rs = 1/Ts is the symbol rate and S = Es/Ts is the desired signal’s power. The
loss in this system relative to a system with no interference is [8]

L = 1 + J

S

Es

No

Rs

B
.

As indicated by the previous expression, we can reduce the amount of loss in three
ways. First and most obvious, we can try to increase our own signal’s power relative
to the interference power. Second, we can try to design a system that will operate at a
lower signal-to-noise ratio (SNR). This could be done, for example, through the use
of low rate coding [9]. Finally, we could increase our bandwidth beyond that which
is typically needed for communication.

This final approach provides the motivation for spread spectrum communication.
Loosely speaking, spread spectrum is any technique whereby the transmitted signal
occupies a much larger bandwidth than is needed. In a stricter sense, spread spectrum
communication systems require some sort of “code key” to recognize the waveform.

10.1.2 LOW PROBABILITY OF INTERCEPT/ANTI-JAM CAPABILITIES
It is instructive to quantify what damage the above interference has on our commu-
nication system. Define an effective SNR as
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(
Es

No

)
eff

= Es/No

1 + J
S

Es
No

Rs
B

.

Suppose, for example, the receiver needs to achieve an error rate of 10−3. This
requires an effective SNR of about (Es/No)eff = 6.8 dB (in an additive white
Gaussian noise [AWGN] channel). Then J/S must satisfy

J

S
<

0.21 − 1
Es/No

Rs/B
.

If Rs/B = 1 (which is what would be achieved with sinc pulses), the received power
of the desired signal must be at least 4.8 times stronger than the received power of
the interferer. If both the desired and interfering transmitters are sending equal power,
this implies that the interferer must be farther away from the receiver than the desired
transmitter. How much farther depends on the propagation model. For example, for
a fourth law propagation model, the interferer must be about 1.5 times farther from
the receiver than the desired transmitter.

Now suppose we use a signaling scheme which expands our bandwidth by a
factor of 100 so that Rs/B = 1/100. Now the interferer can be as much as 21
times stronger than the desired signal. Alternatively, the interferer can be as much
as 2.1 times closer than the desired transmitter for fourth law propagation and still
obtain acceptable error rates. In a military environment this is known as anti-jam (AJ)
capability (see Peterson et al. [5], Chapter 6 and the references therein). The idea is
to force a potential jammer to be closer to the receiver than he would be comfortable
doing. This same idea is used in cellular systems to reduce the frequency reuse
distance.

Alternatively, consider the power-spectral density (PSD) of the desired signal
at the receiver. If a total power of S is received over a bandwidth of B, then the
(two-sided) PSD is S/2B. For a traditional unspread system (where Rs/B = 1), the
PSD is S/2B = Es/2. In order to achieve a bit error rate of 10−3 at the receiver,
the PSD of the desired signal must be somewhat larger than the PSD of the noise
(Es/No > 4.8(= 6.8 dB)). As a result, the PSD of the desired signal must be
about five times stronger than the noise floor. This makes it easy for a potential
eavesdropper to intercept the signal. On the other hand, for a spread system with
Rs/B = 1/100, the PSD of the desired signal will be S/2B = Es/200 and the
desired signal’s PSD can be a factor of 20 (13 dB) below the noise floor and still
maintain the desired error rate. This makes it difficult for a potential eavesdropper
to intercept the signal or to even know (detect) that it is there. In a military context,
these capabilities are referred to as low probability of interception (LPI) and low
probability of detection (LPD) (see Peterson et al. [5], Chapter 10, and the references
therein). Alternatively, in a commercial environment, there may be receivers from
other systems near the transmitter. If the signal is well beneath the noise floor,
the system will have minimal effect on the other systems. This is the idea behind
the current industrial, scientific, and medical radio bands whereby various users
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can access these bands in an unlicensed fashion, provided they adhere to minimal
spreading requirements that will allow different applications to coexist without
harming one another.

10.1.3 DIRECT SEQUENCE SPREAD SPECTRUM
The two most common forms of spread spectrum are direct sequence (DS) and
frequency hopping (FH). In this section and the next, we provide an overview of
these basic spread spectrum techniques.

In DS-SS, the transmitted data signal, d(t), is multiplied by a high rate pseudo-
random sequence, c(t), causing a significant expansion of the transmission band-
width. This operation is known as spreading. A BPSK DS-SS transmitter is shown in
Fig. 10.1. The transmitted signal will be described in terms of its base band complex
envelope, xbb(t):

xbb(t) =
{

d(t), without SS,

d(t)c(t), with SS.

Typical waveforms are shown in Fig. 10.2. As usual, Rs = 1/Ts is the symbol rate,
and now Rc = 1/Tc, the rate of the pseudo-random sequence, is called the chip
rate. Without the spread spectrum, the occupied bandwidth is proportional to Rs,
while with the spread spectrum it is proportional to Rc. Thus the ratio of Rc/Rs,
the spreading factor, is a measure of how much bandwidth expansion is caused by
the presence of the pseudo-random spreading sequence. Some typical waveforms,
as viewed in the frequency domain, are shown in Fig. 10.3. At the receiver, the
received signal is premultiplied by c(t) before detection. This operation is known as
despreading. This multiplication by c(t) at the receiver brings the bandwidth of the
desired signal down to ∼Rs while expanding the bandwidth (BW) of any interference
present to ∼Rc. The signals present are illustrated in the frequency domain after
despreading in Fig. 10.4.

Note that the matched filter (or correlator) used by the demodulator can be thought
of as a filter with a bandwidth equal to the bandwidth of the desired signal (unspread).
As a result, most of the interference power will be suppressed by this filter. If the
interference is spread over a bandwidth of ∼Rc, and the signal occupies a BW of
∼Rs, then after filtering, the total interference power has been reduced by Rc/Rs.

X

Acos(ωct + q)

d(t) X

c(t)

s(t)Polar data
waveform

Transmitted
signal

FIG. 10.1

A BPSK DS-SS transmitter.
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d(t)

Tc Ts

d(t)c(t)

Rs = 1 ⁄ Ts = symbol rate Rc = 1 ⁄ Tc = chip rate

FIG. 10.2

Complex envelopes of typical DS-SS waveforms.

Desired
signal

Interference

Desired
signal

Interference

PSD

PSD

Without SS

With SS

1
Ts

f

f

1
Tc

FIG. 10.3

Typical waveforms in the frequency domain (base band).

This ratio of the spread bandwidth to the unspread bandwidth is called the processing
gain. Other definitions of processing gain are also common.

Fig. 10.5 shows the spreading and despreading process in the time domain. In part
A of the figure, a low rate data sequence is spread by a high rate spreading waveform
where in this case the spreading sequence has seven chips per data symbol. This
number is just for convenient illustration. In practice, much larger spreading factors
are used. Part B shows successful despreading of the signal. After the signal at the
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Desired
signal

Interference

PSD

f

1
Tc

1
Ts

1
Ts

1
Tc

− −

FIG. 10.4

Typical despread waveforms in the frequency domain (base band).

+1+1+1-1+1-1-1+1+1+1-1+1-1-1+1+1+1-1+1-1-1Spreading:

Data: +1 -1 -1

+1+1+1-1+1-1-1-1-1-1+1-1+1+1-1-1-1+1-1+1+1Spread data:

(A)

(B)

(C)

(D)

Data symbol interval
Chip

interval
d(t)

c1(t)

d(t) c1(t)

r(t)

c1(t)

r(t) c1(t)

r(t)

c2(t)

r(t) c2(t)

r(t)

c1(t−Tc)

r(t) c1(t−Tc)

+1+1+1-1+1-1-1+1+1+1-1+1-1-1+1+1+1-1+1-1-1(De)spreading:

+1+1+1-1+1-1-1-1-1-1+1-1+1+1-1-1-1+1-1+1+1Received:

+1+1+1+1+1+1+1-1-1-1-1-1-1-1-1-1-1-1-1-1-1Despread data:

-1-1+1-1+1+1+1-1-1+1-1+1+1+1-1-1+1-1+1+1+1(De)spreading:

+1+1+1-1+1-1-1-1-1-1+1-1+1+1-1-1-1+1-1+1+1Received:

-1-1+1+1+1-1-1+1+1-1-1-1+1+1+1+1-1-1-1+1+1Despread data:

-1+1+1+1-1+1-1-1+1+1+1-1+1-1-1+1+1+1-1+1-1(De)spreading:

+1+1+1-1+1-1-1-1-1-1+1-1+1+1-1-1-1+1-1+1+1Received:

-1+1+1-1-1-1+1+1-1-1+1+1+1-1+1-1-1+1+1+1-1Despread data:

FIG. 10.5

An example of DS spreading and despreading in the time domain. (A) DS spreading at the
transmitter; (B) correct despreading at the receiver; (C) incorrect despreading at the
receiver, wrong code sequence; and (D) incorrect despreading at the receiver, delayed
code sequence.
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receiver is multiplied by the correct spreading waveform, the resulting signal can
be downsampled back to the original data rate. In part C of the figure, it is seen
that if the wrong spreading sequence is used at the receiver, the signal will not be
despread correctly. This property will be important in the context of code division
multiple access (CDMA). Finally, Fig. 10.5D shows what happens at the receiver if
the correct spreading code is used but is not synchronized correctly. In this case, the
spreading waveform has been delayed at the receiver by one chip interval, and once
again, the signal is not successfully despread. This property will be important in our
later discussion of RAKE receivers.

10.1.4 FH SPREAD SPECTRUM
In FH-SS, the carrier frequency is pseudo-randomly hopped over many possible
frequencies. A typical modulator and demodulator for FH-SS are shown in Figs. 10.6
and 10.7. The FH signal can be viewed as randomly changing “channels” which are
commonly referred to as frequency bins. If any one (or a few) of the bins is being

Data
modulator

d

cos (w IFt + q) Frequency
synthesizer

X HPF

Code sequence
generator

. . .

s(t)

FIG. 10.6

FH-SS modulator.

d

Frequency
synthesizer

X
Image

rejection
filter

Code sequence
generator

. . .

r(t) BPF
Data

demodulator

FIG. 10.7

FH-SS demodulator.
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interfered with, the system will experience degradation only a small percentage of
the time. This can be overcome with intelligently designed error correction coding.
Any interferer which effects all (or most) of the bins will have its power spread
over a large bandwidth, and hence the PSD in any one bin will be reduced to a
manageable level. This provides AJ capability as well as robustness to many forms
of unintentional interference. The LPI/LPD capability is provided by the fact that
if the carrier is hopped fast enough, it never stays in one place long enough to be
detected. The hopping is typically provided by the use of a programmable frequency
synthesizer which is driven by some pseudo-random sequence. The demodulator
works in a manner very similar to a superheterodyne radio (eg, Couch [10, pp. 283–
288]). The received signal is down converted to an intermediate frequency (IF) which
is the same regardless of the current carrier frequency. Naturally, this requires the
receiver to generate the same sequence present at the transmitter and it must be
synchronous in time. After the signal has been converted to the IF (dehopped), a
standard demodulator is used.

If the hopping rate is slower (or the same) than the symbol rate, then the FH is
referred to as slow FH (multiple symbols per hop). If the hopping rate is faster than
the symbol rate then the FH is fast (multiple hops per symbol). Since the carrier
frequency is continually changing, it can be practically difficult for the receiver to
perform phase synchronization on the received signal. As a result, data modulation
formats which can be noncoherently demodulated are generally used in FH systems.
M-ary FSK is the most common. For illustration purposes, an example of a 4-FSK-
based FH system with eight hop bins with a rate of one hop per symbol is shown in
Fig. 10.8.

10.1.5 CODE DIVISION MULTIPLE ACCESS
The use of spread spectrum, either DS or FH, can also provide multiple access
capability. In multiple-access systems, several users must share the communication
medium. The traditional approaches are to use frequency division multiple access
(FDMA) or time division multiple access (TDMA), where the users are coordinated
in frequency or time, respectively. In CDMA, the other system users can be viewed
as interference. Since the spread spectrum system is robust to interference, a number
of users can coexist without causing too much mutual harm to one another.

In DS-CDMA, each user is assigned a different spreading sequence and all users
occupy the entire frequency band at all times. At each receiver, only the desired signal
is despread properly. All unwanted signals (ie, signals from the other users) remain
spread and are largely suppressed by filtering in the demodulator. This was shown in
Fig. 10.5C.

In FH-CDMA, each user follows a different hopping pattern. Occasionally two
or more users will hop to the same frequency at the same time and data will often be
lost on that hop. This is accounted for with an appropriate amount of error control
coding.
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Data sequence

Code sequence

+1  −1 −1 −1 +1 +1 −1 +1 −1 −1

Subfrequency 1 3 0 2 3

−1 −1 −1 +1 −1 +1 +1 −1 −1 −1 +1 −1 +1 +1 −1

Frequency bin 7 2 3 5 1

Fr
eq

ue
nc

y 
bi

n

0

1

2

3

4

5

6

7

Transmitted frequency pattern
After dehopping:

IF

FIG. 10.8

An example of a 4-FSK-based slow FH system.

Unlike FDMA or TDMA, CDMA not only supports multiple users but is also
robust to interference from nonsystem sources. Such interference might include
intentional jamming in a military network, multipath interference, co-channel or
adjacent channel interference (in a cellular system), or miscellaneous radio frequency
(RF) interference [11].

CDMA systems can be either synchronous or asynchronous. In synchronous
DS-CDMA, the various users’ transmissions are synchronized in time so that the
beginning of chips and data symbols are aligned. This makes it easier to design code
sequences which reduce the mutual interference. In asynchronous DS-CDMA, no
such attempt is made to align the various users’ signals. Likewise, in synchronous
FH-CDMA, the hopping of the various users is synchronized so that all signals hop
simultaneously. In asynchronous FH-CDMA, different users hop at different times.
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This can cause partial hits to occur more frequently, but each partial hit may not cause
quite as much damage to the users involved.

Before concluding this brief introduction to CDMA, we present a very crude
capacity analysis of both DS and FH CDMA to gain insight into how many
simultaneous users can be supported by such multiple access schemes. Consider first
an asynchronous DS-CDMA system. Suppose there are a total of K simultaneous
users sharing the channel on a DS-CDMA basis. Let user #1 be the desired signal
and all others are treated as interference. To make the analysis simple we treat the kth
interfering DS-CDMA signal as Gaussian noise with a spectral density of Pk/2B for
|f − fc| < B/2, where Pk is the received power from the kth interferer and B is the
total system bandwidth. If we lump this interference in with the thermal noise, the
total noise plus interference spectral density is

S(f ) = No

2
+

K∑
k=2

Pk

2B
.

The probability of error for our DS-SS receiver (assuming BPSK modulation) for the
desired user would be

Pe = Q

(√
2Eb

No + 1
B

∑K
k=2 Pk

)
= Q

(√
2E1/No

1 + Rs
B

∑K
k=2 Ek/No

)
,

where Ek is the received energy per bit of the kth received signal. Note that the
bandwidth of our system will be proportional to the chip rate, Rc = NRs. So the term
Rs/B that appears in the previous expression will be proportional to N, the number
of chips per symbol. A more careful analysis reveals that it is appropriate to take the
constant of proportionality so that Rs/B = 2/3N and hence [12]

Pe = Q

(√
2E1/No

1 + 1
3N

∑K
k=2 2Ek/No

)
= Q

(√
2E1/No

1 + 2
3N

E1
No

∑K
k=2

Pk
P1

)
.

While this result is based on some assumptions that may or may not be accurate
(eg, Gaussian distribution of interference, truly random codes), it does bring out
some of the gross characteristics of DS-CDMA. Consider first the case where all
users carefully adjust their transmitted power so that all signals are received at the
same energy level (perfect power control), Pk = P1, so that

Pe = Q

(√
2E1/No

1 + 2(K−1)
3N

E1
No

)
.

A typical plot of this error probability formula is shown in Fig. 10.9 for a DS-CDMA
system that uses N = 100 chips per bit. First note the appearance of error floors. From
the previous expression, it can be seen that as E1/No → ∞, the error probability will
approach the floor value of Pe = Q

(√
3N/(K − 1)

)
. From this we conclude that for
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FIG. 10.9

Probability of bit error for a BPSK-based DS-CDMA system with N = 100 chips/bit. Curves
from bottom to top represent user loadings of K=1, 10, 20, 30, 50, 100, 200 users,
respectively.

an application that needs to maintain an uncoded bit error rate of p, the number of
users that can be supported is limited by

K ≤ 3N(
Q−1(p)

)2 + 1 ⇒ K

N
≤ 3(

Q−1(p)
)2 + 1

N
.

Typically, the second term is negligible so that the system loading (as a percentage
of the bandwidth expansion factor) can be determined directly from the required bit
error probability. The capacity of a BPSK-based DS-CDMA system with perfect
power control is shown in Table 10.1. for different required system error rates. To put
these numbers in context, consider an FDMA system that was allowed a bandwidth
expansion factor of N. Such a system could have N different frequency channels and
could therefore support K = N users (100% loading). Similarly, a TDMA system
would have N time slots and could also support K = N users. A DS-CDMA system
with powerful error correction coding could possibly tolerate uncoded bit error rates
near 10% and hence may be able to handle loading beyond that of FDMA/TDMA



380 CHAPTER 10 Spread spectrum signaling in wireless communications

Table 10.1 Maximum User Loading for a BPSK-Based
DS-CDMA System

BER, p AWGN, % Three Channel FS, % Flat RF, %

0.1 183 145 38
0.01 55 30 2.7
0.001 31 11 0.27
0.0001 22 4.7 0.027

Note: Loading is expressed as K/N × 100%.

(>100%). Even in situations where a CDMA system must operate at system loadings
lower than 100%, the CDMA system still offers the advantage that it provides
robustness to other forms of interference. In some applications, this can be a very
important consideration.

It is a fairly straightforward exercise to adjust the user loading calculations above
to other channel models. For example, if a flat Rayleigh fading channel is used, the
error probability behaves in the following manner [13]:

Pe,avg = 1

2
− 1

2

√
1

1 + 1
Eb/No

.

Proceeding as was done for the AWGN channel, replacing in the previous equation
with 3N/2(K − 1) and solving for K/N one obtains the relationship for the user load
of a BPSK DS-CDMA system on a flat Rayleigh fading channel to be

K

N
≤ 2

3

(
1

(1 − 2p)2 − 1

)
+ 1

N
.

This leads to the user loading numbers shown in the last column of Table 10.1. Note
that the system user capacity is substantially lower in a flat Rayleigh fading channel.

As will be seen in a later section, the use of broadband signaling (ie, DS-SS)
will often cause a fading channel to behave in a frequency selective manner and the
resulting error probability may be more like a Rayleigh fading channel with a few
diversity branches. As an example, if there are three equal power diversity channels
over a Rayleigh fading channel, the error probability for BPSK will be as follows
(eg, Eq. 14.4-15 of Proakis [13]):

Pe,avg =
(

1 − μ

2

)3
[

1 + 3

(
1 + μ

2

)
+ 6

(
1 + μ

2

)2
]

,

where μ = (1 + 3/ (Eb/No))
−1/2. For a desired average error probability, one can

solve for the required value of Eb/No (numerically) and then find the DS-CDMA
system loading according to K/N ≤ ((2/3)Eb/No)

−1. Results are shown in the
middle column of Table 10.1 for the three-branch frequency selective Rayleigh fading
channel.
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It should be noted that if any one of the interfering signals is significantly stronger
than the desired signal then the bit error rate (BER) will be substantially degraded.
From the BER expression, it is clear that one interfering signal that is 10 times
stronger than the desired signal will have the same effect as 10 interfering signals
with the same strength as the desired signal. This is referred to as the near-far
problem and occurs when the interfering signal’s transmitter is much closer to the
receiver than the desired signal’s transmitter. Typically, this problem is dealt with
by the use of transmitter power control whereby the receiver will continually send
side information to each transmitter instructing them how to adjust their transmit
power so that all signals arrive at the receiver at approximately the same power
level [14].

Finally, we examine an FH-CDMA system. To make the analysis simple, it is
assumed that any time two or more users hop to the same frequency bin at the same
time, a hit occurs and all users involved in the hit lose their data during that hit. Also,
for convenience, it is assumed that all users hop synchronously (all shift frequencies
at the same time) so that we do not have to worry about partial hits. Finally, assume
that the SNR is large enough so that the probability of error is negligible when there
is no hit. Under these assumptions, the bit error rate is just the probability that one
or more of the interfering users use the same frequency bin of the desired user. If the
hopping patterns are truly random for each user, then

Pc = Pr(correct) = Pr(no hit) =
(

1 − 1

N

)K−1

Pe = Pr(error) = 1 −
(

1 − 1

N

)K−1
≈ K − 1

N
.

In the above expressions N is the number of hop bins and is also the bandwidth
expansion factor. Note that the number of users the FH-CDMA system can support
is basically given by K = pN, where p is the required BER. Note if a BER of 10−2

is required then the number of simultaneous users that can be supported is roughly
1% of the bandwidth expansion. This number can be improved somewhat through
the use of error control coding, but the capacity of an FH system will still typically
be less than what can be achieved with a DS system. For this reason, DS is much
more commonly used in CDMA systems. On the other hand, the FH system has no
near-far problem and hence in an environment where power control is not possible,
FH-CDMA may be a better option than DS-CDMA.

10.1.6 CODE SEQUENCES
In SS systems, the code sequences that are used should follow a deterministic
format so that they can be identically reproduced at the transmitter and receiver,
yet they should exhibit properties of randomness so that it is difficult for a potential
eavesdropper to identify the sequence being used. Additionally, in order to ease the
process of code synchronization at the receiver, it is desirable that the sequence used
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is as different as possible from any time shifted version of itself. In other words,
the auto-correlation function of the code sequence should be uniformly low for all
possible nonzero offsets.

It is common in SS systems to use code sequences which are the output of a
binary shift register (SR) with feedback. A generic n-stage SR is shown in Fig. 10.10.
The SR is described in terms of a set of feedback connections, h0, h1, . . . , hn, where
hi = 1 indicates the presence of a feedback connection at the ith position, and hi = 0
indicates no connection. It is common to describe the feedback connections in terms
of a polynomial:

h(x) = h0 + h1x + h2x2 + · · · + hnxn.

The SR, when clocked, produces a periodic sequence of 0 and 1 s. Since there are n
binary storage elements, there are a total of 2n possible states in which the SR can be.
Once it returns to its starting state it will repeat the output sequence it has produced
up to that point. The all-zero state needs to be avoided since once the SR enters the
all-zero state it will be stuck there and will produce an (undesirable) output sequence
of all zeros. Therefore, there are a maximum of 2n−1 states the SR can cycle through
and hence the SR produces a periodic output sequence whose period is no longer than
2n −1 bits. An SR which produces an output sequence which achieves this maximum
period is called a maximal length linear feedback shift register (MLLFSR) and the
sequences they produce are called MLLFSR sequences. Since this acronym is longer
than most people prefer, the shortened term m-sequence1 is more commonly used.

Not every polynomial, h(x), will produce an m-sequence. Polynomials which
do produce an m-sequence are known as primitive polynomials. Tables of primitive
polynomials can be found in many books on spread spectrum (eg, Peterson et al. [5])
or error correction coding (eg, Peterson and Weldon [15]) and are often given in

h0 h1

+

h2

+

h3

+

hn–1

+

hn

. . .

. . .

= binary storage element

+ = XOR = mod-2 addition

FIG. 10.10

A binary linear feedback shift register.

1Engineers are known to use excessive acronyms. In the ultimate of engineering jargon, the term m-
sequence is an acronym of an acronym.
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octal form. A short table is provided in Table 10.2. As an example of how to use
that table, the n = 5 entry will provide a primitive polynomial which will produce
an m-sequence of length 25 − 1 = 31. The octal entry 45 converts to the binary
number 100101 which defines the polynomial h(x) = 1+x2 +x5. The corresponding
five-stage MLLFSR is shown in Fig. 10.11. Also, if h(x) is a polynomial of degree n
which produces an m-sequence of length N = 2n − 1, then its reciprocal (defined as
xnh(x−1)) also generates an m-sequence. Typically, tables of primitive polynomials
do not include both a polynomial and its reciprocal. So there are actually six
m-sequences of degree 5 (length 31) although the table only lists 3.

In the context of DS-SS, a binary code sequence is converted to a spreading
waveform by first converting the bits from a {0, 1} format to a {+1, −1} format and
then modulating the sequence of bits with a chip waveform. So if b is a sequence of
bits with bi ∈ {0, 1}, then form the sequence c where ci = (−1)bi . Finally, create the
spreading waveform according to

c(t) =
∑

k

ckp(t − kTc), (10.1)

where p(t) is the chip pulse shape (often rectangular pulses are used but other
options are possible). For a code sequence of period N, this will produce a spreading
waveform which is periodic with a period of NTc. In some applications, we may

Table 10.2 Primitive Polynomials in Octal Form

Degree (n) Polynomial (Octal)

2 7
3 13
4 23
5 45, 75, 67
6 103, 147, 155
7 211, 217, 235, 367, 277, 325, 203, 313, 345
8 435, 551, 747, 453, 545, 537, 703, 543

+

FIG. 10.11

The five-stage MLLFSR specified by the octal number 45.
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choose the period of the code sequence such that the spreading waveform repeats
once every symbol interval (ie, N = Ts/Tc). Such a code is referred to as a short
code. Alternatively, it is also common to use codes that have a very long period so
that the resulting spreading waveform does not repeat for many symbol intervals.
Such codes are called long codes. Fundamentally, it is nothing about the code that
really makes it long or short. Rather it is the ratio of the number of chips per bit in the
SS system and how that relates to the period of the code sequence that distinguishes
a short code from a long one.

In FH-SS, an N = 2k-ary hopping pattern could easily be formed from a binary
code sequence by grouping the code sequence into k-bit segments. Suppose, for
example, our FH system uses 64 hopping bins. Starting with a binary m-sequence
of period 255 and grouping the bits into 6-bit words would produce a sequence of
64-ary numbers that appear random. Also, since 6 and 255 are relatively prime, the
resulting 64-ary sequence would still have a period of 255. Naturally, many other
possibilities abound for mapping a binary code sequence into a nonbinary hopping
pattern.

In the context of DS-CDMA where multiple different DS-SS signals must be
created, it is necessary to use a set of code sequences that have good cross-correlation
properties. That is, each user should have a code sequence that is as dissimilar as
possible to every other code sequence in the set. In the case of synchronous CDMA
where we do not have to worry about the different users signals being offset in time
with respect to one another, it is common to use a set of orthogonal sequences, the
most common of which are the so-called Walsh codes, which are taken as rows from
a Hadamard matrix. These sequences can be generated through a simple recursion
as follows. Define the matrix, H0 = [1] then create a sequence of matrices, Hn,
n = 1, 2, 3, . . . according to the recursion

Hk+1 =
[

Hk Hk
Hk −Hk

]
.

The resulting Hadamard matrix Hn will be a 2n × 2n matrix whose elements are ±1
valued and whose rows constitute an orthogonal set. That is, if ck is the sequence
corresponding to the kth column of the matrix Hn, then cT

k cm = 0 for all k �= m. The
construction of a few short Walsh codes is shown in Fig. 10.12.

In asynchronous DS-CDMA, we want each code sequence to be uncorrelated
to not only every other code sequence in the set, but also to any time shift of any
other code sequence in the set. Let ck(t) be the spreading waveform assigned to
user k. In order to keep the mutual interference to a minimum that each user’s signal
presents to another user’s receiver, the spreading waveforms should be designed
such that

´
Ts

ck(t − τk)cm(t − τm)dt ≈ 0 for any values of the time delays τk and
τm and for any k �= m. The period of integration for the correlation integral is
the symbol duration. For CDMA systems employing short codes, this corresponds
to the period of the spreading waveforms, so we wish to keep the periodic cross-
correlation function of the spreading waveforms uniformly low. For a CDMA system
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FIG. 10.12

Generation of an orthogonal set of Walsh codes.

with long codes, the period of integration may be only a small fraction of the period
of the spreading waveform, and therefore, the resulting correlation is only a partial
correlation function.

For the case of short codes, there are a number of families of codes that have been
designed to have good cross-correlation and auto-correlation properties. Many are
constructed from pairs of m-sequences that are known to have good cross-correlation
values. To describe such families of sequences, using the notation of Sarwate and
Pursely [16], let b be an m-sequence of length N, and let T be the right cyclic shift
operator so that Tb is equal to the sequence b cyclically shifted one place to the right.
Tmb would then cyclically shift b by m places to the right.

A set of N + 2 sequences of length N can be formed from two m-sequences of
length N, b1 and b2, by constructing the following set

G =
{

b1, b2, b1 ⊕ b2, b1 ⊕ Tb2, b1 ⊕ Tb2
2, . . . , b1 ⊕ TN−1b2

}
.
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This set is known as the set of Gold codes [17,18] and has the property that if b1 and
b2 have a peak cross-correlation of r, then all pairs of codes in the Gold set will also
have a peak cross-correlation of r. Hence, if we can find one pair of m-sequences
with good cross-correlation, then we can construct a family of N + 2 sequences, all
of which have equally good cross-correlation.

Another common family of sequences is the so-called Kasami set [19,20]. In this
case, we choose b1 to be an m-sequence of length N = 2n − 1, where n is an even
integer. Next, choose b2 to be an m-sequence of length 2n/2 − 1 = √

N + 1 − 1. The
Kasami set then consists of the set of

√
N + 1 sequences:

K =
{

b1, b1 ⊕ b2, b1 ⊕ Tb2, b1 ⊕ Tb2
2, . . . , b1 ⊕ T2n/2−2b2

}
.

The peak cross-correlation of this set will be
(√

N + 1 + 1
)
/N. For example, if

we choose N = 63, the Kasami set will provide a set of 8 sequences of length 63
with a peak cross-correlation of 9/63. By comparison, the Gold set will provide 65
sequences of length 63 whose peak cross-correlation is 17/63.

In closing, it should be pointed out that there is a direct relationship between
families of sequences that are commonly considered for spreading codes and
codewords that are found in certain low-rate cyclic block codes [16]. It turns out
that the set of Gold codes are nothing more than a subset of the codewords of a BCH
code. For example, the length 63 Gold codes previously mentioned are found in the
set of codewords of a (63, 10) binary cyclic BCH code. The point here is that if you
want a set of sequences with good cross-correlation properties, you need not search
any further than a book on error correction codes.

10.2 SPREAD SPECTRUM AND CDMA FOR WIRELESS
CHANNELS
10.2.1 DS-SS IN A WIRELESS CHANNEL: RAKE RECEIVERS
One of the key advantages of the DS-SS signaling format is that it allows one to
fairly easily take advantage of the natural diversity offered by a frequency selective
communications channel. To start with, we will use the tapped delay line model for
a frequency selective fading channel shown in Fig. 10.13. The parameter L, which
determines the number of taps in the delay line, is specified by L = Wτm, where W
is the bandwidth of our transmitted signal and τm is the delay spread of the channel.
In our case, the transmitted signal will be the complex envelope of a DS-SS signal,
and the bandwidth will be on the order of W = 1/Tc. Since the taps in this model are
spaced by delays of 1/W, it is appropriate to take the delay intervals of the delay line
to be a chip duration, Tc. The number of taps in the delay line will then be specified
by L = τm/Tc. By choosing our chip rate to be high enough so that Tc < τm, we can
ensure that there will be multiple taps in our delay line model and the channel will
behave in a frequency-selective manner. On the other hand, if we do not employ any
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FIG. 10.13

Tapped delay line model for a frequency selective fading channel.

spreading, the bandwidth of our signal will be on the order of W ∼ 1/Ts and as a
result, L ∼ τm/Ts. If the symbol duration is small compared to the delay spread, the
same channel that was frequency selective to our spread system will behave as a flat
fading channel to the unspread system.

Now consider the signal as seen by the SS receiver in our wireless channel
(at complex base band).

ybb(t) =
L∑

k=0

gk(t)xbb(t − kTc) + vbb(t).

The receiver sees the sum of several delayed versions of the transmitted signal, each
one multiplied by an independent complex Gaussian fading process whose PSD
might follow something like a traditional bathtub spectrum. While the fading can
wreak havoc on the performance of a digital communication system, the presence of
multiple independent fading processes allows us the potential for diversity which
can greatly improve the performance of the system. In order to take advantage
of this natural diversity provided to us by the frequency selective channel, we
will need to separate each term in the sum so that we can then combine them in
perhaps something like a maximal ratio combining scheme. Fortunately, the nice
auto correlation properties possessed by typical spreading waveforms will provide
just what we need to easily manage the diversity combining.

For simplicity, consider a BPSK-based DS-SS signal so that the transmitted signal
is of the form

xbb(t) =
∑

m

smc(t − mTs).

In an unspread system, c(t) might represent a traditional pulse shape such as a root
raised cosine, but in the SS system, c(t) will be our spreading waveform. The received
signal, as it depends on the data symbols, sm, is

ybb(t) =
∑

m

sm

L∑
k=0

gk(t)c(t − mTs − kTc) + vbb(t).
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In order to make a decision on the mth data symbol, we should form the correlation
statistic

zm =
ˆ

ybb(t)
L∑

k=0

g∗
k(t)c(t − mTs − kTc)dt.

Assuming the fading processes do not change substantially over the duration of a
data symbol (ie, no fast fading), each of the gk(t) can be treated as constants over the
region of integration, and the above decision statistic can be rewritten as

zm =
L∑

k=0

g∗
k

ˆ
ybb(t)c(t − mTs − kTc)dt. (10.2)

These statistics can be formed with a filter matched to the spreading waveform, c(t),
sampled at the appropriate points in time, and then by combing the samples with the
appropriate weights, specified by the gk. The form of this decision statistic suggests
the receiver structure shown in Fig. 10.14, known as a RAKE receiver [13,21,22].2

To see how the RAKE receiver effectively combines the diversity offered by the
multipath channel, consider the decision statistic (neglecting the noise) as given in
Eq. (10.2):

zm =
L∑

k=0

g∗
k

ˆ
ybb(t)c(t − mTs − kTc)dt

=
L∑

k=0

g∗
k

ˆ ∑
q

sq

L∑
l=0

glc(t − qTs − lTc)c(t − mTs − kTc)dt

=
∑

q
sq

L∑
k=0

L∑
l=0

g∗
k gl

ˆ
c(t − qTs − lTc)c(t − mTs − kTc)dt

=
∑

q
sq

L∑
k=0

L∑
l=0

g∗
k glRcc((m − q)Ts + (k − l)Tc),

where Rcc(τ ) = ´
c(t)c(t + τ)dt is the auto-correlation function of the spreading

waveform. In DS-SS, the code sequences are designed so that the auto-correlation
function behaves such that Rcc(τ ) ≈ 0 for all |τ | ≥ Tc. As a result, the only terms
in the above series that contribute significantly are the ones where q = m and l = k.
Therefore, the decision statistic for the mth data symbol is well approximated by the
following (assuming c(t) has been normalized such that Rcc(0) = 1):

zm ≈ sm

L∑
k=0

|gk|2 .

2The term “RAKE” is not an acronym but rather refers to the structure having the form of a garden
rake with many fingers to collect the energy from each resolvable multipath.
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FIG. 10.14

A RAKE receiver for DS-SS in a multipath fading channel.

This is exactly the result we would see in a diversity system with maximal ratio
combining.

The following will include some statements about practical implementation of
the RAKE receiver. In a channel where the delay spread is long compared to the chip
duration, the number of taps in the RAKE receiver as presented in Fig. 10.14 may
get too large. In that case, we may choose to implement a RAKE receiver that does
not try to collect all of the energy from all multipaths, but rather just selects a few of
the strongest paths and then ignores the rest. We would then track the gain and delays
of, say, the three or four strongest paths. The delay line in this implementation would
then have variable delays (rather than a fixed delay line structure) which would be
updated as the channel changed.

In a time-varying multipath channel, the tap weights on the RAKE fingers
(ie, the gk) have to be periodically updated. So the receiver has the responsibility
of estimating these tap weights. This can be done based on the received signal in a
manner similar to what is done with adaptive equalization, or it is often accomplished
using a pilot signal on a side channel. Naturally, the frequency at which these tap
weights have to be updated will depend on how fast the channel is changing. This
typically depends on the amount of motion at the transmitter and/or the receiver
and perhaps also motion in the surrounding environment. In pedestrian environments
where the fading rates may be on the order of a few hertz, these updates may only
need to happen a few times per second. However, in vehicular applications, fading
rates on the order of 100 Hz can easily be encountered, in which case the RAKE
finger weights may need to be updated every few milliseconds. In cases where we
are either unwilling or unable to adequately track the channel variations, there is an
alternative structure known as a differential RAKE receiver [13,22], which does not
require knowledge of the channel tap gains. The structure assumes an underlying
DPSK modulation format and is shown in Fig. 10.15.

Fig. 10.16 shows a simple illustration of the operation of a RAKE receiver. The
top plot in this figure shows an example channel response where there are four paths
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A differential RAKE receiver for DPSK DS-SS.
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An example showing the response of a DS-SS signal to a multipath channel.
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with varying strengths and whose delay spread is small compared to the symbol
interval, Ts. Our DS-SS signal is transmitted over this channel and the lower plot
shows the output of the receiver filter matched to the code waveform. Due to the
fact that the code waveform has an autocorrelation function which is narrow relative
to the delay spread of the channel (in this example we used a spreading factor of
256), we can clearly resolve the response due to each of the individual paths. These
individual responses can then be isolated, weighted, and appropriately combined to
extract a diversity advantage. It is also noted that in this example, the response due to
the fourth (weakest) path is lost in the noise; so in this case we might choose to only
track the three stronger paths with our RAKE combiner.

10.2.2 MULTICARRIER CDMA
Multicarrier CDMA (MCCDMA) [23,24] is a combination of the ideas of DS-
CDMA and orthogonal frequency division multiplexing (OFDM). In MCCDMA, the
chips associated with a given data symbol are transmitted down separate subcarriers
similar to the way data bits are transmitted in OFDM. A generic block diagram of
an MCCDMA transmitter is shown in Fig. 10.17. In the figure, M subcarriers are
used, each employing a DS-SS format with N/M chips per symbol. At one extreme,
if M = 1, this is just traditional DS-CDMA whereby the data symbols are spread
with a spreading waveform using N chips/bit. At the other extreme where M = N,
we have pure MCCDMA where the data symbol is repeated over N different carriers,
each using a DS spreading code with only 1 chip per symbol. For in between values
M such that M < N, this is referred to as hybrid DS/MC-CDMA. One practical
advantage of MCCDMA is that the high chip rate modulators needed for DS-CDMA
can be avoided since the use of M carriers reduces the chip rate of each individual
modulator by a factor of M.

In a frequency selective channel, if the frequency subcarriers are contiguous,
MCCDMA offers the same diversity advantage (no more, no less) as DS-CDMA with
a RAKE receiver. In the case of MCCDMA, the diversity is achieved by using coding
across the frequency subcarriers similarly to what is done in OFDM. By choosing
the frequency subchannels to be disjoint, a diversity gain can be achieved even if the

DS-SS modulator #1
fc = f1

fc = f2

fc = fM

DS-SS modulator #2

DS-SS modulator #M

S
Data 
input

Mc-DS-SS
signal
output

…

FIG. 10.17

A multicarrier CDMA transmitter.
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spread bandwidth (in a DS system) is not enough to make the channel behave in a
selective manner.

10.2.3 CELLULAR CDMA
One of the biggest applications for DS-CDMA over the last few decades has been in
the area of cellular telephony. In this section, we discuss a few of the issues that arise
in the context of cellular CDMA. To start with, consider the effect that the use of
CDMA has on the frequency reuse in a cellular system. A generic cellular layout is
shown in Fig. 10.18. Each cell in the figure that is labeled with the same letter reuses
the same frequency. In this particular figure, a seven-cell frequency reuse pattern is
employed. If an FDMA or hybrid FDMA/TDMA system were employed, each cell
would only use one-seventh of the available system channels. This is done to limit
the amount of interference caused by users in adjacent cells that are using the same
frequency band. By using a high enough reuse factor, this adjacent cell interference
can be kept to a manageable level. Alternatively, if DS-CDMA is used, the underlying
modulation format is more robust to interference and frequencies can be reused more
often. In practice, each frequency is typically reused in every cell (reuse factor of 1)
in a cellular CDMA system. So, while the user loading in a CDMA system as shown
in Table 10.1 may be below 100%, the advantage gained due to superior frequency
reuse often more than makes up for that loss [11,25].

Furthermore, the user capacity in a CDMA system is not limited by the number
of channels as in FDMA or TDMA, but rather by the amount of interference that
we can tolerate from other users. Anything that can be done to lower the level of
self-interference in the CDMA system will result in a direct increase in the number
of users the system can support. One such technique is the concept of sectoring
[26], whereby each cell is divided into several sectors through the use of directional
antennas. Suppose, for example, that at the center of each cell in Fig. 10.18 is a
base station that serves that cell. If that base station uses three directional antennas
that each receives signals from a 120-degree sector, the amount of interference seen
by each antenna will be reduced by roughly a factor of three. In a CDMA system,
that will allow us to support thrice as many users. In practice the gain will not be
quite a factor of three since there will be some overlap in the antenna gain patterns,
but the improvement in user capacity will be substantial. The same concept can be
applied to an FDMA-based system, but the gains may not be as great due to trunking
inefficiencies. 3

3Trunking efficiency measures how well we use the channels that are shared between multiple users
that demand access in a random fashion. Trunking efficiency is higher when there are a larger number
of channels serving a larger number of users. When FDMA systems use sectoring, the total number of
channels available are divided amongst the cells in a frequency reuse pattern and then by the number of
sectors per cell. Hence, in such a system, each sector has a smaller number of users served by a smaller
number of channels and the trunking efficiency decreases.
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Frequency reuse in a cellular system.

Another technique commonly employed in voice-based cellular CDMA systems
is that of voice activity detection [27]. In a typical voice call, each user’s voice is
active only about 40% of the time. It is relatively simple for a transmitter in a CDMA
system to detect when a user’s voice is inactive and transmit the corresponding frames
at a greatly reduced power. This will result in a significant reduction in the amount of
interference presented to the rest of the system and a corresponding increase in the
system user capacity.

10.3 CDMA STANDARDS
10.3.1 2G CELLULAR CDMA: IS-95
The first standard for Cellular CDMA was the so-called Interim Standard 95
(IS-95) [28]. An overview of some of the features of this signaling format are shown
in Fig. 10.19. First, the signaling formats are different for the forward link (ie, the
downlink) from the base station to the mobile units and the reverse link (the uplink)
from the mobiles to the base station. In both cases, the speech coder uses a 9600 bps
code excited linear prediction vocoder [29]. The speech coding rate can be lowered to
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A block diagram of the IS-95 signaling format.

4800, 2400, or 1200 bps if the voice is detected to be inactive. By doing so, this lowers
the transmitter power and decreases the interference that the transmitter presents to
the rest of the system. In the forward link, the data bits from the speech coder are
protected from channel errors using a rate 1/2, constraint length 9, convolutional
code. This produces a coded bit rate of 19.2 kbps. The coded bits are interleaved
with a 24×16 block interleaver. This serves to randomize the burst errors that tend to
occur on wireless fading channels. The 384 bits in the interleaving block correspond
to a 20-ms speech frame. The coded data bits are then spread further by a pair of
spreading codes, one long code and one short code, both of which use a spreading
factor of 64 chips/coded bit producing a chip rate of 1.2288 Mchips/s. The long code
is an m-sequence of period N = 242 − 1 and is used to scramble the signal. At the
chip rate of 1.288 Mchips/s, this code repeats once every 41.4 days! The short code
is a Walsh code of length 64 chips. Each user is assigned one of the 64 codes. One
of the Walsh codes is reserved as a pilot (carries no user data) to be used for channel
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estimation. Finally, there are separate long codes used on the I and Q channels. These
codes are m-sequences of length N = 215 − 1. All users in the same sector use the
same I and Q codes.

Signaling on the reverse link has several differences. The convolutional encoder
uses a rate 1/3 code rather than the rate 1/2 code used on the forward link, and as
a result, the coded bit rate is 28.8 kbps. The interleaver still uses 20 ms blocks, but
since the input bit rate to the interleaver is higher, the block size is larger. Therefore,
a 32 × 18 block interleaver is used on the reverse link. The Walsh codes of length 64
chips are used in a completely different fashion on the reverse link. These codes form
the constellation for a 64-ary orthogonal signal set. Each 6 bit word from the output
of the interleaver specifies which of the 64 Walsh codes is sent. At this point the chip
rate is 28.8 kbits/s*(64 chips/6 bits) = 307.2 kchips/s. The scrambling codes and the
I/Q codes are the same as the forward link, but in this case they further spread the
signal by a factor of four producing the 1.2288 Mchips/s rate. In the reverse link, the
Q channel is delayed by 1/2 a symbol relative to the I-channel producing an OQPSK
type signal. This is done to reduce the peak-to-average power ratio of the transmitted
signal in the mobile units in attempt to maximize the efficiency of the power amplifier
and preserve battery life. Since the base stations do not need to run on batteries, this
is not a concern in the forward link.

In the forward link, signal detection is accomplished using a coherent RAKE
receiver. Channel estimates are obtained from the pilot channel. On the reverse link, a
noncoherent RAKE is used since no pilot channel is available. Antenna sectorization
is employed with three sectors per cell. As discussed previously, this increases the
system user capacity but also increases the number of hand offs needed. Voice activity
detection is also used to increase the number of users that can be supported. Inactive
users lower their transmit power by as much as 9 dB. Each CDMA channel is reused
in every cell/sector. To combat the near/far problem on the reverse link, closed loop
power control is used. To keep up with a time-varying fading channel, the mobile
transmit power is updated at a rate of 800 times/s.

10.3.2 3G CELLULAR CDMA
While 2G cellular systems were primarily designed for voice traffic with some small
data capabilities, 3G systems were intended to provide much greater data capabilities
and hence could handle a mixture of both voice and data. The 3G CDMA standards
have many of the same features exhibited in the 2G CDMA standard, but the details
are somewhat different, as described below.

10.3.2.1 CDMA 2000
CDMA 2000 [30] is an evolution of the IS-95 system which attempts to meet some
of the 3G goals for cellular systems. Transmission can be in multiples of 1, 3, 6, 9,
or 12 of the IS-95 chip rate of 1.2288 Mchips/s. This is achieved through either
MCCDMA or pure DS-CDMA. In the forward link, QPSK modulation is used
with 128 Walsh chips per bit. More codes allow for more users on the forward
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link. The 64-ary orthogonal modulation of the IS-95 reverse link was replaced
with BPSK. One of the problems with IS-95 was that the voice quality was not
great with the 9600 bps vocoder. CDMA 2000 allowed for a second rate set at
14.4 kbps, producing higher voice quality. Options for packet data transmission at
rates from 9600 bps to 2.4576 Mbps are available. The spreading gain is variable
to allow for different bit rates. Changes in the coding format were also made in
CDMA 2000. The convolutional code rate was lowered to 1/4 on the reverse link
and the convolutional code can be replaced with a turbo code for data applications.
Another new feature introduced in CDMA2000 was the use of transmit diversity.
This could be achieved through antenna diversity, through multicarrier diversity, or
through a hybrid of both.

10.3.2.2 WCDMA
Wideband CDMA (WCDMA) [31,32] is the 3G evolution of the GSM standard. It
is referred to as “wideband” since it uses a 5 MHz bandwidth, which is achieved
through a 3.84 Mchips/s DS-CDMA format. The wider bandwidth leads to more
multipath resolution and hence more diversity in a wireless channel. On the down-
link, the spreading factor can range from 4 to 256, while on the uplink the spreading
factor can be as large as 512 depending on the data rates required. Downlink users
are kept orthogonal by the use of orthogonal variable spreading factor codes [33].
In WCDMA, pilots are used in both directions so that coherent RAKE detectors can
be used. On the downlink, a pilot channel is included with each base station and
pilot symbols are also multiplexed into each user’s data stream. On the uplink, no
separate pilot channel is used, but pilot symbols are used. Error correction coding of
variable rates are employed by puncturing a rate 1/3 or a rate 1/2, constraint length 9,
convolutional code. There is also an option to use a rate 1/3 Turbo code. Interleaving
is generally over a 10-ms frame. Options are also available to interleave over 20, 40,
or 80 ms when the delay constraints allow. Transmission power control information
is sent in both directions at a rate of 1400 Hz. Channel feedback information is also
sent in both directions to allow the system to employ transmit antenna diversity. Data
rates of up to 384 kbps are allowed on circuit switched connections and up to 2 Mbps
on packet switched connections.
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11.1 INTRODUCTION
Multiple-input/multiple-output (MIMO) systems emerged about two decades ago,
as the latest episode/crown achievement of a long period of research in the area
of antenna arrays and multidimensional signal processing. Array processing, a field
that originated in the 1970s, originally in the analog and soon after in the digital
domain, had already offered at the time a plethora of signal processing techniques
in order to handle a number of signals that are either transmitted or (most often)
received via an antenna array, that is, a group of neighboring antenna elements
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with joint combining capability. The key attributes of these systems were their
ability to shape arbitrary—within the constraints of the array topology—radiation
patterns (“beams”), and to identify the direction(s) of the arrival of impinging waves,
making them popular, originally, in military and TV broadcasting applications.
Wireless personal communication applications followed suit, since these features
translate in the ability to boost the signal-to-noise (SNR) or signal-to-interference-
plus-noise (SINR) ratio of wanted signals and to attenuate unwanted interference.
Furthermore, antenna arrays provide robustness against signal variability (fading) by
offering multiple copies of the same signal that may have traveled through different
channels, and hence have undergone different levels of attenuation—what is called
antenna diversity. Mobile cellular networks benefited from antenna arrays already
in 1st generation analog networks, which included sectorization (ie, the splitting of
a wireless cell service area in a number (typically 3) of adjacent angular sections
(“sectors”) that are separated from each other via fixed beams that each cover the
corresponding sector in a pie-like fashion) [1]. This reduced greatly the interference
from adjacent sectors and other co-channel interference in the network (depending
on the employed frequency reuse pattern). Antenna-diversity reception at the uplink
of the base station was the main extra feature in 2nd generation cellular networks
(IS-54/IS-136 in the US, GSM in Europe), including even some beam forming
capabilities [2], always at the level of the base station.

While it had become clear that the various array processing techniques, depending
on the application, eventually resulted in better SNRs, lower interference and hence
better attainable link data rates (throughputs) and system capacity (number of served
users within a given spectrum and with target performance requirements in a specific
service area) [3] the spectral efficiency potential of wireless links that are equipped
with antenna arrays had not been studied in a comprehensive fashion until the mid-
1990s. Targeting precisely this topic, that is, the quantification of the maximum
attainable throughput per Hertz (“capacity”) of multi-antenna wireless links, the
two seminal papers of Telatar [4] and Foschini [5] gave an answer to the question,
showing that, under mild propagation conditions, the capacity of such links scales
linearly with the minimum of the number of antennas on each side of the link
(early indications about this behavior can be also found in Ref. [6]). This remarkable
finding (perhaps slightly less so in hindsight, yet still surprising at its time) opened
up the new field of MIMO communications, since no other technique up to then
(and even today) could offer this type of gain. Its commercial success, which was
largely due to an early patent on MIMO communication for TV broadcasting that
had been filed, ahead of its time, by Paulraj and Kailath at Stanford University [7],
as well as to early validation of spatial-multiplexing (the main MIMO transmission
mechanism) in over-the-air experiments at Bell Labs and AT&T, started soon after,
along with contributions adopted by air interface standards (3G/HSPA/LTE on the
cellular side and IEEE802.11n on the WiFi side). Combined with the exponentially
growing demand for wireless services, the proliferation of mobile telephony/data
and the expensive licensing fees paid by mobile cellular operators for spectrum
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usage, MIMO communication has been since witnessing an explosive growth that
has yet to be tamed.

In this chapter, we will attempt to offer an overview of the way MIMO techniques
could be employed in a number of key wireless node configurations that correspond
to relevant wireless networking scenarios. These will be related to the corresponding
performance bounds, in terms of spectral efficiency. The adoption of such techniques
in wireless standards will also be discussed, whereas some key emerging trends,
pointing to the near-to-mid-term evolution of this breakthrough technology will be
presented.

11.2 THE SINGLE-USER MIMO LINK
Fig. 11.1 shows the basic configuration of a point-to-point MIMO system in baseband
representation. The transmitter and receiver are equipped with M and N antenna
elements, respectively. We denote by sm the baseband signal transmitted from the mth
transmit antenna and by xn the signal received by the nth receiver antenna. We also
assume that the channel between each transmit-receive antenna pair is described by
a complex scalar, representing a narrow-band (or otherwise frequency-flat) channel
characteristic. The channel coefficient between the mth transmit antenna and the nth
receiver antenna will be denoted by hnm.We also denote by nn the additive noise
which is assumed to corrupt the received signal at the nth receiver antenna.

Since every receive antenna is “exposed” to all the transmit antennas, it will
actually receive a linear combination of the signals transmitted by all the transmit
antennas:

xn =
M∑

m=1

hnmsm + nn. (11.1)

By stacking together the received signals from all N receiver antennas in a tall vector,
we obtain the following input-output relationship for the MIMO point-to-point link:
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The MIMO link setup.



402 CHAPTER 11 MIMO communication for wireless networks

⎡
⎢⎣

x1
...

xN

⎤
⎥⎦ =

⎡
⎢⎣

h11 · · · hM1
... · · · ...

h1N hMN

⎤
⎥⎦
⎡
⎢⎣

s1
...

sM

⎤
⎥⎦ +

⎡
⎢⎣

n1
...

nN

⎤
⎥⎦ , (11.2)

which can be written in a more compact form as follows:

x = Hs + n. (11.3)

Eq. (11.3) is the well-known narrowband MIMO signal model, which was
actually widely used a long time before MIMO systems were invented in several
other fields (eg, array processing/direction finding, code division multiple access
(CDMA) systems, and so on).

Unless mentioned otherwise, we will assume that H is a N ×M matrix that is kept
constant for the duration of transmission. Of course the statistical behavior of H is of
crucial importance when mutual information/capacity is evaluated—this aspect will
be captured in certain performance curves.

It is now important to set forth the rules for transmission, since these will impact
heavily the options for transmission methodologies. The most important rule is that
the total power transmitted from all the antennas, denoted by PT , must be kept
constant, irrespective of the number of transmitter antennas M. As a result, the
following equation holds:

PT =
M∑

i=1

Pi =
M∑

i=1

E |si|2 = tr(Rss), (11.4)

where Pm is the power of the zero-mean signal transmitted by the mth transmit
antenna. Rss is the covariance matrix of the vector of signals transmitted by all the
M antennas:

Rss = E(ss†), (11.5)

where † denotes complex conjugate (Hermitian) transpose of a vector or matrix.
It is also important to define the statistical properties of the involved signals, that
is, the transmitted inputs and the noise. It is customary to model the transmitted
signals {sm}M

m=1 as independent and identically distributed (i.i.d.) stationary random
processes that are zero-mean, have the same distribution, and are mutually
independent. Even though in practice the transmitted signals will have a finite horizon
(especially in packet data systems), this model is more convenient for reasons related
mostly to capacity computation. For the same reason, we typically assume that each
sm is Gaussian distributed, hence it can be fully characterized by its mean (assumed
zero as mentioned before) and variance E |sm|2.

11.2.1 SPATIAL MODES AND SPATIAL MULTIPLEXING
At this point we will provide a derivation of the mutual information (often called
“capacity”) of the MIMO channel without channel knowledge at the transmitter.
While the derivation would be a priori of secondary importance for this book,
we will provide this sketchy proof because it reveals the important concept of
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spatial modes. The proof is based in the orthogonalization of the channel, that is,
its decomposition in non-interfering components, by use of the MIMO channel’s
singular value decomposition (SVD), which is given below:

H = UΣV†, (11.6)

where U and V are N × N and M × M unitary matrices, respectively (UU† = U†U =
IN , VV† = V†V = IM) and Σ is a N ×M diagonal matrix. Each element of diag (Σ)

is a singular value of H, or equivalently, the positive square root of an eigenvalue of:{
HH†, if N ≤ M,
H†H, if N ≥ M.

Moreover, the columns of U are eigenvectors of HH†, whereas the columns of V are
eigenvectors of H†H. We can then write:(

HH†
)

ui = λiui, i = 1, . . . N. (11.7)

Combined with Eq. (11.1), this gives:

x =
(

UΣV†
)

s + n,

⇒ U†x =
(

U†U
)

Σ
(

V†s
)

+ U†n,

⇒ x′ = Σs′ + n′. (11.8)

Notice that Eq. (11.8) is equivalent to Eq. (11.1), since s′ is a rotated version of s
(rotation of coordinates). Notice also that the component equations of Eq. (11.8) are
uncoupled, due to the diagonal structure of Σ . Let us assume now that rank(H) = r
(where r ≤ min(M, N)). Matrix Σ will then have r non-zero diagonal elements. Then
Eq. (11.8) can be equivalently written as:

x′
i = σis

′
i + n′

i i = 1, . . . , r (11.9)

(if r < min(M, N) there are also min(M, N) − r equations of the type x′
i = n′

i,
i = r + 1, . . . , min(N, M), which contain no input signal information, so they can be
neglected). Notice that Eq. (11.9) describes an ensemble of r parallel, non-interfering
single-input/single-output (SISO) channels, each of gain σi. As a result, we can depict
the equivalent signal model as shown in Fig. 11.2:

S1′
x1′σ1

σr

n1′

+

...
...

... nr′

Sr′
xr′+

FIG. 11.2

Decomposition of the MIMO channel in constituent SISO channels.
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11.2.2 FULL CHANNEL KNOWLEDGE AT BOTH THE TRANSMITTER
AND THE RECEIVER
Assuming now that we can vary the Tx power of the different transmit antennas, the
mutual information of the equivalent system depicted in Fig. 11.2 is given by:

C =
r∑

i=1

log2

(
1 + E |si|2

σ 2
n

λi

)
=

r∑
i=1

log2

(
1 + γiλi

σ 2
n

)
, (11.10)

where γi = E |si|2 and
r∑

i=1
γi = PT .

The capacity of the system can then be found by maximizing the mutual
information as follows:

max
γi

⎛
⎝ r∑

i=1

log2

(
1 + γiλi

σ 2
n

)⎞⎠
s.t.

r∑
i=1

γi = PT .

(11.11)

The expression in Eq. (11.11) is concave to the variables γi and can be maximized
using Lagrangian methods, yielding the following solution:

γ OPT
i =

(
μ − σ 2

n
λi

)+
with

r∑
i=1

γi = PT , (11.12)

where (a)+ = max (a, 0). The computation of these power allocations is done
iteratively as per the waterfilling algorithm of Cover and Thomas [8]. The so-called
closed-loop capacity of the channel is then given by:

CCL =
r∑

i=1

log2

[
1 + 1

σ 2
n

(
λiμ − σ 2

n

)+]
. (11.13)

The covariance matrix of the Tx signal in that case is given by:

Rss = Vdiag (γ1, . . . , γM) V†. (11.14)

11.2.2.1 Waterfilling algorithm
Fig. 11.3 depicts graphically the waterfilling technique, which remains the prime
algorithm for the computation of the MIMO channel capacity, assuming full channel
knowledge at both the transmitter and receiver.
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FIG. 11.3

The waterfilling algorithm.

The algorithm is composed of the following steps:

1. Iteration count: c = 1 : μ = PT

r − c + 1

[
1 + σ 2

n

r−c+1∑
i=1

(1/λi)

]
.

Power computation: γi = (
μ − σ 2

n /λi
)

; i = 1, . . . , r − c + 1.
2. If the energy allocated to the channel with the lowest gain is negative, that is,

γr−c+1 < 0, then we discard this channel by setting γr−c+1 = 0. Then we rerun
the algorithm with iteration count c incremented by 1.

3. The optimal waterfilling power allocation is found when power allocated to each
spatial sub-channel (“spatial mode”) is non-negative.

11.2.3 FULL CHANNEL KNOWLEDGE ONLY AT THE RECEIVER
The spectral efficiency of the open-loop MIMO system can be computed by assuming
that the transmission power is equally split across the spatial channels:

E |si|2 = PT

σ 2
n

, i = 1, . . . , r, (11.15)

which gives, when substituted in Eq. (11.10):

C = log2

(
1 + λiPT

Mσ 2
n

)
. (11.16)

The MIMO link spectral efficiency with no channel knowledge at the transmitter
(sometimes called “open-loop capacity”) would be maximized if each of its con-
stituent capacities are maximized, leading to the expression
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C =
r∑

i=1

log2

(
1 + PT

Mσ 2
n

λi

)
(11.17)

or equivalently

C = log2

⎡
⎣ r∏

i=1

(
1 + PT

Mσ 2
n

λi

)⎤
⎦ . (11.18)

Note that in Eq. (11.18), the channel is only involved through its eigenvalues.
The next question is how to further proceed with Eq. (11.18) to get to a simpler
expression that does not involve eigenvalues but a direct channel expression. After
some algebraic manipulation, Eq. (11.18) results in

C = log det
(

Im + PT

Mσ 2
n

Q
)

, (11.19)

where {
if M ≥ N : m = N & Q = HH†,
if M ≤ N : m = M & Q = H†H.

This means that the mutual information for the open-loop MIMO channel with M
transmit and N receiver antennas can be expressed as:

C = log det
(

IN + PT

Mσ 2
n

HH†
)

. (11.20)

Eq. (11.20) is the celebrated “log-det” formula that shows the potential of MIMO
links with full channel knowledge at the receiver but no such knowledge on the
side of the transmitter. It also leads to the subsequent realization that the capacity
scales roughly linearly with the rank of the channel matrix (which is often the
minimum of number of antennas between the transmitter and the receiver), even if
no channel knowledge is available at the transmitter. Many extensions of this finding,
which were first derived for the ergodic (average) capacity over narrowband Rayleigh
i.i.d. MIMO channels have appeared since in the literature (see Refs. [4,5,10] for
some early studies)—however, their detailed presentation is beyond the scope of
this chapter.

11.2.4 TRANSCEIVER TECHNIQUES
Two original space-time multiplexing techniques were proposed in Foschini’s bril-
liant 1996 paper [5], where they were termed V-BLAST and D-BLAST, respectively1

(see Fig. 11.4). Given the remarkable properties of these two spatial multiplexing
schemes in terms of their spectral efficiency potential (realized fully after the paper

1The term “BLAST” stands for “Bell Labs lAyered Space-Time.”
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V-BLAST D-BLAST

FIG. 11.4

V-BLAST vs. D-BLAST spatial multiplexing (horizontal vs. diagonal transmission).
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The V-BLAST transmission architecture.

was written), as well as the fact that they cover a large range of trade-offs between
performance and complexity, still making them very relevant to today’s systems; we
will outline their main attributes in this section.

11.2.4.1 V-BLAST
The V-BLAST transmission architecture is shown in Fig. 11.5.

As can be seen in the figure, V-BLAST transmission consists of the following
stages:

• Stage 1: The original input stream
{

b̃(i)
}

is first demultiplexed into M data

sub-streams:

{
b̃m(i)

}
= b̃(M(i − 1) + m), m = 1, . . . , M.

• Stage 2: Each of the M data sub-streams is then individually encoded:

{bm(k)} = enc
{

b̃m(i)
}

.
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• Stage 3: Each of the encoded data sub-streams is then transmitted out of the
antenna with the corresponding index:

{sm(k)} = T {bm(k)} , m = 1, . . . , M,

where T represents all the transmission operations, such as modulation,
up-conversion, filtering, etc., prior to transmission. In other words, there is no
joint processing or encoding of the data sub-streams prior to transmission.

It should be noted that with V-BLAST:

• The demultiplexing operates on the original (uncoded) bit stream.
• Each data sub-stream is encoded individually.
• Different data sub-streams are transmitted from different antennas.

The term “vertical” BLAST stems from the fact that the original scalar process{
b̃(i)

}
is converted into the vector process

{
b̃(i)

}
=

⎡
⎢⎣

b̃1(i)
...

b̃M(i)

⎤
⎥⎦ .

In hindsight, some people have suggested that a better term would have been “hor-
izontal” BLAST, since each bit stream is encoded horizontally and independently
of the other streams. In summary, “vertical” refers to the multiplexing operation,
whereas “horizontal” refers to the encoding operation.

Recalling the narrowband MIMO signal of Eq. (11.3) [x(k) = Hs(k) + n(k)], the
simplest processing option is to use a linear receiver. In this case, the received signal
x(k) is processed linearly, that is, it is multiplied by a M × N matrix W as follows:

z(k) = W†(k)x(k),

where (by convention) † denotes Hermitian (ie, complex conjugate) transpose.
The two basic types of linear receivers are the well-known decorrelating (zero-

forcing) and minimum mean squared error (MMSE) solutions are given below:

• Decorrelating (ZF) receiver: W(k) = H# = H
(
H†H

)−1
.

• MMSE receiver: W(k) =
(

HH† + M
SNRIN

)−1
H.

A number of nonlinear alternatives can be also used to offer better detection
performance than their linear counterparts. These range from “decision-feedback-
type” receivers to joint maximum likelihood receivers, providing a range of per-
formance vs. complexity trade-offs. The most appealing architecture is based on
ordered successive interference cancellation (SIC), based on successive nulling and
cancellation (see Ref. [5] for more details).
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11.2.4.2 Receiver options
We saw in detail the V-BLAST architecture and transmission/reception processing.
A key performance feature of V-BLAST (as will be shown later) is that it falls
short of capacity if only a single rate feedback is available at the transmitter.
D-BLAST is a more complex technique that allows the attainment of the full log-
det capacity of Eq. (11.20) with single rate feedback, which is why we describe
it below.

In contrast to V-BLAST, in D-BLAST all sub-streams are exposed to all transmit
antennas. Intuitively, this leads to a higher transmission case, if for example we think
of the pathological case of an antenna having a very bad (or completely broken)
channel. As it turns out, this intuitive superiority indeed leads to a higher capacity
potential. To better explain this transmission architecture, it is important that we
define first the concept of “layer”: A layer is an encoded data sub-stream that is
obtained after the original bit stream is de-multiplexed onto a number of sub-streams
that are then each individually encoded, as shown in Fig. 11.6.

Having defined layers, the D-BLAST transmission architecture is shown in
Fig. 11.7. In the figure, the Modulo-M circular shift changes by a single step the
layer-antenna association every t seconds. In other words, each layer is transmitted
from an antenna for t seconds; then it is transmitted by the next (modulo M) antenna
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∼
bM (i)

... ...
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FIG. 11.6

The concept of a layer.
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FIG. 11.7

The D-BLAST transmission architecture.
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FIG. 11.8

The D-BLAST initialization procedure.

for another t seconds, and so on. The way streams are transmitted is shown in the
right-hand side of Fig. 11.5.

Some comments are worth making regarding D-BLAST:

• The demultiplexing operates on the original (uncoded) bit stream.
• Each data sub-stream is encoded individually.
• The association between blocks of encoded data from each sub-stream (called

layers) and transmit antennas is periodically shifted to the next antenna.
• As a result, the data stream that is transmitted out of each antenna contains

segments of the encoded data of all the data. sub-streams

Also, D-BLAST requires a specific initialization, whereby the first layer is first
transmitted alone, then the second layer follows, and so forth. This transmission
methodology can be depicted as in Fig. 11.8 (ways to avoid the waste of bandwidth
that are related to this initialization were later devised).

In the figure, {bm(l)} represents a block of L encoded symbols—so the first layer
can be depicted as

A similar termination mechanism is required at the end of the transmission as a
consequence of the initialization procedure, as shown in Fig. 11.9.

Let us now examine a simple 2 × N case to show how the D-BLAST receiver
operates:

We will denote the channel as H = [
h1 h2

]
. Then the transmission can be

depicted as follows for each transmission antenna:

Antenna 1:
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FIG. 11.9

The D-BLAST termination procedure.

Antenna 2:

Received signal during t = 1 : L : r(i) = h1b1(i) + h2 · 0 + n(i), which can be
written equivalently as: r(i) = h1b1(i) + n(i). In this case, simple matched filtering
yields:

b̂1(i) = h†
1r(i)

‖h1‖2
= b1(i) + h†

1n(i)

‖h1‖2
,

thus recovering the part of the first layer {b1(1 : L)}.
Now the received signal during t = L + 1 : 2L is given by:

r(L + i) = h1b2(i)︸ ︷︷ ︸
Interference

+ h2b1(L + i)︸ ︷︷ ︸
Signal

+ n(L + i)︸ ︷︷ ︸
Noise

.

The contribution from b2(i) can be nulled out or projected away linearly or
nonlinearly. A linear (zero-forcing) example is shown below:

• Signal model: r′ = r − n = [
h2 h1

] [ b1
b2

]
= Hb.

• We want: W†r′ = 1 · b1 + 0 · b2 = [
1 0

] [ b1
b2

]
,

which requires W†Hb = [
1 0

]
b, ∀b, or equivalently

{
W†h1 = 0 ⇒ W⊥h1,
Wh2 = 1,
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resulting in H†W =
[

1
0

]
⇒ a minimum-norm solution is

W = H
(
H†H

)−1
[

1
0

]
, thus recovering the second part of the first layer,

{b1(L + 1 : 2L)}. The recovery of the entire first layer is now complete.
For the detection of the 2nd layer now:

• Signal model for t = L + 1 : 2L: r(i) = h1b2(i) + h2b1(L + i) + n(L + i).
But now, b1(L + i) is known, thus allowing us to subtract it from the received
signal, giving:

r̃(i) = h1b2(i) + n(L + i)

so that {b2(1 : L)} can be easily detected.
• For t = 2L+1:3L:

Hence, simple matched filtering again yields b2(L + 1 : 2L), thus concluding the
recovery of the second layer as well!

The above mechanism was illustrative but can be easily generalized to an arbitrary
number of M ≤ N transmit antennas. It should be noted that the optimal linear
projections are, again, MMSE filters. It should be also noted that the order in which
the different sub-streams are processed is now fixed, based on the way the layers
are arranged at the transmitter. Consistent with its philosophy (and assuming perfect
detection at each stage), all sub-streams are exposed to the MIMO channel in the
same way in D-BLAST.

Finally and most importantly, it should be noted that, in terms of performance,
it was shown in Ref. [9] that the D-BLAST transmitter architecture, combined with
optimal receiver processing, allows the attainment of the full open-loop capacity of
the MIMO channel. It should be noted that D-BLAST is practically unique in its
(at least theoretical) ability to attain the open loop channel capacity for i.i.d. channels
in a universal fashion (ie, for arbitrary numbers of transmit and receive antennas—see
Section 12.4.1 in Ref. [10]).

Based on all of the above, spectral efficiency curves as the one shown below
can be drawn in order to see how the V-BLAST and D-BLAST schemes compare
in terms of outage capacity—see Fig. 11.10 and also Ref. [11]. It should be also
mentioned that, as was later shown in Ref. [12], if the strict “Open-loop” operation
is relaxed at the V-BLAST transmitter in order to allow it to know the optimal rates
of each stream, then, when combined with optimally ordered successive interference
cancellation at the receiver, the V-BLAST technique can also attain the open-loop
capacity. This technique is termed “per antenna rate control” (PARC) and achieves
an excellent tradeoff between feedback burden and capacity attainment.
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Comparison of V-BLAST and D-BLAST in terms of outage capacity potential.

11.2.4.3 Space-time block codes
As was mentioned earlier, the capacity scaling of MIMO channels is proportional
(at best) to the minimum of the number of antennas between the transmitter and
the receiver. As a result, in the case of a single antenna on the side of the receiver
(as were most mobile terminals at the time of the introduction of the MIMO concept),
the gains are expected to be very limited in terms of capacity scaling. However, there
are important diversity gains that can be attained in this case. The introduction of
MIMO has had, as a collateral benefit, the invention and study of so-called space-time
coding techniques that are well suited for such asymmetrical channel configurations
and extract diversity gains from these links.

In the following, we focus on the class of space-time block codes, which was
historically the first one to be introduced and which contains some important
techniques that are still used today as a building block of MIMO techniques in several
wireless standards (as will be discussed later).

The basic space-time block coding transmission architecture is shown in
Fig. 11.11.

In this architecture, the original bit stream is first encoded; the encoded data
are then mapped onto blocks of vector data that are then transmitted out of the
antennas. In this fashion, encoding and spatial multiplexing are decoupled: encoding
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A space-time block coding transmission architecture.

is a time-only operation, whereas the block code determines how the encoded data
samples are mapped onto different antenna elements.

More specifically:

• The space-time block encoder is described by an M × L matrix S where M
represents the number of transmit antennas and L represents the length of the
code in symbol periods.

• The lth column of matrix S represents the vector of encoded symbols that are
transmitted from the M antennas during the lth symbol period within the block.

• Likewise, the mth row of matrix S represents the sequence of encoded symbols
that are transmitted by the mth transmit antenna over the L symbol periods
(which constitute a coding block).

• Another important parameter besides M and L is the number of encoded input
symbols that are contained in each space-time block S: we denote this by Q.
In other words, Q is the number of encoded sub-streams that are transmitted out
of the M transmit antennas over the L symbol periods.

A generic space-time block code looks as follows:

In general, each sij is a linear combination of b1, . . . , bQ and b1
∗, . . . , bQ

∗. The
code parameters are:

• M: the number of transmit antennas;
• L: the length of the code (in encoded symbol periods);
• Q: the number of original encoded input symbols contained in S (in other words,

Q is the number of sub-streams mapped through S onto the M transmit antennas).
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Typically, M ≤ L; Q ≤ L.
In terms of its properties, a space-time block code can be characterized by:

• Code rate: R = Q/L (eg, a code with R = 1 is called “full rate”).
• Code delay: L ≥ M (eg, a code with L = M is called “delay optimal”).
• Diversity order: defined as the magnitude of the slope of the average symbol

error probability at the receiver vs. SNR (in a log-log scale).

The maximum diversity order equals M and can be achieved if S satisfies the
following equation:

SS† ∝
⎛
⎝ Q∑

q=1

∣∣bq
∣∣2
⎞
⎠ IM (11.21)

(This equation is derived from the theory of orthogonal designs [13].) A code that
satisfies this equation achieves “maximum transmit diversity.” From the above, we
conclude that the ideal space-time block code has the following properties:

1. It achieves full transmit diversity (order M) => it satisfies the condition
Eq. (11.21).

2. It is full rate: R = 1 => Q = L.
3. It is delay optimal: L = M.

In summary, such a code has L = M = Q and satisfies

SS† ∝
⎛
⎝ Q∑

q=1

∣∣bq
∣∣2
⎞
⎠ IM .

11.2.4.4 An example for M = 2: the Alamouti space-time code
A very popular (and remarkably efficient) space-time block code (the one that really
defined the class of space-time block codes) is the so-called Alamouti space-time
block code [14], which applies to the case of two transmit antennas and is simply
defined as

S =
[

b1 −b∗
2

b2 b∗
1

]
.

The parameters of this code are Q = M = L = 2. Moreover, this code has

• Code rate: R = 1.
• Code delay: L =2.
• Diversity order: 2.

In other words, the Alamouti space-time block code is:

• Full rate,
• Full diversity,
• Delay optimal.
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Moreover, it has been shown that, quite remarkably, the Alamouti code allows
the attainment of the open-loop capacity in the (2,1) case [15,16]. It should be noted
that, to date, no other space-time block code is known that jointly satisfies these
properties for any other M > 2. Not surprisingly, due to its remarkable properties, as
will be seen later, the Alamouti code has been used in several wireless standards for
improved link performance.

11.2.5 PRECODING TECHNIQUES
In cases where the channel is known perfectly on the side of the transmitter (such
as in the case of the waterfilling algorithm presented earlier), the general class of
techniques that can be used for MIMO transmission are termed as “precoding.”
Linear precoding consists of a linear mapping between the original MIMO vector
signal and its pre-coded version that is sent to the antennas for transmission over the
channel. This linear mapping is usually denoted as

F = ΦV, (11.22)

where V is typically a rotation matrix and Φ a diagonal matrix. The role of V is to
rotate the transmitted way in a direction that is “friendly” to the channel, whereas
the role of Φ is to load the independent spatial modes (columns) of V with different
powers according to a power constraint criterion. In most cases, the columns of V are
chosen to be the singular vectors of the channel matrix H. F is the last processing
of the transmitted signal before it goes into the MIMO channel. Accordingly, a
multiplying matrix G is used at the receiver to process first the received vector signal.

The role of precoding is to make the entire spatial multiplexing/coding on
the transmitter side and corresponding de-multiplexing/decoding on the receiver
side simpler: it introduces some structure based on the knowledge of the channel
that allows these operations to be less complex and more modular [17]. In all
precoding/decoding designs, the matrices F and G exploit the eigen decomposition
of the MIMO channel H. It turns out that in all optimal designs, the optimal pairs of
F and G are of the following form:

{
Fopt = VΦ ,

Gopt = Γ Λ−1VHH†R−1
nn ,

(11.23)

where Φ and Γ are diagonal matrices. These designs apply even to the wideband
(frequency selective, including intersymbol interference, ISI) MIMO channels, hence
they are more general than the capacity-achieving waterfilling solution presented
earlier. The simplicity achieved via linear precoding/decoding is manifested by the
fact that, according to Eq. (11.23), the MIMO system is reduced into K parallel
independent flat (ISI-free) scalar sub-channels, each of complex channel gain equal
to ϕkkγkk and scalar additive Gaussian noise if variance 1/λkk (the noise samples are
uncorrelated between different sub-channels):
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ŝik = ϕkkγkksik + γkkβik, k = 1, . . . , K. (11.24)

In the following section, we will describe the solutions to some well-known
optimization criteria for linear precoding designs.

11.2.5.1 MSE-based criteria
The mean-squared error metric is defined as

MSE (F, G) = E
{(

ŝi − si
) (

ŝi − si
)†
}

. (11.25)

For a given precoder F, the matrix G that minimizes (a function of) the MSE in
(11.25) is given by [17]:

Gopt = σ 2
ssF†H†

(
σ 2

ssHFF†H† + Rnn

)−1
. (11.26)

To find the optimal F, we need to also constrain the transmitted power. The following
two criteria are commonly used:

• Fixing the average transmit power (per data block):

P0 = E ‖xi‖2 = tr
(

FRssF†
)

.

• Fixing the peak power of the transmitted power, which amounts to fixing the
maximum eigenvalue of FF†:

L0 = λmax
(

FF†
)

.

Of the various combinations of constrained optimization criteria, perhaps the most
interesting one is the following:⎧⎨

⎩
min

F

∣∣MSE
(
F, Gopt

)∣∣,
s.t. tr

(
FFH

)
σ 2

s = P0,
(11.27)

where Gopt is given in Eq. (11.26). The solution to Eq. (11.27) is

Fopt = VΦopt,

[
Φopt

]
ij =

⎧⎪⎪⎪⎪⎨
⎪⎪⎪⎪⎩

⎛
⎜⎜⎝P0+

N̄∑
k=1

λ−1
kk

N̄σ 2
s

− 1
λiiσ 2

s

⎞
⎟⎟⎠

+

, i = j,

0, i �= j,

(11.28)

where N̄ is the number of strictly positive |ϕii|2. Interestingly, the pair of solutions
in Eqs. (11.26) and (11.28) also maximize the mutual information between the
transmitter and receiver data! An alternative solution may be found if, instead of
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the determinant of the MSE, its trace is used:⎧⎨
⎩

min
F

tr
(
MSE

(
F, Gopt

))
,

s.t. tr
(

FF†
)

σ 2
s = P0.

(11.29)

The corresponding solution is as follows:

Fopt = VΦopt

[
Φopt

]
ij =

⎧⎪⎪⎪⎪⎨
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⎛
⎜⎜⎝

P0+
N̄∑

n=1
λ−1

nn
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λ
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λiiσ 2
s

⎞
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+

, i = j,

0, i �= j.

(11.30)

Other solutions can be found by using instead of average power a peak power
constraint, as well as by replacing the MSE criteria by SNR-based criteria. More
details can be found in Ref. [17].

The important two points to retain from the above discussion are:

1. Optimal precoding leads to the diagonalization of the overall MIMO channel
and of the receive noise covariance.

2. The precoder/decoder pair that is optimal in terms of the determinant of the
MSE metric subject to an average power constraint is also the solution that
maximizes the mutual information between transmitter and receiver.

Solutions of similar structure stemming from similar criteria will emerge later on in
multi-user MIMO settings.

11.3 LIMITED FEEDBACK TECHNIQUES
In cases where the channel is not known perfectly on the side of the transmitter,
it is still possible to do precoding based on limited feedback from the receiver to
the transmitter. These techniques mostly target Frequency Division Duplex (FDD)
systems, wherein the channel from the transmitter to the receiver is weakly correlated
to the channel from the receiver to the transmitter. In the general case, the transmitted
signal is again weighted by a matrix F, as well as typically power-scaled, resulting in
a received signal of the following form:

x(k) = √
ρH(k)F(k)s(k) + n(k), (11.31)

where the dimension of F(k) is M × L where L ≤ M. The idea is that s(k) is chosen
independently of the channel conditions, whereas the precoding matrix F is chosen in
order to temper the channel characteristics, based on some type of limited feedback
from the receiver. Some typical limited feedback approaches are:
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Antenna subset selection
In this case F(k)consists of L columns chosen from the M ×M identity matrix. These
columns must be chosen by the receiver based on some criterion that takes advantage
of its matrix channel estimate. Since there are

(M
L

)
possible antenna subset selection

matrices, the required feedback is log2
(M

L

)
bits [18].

Antenna power adjustment
Another simple approach is to choose a diagonal F(k) and only adjust the power
of each antenna (sometimes called per antenna rate and power control). This is
a straightforward limited feedback extension of conventional open-loop spatial
multiplexing. As mentioned earlier, per antenna rate control alone, when combined
with V-BLAST SIC-MMSE reception, allows the attainment of the open-loop mutual
information of the MIMO channel. The extra degree of freedom provided by the
power has the potential of offering further performance benefits [19].

Subspace-based precoding
Ideally, one would of course want to design F(k) so as to direct data towards “good”
channel subspace directions [20]. Such precoding involves in a more substantial
way the channel knowledge at the receiver. There are two schools of thought
regarding the exploitation of channel state information (CSI) present at the receiver
by the transmitter: in the first case, the channel matrix estimate is quantized and
then sent to the transmitter, who then designs F(k) based on the quantized channel
estimate sent by the feedback channel. In the second case, the receiver chooses the
preferred F(k) and then quantizes it and sends it to the transmitter who then uses it
without a need for further processing. In both cases, the employed vector quantization
(VQ) techniques pick the matrix of choice from a set of 2B possible matrices based
on some performance criterion and then use B bits of feedback in order to convey the
chosen matrix to the transmitter.

In the case of subspace-based precoding, the employed performance criteria need
to somehow involve metrics that include the distance between subspaces, which is an
involved topic (in the special case of MISO channels, this reduces to Grassmanian
line packing, for which several solutions exist, such as in Ref. [21]). Since most
performance metrics depend on the product F(k)F†(k), it is customary that F(k) is
chosen to be a unitary matrix (F†(k)F(k) = IL×L). The approach can be then seen as
a multidimensional eigenbeam-forming one.

Covariance quantization
In this case, the transmitted signal is given by

√
ρQ1/2(k)x(k), where Q(k) is the

covariance of the transmitted signal at the given channel instantiation and can include
both spatial power allocation and unitary precoding. When a codebook of 2B possible
covariance matrices Q = {

Q1, . . . , Q2B

}
is employed, using a mutual information

metric, the optimal precoder is found according to the following criterion:
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nopt (k) = arg max
1≤n≤2B

log2 det
[

IN + SNR

M
H (k) QnH† (k)

]
. (11.32)

Further improvements can be reached if temporal correlation between the channel
fading blocks are taken into account (see [22] and other references in [18]).

Rank-1 precoding
In the case of MISO channels, the precoding takes the form of x(k) = ρf(k)s(k). As
in the MIMO case, the available options for choosing f(k) include antenna selection,
vector quantization either of the channel h(k) or of the precoder f(k) and Grassmanian
line packing [21]. Another approach is random vector quantization (RVQ), where the
codebooks are randomly generated (simultaneously at the transmitter and receiver)
at each coding block, according to a given distribution of the optimal unquantized
beam-forming vector. It should be noted that, even though these approaches are
tailored to MISO channels, they can be also used in MIMO channels (reaching
optimality when the MIMO channel is indeed rank 1, but providing variable gains
in other cases as well).

The case of isolated MIMO links, as studied in the previous section, does not
apply to most multi-user wireless network setups, wherein a number of wireless users
are allocated within the same frequency band and are located close enough to each
other so they interfere. The information theoretic analysis of multi-dimensional
(MIMO) links has paved the way for the corresponding analysis of multi-
user/multi-antenna network setups. The most important multi-user configurations are
described below.

11.3.1 MIMO MULTIPLE ACCESS CHANNEL (MAC)
Fig. 11.12 shows a typical multi-access channel setup. We assume that K users,
each equipped with an N-antenna terminal, occupy the same frequency band and
are communicating in the uplink direction with a base station that is equipped with

M antennas

h2h1

FIG. 11.12

A multi-access channel configuration.
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M antennas. The signal received at the base station array can be then expressed
(in baseband) as follows:

x =
K∑

k=1

H†
ksk + n, (11.33)

where sk is the N×1 signal transmitted from the kth user, H†
k ∈ CM×N is the complex

channel matrix (assumed flat in frequency) between the kth user and the base station
receiver, and n is the M ×1 complex additive noise vector at the base station receiver
(n ∈ CM×1). It is assumed that each sk contains the information of the corresponding
vector symbol originating from user k, denoted as uk.

For a given set of MIMO channels H†
k and power constraints Pk, k = 1, . . . , K, the

capacity of the MIMO MAC channel (assuming that n is a zero-mean Gaussian vector
of i.i.d. variables with equal unit variance) is given by the following expression:

CMAC(H†, P)
�= ⋃

Q1,...,QK
tr(Qk)≤Pk

⎧⎨
⎩(R1, . . . , RK) :

∑
k∈S

Rk ≤ log

∣∣∣∣∣∣I +
∑
k∈S

H†
kQkHk

∣∣∣∣∣∣,∀S ⊆ {1, . . . , K}
⎫⎬
⎭,

(11.34)

where Qk
�= E

[
sks

H
k

]
is the covariance matrix of the kth user transmitted signal and

Pk ∈ R
+ is the corresponding transmission power (tr Qk = Pk). The expression

in Eq. (11.34) is in general a polymatroid. In the special case of M = N = 1
with K = 2 users, it corresponds to the well-known pentagonal region described in
Ref. [8]. The vertices of the capacity region can be achieved with a simple multi-user
detector that uses Minimum Mean Squared Error (MMSE) detection in conjunction
with successive interference cancellation [23]. Different vertices can be achieved by
changing the order of the cancellation (see Ref. [24] for more details).

A capacity-achieving architecture for the MAC is shown in Fig. 11.13, taken from
Ref. [24]:
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FIG. 11.13

A capacity-achieving architecture for the MAC channel.
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User k de-multiplexes its information bits {d(i)
k } into rk ≥ 1 parallel streams,

and then encodes and modulates each of these streams. The symbol vector uk ∈Crk

is weighted by a precoding matrix Gk ∈ CM×rk such that the transmitted signal is
sk = Gkuk. How are the transmit covariances Q1, . . . , QK determined to achieve a
particular rate vector on the capacity region boundary? Recall that for the single-
user MIMO channel, the capacity-achieving covariance Q is based on the SVD of
the MIMO channel H. For the MAC, if all the users’ MIMO channels are mutually
orthogonal (ie, H†

i Hj = 0M , for all i �= j), then the capacity-achieving covariances for
each user individually also achieve the MAC capacity region boundary. In general,
however, because of the interaction of the users’ MIMO channels, the MAC capacity
region is not achieved using the optimal single-user covariances. Determining the
capacity-achieving covariances for the MAC is not easy because of the channel
interactions. While there is no known general closed-form expression for computing
the optimal covariances for achieving the capacity region boundary, one can compute
them numerically using iterative techniques described in Ref. [24, Section 3.5.1].

Fig. 11.14, also taken from Ref. [24], shows a block diagram for achieving the
BC capacity region using DPC and precoding at the transmitter and MMSE-SIC at
each receiver.

11.3.2 MIMO BROADCAST CHANNEL (BC)
Fig. 11.15 shows a typical broadcast channel configuration, where a base station
equipped with M transmit antennas broadcasts (on the downlink) an M-dimensional
vector signal s that contains the user data of K users, each equipped with an
N-element antenna array, that again, co-exist in the same frequency slot and interfere
with each other. The signal received by each of the K receivers can be written as

xk = Hks + nk, (11.35)

where Hk ∈ C
N×M is the complex channel (again assumed flat in frequency) between

the M-antenna base station array and the kth user N-antenna receiver array and nk is
the corresponding receiver N × 1 noise vector. In (11.35), s contains the K users data
vector data symbols, denoted as uk, k = 1, . . . , K.
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FIG. 11.14

A capacity-achieving architecture for the BC channel.
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M antennas

h2h1

FIG. 11.15

A broadcast channel configuration.
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FIG. 11.16

BC capacity region as a union of MAC capacity regions.

For a given set of MIMO channels Hk, k = 1, . . . , K, and power constraint at the
base station array P and assuming, that each nk is a zero-mean Gaussian vector of N
i.i.d. variables with equal unit variance, the sum capacity of the BC is given by

CBC(H, P) =
⋃

P1,...,PK∑K
k=1 Pk≤P

CMAC(H†, P). (11.36)

As can be seen from Eq. (11.36), the MIMO broadcast channel capacity is obtained
as the union of the reverse MAC channel capacities, which is due to the remarkable
duality between the BC and the MAC channel that was established in Refs. [25,26].

Fig. 11.16 shows an example of this for the simple case of K = 2 users, M =
N = 1 antenna, a total power constraint of P = 2 and SISO channels.

The MIMO BC capacity region can be achieved by the dirty paper coding
technique of Costa [27], which constitutes a mirror-version of the successive
interference cancellation technique mentioned earlier for the MAC channel (see Refs.
[24,26] for more details). Zero-forcing block-diagonalization [28,29] is a simpler
technique that performs almost as well (it has been shown to achieve the optimal
capacity scaling as the number of users increases asymptotically).
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In terms of scaling, it can be shown [30] that the maximum sum rate (assuming
that M ≥ N) in the regime of asymptotically increasing number of users towards
infinity is given by:

lim
K→∞ RBC(H(K), P) = min(M, KN) log(log KN). (11.37)

This means that the sum-rate capacity of the MIMO broadcast channel (assuming
that usually M < KN) grows linearly with M due to the spatial multiplexing of users
(ie, within the spatial resolution of the base station antenna array) and very slowly
(doubly logarithmically) with the total number of KN.

In the case of M ≥ KN, the asymptotical BC capacity scaling becomes:

lim
K→∞ RSU(H(K), P) = N log(log K), (11.38)

which shows a linear scaling with N in this case. It should be also noted that the gain
of the sum-rate capacity of the MIMO BC over the MIMO single user link for large
number of users scales as follows:

lim
K→∞

RBC(H(K), P)

RSU(H(K), P)
= M

N
, (11.39)

which shows that the gains over single-user transmission diminish N grows, favoring
strongly asymmetrical cases (M � N). In the symmetric case M = N, the broadcast
channel capacity is asymptotically equivalent to time division multiple access, where
each user takes turns and operates in single-user MIMO fashion.

11.3.3 MULTIPLE MIMO BASE STATIONS
11.3.3.1 MIMO interference channel
The MAC and BC multi-antenna setups discussed above correspond to situations
where a single base station communicates with a number of user terminals (in the
uplink or downlink direction, respectively). In the case of multiple base stations
that communicate jointly with a number of user terminals, the corresponding setup
is called cooperative MIMO. The most general case of base stations coordinating
fully amongst them is called “Network MIMO,” wherein the antennas of all the base
stations can be viewed as forming a super (virtual) array of distributed antennas. If
full cooperation is assumed on the downlink (which implies that all base stations
exchange both full channel state information of the channels between all the base
stations and all the user terminals, as well as the corresponding data streams), the
same results of the broadcast channel presented earlier hold, by replacing the number
of base station antennas M by BM, where B is the number of cooperating base stations
(see [25] and references therein). Similarly, on the uplink, Network MIMO can be im-
plemented via multi-user detection of all the uplink signals by the virtual base station.

Since the exchange of full channel state and data information paces a huge burden
on the backhaul, a more simple scenario is one where the corresponding bases need
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to exchange only channel state information, but not the data streams of their users. A
special case of this is the so-called “interference channel” described below.

As mentioned above, if the transmitting base stations are allowed to share channel
state information but not their information-carrying data streams (a situation which
is commonly referred to as the “interference channel,” see Fig. 11.17), then as
was recently shown, the sum rate capacity scales as K/2 times the capacity of the
corresponding single links (assumed identical and in isolation). In the case of single
antenna transmitters and receivers, this is expressed mathematically as

lim
SNR→∞ RIA(H(K, M)) = KM

2
log2 (SNR) . (11.40)

The technique through which this scaling can be attained is known as “interference
alignment” (see Refs. [31–34], etc).

11.4 STANDARDS
MIMO technology has penetrated to date practically all the mobile and wireless
broadband communication standards. In the following we provide a short summary of
the current status of MIMO technology in two major wireless networking standards:
LTE/LTE-Advanced in the area of mobile cellular networks and IEEE 802.11n in
the area of broadband wireless local area networks. It is clear that these MIMO
communication modes will keep evolving as the technology matures further and new
service/networking paradigms emerge. What seems clear is that the technology will
be an integral component of all future broadband wireless networks.

11.4.1 LTE/LTE-ADVANCED
The LTE (long-term evolution) and its latest version, LTE-Advanced, constitute the
latest efforts of the 3GPP standardization body in the mobile cellular networking
arena [35]. As will be briefly outlined below, LTE has embraced several single-user
and even multi-user MIMO communication modes, while LTE-Advanced has moved
one step further by including even multi-base cooperative MIMO techniques.
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FIG. 11.17

The K-user interference channel.
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11.4.1.1 LTE
LTE prescribes the following single-user multi-antenna communication modes,
which correspond to different variants of the techniques presented earlier in the
chapter. It should be mentioned at this point that LTE uses Orthogonal Frequency
Division Multiplexing, which introduces the concept of sub-carriers. It should also
be noted that, unlike its predecessors, UMTS and CDMA200, LTE has migrated
to a packet-switching all-IP architecture (no circuit-switched transmission). Hence
all communication techniques will take place over time/frequency packets, whereas
multiple antennas offer yet a third signaling dimension. All employed MIMO
techniques hence take into account the OFDM modulation structure, often resulting
in replacing the time domain (in which MIMO techniques were originally developed)
by the frequency (sub-carrier) domain. It should also be noted that all the techniques
defined below are for downlink (DL) transmission. Since the mobile terminal (called
“user equipment”—UE in LTE terminology) is assumed as comprising only a single
signal chain, no single-user MIMO transmission is contemplated in the LTE uplink
(only switch-antenna techniques could be envisioned).

• Transmit diversity (TD): variants of the 2 × 1 Alamouti technique are being used
for transmit diversity-based transmission in LTE, for the cases of 2 and 4
transmitter antennas. In particular:
– A frequency-domain variant of the 2 × 1 Alamouti space-time code called

SFBC (Space-Frequency Block Coding) is used for the case of two
transmitter antennas [36]. It is identical to the Alamouti code with the
different that time slots are replaced by frequency slots. As indicated earlier,
2 × 1 Alamouti-based transmission could be also used when the receiver is
equipped with multiple receiver antennas, by use, for example, of maximal
ratio combining. In the particular case of two receiver antennas, the
performance is close to the 2 × 2 open-loop capacity of the system.

– In the case of four transmitter antennas, a switched Alamouti scheme is
being used: in particular the above SFBC scheme is switched between two
different antenna pairs (see Ref. [36] for more details).

• Open-loop spatial multiplexing: Two different modes of open-loop spatial
multiplexing are used in LTE, employing a maximum of four spatial streams
(“layers”). However, only up to two independent codewords are being mapped to
the four layers. In particular:
– If the channel rank is 1, transmit diversity is used.
– If the channel rank is higher than 1, then cyclic delay diversity (CDD) is

used. This technique maps, as mentioned earlier, two independent codewords
to a number of layers equal to the rank of the matrix (ie, up to 4)—the
particular way this mapping takes place can be found in Ref. [36].
Furthermore, each layer is spatially precoded by a vector that cyclically
progresses from each sub-carrier to the next. As a result CDD achieves a
combination of spatial multiplexing and frequency diversity, which has been
shown to have a good performance in LTE networks.
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• Closed-loop spatial multiplexing: When reliable channel state information (CSI)
is available at the transmitter, a number of different spatial multiplexing modes
are possible in the LTE downlink. In LTE, to avoid an excessive burden on the
uplink for CSI feedback from the receiver to the transmitter, a precoding matrix
index (PMI) is fed back instead: this is an index that directs the transmitter to use
one of a fixed set of pre-computed precoding matrices for downlink
transmission. In this way, uplink feedback channel capacity burden is reduced at
the cost of some lack of flexibility and resolution for downlink precoding. The
following closed-loop modes are used for closed-loop single-user multi-antenna
transmission:
– In the case of two transmitter antennas, one out of three possible PMI

precoding matrices is chosen based on the CSI.
– In the case of four transmitter antennas, there are 16 possible PMI precoding

matrices, depending on the channel rank (see Ref. [36] for more details). All
precoding matrices have the constant modulus property, ensuring that the
transmit power from each antenna will be equal (hence no power waterfilling
is possible).

– In the special case of rank-1 precoding, single-mode beamforming is used
(again out of a predetermined set of possible beams when based on the PMI
determined by the receiver). It is also possible for the transmitter to
determine by itself the beamforming vector (eg, based on uplink channel
measurements or based on uplink/downlink reciprocity in case of time
division duplex (TDD) systems).

LTE also provides some support for MU-MIMO downlink transmission. This is
rather basic, since it is limited to a single layer transmission per UE. Each
participating UE feeds back a PMI indicating its preferred precoding vector,
using the same codebook as for rank-1 transmission. The base station
(eNodeB—eNB in LTE terminology) can then spatially multiplex the signals of
multiple UEs (up to 4) by using collectively the corresponding preferred
precoding vectors of each one. In practice, this mode is not used often, as the
channel estimation at each UE in the presence of the others may be unreliable
since no special provision has been taken in order to optimize it.

11.4.1.2 LTE-advanced (LTE-A)
LTE-A provides important enhancements over LTE with regards to MIMO transmis-
sion. In particular, it allows up to 8×8 MIMO on the downlink and up to 4×4 MIMO
on the uplink. The provision of proper uplink MIMO is an important breakthrough,
probably the first to be included in a major standard. LTE-A also allows cooperative
MIMO transmission via the renowned CoMP (cooperative multi-point) technique.
This is another important milestone for the introduction of cooperative MIMO sys-
tems in real systems. The main MIMO modes of LTE-A are briefly outlined below:

• Transmit diversity: on the downlink, when up to four transmitter antennas the
same TD modes as in standard LTE are used. When more than 4 (and up to 8)
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antennas are available, these schemes are combined with a precoding scheme
known as virtualization that chooses either 2 or 4 virtual antennas to which the
standard TD scheme is applied [36]. Virtualization maps each diversity stream to
a unique subgroup of physical antennas to form a virtual antenna while allowing
all physical antennas to participate to the transmission. More advanced schemes
are not used since it was found that there is very little benefit in open-loop
transmit diversity techniques that use more than four transmitter antennas. In the
case of uplink transmission and in the case of two transmitter antennas, a
transmit diversity scheme called spatial orthogonal resource transmit diversity
(SORTD) is used [37]. In the case of four transmitter antennas on the uplink,
virtualization precoding is used first to form two virtual antennas, to which
conventional transmit diversity is applied.

• Spatial multiplexing: on the downlink, LTE-A supports up to eight layers for the
transmission of up to two codewords. When the transmission rank is up to 4, the
same spatial multiplexing modes as in LTE are used. In the case of a higher
transmission rank (ie, transmission of 5–8 layers), again only two codewords are
used but each is mapped to between two and eight layers [36]. For the use of
closed-loop spatial multiplexing, the same PMI-based mechanism of
conventional LTE is used, where the PMI codebook is appropriately extended to
include up to eight transmitter antennas. On the uplink, unlike conventional LTE,
multiple signal chains are considered possible at the UE, thus allowing proper
spatial multiplexing for uplink transmission. Up to two codewords can be
mapped to up to four layers, used the same mappings as of the LTE downlink.
Feedback provided by the eNB allows the UE to choose the appropriate
precoding matrix. In particular, a fixed codebook-based beamforming is used for
rank-1 uplink transmission and the identity matrix is used for rank-2
transmission in the case of two transmitter antennas; whereas precoder-based
combinations are used for rank-1 to rank-3 transmissions and the identity matrix
is used for rank-4 transmission in the case of four transmitter antennas [37].

• Multi-user MIMO: on the downlink, LTE-A contains important improvements
over LTE in its multi-user transmission mode, notably, by allowing linear
precoding of the block-diagonalization type, made possible by the introduction
of extra feedback information (precoder settings). This builds upon the basic
feedback structure of LTE, which remains the same [37]. On the uplink,
MU-MIMO is supported by allowing to co-schedule multiple UEs on the uplink
and letting the eNB perform multi-user detection (which is left for
implementation to the equipment manufacturer and operator). The eNB has the
ability to estimate the uplink channels reliably and instruct on the downlink
the co-scheduled UEs as to which precoding matrices to use, using the same
codebooks as for uplink SU-MIMO [36].

• Cooperative multipoint: As mentioned above, cooperative MIMO transmission,
also known as Network MIMO, is an important feature of LTE-A. At the
moment, LTE-A supports intra-eNB cooperative multipoint, that is, the
cooperation takes place between antenna arrays (such as “remote radio
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heads—RRHs”) that are controlled by the same base station (eNB) (see also
[38]). Two categories of downlink CoMP transmission are supported: Joint
Processing (JP) and Coordinated Scheduling/Beamforming (CS/CB). In JP,
either coherent or incoherent joint transmission (JT) may take place. Coherent
JT combines coherently all the transmitter antennas as belonging to a single
distributed array—it has the best performance but has stringent synchronization
and phase coherency requirements. The more relaxed incoherent JT mode
performs macro-diversity combining, whereas a third JP mode, called dynamic
cell selection, employs switching instead.

11.4.2 802.11N/802.11AC
IEEE 802.11n is well known in the MIMO community for being the first WLAN
standard in the 802.11 family to introduce the use of MIMO [39]. In particular, it
supports single-user MIMO transmission of, nominally, up to four spatial streams in
the following ways:

• Transmit diversity: Standard Alamouti-based space-time block coding (in the
time domain) is used for the case of two transmit antennas. Conventional
maximal ratio combining can be used at the receiver, including the case of more
than two receiver antennas. Furthermore, a cyclic shift delay may be added that
delays the employed space-time streams in time. This feature is meant to prevent
from unintentional beamforming and is transparent to the receiver.

• Spatial multiplexing: Three types of so-called Spatial Mapping are included in
IEEE 802.11n. The direct mapping applies either an identity or a cyclic shift
matrix to the TD technique described above. The spatial expansion expands the
dimension of the produced signals by multiplying them (including the cyclic
shift) with a spatial expansion matrix of orthogonal columns; this amounts to
adding extra diversity to the order-2 TD scheme described above. Finally,
beamforming steering is also supported, which adds extra beamforming gain.

Overall, 802.11 is more modest than LTE in terms of its MIMO features (eg, it has
no multi-user MIMO modes); however it is similar in certain ways (allowing no
more than two independent codewords (ie, spatial multiplexing order to up to 2);
using Alamouti-based space-time coding, etc.). Similar to the way LTE-A brings
in much more advanced MIMO techniques to LTE, the emerging IEEE802.11ac
standard, which operates at 5 GHz (as opposed to the 2.4 GHz of IEEE802.11n)
also brings more advanced MIMO modes to IEEE802.11n and aims at up to 8 × 8
MIMO communication. These attributes of IEEE802.11ac are briefly described
below:

• SU-MIMO: A phased introduction of IEEE802.11ac targets up to three spatial
streams in Wave 1, and up to eight spatial streams in Wave 2 of the standard.
A maximum transmission rate of 1.3 Gbps is reached with 3 × 3 MIMO
transmission in Wave 1, compared to the corresponding 450 Mbps of



430 CHAPTER 11 MIMO communication for wireless networks

IEEE802.11n, due to the higher employed bandwidth (up to 160 MHz via
channel bonding, as opposed to the maximum 40 MHz of IEEE802.11n).

• MU-MIMO: The IEEE802.11ac standard supports Space Division Multiple
Access (SDMA)-like MU-MIMO transmission, allowing the co-scheduling of up
to four users. Combined with the channel bonding and up to eight spatial
streams, this can provide rates of up to 9.6 Gbps. IEEE802.11ac chipsets have
already been on the market for over 4 years, and continued improvements are
expected.

11.5 FUTURE TRENDS
The material presented in this chapter is an attempted (non-all-inclusive) overview
of the evolution of MIMO systems from their inception until today. In view of
the upcoming next (5G) generation of wireless networks, it is clear that MIMO
will remain an integral component of the corresponding standards. While 5G is
not expected to reach commercial deployment before 2020, a number of trends
(some whose commercial impact may happen even beyond 5G) that are already
apparent/emerging are:

• Denser cell deployment,
• mmWave transmission,
• cloud radio networking,
• massive MIMO communication,
• spectrum sharing,
• full-duplex radio,
• terrestrial-satellite and backhaul/access/fronthaul convergence,
• miniaturized antenna arrays for various internet-of-things (IoT) nodes,
• visible light communication and photonic control circuits for fast-beam

switching.

MIMO systems are expected to play an important role in all of the above areas.
In the dense deployment of cells, cooperative MIMO will likely take advantage of
the antennas positioned on small cells in order to better handle the interference
and maximize the spectrum utilization [30–34]. In mmWave transmission [40],
antenna arrays of a large number of elements will be most likely used in order
to overcome the very low antenna gains that result in poor link budgets in such
frequencies. Cloud radio access networks (C-RAN) will allow remote radio heads
to be controlled by central nodes for more efficient cooperative MIMO transmission
[38]. Massive MIMO [41] will allow certain line-of-sight links to carry very high
throughputs over-the-air. Spectrum sharing will become much more aggressive and
better controlled [42] and efficient by taking into account sensing in the spatial
domain as well, enabled by MIMO transceivers [43]. Full-duplex radios [44] will
equally benefit from the spatial dimension offered by multi-antenna arrays in order
to offer further isolation between the two/multiple directions of communication. The
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same will hold for co-existing segments (satellite/backhaul/access/fronthaul), which
will tend to operate in the same bands as the frequencies keep increasing beyond
6 GHz [45]. Miniaturized antenna arrays (such as enabled by load-controlled and
parasitic antenna arrays [46]) will enable MIMO capability on small nodes, such as
low-power sensors, resulting not only in better sensing and link reliability, but also
in power dissipation and battery life savings. Finally, visible light communication
is poised to bring MIMO processing for signal and interference handling in the
visible light spectrum [47], whereas fast photonic circuits will allow a faster and
more efficient control of antenna arrays for highly spatial processing [48]. In a
nutshell, while it is always risky trying to predict the future, the remarkable evolution
of MIMO systems has opened a host of possibilities for better, greener, and more
efficient communications that are foreseen to keep impacting future communication
networks.
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Multiple access propertyBroadcast property

FIG. 12.1

The broadcast and multiple access properties in wireless communications. The broadcast
property enables multiple nodes to receive a signal from a common transmitter.
The multiple access property forces transmitters to coordinate in order to reduce
interference at a common receiver.

of users/applications. This resource could be a cable, a memory location, or a time
slot over a wireless channel. In order for each user or stream to have the possibility
to access this common resource, we can create different “channels” and assign each
user/stream to its own channel, or have multiple users compete for the same channel.

In wireless communication systems, which will be the focus of this chapter,
common resources appear naturally through the wireless channel [1,2]. The wireless
channel is generally shared among different users, leading to the broadcast property
and the multiple access property, illustrated in Fig. 12.1. The broadcast property
means that a transmitter can be heard simultaneously by multiple receivers, while
the multiple access property means that multiple active transmitters can cause
interference at a common receiver. While the broadcast property can be considered
a beneficial feature of the wireless channel, the multiple access property can lead to
interference and is generally considered to be detrimental.

It is not sufficient for a communication system to simply provide channels to
users: the system should operate so as to maximize a measure of system-wide
utility (efficiency), while also giving each user fair access to the common resource
(fairness). The aspects of fairness and efficiency appear once one considers the
requirements of the users, which are ultimately the customers of the wireless network
operators. First of all, not all users are equal, as some may be downloading a movie
while others are idle. Users may also experience different channel conditions, with
users closer to a transmitter having a better link quality and thus possibly having
an unfair advantage. Hence, a simple way to avoid interference would be to assign
users nonoverlapping time slots when transmitting to a common receiver, and cycle
through the time slots in a round-robin fashion. While such a scheme is in some sense
fair, it is not efficient if users have nothing to send. In addition, each user needs to
know when its time slot starts and ends, requiring some form of synchronization.
These aspects highlight several of the challenges in the design and implementation
of multiple access communication.

In summary, the problem of multiple access control encompasses providing users
with fair, efficient, and easy to implement access to the wireless channel [3]. The
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problem is divided into (i) the creation of logical channels for each user and (ii) the
optimization of how to use those channels. Strategies on how to address both aspects
turn out to depend highly on the network topology (star or multihop), the channel
dynamics (slow or fast, with or without channel state information), as well as the
application requirements (throughput, delay, reliability).

12.1.2 ORGANIZATION OF THIS CHAPTER
This chapter will consider centralized and decentralized multiple access control and
is organized as follows. In Section 12.2, we provide a brief history of multiple
access in both centralized (cellular) and decentralized (wireless local area networks
(WLANs)) settings. In Section 12.3, we describe the fundamental degrees of freedom
offered by the wireless channel to give us logical channels. These degrees of
freedom are time, frequency, and to a smaller extent, space. In Sections 12.4
and 12.5, we go deeper into centralized and decentralized multiple access control,
respectively. The centralized case relates mainly to cellular networks. We describe
common ways of creating logical channels for cellular systems, how to efficiently
use these channels through water-filling, and how to account for fairness among
users. In Section 12.5, we will see that decentralized systems are fundamentally
different, both in how the channels are created, how interference is treated, and
how efficient and fair use is enabled. Finally, we will provide concluding remarks in
Section 12.6.

12.2 A BRIEF HISTORY
This chapter will separately consider centralized cellular networks and decentralized
WLAN. In cellular networks, there are two classes of nodes, base stations (BSs) and
mobiles, in which BSs are connected through a high-capacity backhaul network. The
communication from BSs to mobiles is called the downlink, while the communication
from mobiles to the BS is called the uplink. These concepts are depicted in Fig. 12.2.
In contrast, in WLAN all nodes are, in principle, equal and there is no central entity
controlling the communication. This limits how logical channels are created and also
renders fair and efficient use of these channels challenging.

12.2.1 CENTRALIZED CELLULAR NETWORKS
The first generation (1G) of cellular communication was active mainly during the
1980s. The main usage involved a low-rate, high delay sensitivity application:
analog audio communication [4]. Different countries relied on different standards
(eg, Nordic Mobile Telephony in northern Europe [4]), though there were common
features. In 1G systems, each BS was assigned a portion of the spectrum, ie, a set
of channels. Each channel was divided into a downlink and an uplink, separated by
a wide frequency margin, leading to frequency division duplexing (FDD). Uplink
and downlink would be divided further to users within the cell, a principle known as
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Centralized controller

DownlinkUplin
k

FIG. 12.2

A cellular system with two base stations and five mobiles. The centralized controller
coordinates how logical channels are assigned and utilized across base stations.
Downlink and uplink communication are highlighted.

frequency division multiple access (FDMA). The channels assigned to a BS could
also be assigned to other BSs far away, provided the resulting interference was small.
This concept is called reuse, and it was an important factor in the transition to digital
cellular communications.

The first digital cellular standards, including the American IS-95 standard and
the GSM standard [5], appeared in the 1990s and mark the second generation (2G)
of cellular communication technologies. In digital cellular communication, voice
signals are encoded into sequences of bits, which enables more sophisticated multiple
access solutions. In fact, the different standards relied on different multiple access
solutions, making them mutually incompatible. GSM was based on a combination of
FDMA and time division multiple access (TDMA), where each BS is again assigned
channels, but now these channels are divided up into short time slots. In contrast,
the IS-95 standard allowed users to occupy the same bandwidth at the same time by
creating logical channels through the use of near-orthogonal codes, known as code
division multiple access (CDMA). By virtue of being digital, 2G was much more
spectrally efficient and robust than 1G, and it was able to operate with shorter reuse
distances. Nevertheless, data rates were only around 10 kbps for GSM, and up to 384
kbps for intermediate standards before the third generation (3G).

As users’ appetites for higher and higher data rates increased, standards had to
evolve to meet this need. Since 2001, 3G has provided high-rate access (up to around
2 Mbps) [6]. To accommodate more users in a given frequency spectrum, TDMA was
largely abandoned in favor for CDMA. Separation of uplink and downlink is achieved
either in frequency (FDD) or time domain, using time division duplexing (TDD).

Finally, the 4th generation of cellular technology (4G) is mainly associated with
the worldwide Long-Term Evolution (LTE) standard [6], and it provides data rates
similar to WLAN. These high rates are enabled through sophisticated design and



12.2 A brief history 439

FIG. 12.3

The evolution of multiple access in four generations of cellular communications.

signal processing. With increased sophistication in both BSs and handsets, more
aggressive and flexible use of the spectrum became possible. Medium access relies on
multicarrier orthogonal FMDA (OFDMA) in the downlink and single-carrier FDMA
(SC-FDMA) in the uplink. Both FDD and TDD are currently available for duplexing.

Fig. 12.3 provides an overview of the salient multiple access properties of each
cellular generation. We will revisit these properties in Section 12.4.

12.2.2 DECENTRALIZED WLAN NETWORKS
While cellular communications evolved into a complex system with a highly opti-
mized medium access mechanism to achieve fair and efficient sharing of the channel,
WLAN took a very different path [7,8]. In a WLAN, there are no BSs connected
through a backhaul network, precluding the use of a central controller (see Fig. 12.4).
The history of WLAN can be traced back to the ALOHAnet in Hawaii, which aimed
to connect devices on different islands via decentralized operation. Medium access
control was based on the simple, but highly inefficient Aloha protocol, whereby a
node will try to transmit as soon as it has data to send. If the transmission was
unsuccessful, the node tries again later at a random time. This idea of random access
to the channel led to the carrier sense multiple access (CSMA) method, including
CSMA with collision avoidance (CSMA/CA), which is used in the 802.11 standard.
In CSMA/CA, nodes compete for access to the same channel (hence, such methods
are called contention-based), but they do so in a way to cause as little interference
as possible to ongoing transmissions. Such an approach works well, as long as nodes
don’t constantly send packets; this will be covered in more detail in Section 12.5.
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FIG. 12.4

A WLAN network with six nodes, of which two are actively transmitting.

12.3 CHANNELS IN TIME, FREQUENCY, AND SPACE
In this section, we will consider how to create channels from a physical communi-
cation channel, by dividing up the basic degrees of freedom given by nature: time,
frequency, and space. Irrespective of which degree of freedom is used, we will see
how to formulate a model for N channels in the form

y = Gx + v, (12.1)

in which x ∈ C
N represents the transmitted signals over the individual channels,

y ∈ C
N represents the received signals over the individual channels, v ∈ C

N is
observation noise, and G ∈ C

N×N describes the interaction between the different
channels. In later sections, we will then see how to provide fair access to these
channels in a way that maximizes a system-wide objective.

12.3.1 ORTHOGONAL CHANNELS
A scalar signal with bandwidth W and duration T has approximately 2WT real
degrees of freedom [1]. From electromagnetic wave theory, it is known that space1

can provide additional degrees of freedom, eg, through spatial modes. These degrees
of freedom can enable information to be sent using orthogonal signals (interference-
free) or nonorthogonal signals (interfering) [9].

We consider a scenario with N = 2 channels, with two transmitters and one
receiver, though the reasoning can also be applied to a scenario with one transmitter
and two receivers, as well as scenarios with more than two transmitters or receivers.
The transmitters wish to send data x1 and x2, respectively. Transmitter i ∈ {1, 2} uses

1Including angle and polarization.
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a dedicated signal wi to send xi over a wireless channel characterized by Hi. The
receiver observes

[H1 ◦ w1]x1 + [H2 ◦ w2]x2 + v, (12.2)

in which [· ◦ ·] is an operator that represents the effect of the channel (to be specified
later) and v is observation noise. The receiver now applies a filter w̃i to recover the
signal from user i. This leads to two observations:

y1 = [w̃1 • [H1 ◦ w1]]x1 + [w̃1 • [H2 ◦ w2]]x2 + [w̃1 • v], (12.3)

y2 = [w̃2 • [H1 ◦ w1]]x1 + [w̃2 • [H2 ◦ w2]]x2 + [w̃2 • v], (12.4)

in which [· • ·] is an operator that represents the receiver-side processing (again to
be specified later). We will denote [w̃i • v] by vi, and [w̃i • [Hj ◦ wj]] by gij. We will
assume that, without loss of generality, xi ∈ C, gij ∈ C, yi ∈ C, and vi is independent
of vj�=i and independent of xj.

Based on the above description, we obtain a general model for the communication
of two transmitters to a receiver using dedicated signals and filters:[

y1
y2

]
=

[
g11 g12
g21 g22

] [
x1
x2

]
+

[
v1
v2

]
, (12.5)

which is a special case of Eq. (12.1). The communication is said to be orthogonal
if the following conditions hold: (i) g12 = g21 = 0 (ie, no interuser interference),
(ii) g11 �= 0 and g22 �= 0 (ie, there is useful remaining signal), and (iii) the
noise terms v1 and v2 are mutually independent and independent of the transmitted
signals. If orthogonal channels can be created, the receiver can recover xi from yi,
without considering yj�=i. We will now consider three fundamental ways of creating
orthogonal channels: frequency, time, and space.

12.3.1.1 Orthogonality in frequency
The oldest and most robust way to create orthogonal channels, both conceptually and
implementation-wise, is by using nonoverlapping frequency bands (see Fig. 12.5).

f

f

f

ff

Separate

FIG. 12.5

The creation of orthogonal channels in frequency, where users are assigned
nonoverlapping frequency bands. The receiver separates the signals from both users by
filtering out the frequency band(s) of interest.
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In this case, wi is a transmit waveform, Hi represents a channel impulse response,
w̃i is a receive filter, ◦ represents convolution, and • represents filtering with
appropriate downsampling. In particular, wi corresponds to a waveform in a certain
frequency band [f s

i , f s
i ] such that [f s

1 , f e
1 ] ∩ [f s

2 , f e
2 ] = ∅ (ie, the frequency bands

are nonoverlapping). The receiver-side w̃i corresponds to a bandpass filter over the
frequency band [f s

i , f e
i ], matched2 to [Hi ◦ wi]. This approach ensures orthogonality,

irrespective of the channels H1 and H2.

12.3.1.2 Orthogonality in time
Rather than divide channels into frequency bands, we can also divide channels
into time-slots. Since different transmitters have different propagation delays to the
receiver, accounting for the delays between users can be challenging, as shown in
Fig. 12.6. As before, wi is a transmit waveform, Hi represents a channel impulse
response, w̃i is a receive filter, ◦ represents convolution, and • represents filtering
with appropriate downsampling. However, now Hi has a support over the delay
interval [δs

i , δe
i ], ie, with delay spread δe

i −δs
i . The transmit waveforms w1 and w2 have

the same bandwidth (ie, [f s
1 , f e

1 ] = [f s
2 , f e

2 ]), but they are now distinguished through
their time support: wi is nonzero only for times [tsi , tei ]. Finally, w̃i is a filter matched
to [Hi ◦ wi]. Under the condition that [ts1 + δs

1, te1 + δe
1] ∩ [ts2 + δs

2, te2 + δe
2] = ∅

(ie, the time intervals do not overlap), orthogonality can be ensured. We see that w̃i

should be designed to account for the delay spread of both channels and the relative
propagation delays.

12.3.1.3 Orthogonality in space
Orthogonality in space can be achieved by using multiple antennas at transmitters
and/or receivers. In this case, Hi represents that channel matrix transmitter i, the
receiver, wi, is a weighting vector at the transmitter, and w̃i is a weighting vector at
the receiver. Moreover, Hi ◦ wi should be interpreted as the matrix-vector product

t

t

t

t
t

Separate

Delay

Delay

FIG. 12.6

The creation of orthogonal channels in time, where users are assigned nonoverlapping time
slots. The receiver can separate the signals from both users as it receives the signals
sequentially in time.

2In principle, a filter matched to wi is sufficient, provided additional processing is performed.
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Hiwi, while w̃i • x represents w̃H
i x. Proper design3 of wi and w̃i as a function of both

H1 and H2 can satisfy the orthogonality conditions.

12.3.2 NONORTHOGONAL CHANNELS
In practice, full orthogonality may not be possible to achieve, or it may even not be
desirable in order to support more users than available through the physical degrees
of freedom. We have already encountered this when we discussed reuse: a frequency
band assigned to a BS in an cellular network may be assigned to another BS, provided
the distance between the two BSs is sufficiently large. In such a case, the interference
levels will be nonzero (ie, g12 �= 0 and g21 �= 0 in Eq. 12.5), but still manageable (ie,
|g11| � |g12| and |g22| � |g21|).

Interference can be treated in different ways when modeling, analyzing, and
designing communication systems. The three common ways to treat interference are
the collision model, the signal-to-noise-and-interference ratio (SINR) model, and the
joint detection model.

• Collision model: In this model, it is assumed that it is only possible to recover
x1 from y1 when g12 = 0, when g12 �= 0, x1 is lost.

• SINR model: In this model, it is possible to recover x1 when

|g11|2
|g12|2 + σ 2

≥ τ , (12.6)

in which σ 2 is the variance of v1, and τ is a suitable threshold. The left hand side
of Eq. (12.6) is the SINR associated with user 1.

• Joint detection model: Here, we consider the full model (Eq. (12.5)) and solve
for both x1 and x2.

12.3.3 EXAMPLE: DUPLEXING
An example of orthogonal channels is duplexing, ie, the ability to provide separate
channels for uplink and downlink in cellular networks (see Section 12.2.1), in
frequency (FDD), time (TDD), and space (space division duplexing (SDD)).

12.3.3.1 Frequency division duplexing (FDD)
FDD allows uplink and downlink transmission at the same time, but over different
frequency bands. The bands are typically separated by a large margin to avoid

3Consider an example where nodes each have two antennas so that H1 and H2 are 2 × 2 matrices,
say H1 = [+1 + 2; +3 + 4] and H2 = [+3 + 4; +2 + 1]. Using the singular value decompositions
Hi = Ui�iVH

i , setting w1 to be the first column of V1 and w̃1 to be the first column of U1, we find that
g11 = w̃H

1 H1w1 = 5.4650 is the first singular value of H1. Choosing a w̃2 that is orthogonal to H1w1

(eg, w̃2 = [+0.9145 − 0.4046]T) and a w2 orthogonal to w̃H
1 H2 (eg, w2 = [+0.7528 + 0.6583]T), we

find that g12 = g21 = 0 and g22 = −5.3487.
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leakage. FDD creates a channel that is always available and thus does not incur
any delay. On the downside, the frequency bands are usually fixed by regulators,
thus making FDD inflexible when uplink or downlink traffic requirements change. In
addition, the nodes must be equipped with dedicated filters, which may be costly.

12.3.3.2 Time division duplexing (TDD)
TDD allows uplink and downlink to use the entire frequency spectrum, but in
different time slots. Time is divided up into short slots and some are designated
for uplink while others are designated for downlink. This approach enables asym-
metric traffic and time-varying uplink and downlink demands. In addition, channel
state information estimated in the uplink can be used in the downlink, under the
assumption of channel reciprocity. The main drawbacks of TDD are latency (as
information can only be sent when a channel becomes available) and the need for
uplink synchronization (to account for differences in propagation time).

12.3.3.3 Space division duplexing (SDD)
Finally, SDD relies on the BS and mobile being equipped with multiple antennas
and the creation of orthogonal spatial modes for uplink and downlink. In principle,
this allows simultaneous uplink and downlink transmission over the entire frequency
band. In practice, however, SDD is rarely used as leakage from transmit to receive
antennas can lead to dominant interference [10].

12.4 CENTRALIZED MAC IN CELLULAR NETWORKS
In this section, we focus on the development of MAC strategies that have been
driven by cellular networks, whereby channels are to be optimally split by a
centralized coordinator (typically a BS or a set of BSs) amongst cellular mobile
users. Accordingly, the aim is to maximize efficiency of the reserved resources to
accommodate a large number of mobile users through optimized MAC strategies.
The nature of the service is a mix of real-time voice/video services, along with an
increasing percentage of data (eg, Internet surfing, texting, emails) services. A dis-
tinguishing feature of these systems, compared to their decentralized counterparts
(to be discussed in Section 12.5), is the continuous connectivity of each member
of the user population even when no active service is provided. This necessitates
incessant implementation of synchronization, base-station assignment, and handoff
operations between the cellular infrastructure and each of the mobile devices. When
an active service request is generated by a mobile user, these background operations
provide essential information about the channel conditions of the users to the BSs,
and thereby enable the development of intelligent, and fairly sophisticated, MAC
strategies—the centralized MAC strategies in our terminology. We will first describe
different approaches to creating channels (Section 12.4.1) and then how to optimally
allocate resources and users to those channels (Section 12.4.3).
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12.4.1 CHANNELIZATION
In cellular networks, operators will reserve certain channels (eg, certain frequency
bands) for control channels. These control channels provide means for new users
to access the system, for the BS to assign channels to individual users, as well
as for hand-off and synchronization. Due to the control channels, it is possible to
provide sophisticated means of channelization, in time, frequency, and space. In this
section, we will describe six important methods of channelization, starting with the
three fundamental degrees of freedom [11,12] from Section 12.3, followed by three
combinations of time and frequency.

12.4.1.1 Frequency division multiple access (FDMA)
FDMA is the most basic way of creating channels, by assigning users to nonoverlap-
ping frequency bands, it was used in first and 2G cellular systems. In a system with
N users and a total bandwidth W, each user can be assigned a bandwidth of W/N.

Implementation considerations: To avoid leakage and interference due to im-
perfect filtering, frequency-domain guard-bands are required. In addition, hardware
restrictions make it hard to assign more than one channel to a user. Care needs to be
taken to avoid interference from nearby cells, so that channels can only be reused by
BSs sufficiently far away.

12.4.1.2 Time division multiple access (TDMA)
TDMA creates channels by assigning users nonoverlapping time slots, and it was
used in 2G cellular networks. In a system with N users, each user can thus use the
total bandwidth W, but only a fraction 1/N of the time. This implies that TDMA, in
contrast to FDMA, is not suitable for analog communication.

Implementation considerations: To implement TDMA, the uplink is more chal-
lenging than the downlink, since the transmissions from the mobiles must be
synchronized such that they arrive at the appropriate time at the BS (also see
Fig. 12.7). In addition, guard times need to be included to avoid interference between
TDMA slots. As with FDMA, care needs to be taken to avoid interference from
nearby cells, so that channels can only be reused by BSs sufficiently far away.

f

f
f

f
Separate

FIG. 12.7

The creation of orthogonal channels in space, where users utilize dedicated beamformers,
in agreement with the receiver.
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Nevertheless, TDMA is more flexible than FDMA, as it allows assigning a varying
number of slots to users on a per-need basis.

12.4.1.3 Space division multiple access (SDMA)
SDMA users are assigned shaping and precoding matrices based on their multi-
antenna channels, allowing them to use the same frequency band at all times. One
realization of SDMA is the use of multiple antenna sectors at the BS, so that users in
different sectors can be assigned the same time-frequency resource. Implementation
considerations: SDMA relies on multiple antennas at either the BS and/or the mobile.
The design of shaping and precoding relies on precise channel state information or
highly directional antennas, thus making SDMA harder to implement for cellular
systems. Nevertheless, SDMA will likely become more prominent in 5G networks,
where the use of higher frequencies and a large number of antennas can lead to very
focused spatial signals [13,14].

12.4.1.4 Code division multiple access (CDMA)
In CDMA, each user is assigned a unique spreading code in either time or frequency.
Considering spreading in time, each user can use the entire frequency band W for all
time but must use a spreading code of length K, which may be greater or smaller than
N, the number of users in the cell. Hence, the effective data rate of each user drops
from W to W/K. At the receiver, through suitable processing, the signal is despread
with the spreading sequence to recover the data of each user.

Implementation considerations
In contrast to TDMA and FDMA, CDMA does not aim to achieve perfect orthog-
onality between users. In fact, it would be impossible to guarantee orthogonality
in a dispersive channel and imperfect synchronization. Instead, CDMA relies on
controlled, limited interference through design of the spreading codes in combination
with power control (so that signals from nearby and faraway users arrive with the
same power at the receiver). This approach avoids the need for reuse and can support
more users per cell. These properties made CDMA a prime candidate for 3G cellular
systems.

12.4.1.5 Orthogonal frequency division multiple access (OFDMA)
OFDMA is based on orthogonal frequency division multiplexing (OFDM), a pow-
erful transmission technology that digitally (as opposed to in analog in FDMA)
breaks up the spectrum in frequency-flat, overlapping channels (subcarriers). In
OFDMA, users are assigned subcarriers or groups of nonoverlapping subcarriers.
The guarantee of orthogonality with the increased flexibility of channelization made
OFDMA the technology of choice for downlink for fourth generation cellular
systems.
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Implementation considerations
OFDMA, being very similar to OFDM, suffers from many of the same drawbacks.
Among these, the high peak-to-average power ratio (PAPR) stands out, forcing
transmitters to operate their amplifiers in ways that consume large amounts of power.
This, in conjunction with the tight synchronization requirements of the different
subcarriers, makes OFMDA a suitable technology for downlink, but not for uplink.

12.4.1.6 Single-carrier frequency division multiple access (SC-FDMA)
To complement OFDMA with a suitable uplink technology, SC-FDMA was
introduced [15]. In SC-FDMA, the PAPR problem is avoided by letting data reside
in the time domain (in contrast to OFDMA, where data resides in the frequency
domain), and it relies on an additional fast Fourier transform4 at the transmitter and
receiver. In the frequency domain, each user is assigned a set of subcarriers, which is
nonoverlapping with the subcarriers of any other user.

Implementation considerations: SC-FDMA combines many of the attractive
properties of OFDMA but avoids high PAPR. The main drawback of SC-FDMA
is the increased signal processing required at both the transmitter and receiver.

12.4.2 CHANNEL AND TRAFFIC MODELS
12.4.2.1 Uplink/downlink channel models
The predominant types of wireless channels in cellular networks are downlink
(Fig. 12.8) and uplink (Fig. 12.9) channels between mobile users and their assigned
base stations (BSs). The BSs themselves form an interconnected network, either

User 1 User i 

User n

FIG. 12.8

Downlink scenario.

4The additional fast Fourier transform is of a smaller size than the main fast Fourier transform and can
be seen as a type of precoding.
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User 1 User i

User n 

FIG. 12.9

Uplink scenario.

through wired or, less commonly, through wireless connections5 that are outside
the scope of our discussion in this section. Here, we focus on the multiuser MAC
concerning the downlink/uplink communication at the edges of cellular networks,
where the greatest congestion is observed.

Uplink and downlink wireless channels are subject to several degradations: path
loss due to distance; shadowing due to environmental blockage and absorption;
and small-scale fading due to constructive and destructive multipath signal overlap.
The effects contribute to the channel characteristics at differing magnitudes and
time scales. Also, they can differ based on frequency levels. The aim of this
section is not to provide an exhaustive treatment of wireless channel modeling and
analysis. We refer the interested reader to excellent sources on the modeling and
capacity analysis of multiuser wireless channels [1,16,17]. Instead, we will present
several essential MAC paradigms under commonly used physical-layer models that
capture the collective impact of channel fading gains at a given time. In particular,
we let the downlink and uplink channel gains at time slot6 t between the BS
and user i be denoted as gD[t] � (gDi [t])i and gU [t] � (gUi [t])i, respectively.
Similarly, the downlink and uplink transmission powers at time t between the BS
and user i are denoted as PD[t] � (PD

i [t])i and PU [t] � (PU
i [t])i, respectively.

Finally, we use N0 for the noise power spectral density at the BS and at the
n users.

In our discussion, we will assume FDD or TDD so that uplink and downlink
transmissions do not interfere. We also assume that channel gains are available both
at the transmitter and receiver, which can be achieved in current cellular systems

5The connections can take the form of satellite communication or millimeter-wave communications.
6We use the generic concept of a time slot as the smallest duration of time to perform resource allocation
decisions in the wireless system. This duration is on the order of milliseconds in existing cellular
systems.
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through various estimation methods [18,19]. In downlink communication, we will
consider the scenario where each user i is assigned an orthogonal frequency band of
Wi Hz so that transmissions to users are noninterfering. In uplink communication,
however, all users share the total bandwidth of W Hz. Accordingly, the downlink and
uplink SINR for given channel gains gD, gU , given transmission powers PD, PU ,
and downlink orthogonal bandwidth allocation W � (Wi)i can be calculated
as follows:

γD
i (gD , PD , W) = gDi [t]PDi

WiN0
, γU

i (gU , PU ) = gUi PUi
WN0 + α

∑
j�=i gUj PUj

, (12.7)

for each user i, where the factor α ∈ [0, 1] allows the incorporation of inter-
ference suppression techniques into the uplink SINR calculation, such as pseudo-
orthogonalization that CDMA strategies enable. Assuming additive white Gaussian
noise, these SINR levels can be mapped via Shannon’s formula to maximum
achievable rates for the given transmit powers and channel gains as follows:

RDi (gD , PD , W) = Wi log(1 + γD
i (gD , PD , W)), (12.8)

RUi (gU , PU ) = W log(1 + γU
i (gU , PU )). (12.9)

12.4.2.2 Mobile user and traffic models
The mobile users are assumed to be continuously connected to their respective
assigned BSs even when inactive. When a new demand is generated, a data queue
Q· � (Q·

i)i (illustrated in Figs. 12.8 and 12.9) on the transmitting node (at the BS in
downlink and at the mobile in uplink) buffers the generated content for transmission.
The requirements of demands may be different based on the inherent quality-of-
service (QoS) requirements of the applications that generate them. On the one
hand, some applications, such as real-time voice/video communication, may require
relatively fixed throughputs but delay-sensitive demand. On the other hand, some
applications, such as data downloads or messaging services, may be more throughput
greedy but less delay sensitive. We will discuss recent advances in the integration of
these QoS requirements into the MAC design in the sequel.

12.4.3 SCHEDULING AND RESOURCE ALLOCATION
The main purpose of early cellular services was to provide voice services to cellular
mobile users. Such services demand low-rate but regular service guarantees so that
reliable communication can be assured between the end-parties. This has driven the
development of early resource allocation strategies that separate available resources
(time/frequency/energy) into orthogonal channels (see Section 12.3.1) and dedicate
each to an ongoing call in order to guarantee reliable audio traffic between the parties.
This may be viewed as a direct translation of the circuit-switching technology of early
landline telephone networks to the wireless domain. It has the benefit of high-quality
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service of admitted calls and simple resource allocation solutions. However, it suffers
from inefficiency of circuit switching strategy in utilizing the available resources,
and it became unsatisfactory as the intensity and nature of demand expanded
over time.

Over many generations of wireless technologies, increasingly more sophisticated
resource allocation and scheduling solutions have been developed to accommodate
a growing population of users with increasingly diverse service demands, ranging
from voice, to multimedia, to data. In the rest of this section, we outline some of
the predominant resource allocation strategies employed by cellular MAC that are
organized with respect to their objectives. An important point on channel models that
concern multiuser access is the inherent asymmetry in the achievable set of rates that
can be provided to users with widely different channel conditions (see discussion
in Section 12.4.2). Especially, the users’ proximity to their BS has a strong impact
on their observable SINR level. As such, those users that happen to be close to the
edge of a BS’s coverage region can be at a great disadvantage in their rates. To
accommodate these users, the MAC strategy may need to sacrifice some efficiency
for fairness. The tradeoff between efficiency and fairness will be a driving factor in
the following designs.

12.4.3.1 Waterfilling and channel inversion paradigms in
power allocation
Two extreme power allocation strategies emerge in the power allocation of cellular
systems, one (called waterfilling allocation) aiming for maximum efficiency and the
other (called channel inversion) aiming for maximum fairness.

To explain and contrast these paradigms, we consider the downlink communica-
tion scenario where n users are active with given channel gains gD. We assume that
each user i is allocated an orthogonal band of unit length,7 ie, Wi = 1 for all i in
Eq. (12.8), so that the decision of focus is on the power allocation. In particular, the
objective of downlink power allocation PD is to divide a bounded total power PD

tot
amongst the n active users to maximize the total achieved rate, thereby achieving
maximum efficiency. This can be posed as the sum rate maximization problem:

P
D � (P

D
i )i = arg max

{PD
i ≥0}i

n∑
i=1

RDi (gD , PD , 1) (12.10)

s.t.
n∑

i=1

PDi ≤ PDtot,

7This assumption is made to allow presentation of closed-form expressions for the optimal allocations,
which are insightful. It is possible to leave the bandwidth allocation W as a decision variable to solve
the joint bandwidth-power allocation problem. The problem still maintains the convex form, therefore
it is amenable to efficient methods, but it does not yield a closed-form analytical solution.
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where RD
i was defined in Eq. (12.8). This is a convex optimization problem that can

be easily solved via optimization conditions to yield the following allocation rule:

P
D
i =

(
λ − N0

gi

)+
, ∀i and

n∑
i=1

(
λ − N0

gi

)+
= PDtot, (12.11)

where (z)+ := max(0, z). Then, the corresponding rates achieved by this power

allocation rule are denoted by R
D
i . This is the waterfilling power allocation first

observed in [20] based on the interpretation of the optimal allocation as filling a
bucket with a nonuniform base (inversely related to the channel conditions) with
a total amount of water to fill up to (but not above) the level λ as determined by
Eq. (12.11).

Under the above waterfilling allocation, channels with favorable channel con-
ditions receive a greater portion of the total power budget than those with worse
conditions. This goes against the intuition of fairness, since users with poor channel
conditions (eg, those that are close to the cell boundary) will suffer from very low
rates, while users with good channel conditions (eg, those close to the BS with an
unobstructed line-of-sight) will receive disproportionately high rates. In the interest
of perfect fairness, the alternative to the waterfilling solution is the following power
allocation problem that aims to equalize all achieved rates under the power budget:

P̌D � (P̌Di )i = arg max
{PD

i ≥0}i

min{i=1,...,n} RDi (gD , PD , 1) (12.12)

s.t.
n∑

i=1

PDi ≤ PDtot.

This also is an easily solvable problem with the following allocation rule:

P̌Di = N0

gi
τ , ∀i and τ = PDtot∑n

i=1 N0/gi
. (12.13)

This is the channel inversion allocation, whereby each user i is assured to receive
the same rate level of ŘD

i = log(1 + τ) regardless of its channel gain and noise
power values.

To understand the differences between waterfilling and channel inversion, let us
consider an example with n = 20 users with gi/N0 values ranging from 0 to 20 dB
and PD

tot = 10. Fig. 12.10 shows the allocated powers and corresponding rates of
these two extreme paradigms for each user. It is readily verified that the sum-rate

for channel inversion
∑

i ŘD
i is about 60% of the sum-rate of waterfilling,

∑
i R

D
i .

It is apparent that, despite its throughput maximizing nature, the waterfilling power
allocation can be highly unfair to users that have poor downlink channels from the
BS, in particular those that are far from their assigned BSs. On the other hand,
channel inversion completely eliminates the unfairness issues while exhausting much
of its power budget on users with poor channels. It is therefore useful to consider a
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FIG. 12.10

Comparison of waterfilling, channel inversion, and sum-log optimal power allocations (left)
and rate allocations (right) for n = 20 users with gi/N0 values ranging from 0 to 20 dB, and
PD

tot = 10. In terms of sum-rate, channel inversion and sum-log achieve 60% and 93% of
the waterfilling performance, respectively.

balanced policy between these two extremes that trades off the efficiency and fairness
characteristics. One such policy is the sum-log optimal allocation that solves the
following:

arg max
{PD

i ≥0}i

n∑
i=1

log(RDi (gD , PD , 1)) (12.14)

s.t.
n∑

i=1

PDi ≤ PDtot.

The logarithmic function enforces the power allocation to be spread more fairly
across users, while at the same time favoring channels with greater quality so that
efficiency is also high. The resulting sum-log optimal allocation is depicted in
Fig. 12.10 in contrast to the waterfilling and channel inversion scenarios. Under this
allocation, the rates are allocated more fairly than waterfilling and more efficiently
than channel inversion.

12.4.3.2 Opportunistic multiuser rate allocation over fading channels
The previous discussion concerned the tradeoff between efficiency and fairness for
multiuser power allocation over static channels. In this discussion, we consider
the multiuser rate allocation problem over fading channels where only a single
transmission is allowed with a fixed power (ie, only a single user can be served at
any time slot). Accordingly, we assume that the channel gain of user i in slot t is
given by {gD[t]}t, and we need to decide which user to serve in each slot at the rate
RD

i [t] := log(1 + gDi [t]Ptot/N0).
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If we target maximum efficiency, the choice would clearly be to choose the user
that achieves the largest sum rate: Serve user ī[t] = arg maxi RD

i [t] in slot t. While
this allocation will result in maximum total throughput achieved by the system, it
will be unfair to users that fluctuate around low gains. As in the power allocation
discussion, we can maximize the sum-log of throughputs to balance the fairness
and efficiency objectives. The following iterative scheme provides such a long-term
performance guarantee.

The nature of this allocation differs from the sum rate maximizing allocation in
that its objective accounts not only for the instantaneously achievable rate RD

i [t] but
also for the weighted average of the throughput Ti[t] for each user. In Fig. 12.11,
we provide a numerical comparison of the sum-rate maximizing allocation (which
serves the user with the best channel gain at any time) and the average rates achieved
by the above proportionally fair allocation policy with β = 0.1. The figure clearly
shows how the sum-rate maximizing policy can be significantly unfair to users
with poor average channel conditions (those with smaller index values), while the
proportionally fair allocation spreads its service across all users while still preferring
users with better channels (those with larger index values) whenever possible. In fact,
it can be shown [1,21] that Algorithm 1 maximizes

∑
i log(Ti[∞]), which is called

the proportionally fair allocation. Consequently, if a user receives little throughput
up to a given time t, its weight grows so that it receives a greater portion of the power
budget. This balancing affect of this rule results in a proportionally fair allocation
of rates amongst the users. This allocation rule found use in practical systems
(eg, CDMA2000) to balance the fairness and efficiency of resource allocation in
downlink MAC.

12.4.3.3 Energy minimizing uplink power allocation for targeted rates
The underlying aim of the previous resource allocation strategies has been to
maximize a function of the throughput (either the linear, minimum, or logarithmic
functions of it) with differing fairness and efficiency characteristics, under a power
budget constraint. A reverse problem can also be posed that aims to guarantee a given
throughput level per active connection with the smallest power consumption. This
problem is especially important in the uplink scenario, whereby each device has a
separate power budget to consume and would like to achieve a given SINR threshold
τ for reliable communication with the smallest power consumption. We can pose this
problem assuming static channel conditions {gUi }i as follows:

P̂D � (P̂Di )i = arg min
{PU

i ≥0}i

n∑
i=1

PUi (12.15)

s.t. γU
i (gU , PU )) ≥ τ , for all i,

where γ U
i (gU , PU )) is the uplink SINR level as determined by Eq. (12.7). Such a

problem is confronted in [22,23] to develop an iterative power allocation strategy
that converges to the optimum solution P̂D, shown in Algorithm 2.
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FIG. 12.11

Comparison of sum-rate maximizing (sum-rate ≈ 7.1) and proportionally fair (sum-rate
≈ 5.0) rate allocations for users with mean gi/N0 values ranging from 0 to 20 dB and
log-normal distribution 3 dB standard deviation for each user.

ALGORITHM 1 PROPORTIONALLY FAIR RATE ALLOCATION
1: Input: a common constant β ∈ (0, 1)

2: Set the value of Ti[0] = 1 for all i, which aims to measure the weighted average of the
throughput that user i receives

3: for at each time slot t do
4: Determine a single user i	[t] (break ties randomly in the case of multiple users) satisfying

i	[t] ∈ arg max
i=1,...,n

RD
i [t]/Ti[t]. (12.16)

5: Set the rate as

R̃D
i [t] =

{
log(1 + gDi [t]Ptot/N0) i = i	

0 else
. (12.17)

6: Update Ti[t + 1] ← (1 − 1/β) Ti[t] + R̃D
i [t]/β, ∀i

7: end for
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ALGORITHM 2 DISTRIBUTED UPLINK POWER ALLOCATION
1: Input: a constant SINR threshold level τ

2: Set the value of PU
i [0] to a large enough power level Pmax for all i, and calculate the SINR

γU
i [0] at this power level for each user i

3: for at each time slot t do
4: Update the power allocation for each user i as

P̃U
i [t + 1] = arg min

PUi ≥0
PU

i (12.18)

s.t.
gUi PU

i

N0 + α
∑

j�=i gUj PU
j [t] ≥ τ . (12.19)

5: end for

This is a fully distributed allocation policy in which all users start from their
maximum possible power allocations and iteratively reduce their power while
maintaining the SINR threshold as described in Eq. (12.18), assuming all others to
remain at their most recent power level. It is not difficult to observe that since the
power levels can only decrease under this strategy, they must converge. Its shown
in [22,23] that this limit point is in fact the solution P̂D of Eq. (12.17). Therefore,
this simple iterative rule provides the minimum energy solution for the uplink power
control problem under the SINR threshold constraint.

12.4.3.4 Birth of the cross-layer resource allocation framework
The resource allocation rules outlined above have focused on various objectives
ranging from sum rate maximization (Eq. 12.10), fairness (Eq. 12.15), and power
minimization with rate guarantees (Eq. 12.17). In each case, the focus has been on
the service side decisions with varying long-term performance objectives. Recently,
there have been significant advances in generalizing and extending these efforts to
cover more general wireless multiuser communication scenarios, incorporate traffic
dynamics, account for variety of QoS requirements, and allow more general class of
objective functions (also called utility functions). In particular, there has emerged a
cross-layer design framework that provides a systematic design methodology for a
network algorithm design that encompasses functionalities across multiple layers of
the traditional network layering hierarchy, including power control, rate allocation,
congestion control, scheduling, multihop routing, etc.

In contrast to the above MAC-layer allocation strategies, these cross-layer solu-
tions account for the congestion levels of the buffers, the varying QoS requirements
of the flows, the differences between the sensitivities of the applications, etc. To take
an example in the context of downlink scheduling depicted in Fig. 12.8, a cross-
layer strategy accounts for the state of the queues QD[t] at time t in deciding the
service allocation. It is shown (eg, in [24–26]) that if in each slot t we serve the user
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i that maximizes (QD
i [t] × RD

i [t]) amongst all users, then we can achieve maximum
utilization of the available service rates for the system load. Note that this policy
prioritizes the service of flows with high achievable rates and a high congestion level.
As such, it exploits channel conditions as well as congestion conditions.

Such queue-length-based policies and their variants, have generated great interest
due to their simplicity and performance guarantees. For example, the evolution-
data optimized (EVDO) standard [18] utilizes such congestion information for
efficient resource allocation in cellular systems. Many early works have built on
the throughput-maximizing and stabilizing nature of queue-length-based designs in
great generality (eg, [24,25,27–30]; see [31,32] for further references). Subsequently,
this framework is extended within a network utility maximization (NUM) framework
to cover congestion control and fairness objectives (eg, [30,33–37]; see [32,38,39]
for further references). More recently, increasingly short-term requirements are
incorporated into the design, such as deadline-constraints, regular service require-
ments, etc. [40–43]. The resulting cross-layer framework combines models and
methods from optimization theory, stochastic control, and algorithm design and
analysis to yield adaptive and dynamic resource allocation strategies with diverse
QoS guarantees.

12.5 DECENTRALIZED MAC IN WIRELESS NETWORKS
The previous section has focused on the MAC strategies that are optimized for
cellular networks and exhibit centralized characteristics due to the continuous
connectivity of mobile users and information availability at the BSs. In this section,
we move away from such cellular systems toward the MAC design for ad-hoc and
Wi-Fi networks that can take a multihop structure and serve a dynamically changing
population of users. These systems are far less structured in their deployment, usage,
and traffic demands than their cellular counterparts. Moreover, they operate over
an unlicensed spectrum that limits their control over the coordinated interference
management. Therefore, their MAC must be designed to accommodate a dynamically
changing and decentralized nature of operation.

In this section, we overview the key developments in the evolution of decentral-
ized MAC strategies that are well-suited for these wireless networks.

12.5.1 CHANNELIZATION
The lack of central coordination and the dynamic nature of the network precludes
the use of sophisticated channelization strategies, as in Section 12.4.1. The main
resource that is considered in a decentralized setting is time. In other words, all users
use a common bandwidth and compete for access (in the form of transmission times)
to their receivers. In contrast to centralized MAC protocols, where the quality of a
link was based on the SINR, decentralized MAC protocols have traditionally relied
on collision-based models.
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12.5.2 CHANNEL AND TRAFFIC MODELS
12.5.2.1 SINR and collision-based interference models
Interference management in multihop wireless networks is significantly more com-
plex than in cellular networks due to the large-scale, dynamic, and decentralized
nature of the operation. While it is possible to generalize the SINR-based interference
models of Section 12.4.2 to the multihop setting, this usually is counterproductive to
developing decentralized solutions. Moreover, a complete SINR description may be
an overkill as the dominant component of the interference at a receiver is governed
by the nearby transmitters.

These considerations have prompted engineers and theoreticians to develop
collision-based interference models whereby two transmissions within interference
range of each other collide if they transmit simultaneously, in which case both
transmissions fail. The interference range of a transmission is determined as a
function of its transmission power as well as the distance and fading state between
the transmitting and the receiving node. Such a model of interference facilitates
tractable design of MAC strategies, and is employed in most practical standards.
However, the collision-based model in multihop wireless networks also brings about
new interference scenarios that did not exist in cellular context, namely hidden and
exposed nodes. Next, we discuss these briefly.

12.5.2.2 Hidden nodes
A receiver may be able to pick up transmissions from two nodes that are mutually
out of reach. These transmitting nodes are said to be hidden from each other and may
cause collision at the common receiver, regardless of whether the receiver was the
intended recipient of the transmissions of either transmitting node.

12.5.2.3 Exposed nodes
Consider a scenario with two transmitter-receiver pairs, where each receiver is
within communication range of its corresponding transmitter, but not of the other
transmitter. When the transmitters are programmed to only start transmitting when
the channel is unoccupied, only one transmitter will transmit at any given time,
while in principle both transmitters could send signals to their respective receivers
simultaneously without collision. This is known as the exposed node problem, and
leads to underutilization of the channel (Fig. 12.12).

12.5.2.4 Mobile user and traffic models
In contrast to the cellular scenario, the mobile users in this scenario are assumed to
appear and disappear intermittently in the network. Therefore, the dynamics of new
users and their traffic becomes an integral part of the model for the operation and
design of wireless networks. Assuming each user emerges with a small probability
and independently of all others, the nature of these user appearances can be closely
approximated by Poisson processes. A Poisson process is described by a single
parameter λ that defines the mean rate arrivals per unit time. The key characteristic
of this process is that at any time, the time to the next arrival is an exponentially
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FIG. 12.12

Hidden and exposed nodes. On the left side, A transmits to B and C transmits to D. Since C
is hidden from A, these simultaneous transmissions cause interference at node B. On the
right side, B would like to transmit to A, and C to D. While simultaneous transmissions will
not cause collisions at either A or D, if nodes are not allowed to transmit when the channel
is busy, nodes B and C are not allowed to transmit at the same time, leading to a under
utilization of the channel.

distributed random variable that is independent of the time of last arrival. This
memoryless nature of the Poisson process facilitates a tractable analysis of the
user dynamics, and it is the prominent model used in this literature. In addition
to the user dynamics, each incoming user may have varying amounts and types of
service demands from the system. These can be captured by random variables with
distributions that depend on the particular scenario.

12.5.3 SCHEDULING AND RESOURCE ALLOCATION
The objective of this section is to provide a brief overview of the past and recent
advances in the development of decentralized MAC strategies for ad hoc wireless
networks. Throughout this section, we will assume a collision-based interference
model (Section 12.5.2), which is the commonly used in the literature.

12.5.3.1 Aloha-variant strategies
Aloha is arguably the most simple decentralized MAC protocol. It is built on the
assumption that nodes will only sporadically send data, so that they will only
need to utilize the channel a small fraction of the time. In pure Aloha, a node
will transmit data as soon as it has a packet to send (Fig. 12.13). If it does not
receive an acknowledgment from the receiver (or some other type of feedback), it
will attempt again. Since the lack of an acknowledgment generally indicates that
another transmitter was active and a collision has occurred, the transmitter should
not retransmit immediately or retransmit at a fixed time later, since at least one other
transmitter will attempt to retransmit as well, leading to a sequence of collisions.
In order to resolve such ties in a decentralized manner, each transmitter will only
retransmit after a random back-off time. The statistics of this random back-off must
be adapted to the number of active users at the time, either assuming its knowledge
or through adaptive updates. See [44,45] for an extended discussion. A variation
of pure Aloha is slotted Aloha, where nodes can only transmit at the beginning of
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FIG. 12.13

In Aloha, nodes A and C transmit when they have data to send. Since a collision occurs at
node C, they each wait a random time before they try again. In this case, the second
transmission is successful.

time slots. Such an organization prevents partial overlap between transmissions and
thereby reduces the loss from collisions.

Aloha does not avoid hidden or exposed nodes and is generally inefficient in
terms of usage of the channel: pure Aloha leads to a maximum efficiency of less than
1/(2e) ≈ 18.5%, compared to a single user system. Slotted Aloha can utilize the
channel up to nearly 1/e ≈ 37%. More sophisticated versions of Aloha, called coded
slotted Aloha, which rely on the joint detection principle from Section 12.3, are able
to reclaim much of this loss [46].

12.5.3.2 Carrier-sense multiple access (CSMA) strategies
The above Aloha strategies are based on backing off after collisions are experienced,
for a random duration according to given distributions. Such strategies allow for
nonnegligible occurrences of idle durations even when packets are awaiting service.
These deficiencies have motivated the development of strategies that are based on
sensing ongoing activity before attempting to capture the channels—so-called CSMA
strategies.8

The core aim of CSMA strategies is to preserve the decentralized nature of Aloha
strategies while reducing the amount of idle time spent in coordinating collisions. To
that end, CSMA strategies are based on sensing idle channel conditions to attempt
transmissions without too much extra delay. Still, users that sense idle channels
must individually act to reduce the chances of delay. One advantage here is that if
a user successfully captures the channel, its transmission will not be interrupted by
any other transmitter within the transmission range of the transmitter. Also, the idle
durations can be significantly reduced due to the sensing-based activity rather than
random backoffs.

As in the pure Aloha case, there are numerous variants of CSMA strategies,
including slotted, unslotted, collision avoidance (CSMA-CA), and collision detection

8Technically, CSMA strategies can still be considered as a variant of Aloha, and they are referred to as
CSMA Aloha in some contexts. In our treatment, we prefer to refer to them as a separate class to avoid
unnecessary confusion.
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(CSMA-CD). All these share the essential characteristics of the above core CSMA
construction principle. This basic CSMA strategy continues to suffer from the hidden
and exposed nodes phenomenon. However, this can be prevented by a handshake
between the transmitter-receiver pairs prior to transmission. Accordingly, short
ready-to-send (RTS) and clear-to-send (CTS) packets are transmitted between the
pair so that all potential transmitters around the receiver are silenced (thus avoiding
the hidden node problem), while the other transmitters far away from the receiver can
still be active (thus avoiding the exposed node problem).

In a single-hop setting where all transmissions are within the interference range
of all others, which is the setting of connecting a common Wi-Fi router, such a
CSMA-based strategy can be shown [44, Section 4.4] to achieve the full capacity
of the shared wireless channel as the sensing delay becomes negligible compared
to the packet transmission duration. Whether CSMA in multihop networks achieved
capacity had been an open problem until it was shown in [47] that CSMA can achieve
capacity asymptotically as the network size scales to infinity. This is a surprising
and encouraging finding given the highly decentralized and low-complexity nature
of CSMA. In the recent years, there have been further advances in the optimality
characteristics of CSMA strategies in the sense that it is possible to determine
CSMA design parameters to support any traffic load that is supportable by any
other MAC strategy, including centralized ones (see [48] for an extended treatment
with comprehensive references). Early investigations presume knowledge of traffic
loads, which may be impractical. Later investigations released this assumption by
developing adaptive strategies that determine CSMA parameters dynamically as a
function of the local queue-lengths at the time [48,49]. This is achieved by carefully
setting the CSMA parameters at different nodes as a function of their varying traffic
loads and location in the network topology. By letting the data transmission duration
increase relative to the sensing and collision durations, it is then shown that all nodes
can support their traffic demands under the selected CSMA parameters as long as
they are supportable by some other MAC solution.

These advances establish the potential power of CSMA strategy in achieving
long-term throughputs when its parameters can be well-selected. While this sounds
too good to be true, it comes with a serious handicap: delay. In a multihop scenario
under CSMA-type decentralized operation, a user can only access the channel when
one of its interfering neighbors are inactive. This becomes an unlikely event in a
large network with high traffic load. In such a regime, users typically wait long
intervals before they capture the channel, and they then get to use it for a long time
to flush their buffers. Such intermittent and bursty service discipline is a classical
example of a high-delay incurring service discipline. To understand and partially
address this deficiency, there has been significant activity (eg, [50–54]). Some of
these efforts focus on the design of new CSMA-type strategies that can be employed
to improve delay performance with limited loss on throughput. Some of them focus
on characterizing the throughput levels that CSMA can provide a good delay for.
Some of them focus on understanding fundamental limits on the throughput-delay
tradeoff of CSMA. All of these are still active fields of research.
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12.5.3.3 Cross-layer decentralized MAC strategies
At the closing of Section 12.4.3, we discussed the emergence of a unifying cross-
layer resource allocation framework that enabled the systematic development of
MAC solutions that incorporate new dynamics, generalizations, and more diverse
QoS measures. In a nutshell, these strategies employ a combination of optimization
models and methods, stochastic control techniques, and algorithm development to
develop adaptive policies that utilize appropriate state information, eg, congestion
states, and delay limitations to allocate resources. These policies, if implemented
via centralized controllers, can be shown to achieve an increasing diversity of QoS-
guarantees beyond throughput, including deadline-constrained streaming services,
average delay guarantees, large-delay constraints, and regular service guarantees.
However, the rules of allocation that emerge from these QoS-aware solutions
typically assume repeated execution of centralized decisions. While these centralized
operations can be integrated into cellular networks due to their centralized topology,
they do not scale in multihop topologies that are the focus of this section. This
reality has inspired an active effort in developing decentralized and low-complexity
algorithms based the cross-layer design with performance guarantees. The vast and
growing literature toward this end can be organized into the following categories:

• Suboptimal low-complexity algorithms: A group of works focus on the design
and analysis of approximate algorithms that yield low-complexity decentralized
implementations at the expense of performance loss from the centralized
counterpart. These, in themselves, can be grouped under greedy algorithms
(eg, [36,55–57]) and randomized algorithms (eg, [58–62]).

• Optimal low-complexity algorithms: Another set of works may be grouped as
those that maintain optimality of centralized solutions, at least in an asymptotic
sense and for the fundamental measures such as throughput and utility, but are
also amenable to low-complexity implementation with guarantees on more
complex QoS measures such as delay and outages. These include algorithms that
employ gradual search strategies (eg, [63–65]), random access strategies
(eg, [47,49,52,60,66–68]), and queue-length-based variations (eg, [69–71]).

We note that the above list can only cover a subset of works in this active
area of research, and this is indicative of the productive nature of this algorithmic
development space.

12.6 SUMMARY
In this chapter, we have provided a bird’s eye view of medium access control for
wireless networks. Our treatment separated centralized cellular networks from decen-
tralized WLAN-type networks. In centralized networks, the presence of channel state
information and centralized control enables sophisticated ways of channelization
and resource allocation. In decentralized networks, users compete for time slots,
while access is controlled though decentralized strategies. Even though both types
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of networks operate under different assumptions regarding the channel and traffic
models, we have highlighted the common trend toward cross-layer design based on
optimization theory and stochastic control.
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13.1 INTRODUCTION
The advancements in information and communication technology have resulted in an
explosion in the demand for cellular and data traffic. It is projected that the demand
for wireless Internet access through smartphones, tablets, and laptops will continually
increase in the foreseeable future. The use of wireless communications applications
goes beyond personal communications services; they are used for sensing, monitor-
ing, and control systems (eg, in surveillance systems, embedded health monitoring
systems, and traffic controlling systems). However, the proliferation of wireless
communications services is somewhat limited by the scarcity of the radio spectrum,
which, in most situations, has already been allocated by regulatory agencies for
different types of applications and services. In particular, a large chunk of the
available spectrum has already been assigned to network operators, thus granting
them exclusive right to their usage for a long-term over vast geographical areas
[1,2]. This static spectrum allocation to operators is governed by an auction process
conducted by the regulatory authorities in a country (eg, Federal Communications
Commission (FCC) in the United States). The traditional wireless communications
systems have to utilize only their dedicated spectrum bands irrespective of the
traffic condition. The long-term assignment of radio spectrum limits the feasibility
of short-term licensing of spectrum bands to meet the temporary traffic demand.
In addition, an allocated spectrum may not be efficiently utilized in a situation
where there is a small number of users, whereas there are other users (eg, from
other networks/operators) who are unable to access the spectrum. A study by the
Spectrum Task Force (SPTF) of the FCC [2] has shown that a large portion of the
licensed spectrum bands are partly or highly unoccupied in a given area at a given
time. FCCs reference [3] states that the licensed spectrum utilization over the time
and geographical location varies from 15% to 85%. It is worth mentioning that the
unlicensed Industrial Scientific and Medical (ISM) bands have become crowded, and
therefore also have a limited bandwidth availability for new wireless services.

The scarcity of the radio spectrum and exponential growth in the demand
for wireless services have therefore motivated researchers to explore new design
paradigms for wireless communications systems to provide ubiquitous, efficient, and
seamless connectivity to wireless users.

13.1.1 BASICS OF COGNITIVE RADIO
Mitola [4] proposed a novel idea for the opportunistic use of the underutilized portion
of the spectrum, while providing a solution to mitigate the spectrum scarcity problem.
This proposed spectrum management paradigm creates a landscape for new wireless
services using the novel idea of cognitive radio (CR). A CR is an intelligent wireless
communications device which senses its operational electromagnetic environment
and can dynamically and autonomously adjust its radio operating parameters [4–6].
In this context, opportunistic spectrum access (OSA) is a key concept which allows a
CR device to opportunistically access the frequency band allocated to a licensed user
when the transmission of the licensed user is detected to be inactive. The licensed
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users’ inactive spectrum bands are referred to as “spectrum holes” or “white spaces”
(Fig. 13.1). These spectrum holes or white spaces are formally defined as [7] “a band
of frequencies assigned to a primary user (PU) (licensed user), but at a particular time
and specific geographic location, the band is not being utilized by that user.”

To achieve OSA by dynamically and autonomously adjusting its operating
parameters, CRs should have two main characteristics [8]: cognitive capability and
reconfigurability. The cognitive capability of a CR device is defined as the ability to
sense the surrounding radio environment, analyze the sensed information, and make
the spectrum access decision based on the analyzed information. Reconfigurability
is defined as the ability of a CR to change its operating parameters based on the
spectrum-analyzed information on-the-fly. Such CRs interconnect with other wireless
devices opportunistically by forming cognitive radio networks (CRNs). In a CRN, the
available radio spectrum has to be allocated intelligently and efficiently among the
CRs using a smart spectrum management system.

13.1.2 COGNITIVE RADIO NETWORK ARCHITECTURES
A CNR (referred to as a secondary network, unlicensed network, or dynamic
spectrum access (DSA) network) coexists with primary networks (also referred to as
licensed networks) within the same geographical area at the same time, and it utilizes
the same frequency bands. The CRs (also referred to as secondary users [SUs]) in
a CRN are not licensed to operate in the spectrum band. Only the PUs have the
right to access the spectrum band. The primary network can be either a centralized
(infrastructure-based) or a distributed (ad hoc) network based on the spectrum
access model. Similarly, the CNR can be either a centralized (infrastructure) or
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FIG. 13.2

Centralized/infrastructure-based cognitive radio network architecture.

a distributed (ad hoc) network based on its architecture, as shown in Figs. 13.2
and 13.3, respectively. Generally, the PUs and the primary base stations (PBSs) do
not have the cognitive capabilities. It is the responsibility of the CRs (or SUs) to
sense the channel before cognitive transmission and vacate immediately after the
appearance of PUs. That is, the OSA mechanism implemented in the CRNs should
guarantee the performance of primary network.

• Centralized CNRs: Centralized CRNs [5,8,9] have a central controller or
coordinator (see Fig. 13.2), eg, a cognitive base station (CBS) or a central access
point. This central controller can collect spectrum information from SUs over a
licensed or unlicensed spectrum band (ie, control channel (CC)), analyze the
information, and make the spectrum availability information (eg, information
about channels in which PUs are absent) known to SUs via CCs. A cognitive
CBS provides resource (eg, channel and power) for SUs. The IEEE 802.22 is the
first standard for centralized CRNs [10].

• Distributed CNRs: Distributed CRNs [5,8,9] are ad hoc or point-to-point
communications systems where SUs communicate over licensed or unlicensed
bands opportunistically, as shown in Fig. 13.3. These distributed CRNs do not
have a central controller to coordinate OSA, and the spectrum access, decisions
are jointly coordinated via a common control channel (CCC) [11]. In distributed
CRNs, the spectrum access decisions based on local information (instead of
global network information) may not be optimal.

• Spectrum access models and operating modes of CRs: The DSA models in
CRNs can be typically categorized into three access models [12–14]: spectrum
exclusive-use model, spectrum shared-use model, and spectrum common-use
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Distributed/infrastructureless cognitive radio network architecture.

model. In the spectrum exclusive-use model, when the licensed users do not use
the bands, the spectrum licensee grants the spectrum access right to the CRs
under some constraints. In such a case the CRN operates in the overlay
mode [5]. In the spectrum shared-use model, the CRs are allowed to access the
spectrum simultaneously with PUs as long as CRs do not create harmful
interference at the primary receivers (PRs). In this case, the CRN operates in the
underlay mode. Such CRNs protect the PUs by enforcing a spectral mask that
guarantees that the interference experienced at the PUs is below the acceptable
noise floor. In the common-use model, the CRs have the same right to access the
spectrum as other users and this spectrum is not licensed to any party
(ie, spectrum access in the ISM bands).

13.1.3 CHALLENGES IN COGNITIVE RADIO NETWORKS
The CRNs should have additional capabilities compared to legacy wireless networks
to access the unlicensed spectrum without causing harmful interference to the
PUs. Specially, to accomplish the basic requirements of CRNs, the CRs should be
equipped with additional functionalities such as spectrum sensing, learning, spectrum
management, and opportunistic spectrum access.

13.1.3.1 Spectrum management in CRNs
Spectrum management challenges for CRNs include those related to spectrum
sensing and analysis, spectrum sharing, and spectrum mobility functionalities. The
spectrum sensing and analysis method needs to answer questions like: where to
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sense, what to sense, how to sense, how long to sense, and what are the allowable
interference limits. The spectrum sharing method needs to answer questions such as
how to access and how to allocate the PUs’ idle channels. The questions related to
the spectrum mobility functionality include the following: how to shift the cognitive
communication to another channel in case PUs reappear in that channel and how to
change configuration parameters for smooth operation. We will discuss these issues
in more detail in Section 13.2.

13.1.3.2 Resource allocation in CRNs
Resource allocation schemes for CRNs should be carefully designed due to the
dynamic nature of spectrum access. The resource allocation method is responsible
for avoiding harmful interference at the PUs while optimally utilizing the available
resources (ie, power and spectrum). Spectrum allocation and interference mitigation
in CRNs is challenging due to the imperfect radio environmental information at
the CRs, ie, information about the channel gains between cognitive transmitters
(cognitive receiver) and PRs (primary transmitter), and PUs’ transmit power. Also,
the resource allocation schemes need to consider the effect of PU activities in
different spectrum bands or channels.

13.1.3.3 Interference characterization and management in CRNs
There are two types of interference: interference caused at the PRs by cognitive
transmission and interference caused at the cognitive receivers by the primary
transmission. Due to the lack of information about the current channel state and
the modulation of the primary signals, the CRs may not be able to accurately
calculate the interference to or from the PRs. Furthermore, the primary network
may not provide the primary signal information to the CRs. The CRs may obtain
the channel state information (CSI) through the radio environment map (REM)
and calculate interference at the PRs based on this information [15,16]. Also, the
aggregate interference, caused by the adjacent primary transmitters, can be estimated
based on the power spectral density of the PU signals when the waveform of the PU
signals is unknown [17].

One strategy that protects the PUs from interference due to cognitive transmis-
sions is interference management. Interference management handles the trade-offs
between spectral efficiency and interference mitigation. Certainly, the interference at
the PUs can be eliminated by allowing cognitive transmissions only into the PUs’ idle
channels. However, this is not the most efficient way to optimize spectrum utilization
in CRNs. Allocating transmit power to CRs to access the PU-occupied spectrum
bands in the presence of imperfect CSI in order to maximize cognitive capacity, while
minimizing interference at PUs, is a challenging task [18–20].

13.1.3.4 Cross-layer design of communication methods in CRNs
Conventional wireless devices often use a layered architecture and interaction
between the layers is limited. This may not be flexible enough for OSA nor an
optimal use of available resources. CRs may need to operate with sufficient flexibility
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to directly access the information in different layers and need to adapt the control
parameters in different layers [21–25]. However, developing a protocol stack which
allows accessing information at the different layers through well-defined interfaces
could be very challenging.

13.1.3.5 Security threats in CRNs
CRNs are susceptible to traditional wireless network-specific attacks [26,27] such as
radio frequency (RF) jamming (data and CC) [28,29], medium access control (MAC)
address snooping [29], spurious MAC (eg, RTS, CTS, ACK) frame transmission [29],
eavesdropping [30], and cheating on contention (violating back-off rules) [31]. In
addition to these traditional attacks, due to the nature of spectrum access by the CRs,
CRNs are also vulnerable to unique security attacks. The main CRN-specific attacks
are listed as follows:

• Primary user emulation attacks (PUEA) [32–34]: At the appearance of PUs, the
CRs vacate the spectrum bands they are occupying. Malicious users can
mimic/imitate primary transmissions by forcing the CRs to vacate particular
spectrum bands. This malicious behavior is known as PUEA.

• Spectrum sensing data falsification (SSDF) [35–37]: Unlike CRNs which rely on
precomputed data, sensing-based CRNs continually update their information.
These sensing-based networks are vulnerable to false information sent by
malicious CRs. This type of attack is known as a SSDF.

• Beacon falsification (BF) [38,39]: In a centralized/infrastructure-based CRN, a
central controller transmits beaconing signals for data integrity, synchronization,
and authentication. A malicious user can transmit false or similar beaconing
signals to interrupt the operation of the CRN.

• Cross-layer attacks [40–42]: When there is a cross-layer optimized
communication protocol stack in a CRN, the network is more vulnerable to
cross-layer attacks. An example of a cross-layer attack is the lion attack [42].

Different types of security threats that can make the CRNs vulnerable are shown
in Fig. 13.4.

13.1.3.6 Routing in multihop CRNs
The routing protocols used in traditional multihop wireless communications systems
cannot be utilized in multihop CRNs due to the volatility and heterogeneity of the
available spectrum for CRs. The spectrum bands that can be utilized for cognitive
communication may vary from CR to CR. Finding a common channel in multihop
CRNs therefore could be very challenging. Developing new routing protocols for
multihop CRNs, which achieve high network throughput, low latency, and low packet
loss, is a significant research problem. Packet routing depends on spectrum allocation
in CRNs. Therefore, an efficient routing algorithm should adopt a spectrum-aware
on-demand routing approach [9,43].
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Different types of security threats in CRNs.

13.1.4 REGULATORY ASPECTS AND STANDARDIZATION
Significant efforts have been made toward the standardization of CNRs for different
applications and regulation of CR-specific activities. IEEE 802.18 is a standards body
which is responsible for monitoring standardization activities in different projects
such as IEEE 802.11, IEEE 802.15, and IEEE 802.16. Other technical groups within
the IEEE 802 Standards Committee working on CR include 802.19 and 802.22. Some
of the application specific standards are listed in Table 13.1 [44].

Table 13.1 Application-Specific Standards

Application
Scenario Standards Use Case

Wireless regional area
networks (WRANs)
using TV white space

IEEE 802.22 The fallow TV spectrum is used by
centralized CRNs [38,39,45], eg,
WRANs

Local area
applications within
buildings

European Computer
Manufacture
Association
(ECMA)-392

Personal and portable devices
exploiting TV white space [46]

Wi-Fi using spectrum
holes in TV bands

IEEE 802.11af IEEE 802.11 protocol stack is modified
(ie, PHY and MAC layers) to meet the
channel access and coexistence with
other CRNs using the spectrum holes
in TV bands [47]

Medical body area
networks (MBANs)

IEEE 802.15.4j Access 2.36–2.4 GHz band
opportunistically for MBANs [48,49]

Public safety
(FirstNEt)

3GPP (LTE) Provide spectrum with priority to public
safety network in addition to the
licensed bands [50,51]

Smart grid Weightless Automatic metering in TV white
space [52]
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• IEEE 802.22 WRANs: The IEEE 802.22 [45] is the first world-wide effort to
define a standard air interface for centralized/infrastructure-based CRNs. It
incorporates advanced CR capabilities including spectrum sensing, DSA,
accurate geolocation techniques through GPS, incumbent database access,
regulatory policies, and spectrum etiquette to utilize the fallow TV bands. The
IEEE 802.22 standard specifies a silent period in which all the SUs in the
network perform spectrum sensing and send the sensed information to the CBS.
Then, the CBS fuses the sensed data with the occupancy data retrieved from the
database to make a final decision about the channel availability for the CRs. Due
to its simplicity and low computational overhead, IEEE 802.22 uses “energy
detection” for spectrum sensing. The main objective of this standard is to support
provisioning of broadband services to hard-to-reach and low-populated areas
such as rural areas.

• IEEE 802.11af Wi-Fi: The IEEE 802.11af is a technical standard which was
approved in February 2014 [53] and is currently being developed with the goal
of providing high speed Wi-Fi connectivity in the fallow TV bands between 54
and 790 MHz. This standard is also referred to as “White-Fi” and “Super Wi-Fi.”
The IEEE 802.11af standard will incorporate cognitive capabilities with legal
requirements in spectrum management, PHY and MAC layer modifications,
regulatory policies, and etiquette, which need to be considered when coexisting
with the incumbent users. The 802.11af-based Wi-Fi potentially has higher
coverage compared to all other 802.11 versions. The 802.11af standard may
include the carrier aggregation techniques to improve system throughput [44].

• IEEE 802.15.4j MBANs: MBANs are mostly deployed in the ISM bands which
are more likely to be busy when the network becomes crowded. This may lead to
significant problems in deploying large-scale MBANs. Therefore, the FCC in the
United States has allocated aeronautical mobile telemetry bands (2360–2400
MHz) for a cognitive-based MBANs. The IEEE 802.15 Task Group 4j is
developing standards for 802.15.4j by modifying the IEEE 802.15.4 standard
PHY and MAC layer requirements to support these cognitive MBANs [49].

13.2 SPECTRUM MANAGEMENT FRAMEWORK
The number of accessible channels available in traditional wireless networks is
fixed whereas the number of channels available for cognitive transmission varies
with time and space. The number of channels available for cognitive transmission
changes with the appearance of a PU. This volatility of available spectrum imposes
unique challenges for CR spectrum management system. These challenges include
interference avoidance to PUs, quality-of-service (QoS) awareness, and seamless
cognitive communication for CRs regardless of the primary appearance. In order to
address these challenges, the CRNs should determine which portions of the spectrum
bands are available for cognitive transmission, select the best channel to achieve the
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required QoS, coordinate access to mitigate interference and collision, and vacate the
channel at the reappearance of PUs. These capabilities are achieved by CRNs through
four different spectrum management functionalities: spectrum sensing, spectrum
decision, spectrum sharing, and spectrum mobility [8]. The relationships among
the spectrum management functionalities are illustrated in Fig. 13.6. The spectrum-
management functionalities involve all the layers in the protocol stack as illustrated
in Fig. 13.5.

13.2.1 SPECTRUM SENSING
Spectrum sensing is a process (which is implemented in CRs) to obtain radio or
spectrum information at a given time and a given location. The radio information
obtained through spectrum sensing focuses on the following: obtaining PUs’ idle
channels, calculating interference experienced by PUs, learning the PU traffic
condition to enhance CRN operation, and estimating channel gains between CRs. The
CRN makes spectrum access and sharing decisions based on the sensed information.
The spectrum sensing mechanism should provide answers to the following questions
[8,44,54]:

Spectrum sensing

Spectrum sharingSpectrum
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Spectrum
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Application layer

Transport layer

Network layer

Data link layer

Physical layer

Application control
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Spectrum handoff delay,
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reconfiguration

Data link delay

Sensing information Sensing information
reconfiguration

Spectrum allocation/
access/ decision and

reconfiguration

Spectrum handoff decision and spectrum occupancy decision

FIG. 13.5

The protocol stack and the spectrum management framework in CRNs.
Courtesy: I.F. Akyildiz, W.-Y. Lee, M.C. Vuran, S. Mohanty, A survey on spectrum management in cognitive

radio networks, IEEE Commun. Mag. 46 (4) (2008) 40–48.
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Spectrum management framework in CRNs.
Courtesy: I.F. Akyildiz, W.-Y. Lee, M.C. Vuran, S. Mohanty, A survey on spectrum management in cognitive

radio networks, IEEE Commun. Mag. 46 (4) (2008) 40–48.

• When to sense: To discover and keep track of the available spectrum
opportunities, the CRs should execute spectrum sensing within the allocated
sensing time. Based on the spectrum sensing time in the cognitive transmission
frame, spectrum sensing can be either proactive or reactive [55]. Proactive
sensing is performed periodically while reactive sensing is performed on
demand. CRNs can implement both proactive and reactive spectrum sensing to
improve the reliability of spectrum sensing. For example, the CRN can use
proactive sensing to identify spectrum opportunities, and reactive spectrum
sensing to improve the reliability of its sensing. With the intention of improving
sensing reliability, the IEEE 802.22 standard has defined two types of spectrum
sensing periods in the IEEE 802.22 frame as fast and fine sensing periods.

• What and how to detect: CRNs should decide what will be sensed by CRs for
exploring and exploiting the PUs’ idle channels. CRs are equipped with two
types of detection techniques: blind detection and feature detection. In blind
detection, the CRs blindly detect PU idle channel using energy detection or
autocorrelation detection without any prior knowledge of the PUs signal [56].
On the other hand, the feature detection technique utilizes a priori knowledge of
primary waveforms for PU idle channel detection [56,57]. To improve detection
probabilities, CRNs utilize cooperative spectrum sensing techniques [58–61].
These detection techniques will be discussed in more detail in Section 13.3.

• Where to sense: The answer to this question depends on the capabilities of CR
hardware and their operational mode. The number of spectrum bands which can
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be sensed simultaneously within a single sensing period varies based on the
operational mode. The CRs that operate in the wideband mode can perform
simultaneous spectrum sensing in different bands at the expense of increased
hardware cost whereas those which operate in the narrowband mode perform
sequential sensing at a significantly low cost compared to wideband CRs [62].

• How to sense: This depends on spectrum sensing policies such as the number of
spectrum bands sensed at a given time, the spectrum band sensing order, or
whether CRs adopt learning-based or nonlearning-based spectrum sensing
techniques. In narrow band multichannel CRNs, CRs have to decide the order
and set of channels sensed in a given time slot. To improve the quality of the set
of channel and sensing order selection, CRs can utilize learning techniques
based on passed sensing information [63–65].

• How long to sense: The overall duration of spectrum sensing depends on the
spectrum sensing technique used. Blind detection techniques such as energy
detection require a shorter sensing period whereas a longer sensing duration is
generally required for feature detection [56,57]. Feature detection-based
spectrum sensing is particularly suitable for extremely low SNR environments,
and it can be used when some information about the transmitted signals is
known a priori. One example is cyclostationary detection, which exploits the
periodicity in the modulated signals.

If CRNs use cooperative spectrum sensing, the sensing duration does not need
to be as long as individual sensing. In narrowband sequential spectrum sensing, a
CR can stop sensing as soon as it finds a PU idle channel [66] or it has sensed a
predefined number of idle channels within a predefined duration [67]. Another
approach is to stop sensing as soon as the sensing level exceeds the threshold
before a given time [68]. The time expended for sensing directly affects the CRN
performance as it constitutes part of the time that would otherwise have been
used for data transmission.

13.2.2 SPECTRUM DECISION
The spectrum decision is required to select the best PU idle channel(s) to satisfy
the QoS requirements of CRs without causing harmful interference to PUs. For
this, the decision process first characterizes each PU idle spectrum band based on
the spectrum sensing information and statistical information of PU activity [69].
Then, the most suitable bands are selected based on spectrum characterization. Once
the most appropriate bands for cognitive transmission are identified, the transceiver
parameters at the CR are configured to support cognitive transmission on the selected
bands. The spectrum decision flow is illustrated in Fig. 13.7 and the main questions
to be answered in performing these functionalities are as follows [70]: How are
available spectrum bands characterized? How are the best PU idle bands selected
to satisfy CRs’ QoS? What is the best technique to configure cognitive transceivers
for the bands selected?
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Spectrum decision flow.

• How to characterize the available spectrum bands: RF characterization of
spectrum bands is achieved by estimating the following key elements:
– Channel identification: Channel identification identifies traffic pattern

(ie, deterministic or stochastic traffic) in the primary networks. The
deterministic traffic exhibits a fixed or periodic ON and OFF period whereas
the stochastic traffic exhibits a large variation in time and spectrum, which is
modeled by applying probabilistic approaches [71].

– Channel switching delay: CRs have to switch their operating spectrum bands
once PUs become active in those bands or when there is a performance
degradation in the presence of interference. At this point, all the switching
CRs suspend their transmissions temporarily until a new spectrum
opportunity is found. The delay due to this temporary suspension and
transceiver reconfiguration is known as a channel switching delay [45,72,73].

– Interference estimation: If not controlled properly, the coexistence of CRs
with primary networks may create harmful interference to the PUs.
Therefore, accurate interference estimation, analysis, and modeling is very
important [74–76].

– Channel capacity: Channel capacity is important in the RF characterization
process because it helps to make spectrum decisions based on the CR’s QoS
requirement.

– Channel holding time: This is the expected time duration that a particular CR
can function until a PU interrupts its transmission. This is a regulatory aspect
and can vary depending on the cognitive application [77,78].

– Channel error rate: The bit-error rate can be estimated during RF
characterization. Based on this, the frequency band and modulation scheme
for cognitive transmission can be adapted [79,80].

– User locations: User location information can be used to predict RF
environment and spectrum holes. This information can be obtained by using
in-built GPS systems or REMs.
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Even though the PUs’ idle channels are identified for transmissions by CRs,
there is no guarantee that these channels will be available for the entire period of
cognitive transmission. Therefore, it is important to predict the PU activities on
the considered channels. The PU activities on different bands can be predicted
by analyzing the historical spectrum usage data. PU activities can be modeled
based on Poisson process models [69,81], spectrum availability statistics [71],
and spectrum measured data [82]. In the Poisson process model, the PU traffic is
modeled as a two state-date birth-death process assuming that traffic arrivals at
the PUs follow independent Poisson processes. However, the Poisson
process-based PU activity approximation techniques fail to capture the effect of
bursty traffic, correlation within data, and short-term temporal fluctuation in
data. The statistical PU activity modeling approach stores the spectrum band
occupancy states in a binary database (ie, if a channel is free, then the state is set
to 0, otherwise it is set to 1). Once the spectrum states are stored in the binary
database, a classification algorithm runs for identifying PU activity for the given
time.

Based on the PU activity information, not only can the CRs decide which
spectrum bands are most suitable for their data transmissions, they can also give
high priority to the bands, which have less PU activity, for spectrum sensing [70].

• How to select best PU idle band to satisfy the QoS of CRs: With the
characterization of spectrum bands, the CRs know the list of available spectrum
holes or the PUs’ idle channels. The major task is to select the best PU idle
channels in such a way that satisfies the CRs’ QoS requirements while mitigating
harmful interference at the PUs. This spectrum band selection approach mainly
depends on the CRN architecture. Centralized CRNs use policy-based [83] and
noncooperative game-based [84] approaches for spectrum selection. In
distributed and multihop CRNs, spectrum selection is largely affected by the
heterogeneity in spectrum availability in different hops [85].

• What is the best technique to configure cognitive transceivers for the selected
bands: A CR should have high flexibility in configuring its transceiver
parameters such as bandwidth, carrier frequency, modulation and coding
scheme, and transmit power by considering its utility function and QoS
constraints [86,87]. A CR may also change its radio access technology in order
to improve its QoS performance [83].

13.2.3 SPECTRUM SHARING
The spectrum sharing functionality in CRNs is implemented in cognitive MAC
protocols. In the context of spectrum sharing, the following aspects are important:
CRNs architecture, spectrum allocation, and the spectrum access mechanism.

• Centralized and distributed spectrum sharing: In centralized spectrum sharing,
spectrum allocation and access are controlled by a central controller [87–89],
whereas in distributed CNRs the spectrum allocation and spectrum access are
performed by each CR [88,90]. In the former case, the control information is
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exchanged with the help of a dedicated CCC or a dynamic common control
channel (DCCC) [91]. The centralized spectrum sharing generally provides a
higher performance over distributed sharing; however, it is at the cost of a higher
information exchange and complexity.

• How to allocate the spectrum: Spectrum allocation in CRNs can be classified
into two categories: cooperative [92] and noncooperative [93] spectrum
allocation. Cooperative spectrum sharing can achieve a higher performance
compared to noncooperation spectrum sharing by exploiting cooperation among
all the active CRs and/or cooperating with primary networks. Game
theory-based approaches such as bargaining [94] and coalitional games [95]
have been used for allocating the spectrum among CRs. In noncooperative
spectrum sharing, CRs do not collaborate with each other and try to maximize
their performances as much as possible in a selfish manner. Cooperative
spectrum sharing can offer a higher spectral efficiency, certain level of fairness,
and improved throughput compared to noncooperative spectrum sharing.
Cooperative sharing achieves these gains at the cost of higher information
exchange and complexity. On the contrary, with noncooperative spectrum
sharing, CRs consume a relatively lower amount of energy compared to
cooperative spectrum sharing due to lower signaling overhead and complexity.

• How to perform multiple access: In the case of centralized spectrum sharing,
once the frequency bands (channels) are allocated to CRs, they should be
informed of the allocation. Then spectrum access can be performed using
technologies such as code-division multiple access (CDMA), orthogonal
frequency division multiple access (OFDMA), time-division multiple access
(TDMA), frequency-division multiple access (FDMA), or space-division
multiple access (SDMA). The OFDMA access technology is particularly
attractive for CRNs due to the capability of altering waveform and channel
bandwidth. SDMA is a promising access technology for network
MIMO-enabled CRs since the same frequency band can be utilized for multiple
users simultaneously [96].

13.2.4 SPECTRUM MOBILITY
The objective of spectrum mobility functionality in a CRN is to maintain an ongoing
cognitive transmission by seamlessly switching between PUs’ idle channels at the
appearance of PUs or low channel quality [97]. For spectrum mobility, the following
two processes need to be performed (Fig. 13.8): spectrum handoff and connection
management. The spectrum handoff process is responsible for switching an ongoing
transmission from one channel to another PU idle channel whereas the connection
management process is responsible for adapting or reconfiguring the connection
parameters. To reduce the latency in spectrum mobility, the CR protocol stack should
provide flexible access to different layers. With regard to spectrum handoff due
to channel quality degradation, CRs can adopt standard approaches in traditional
wireless networks.
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Spectrum mobility in CRNs.

13.3 SPECTRUM SENSING TECHNIQUES
There are two basic approaches for identifying spectrum opportunities in licensed
bands: database-centric approach and spectrum sensing approach. In the former
approach, information about spectrum opportunities are exchanged through a central
database. On the other hand, the spectrum-sensing based approach requires the CRs
to explore the spectrum holes (ie, PUs’ idle channels) so that they are able to exploit
those spectrum opportunities. Spectrum sensing-based CRNs are more compatible
and can coexist with the legacy wireless communications systems. In this type
of CRN, either an individual or cooperative spectrum sensing-based scheme can
be used.

13.3.1 INDIVIDUAL SPECTRUM SENSING-BASED SPECTRUM
OPPORTUNITY DETECTION
Either the blind detection [98] or feature detection [98,99] technique can be used for
spectrum hole detection. Blind detection techniques characterize the available spec-
trum holes without having any prior knowledge of primary transmission. They are
unable to differentiate a PU-transmitted signal from the coexisting CR-transmitted
signal. Energy detection, autocorrelation detection, and higher-order-static detection
are some of the well-known blind detection techniques studied for CRNs. Feature
detection techniques utilize a priori knowledge of the primary transmission to detect
spectrum holes and are able to differentiate PU signals from CR signals. Matched
filter and cyclostationary detection are examples of feature detection techniques.

13.3.1.1 Energy detection
The energy detection technique does not require any a priori knowledge about the
primary transmission and it detects spectrum holes based on the sensed energy at the
receiver [61,100]. To perform energy detection, a CR needs to estimate the energy
level in a spectrum band (or channel) for a certain time duration τs. If we denote
the bandwidth by w, the energy detector takes wτs baseband complex signal samples
during τs. Let Zn(i) denote the ith signal sample taken by SU n, 1 ≤ n ≤ N, where
N is the number of CRs in the CRN. The signal samples consist of the summation of
the signals from all PUs in the active state and the thermal noise, that is,

Zn(i) =
M∑

m=1

hm,nXm(i) + Nn(i), (13.1)
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where hm,n denotes the channel gain from mth PU to nth CR, Xm(i) is the signal
transmitted by mth PU, Nn(i) is the thermal noise at nth CR, and M is the number
of PUs in the network. The energy detector of CR n estimates the energy level
normalized by the noise spectral density, which is denoted by Yn, from the signal
samples as

Yn = 2

η

wτs∑
i=1

|Zn(i)|2, (13.2)

where η = E[|Nn(i)|2] is the noise spectral density. The output of the nth CR’s energy
detector, Yn, is compared with the energy threshold Γth and the spectrum availability
decision is made as follows:

An =
{

1, if Yn ≥ Γth

−1, otherwise.
(13.3)

If An = 1 (ie, at least one PU is active), the channel is considered unavailable for
the CR network to access. The channel is available only when there is no PU in the
active state (ie, An = −1).

13.3.1.2 Cyclostationary feature detector
A cyclostationary feature detector exploits the inherent periodicity of a PU’s modu-
lated signals for detecting spectrum holes. Specifically, a process is said to be wide-
sense stationary if its mean and autocorrelation function are time-independent and
it becomes cyclic stationary if it shows wide-sense stationary behavior periodically.
This is the feature that a cyclostationary feature detector exploits in the process of
PU idle channel detection. The periodicity property of a PU’s modulated signal and
the wide-sense stationary property of uncorrelated noise makes it possible for the
decoder to easily differentiate noise from the PU’s signal. Therefore, the detector
calculates the cyclic spectral density or cyclic periodogram of a received signal as
follows [99]:

S(f , α) =
∞∑

τ=−∞
Rα

Z(τ )e−j2π f τ , (13.4)

where α is the cyclic frequency or frequency separation and Rα
Z(τ ) is the cyclic

autocorrelation function of the received signal. The Rα
Z(τ ) can be expressed as

Rα
Z(τ ) = E[Z(t + τ)Z∗(t − τ)ej2π f τ ]. (13.5)

The cyclic spectral density function of the received signal given (13.4) yields peaks
when the cyclic frequency is equal to the fundamental frequency when PUs transmit
on that channel. Hence, the PUs availability (ie, CRs cannot transmit) on a given
channel can be detected by identifying peaks at fundamental frequency.
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13.3.2 COOPERATIVE SPECTRUM SENSING (CSS)-BASED
SPECTRUM OPPORTUNITY DETECTION
The individual or noncooperative spectrum sensing-based detection is highly vul-
nerable to uncertainties, fading, shadowing, and the hidden terminal problem. It is
possible for CRs to cooperate in order to achieve a higher sensing reliability than an
individual CR does by yielding a better solution to the hidden PU problem that arises
because of shadowing and multipath fading [98]. The hidden PU problem in CRNs
due to shadowing is illustrated in Fig. 13.9. Based on the behavior of cooperation,
the cooperative spectrum sensing (CSS) scheme is classified as centralized and
distributed CSS. Irrespective of cooperation behavior, the CSS techniques show
better PUs/spectrum hole detection accuracy by exploiting the diversity gain provided
by different CRs. However, the benefits obtained by CSS appear at the cost of
increasing signaling/traffic overhead, increased complexity, and increased power
consumption due to heavy communication [100]. The required information in CSS is
exchanged through the CCC which lies either in a licensed band or unlicensed band
such as the ISM bands. The level of signaling/traffic overhead in CCC varies based
on the type of the information exchange, eg, some CSS algorithms require a one-bit
decision from cooperating CRs whereas other CSS algorithms require multiple bits
of sensing information from the cooperating CRs. On the other hand, inappropriate
clustering of CRs for cooperation may not give the expected performance gain in
CSS. For example, the sensing information obtained from the CRs deployed in a
small area may be highly correlated since the CRs may be located within the same
shadowing and primary transmission area.

- Primary user (licensed user) - Cognitive/secondary user

- Primary transmission - Cognitive/secondary transmission

- Interference link

Building
CBS

PBS

FIG. 13.9

Hidden PU problem due to shadowing.
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In centralized CSS, the cooperating CRs sense the target unlicensed spectrum
bands and report the sensed information (ie, sensed raw data or individual decision
about their own detection) to the central data fusion center. The data fusion center
fuses the received spectrum sensing results and estimates the status (ie, idle or active)
of PU-available and idle spectrum bands. In distributed CSS, the CRs exchange their
sensing information among each other through CCC and makes its own sensing
decision by fusing the received sensing information.

13.3.3 FUSION TECHNIQUES FOR CSS
The commonly used fusion techniques for CSS can be classified as hard fusion,
soft fusion, softened fusion, and learning-based fusion techniques. In the case of
hard fusion, the CRs report only one-bit information to the fusion center, which
indicate whether the sensed spectrum band is idle or not. The AND-rule, the OR-
rule, the M-out-of-N rule, and linear quadratic combining rules are commonly used
for hard fusion-based cooperative spectrum sensing [101,102]. In the soft fusion
algorithms, the exact sensing results are reported to the fusion center which then
combines the individual sensing results using equal gain combining or maximal
ratio combining technique that yields the PU detection decision [103,104]. In
learning-based fusion, the fusion center adopts machine learning techniques for
fusing the sensing information. Generally, the learning-based fusion outperforms the
aforementioned fusion techniques due to its higher predictive power and adaptability
to the environmental changes on-the-fly [60,105].

Learning-based CSS can be classified into two categories: supervised and unsu-
pervised learning. Some of the learning-based fusion techniques used in literature
are K-nearest neighbor (KNN) and support vector machine (SVM) fusion whereas
K-means clustering and Gaussian mixture model (GMM) are examples of unsuper-
vised learning-based fusion. In learning-based fusion, prior to the online PU idle
channel detection, the classifier has to go through a training phase where it learns
from the CSS-based training results. For the supervised learning techniques, the
training results should be fed to the classifier with its label (ie, a(l) = 1, if lth training
sample for the PU active case, otherwise a(l) = −1), whereas unsupervised learning
does not need labels for its training samples. The main advantages of learning-based
fusion over the traditional soft, hard, and softened fusion are as follows:

1. Learning-based fusion techniques implicitly learn the radio environmental
parameters (eg, PU and CR network topology and channel gain) in an online
fashion. Therefore, learning-based techniques are more adaptive to
environmental changes than the traditional fusing techniques.

2. Learning techniques can obtain more optimized decision regions for spectrum
sensing decision and thus offer better detection performance. The scatter plots of
energy vectors in Fig. 13.10 [60] show that learning techniques-based fusion can
obtain the decision boundaries even when the transmit powers of primary
transmitters are low.
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FIG. 13.10

Example scatter plots of energy vectors for the network scenario in (C) [60]. The decision
surfaces in (A) and (B) are plotted using GMM-based fusion technique. (A) Scatter plot of
energy vectors for network scenario in (C) when the transmit power of each primary
transmitter is 200 mW. (B) Scatter plot of energy vectors for network scenario in (C) when
the transmit power of each primary transmitter is 80 mW. (C) Simulation set up.
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13.3.3.1 K-means clustering for CSS
K-means clustering is an unsupervised learning technique which is used in CSS-
based CRNs for fusion of sensing data. The cooperating CRs report normalized
received energy level, which is given by Eq. (13.2), to the fusion center. In the case
of K-means clustering, only the training energy vectors (ie, y = {y(1), . . . , y(L)}) are
fed into the classifier for training, where L is the number of training samples used
for training and the dimensionality of a given sample is N. The dimensionality of a
training sample becomes N since one training sample is a collection of N number of
cooperating CRs sensing reports [60].

The unsupervised K-means clustering algorithm partitions a set of the training
energy vectors (ie, y = {y(1), . . . , y(L)}) into K disjoint clusters. Let Ck denote the
set of the training energy vectors that belong to cluster k and αk is the centroid of
the cluster k. Compared to the ordinary K-means clustering algorithm, the centroid
of cluster 1 is fixed to the mean of Y, Y = (Y1, . . . , YN)T, conditioned on S = 0,1

that is, α1 = μY|S=0, where μY denotes the mean of Y. Among all the clusters, only
one cluster corresponding to the case that no PU is in the active state (ie, S = 0 for
the zero vector 0) can be mapped to the channel-available class for CRs, while all
the other clusters are mapped to the channel-unavailable class for CRs. Hence, the
cluster corresponding to the case that S = 0 is denoted as cluster 1. The CR network
is aware of the parameters for the multivariate Gaussian distribution if and only if
S = 0. Therefore, cluster 1 can easily be identified by the mean vector μY|S=0 and
the covariance matrix �Y|S=0 while the other clusters should be blindly identified by
unsupervised learning. For all other clusters, the centroid is defined as the mean of
all training energy vectors in Ck and can be calculated as follows:

αk = |Ck|−1
∑

y(l)∈Ck

y(l), ∀k = 2, . . . , K, (13.6)

where |X | denotes the number of elements in the set X . The K-means clustering
algorithm aims to find out K clusters, C1, . . . , CK , which minimize the within-cluster
sum of squares as follows:

argmin
C1,...,CK

K∑
k=1

∑
y(l)∈Ck

∥∥∥y(l) − αk

∥∥∥2
. (13.7)

In K-means classification, the process of calculating cluster centroids is known
as K-means classifier training and the cluster centroids for training samples are
calculated by using Eq. (13.6).

1Let Sm denote the state of PU m. Then, Sm = 1 if PU m is in the active state (ie, PU m transmits a
signal); and Sm = 0 otherwise. Let S = (S1, . . . , SM)T be the vector of the states of all PUs, where the
superscript T denotes the transpose operation.
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After the training is over, the classifier receives the test energy vector y∗ for
classification. The classifier determines if the test energy vector belongs to cluster
1 or the other classes, based on the distance from the test energy vector to the
centroids. The classifier classifies y∗ as the channel-unavailable class (ie, â = −1) if
the following condition is met [60]:

‖y∗ − α∗
1‖

mink=1,...,K ‖y∗ − α∗
k‖ ≥ β. (13.8)

Otherwise, y∗ is classified as the channel-available class (ie, â = 1). The parameter β

is the threshold to control the tradeoff between the misdetection and the false alarm
probabilities. If β becomes high, y∗ is more likely to be classified as the channel-
available class, which in turn increases the misdetection probability while decreasing
the false alarm probability.

13.3.3.2 Support vector machine for CSS
The SVM-based CSS is a supervised learning technique which is used in CRNs to
classify PUs’ idle spectrum bands from PUs’ active spectrum bands. The main dif-
ference between supervised learning and unsupervised learning is that each training
energy vector y(l) is labeled with the corresponding PU’s spectrum availability a(l).
Therefore, to implement SVM-based CSS, the primary network should occasionally
inform the PUs’ active and idle spectrum bands to the CRN with some training
energy vectors for the purpose of training. However, supervised learning-based SVM
techniques perform better than unsupervised learning-based CSS techniques due to
the additional information utilized in the SVM classifier training process [60].

The SVM tries to find a linearly separable hyperplane, with the help of support
vectors (ie, energy vectors that lie closest to the decision surface), by maximizing the
margin of the classifier while minimizing the sum of errors. Let’s assume the training
energy vectors (ie, y = {y(1), . . . , y(L)}) and the spectrum availability corresponding
to each training energy vector (ie, a = {a(1), . . . , a(L)}) are fed into the SVM
classifier for training. However, the training energy vectors may not be linearly
separable. Therefore, the SVM classifier maps the training energy vectors into a
higher dimensional feature space by a nonlinear mapping function, denoted by φ, to
make the training samples linearly separable [106,107]. Hence, the classifier should
satisfy the following condition for all l = 1, . . . , L:

w · φ(y(l)) + w0 ≥ 1, if a(l) = 1,

w · φ(y(l)) + w0 ≤ −1, if a(l) = −1,
(13.9)

where w is the weighting vector and w0 is the bias. The bias is used for shifting the
hyperplane away from the origin.

Although the training energy vectors are mapped into a higher dimensional
feature space, practically they cannot achieve a perfect linearly separable hyperplane
that satisfies the condition in Eq. (13.9) for each y(l). Therefore, the condition in
Eq. (13.9) should be modified in such a way that addresses the possible errors in
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classification. Hence, the condition in Eq. (13.9) is modified by introducing a slack
variable δ(l) for possible classification errors as follows:

a(l)[w · φ(y(l)) + w0] ≥ 1 − δ(l), (13.10)

where δ(l) ≥ 0 for l = 1, . . . , L. For marginal classification errors, the slack variable
lies in 0 ≤ δ(l) ≤ 1, whereas δ(l) > 1 for misclassification. Hence, the optimization
problem for maximizing the margin classifier while minimizing the sum of errors can
be written as follows [60]:

minimize
1

2
‖w‖2 + ξ

L∑
l=1

I{δ(l)>1} (13.11)

s.t. a(l)[w · φ(y(l)) + w0] ≥ 1 − δ(l), for l = 1, . . . , L, (13.12)

δ(l) ≥ 0, for l = 1, . . . , L, (13.13)

where ‖w‖2 = w · w, ξ is a soft margin constant [106], and I{X} is the indicator
function which is one if X is true and is zero, otherwise.

The optimization problem defined in Eqs. (13.11)–(13.13) is nonconvex due
to I{δ(l)>1} in the objective function. Since δ(l) > 1 for misclassification,

∑L
l=1 δ(l)

gives a bound on the number of the misclassified training energy vectors. Therefore,∑L
l=1 δ(l) can be used to measure the number of the training energy vectors which

are misclassified by the decision surface w · φ(y(l)) + w0 = 0, as well as the
number of the training energy vectors that are correctly classified but lie in the slab
−1 < w · φ(y(l)) + w0 < 1. Hence, the optimization problem can be rewritten as a
convex optimization problem as follows [60]:

minimize
1

2
‖w‖2 + ξ

L∑
l=1

δ(l) (13.14)

s.t. a(l)[w · φ(y(l)) + w0] ≥ 1 − δ(l), for l = 1, . . . , L, (13.15)

δ(l) ≥ 0, for l = 1, . . . , L. (13.16)

This optimization problem can be solved by using the Lagrangian technique. Hence,
the Lagrangian of Eqs. (13.14)–(13.16) can be written as

Λ(w, w0, δ; λ, γ ) = 1

2
‖w‖2 + ξ

L∑
l=1

δ(l) −
L∑

l=1

λ(l)
{

a(l)[w · φ(y(l)) + w0] − 1 + δ(l)
}

−
L∑

l=1

γ (l)δ(l), (13.17)
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where λ(l) and γ (l) are Lagrangian multipliers. By applying the Karush-Kuhn-Tucker
(KKT) conditions, we can obtain

w =
L∑

l=1

λ(l)a(l)φ(y(l)) (13.18)

L∑
l=1

λ(l)a(l) = 0 (13.19)

λ(l) = ξ − γ (l). (13.20)

It is noticeable that γ (l) ≥ 0 and 0 ≤ λ(l) ≤ ξ . The vector of λ(l)’s is known as a
support vector. Hence, we can obtain the dual problem in terms of the support vector
as follows:

maximize
L∑

l=1

λ(l) − 1

2

L∑
i=1

L∑
j=1

λ(i)λ(j)a(i)a(j){φ(y(i)) · φ(y(j))} (13.21)

s.t.
L∑

l=1

λ(l)a(l) = 0 (13.22)

0 ≤ λ(l) ≤ ξ , for l = 1, . . . , L. (13.23)

The KKT conditions uniquely characterize the solution of the primal problem
as Eqs. (13.18)–(13.20), and the dual problem has two active constraints
λ(l)
{
a(l)[w · φ(y(l)) + w0] − 1 + δ(l)

} = 0 and γ (l)δ(l) = (ξ − λ(l))δ(l) = 0. We can
solve the optimization problem in Eqs. (13.21)–(13.23) by using standard techniques
to solve a quadratic program. Let λ̃(l) denote the solution of Eqs. (13.21)–(13.23).

Finally, the nonlinear decision function can be obtained as

d(x) = sgn

⎛
⎝ L∑

l=1

λ̃(l)a(l)κ(x, y(l)) + w0

⎞
⎠ , (13.24)

where sgn is the sign function and κ(x, y) = φ(x) · φ(y) is the kernel function.
Some of the commonly used kernel functions are linear, polynomial, and Gaussian
radial basis functions [106]. After the classifier obtains the decision function, it can
categorize the test energy vector y∗ as

â = d(y∗). (13.25)

13.3.3.3 Comparison among different fusion techniques for CSS
The performance of different fusion techniques (ie, SVM with linear and polynomial
kernel [107], KNN with Euclidean and Cityblock distances [60], K-means clustering
[60], GMM [60], Fisher linear discriminant (Fisher) [105], OR and AND rule)
used for CSS is shown in Fig. 13.11. The performance of the fusion techniques
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FIG. 13.11

The ROC curves when the bandwidth w is 5 MHz, the sensing duration τ is 100 μs, and
the transmit power of each PU is 200 mW. The cooperating CRs are located in a 5-by-5 grid
in a 4000 m × 4000 m area.

Courtesy: K.M. Thilina, K.W. Choi, N. Saquib, E. Hossain, Machine learning techniques for cooperative

spectrum sensing in cognitive radio networks, IEEE J. Sel. Areas Commun. 31 (11) (2013) 2209–2221.

is characterized in terms of receiver operating characteristic (ROC) when there is
a single PU and there are 5 × 5 (ie, 25) CRs in the network. This figure clearly
reveals that the SVM with linear kernel outperforms (ie, achieves a higher detection
probability) all other classification techniques, and this performance gain is achieved
by mapping the feature space to a higher dimension with the help of the linear
kernel. Interestingly, the K-means unsupervised learning technique achieves a similar
performance as the SVM-linear technique. Due to the simplicity of implementation
(ie, it does not need training data with its label; therefore, it can learn the environment
on the fly), lower training and classification delay, and higher detection probability,
K-means clustering is a promising candidate for CSS.

13.3.4 DATABASE-CENTRIC APPROACH FOR SPECTRUM SENSING
With the database-centric mechanism, the CRNs acquire radio-environmental
or spectrum information from a central database. The CRs do not require the
spectrum-sensing capability since all the required environmental awareness
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information for cognitive operation are acquired through the central database.
Therefore, instead of spectrum-sensing capabilities, the CRs should have the
capability to access the database through CCCs. However, implementing an up-
to-date and highly reliable central database for all geological locations can be
very challenging. Therefore, researchers have proposed an information grid-based
approach to update the central database and calculate spectrum specific information
for other locations based on the information obtained through the grid points.
Also, researchers have proposed a combined approach for improving the sensing
performance by means of radio environmental maps (REM) [16,80,108]. The REM
makes it possible to combine the spectrum-sensing system with the database-centric
approach by providing different mechanisms and algorithms to collect, process,
store, and retrieve different field measurements.

13.4 RESOURCE ALLOCATION IN CRNs
In the literature, extensive research has been carried out on resource allocation
for conventional wireless networks. However, those approaches cannot be directly
applied to resource allocation in CNRs due to the added limitation such as mutual
interference among PUs and CRs and imperfect spectrum sensing. In this context,
inefficient utilization of the available spectrum and other wireless resources in CRNs
degrade not only the performance of CRNs but also the performance of primary
networks. Therefore, in order to optimize the performance of both networks, it is
very important to manage the mutual interference between CRs and avoid harmful
interference at PUs. Hence, an efficient resource allocation algorithm should jointly
consider the aforementioned aspects with spectrum management aspects [109–114].

13.4.1 ELEMENTS OF RESOURCE ALLOCATION PROBLEMS IN CRNs
The main elements which need to be optimized in CR resource allocation problems
are as follows:

• Power allocation: The power allocation schemes which have been developed for
traditional wireless networks cannot be utilized directly in CRNs since the
interference caused to the primary networks needs to be taken into account. The
power allocation algorithms should always maintain the level of interference at
the PRs under the acceptable interference limit.

• Channel allocation: The channel allocation algorithm in CRNs plays a
significant role in mitigating harmful interference at PUs. As an example, in the
spectrum underlay mode, the channel allocation scheme should allocate channels
to the CRs which receive minimum interference from the PUs. Unlike traditional
wireless channel allocation, the channel allocation algorithms in CRNs depend
on the PU activities in the considered channels.
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• User scheduling: The CR scheduling decision should be made by considering
the CRs’ channel conditions and their QoS requirements in such a way that it
does not affect the QoS requirements of the PUs. The QoS requirement for the
CRs could be a minimum rate requirement and a maximum packet error rate.
The other QoS metrics could be response time, delay, outage, and blocking
probability.

• Fairness: A CRN can achieve a higher system throughput or spectral efficiency
while not being fair to all the CRs. This is a tradeoff between efficiency in
resource allocation and fairness. The fairness can be achieved in terms of
bandwidth fairness (equal amount of spectrum to all CRs), power fairness (equal
portion of power from the total budget in downlink transmission), or rate fairness
(allocate resources in such a way that all the CRs can achieve same rate).

• Relay selection: In a CRN, implementation of OSA for cell-edge CRs could be
challenging since direct transmission from the CBS to the cell-edge CRs would
require a high transmit power and generate interference to the PUs. This would
lead to limited spectrum access for cell-edge users. Relay-assisted
communication can provide an effective solution to this problem since it helps to
reduce the transmit power required to service the cell-edge CRs. With an optimal
relay selection mechanism, the spectral efficiency and network throughput can
be enhanced while avoiding harmful interference at PUs.

13.4.2 RESOURCE ALLOCATION APPROACHES IN CRNs
The generic resource allocation problem for CRNs is shown in Table 13.2. The
applicability of the input parameters, the constraints, and objective functions in the
resource allocation optimization problem are based on the CRN architecture, com-
munication protocols, and transmission scenario (downlink/uplink transmission).

The input parameters and the constraints for resource allocation problem are
generally set by the network operators or regulatory authorities. As an example, the
number of CRs admitted to the CRN is set by the network operators, whereas the
interference thresholds at PUs are set by the regulatory authorities. The interference
threshold levels allowed for underlay and overlay operational modes are not the same.
The interference threshold for the underlay operation is less than that of overlay
operation due to the simultaneous spectrum access by the PUs and CRs in the
underlay operation. For resource allocation, CSI at the CRs is an important parameter.
Most of the resource allocation algorithms assume that perfect CSI information is
available at the CRs. However, in practical scenarios, this is not the case.

13.4.2.1 Optimization model with typical objectives and constraints
Let us consider a downlink transmission model in an OFDMA-based multiuser CRN
(Fig. 13.12). The number of SUs in the CRN is denoted by M. The considered CRN
coexists with a primary network which is denoted by P . We assume that the downlink
transmissions by the CBS in the CRN are synchronized with the uplink transmissions



494 CHAPTER 13 Cognitive radio networks and spectrum sharing

Table 13.2 General Resource Optimization Problem

Inputs/given (any combination) Number of CRs in CRN/cluster/cooperate
Number of channel or spectrum bands sensed
Number of PUs
Number of relays
Interference thresholds at PUs
CSI, geographic location of PUs and SUs
Protocol and the protocol-specific parameters
CRN-specific custom inputs

Find/decision variable (any
combination)

Transmit power (CRs/CBS/relays)

Allocation/assignment of spectrum bands (channels)
and bandwidth
User selection and scheduling
Assignment/selection of relays
CRN-specific custom decision variables

Constraints (any combination) CBS/CR/cognitive relay specific power constraint
Interference constraint at PUs
Channel/bandwidth assignment constraint
Relay selection/assignment constraint
Fairness constraint
Rate/delay constraint - QoS constraints
Receiver sensitivity constraint
CRN-specific topology constraint
Outage constraint
Revenue-specific constraint
CRN-specific custom constraint

Objectives (any combination) Minimize: Transmit power at CBS in downlink
Per-CR transmit power in uplink transmission
Generalized spectral footprints in CRNs
Outage probability of CRs, interference outage
at PUs
Bit-error rate in cognitive transmission
End-to-end transmission delay

Maximize: Sum rate in CRNs, weighted Sum rate in
CRNs

Energy efficiency in CRNs
Utility in CRNs

Max-min: Worst CRs capacity/SNR/utility
Max/Min: CRN specific custom objectives

M. Naeem, A. Anpalagan, M. Jaseemuddin, D.C. Lee, Resource allocation techniques in cooperative
cognitive radio networks, IEEE Commun. Surv. Tut. 16 (2) (2014) 729–744.
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FIG. 13.12

A CRN model.

in the primary network [15,115,116]. The PUs transmit in the uplink and the PBSs
are the PRs.

The total available spectrum band in the CRN is divided into K equal independent
subchannels each with bandwidth B. The channel realization from any transmitter
(PU transmitter/CBS) to any receiver (PBS/SUs) is quasi-static for one frame
duration and independent and identically distributed (i.i.d.) over different frames.
The location information of the PBSs in the primary network can be obtained from
the REM [15,115,116]. Furthermore, the waveform of the PU signal is unknown
at the cognitive user on a given subchannel; hence the interference at the cognitive
user is calculated by assuming power spectral density of that subchannel as given in
[115, Section II.B]. We assume that at the beginning of every frame, the CBS obtains
information such as the CSI between CBS and CRs and aggregate interference at the
CRs caused by the PUs.

13.4.2.2 Optimization constraints
The commonly used optimization constraints in the resource allocation problems for
a CRN are applied based on the system model discussed in Section 13.4.2.1. We set
Xm,k = 1 if the kth subchannel is allocated to the mth user; otherwise Xm,k = 0. With
the OFDMA-based downlink transmission, Pm,k denotes the transmit power of the
CBS on the kth subchannel assigned to the mth user.
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Interference constraint
The constraint which guarantees the interference caused at the pth PR on the kth
subchannel can be expressed as

gp,kPm,k ≤ Ip
th,k, ∀p ∈ P , ∀k. (13.26)

The interference threshold, Ip
th,k, in Eq. (13.26) is defined by the regulatory au-

thorities and the value of interference threshold depends on the operational mode
(underlay/overlay) of CRs; additionally, gp,k is the channel power gain from the CBS
to the PRs (ie, PBS according to the considered system model).

Rate constraint
In OFDMA CRNs, the number of subchannels allocated to a particular user to
satisfy a given rate requirement varies with the channel conditions of the allocated
subchannels. Furthermore, the CRs have different rate requirements and the rate
constraint, which ensures that the mth CR achieves its minimum rate requirement
of φm can be expressed as follows:

K∑
k=1

Xm,kB log

(
1 + Pm,khm,k

η +∑p∈P Ip,m,k

)
≥ φm, ∀m, (13.27)

where η denotes the noise power, Ip,m,k denotes the interference caused by the PU
p ∈ P at the mth CR on the kth subchannel, and hm,k is the channel power gain from
CBS to the mth user on subchannel k.

Total power constraint
The total power constraint is introduced in the downlink resource allocation problem
to ensure that the power allocation to subchannels is not greater than the saturation
power of the CBS transmitters. This constraint can be expressed as follows:

M∑
m=1

K∑
k=1

Pm,k ≤ Pmax, (13.28)

where Pmax is the maximum total transmit power in CBS.

Subchannel allocation constraint
This constraint ensures that the kth subchannel is not allocated to more than one user
in the cognitive network and can be expressed as follows:

M∑
m=1

Xm,k ≤ 1. (13.29)

Since Xm,k, Xm,k ∈ {0, 1} is a binary integer variable, most of the optimization
problems in this case are convex/nonconvex/linear/nonlinear integer programs and
hence have high complexity.
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Receiver sensitivity constraint
In the underlay CRNs, due to the simultaneous transmissions of CRs with PUs, the
power allocated to some subchannels may not be enough to generate a strong signal
at the CR receivers. A CR receiver may not be able to decode the received signal
if the received signal strength is less than the receiver sensitivity. This effect may
be more significant in the power minimization optimization problem in CRNs since
the main objective of such a problem is to minimize total transmit power allocated
to subchannels by utilizing as much bandwidth as possible. If the received signal at
the CRs is lower than the receiver sensitivity, it is a waste of scarce radio resources
(ie, spectrum bandwidth and power). The sensitivity constraint can be expressed as
follows:

Pm,khm,k ≥ Γm, ∀m, ∀k, (13.30)

where Γm is the sensitivity threshold of CRs.

13.4.2.3 Optimization objectives
The essence of resource allocation in CRNs is to minimize the utilization of radio
resources while avoiding harmful interference at the PUs and to satisfy the QoS
requirements of CRs [117]. The most common types of objective functions used for
optimizing resource allocation in CRNs are illustrated in Table 13.2.

An optimization problem with a maximization objective tries to maximize
the system throughput (sum-rate or weighted sum-rate), or SNR at the cognitive
receivers, or the total network utility. Game theory-based approaches are used for
solving network utility maximization problems. The fairness in resource allocation
indicates how equally the available scarce resources are distributed among the CRs
in the network. Different fairness criteria such as the max-min fairness and the
proportional fairness criteria can be used.

Power minimization
The objective of power minimization in CRN downlink transmission is to mitigate
harmful interference at the PUs while providing the required QoS to the CRs. In
uplink cognitive transmission, the objectives of power minimization are as follows:
mitigate interference at the PUs and protect scarce battery power in CR devices.
An optimization problem with a power minimization objective function utilizes as
much bandwidth as possible to minimize power allocation to subchannels (in an
OFDMA CRN) while satisfying the cognitive transmission-specific constraints. The
corresponding resource allocation scheme is generally known as the margin adaptive
allocation scheme since it allocates power to subchannels until it satisfies the QoS
requirements of the CR users [117], ie, no more power allocation is possible to
subchannels to increase the QoS. The objective function for power minimization in
the downlink transmission can be expressed as follows:

minXm,k ,Pm,k

M∑
m=1

K∑
k=1

Xm,kPm,k. (13.31)
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The objective function in Eq. (13.31) shows the summation of total power allocated
to all of the PUs’ idle subchannels. The iterative waterfilling algorithm [112] and
Lagrangian-based dual decomposition algorithms are commonly used for solving
power minimization optimization problems [118].

Generalized spectral footprint
The traditional resource allocation techniques in CRNs try to utilize as much
bandwidth as possible to minimize the transmit power and interference caused
to the PU receivers [117]. However, it is reasonable to allow the CRs to keep
transmitting until the interference caused by them reaches a predefined interference
threshold. Thus, instead of utilizing all the available bands for transmission, the
CRs can save some spectrum bands for other cognitive applications. This is a
tradeoff between the allocation of power and spectrum band. The spectral footprint2

minimization approach facilitates CRNs to reduce the number of channels used to
satisfy the required QoS at the expense of slightly higher transmission power while
maintaining the given interference threshold at the PU receivers. The generalized
spectral footprint minimization objective can be written as follows: [109]:

min

⎡
⎣M∑

m=1

K∑
k=1

BXm,k

(1 − ωk)

⎤
⎦

α ⎡
⎣M∑

m=1

K∑
k=1

Pm,k

⎤
⎦

β

. (13.32)

The weighting parameters for the bandwidth-footprint and the power-footprint are
α (≥ 0) and β (≥ 0), respectively. Moreover, for CRNs, a generalized spectral
footprint-based allocation paves the way to optimally and opportunistically utilize
the available radio resources (ie, by varying the values α and β) depending on the
network operators’ objectives. Note that the case with α = 0 and β = 1 is the
known power minimization objective. Here, ωk is the activity factor of PUs on the
kth subchannel. Interestingly, the incorporation of PU activity in the optimization
objective adds another dimension to the optimization problem by allocating the
subchannels with lower PU activity to CRs while avoiding the subchannels with
higher PU activity in the allocation process so that the spectral footprint is minimized.

Rate maximization
The optimization problems in CRNs with a sum rate maximization objective aims to
maximize total system throughput in CRNs with the interference constraints (ie, at
the PUs) and total power constraints [119]. In the literature, this type of problem
with the sum-rate maximization objective function is known as the rate-adaptive
optimization problem. Specifically, the sum-rate maximization problem indirectly

2The spectral footprint is defined as a product of the bandwidth-footprint
(

FB =∑M
m=1

∑K
k=1

BXm,k
(1−ωk)

)
and the power-footprint

(
FP =∑M

m=1
∑K

k=1 Pm,k

)
[118], where ωk is the activity factor of the PUs on

the kth subchannel.
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maximizes the spectral efficiency in CRNs. Hence, the sum-rate maximization
objective that maximizes the spectral efficiency in CRNs can be written as follows:

maxXm,k ,Pm,k

M∑
m=1

K∑
k=1

Xm,kB log

(
1 + Pm,khm,k

η +∑p∈P Ip,m,k

)
. (13.33)

It is important to note that the sum-rate maximization problems in CRNs maximize
the individual CR rate in such a way that the total system throughput is increased.
However, there is no guarantee for the satisfaction of an individual CR’s mini-
mum rate requirement unless constraints for individual rate requirements are also
considered.

Utility maximization
Utility maximization-based resource allocation can achieve efficiency and fairness in
resource optimization. CRNs can exploit the flexibility of defining utility functions
in such a way that the unique requirements in CRNs can be satisfied. The logarithmic
utility functions guarantee the fairness, concavity, optimality, and uniqueness of the
optimal solution [120]. However, selecting an appropriate logarithmic utility function
to satisfy efficiency and fairness in CRNs is challenging, and the utility function can
vary from application to application. Game theory is a very good tool for solving
utility maximization-based resource allocation problems for CRs [121–123].

13.4.2.4 Approach to solve a resource allocation problem in CRNs
In this section, the joint subchannel and power allocation problem is formulated as a
generalized spectral-footprint minimization problem for OFDMA-based CRNs with
the rate, interference, total power, subchannel allocation, and receiver constraints.
Hence, the optimization problem for minimizing the generalized spectral footprint
for a CRN can be stated as follows [109]:

min

⎡
⎣M∑

m=1

K∑
k=1

BXm,k

(1 − ωk)

⎤
⎦

α ⎡
⎣M∑

m=1

K∑
k=1

Pm,k

⎤
⎦

β

, (13.34)

s.t.
K∑

k=1

Xm,kB log

(
1 + Pm,khm,k

η +∑p∈P Ip,m,k

)
≥ φm, ∀m, (13.34.1)

M∑
m=1

Xm,k ≤ 1, (13.34.2)

gp,kPm,k ≤ Ip
th,k, ∀ ωk ≤ ωth, p ∈ P , ∀k (13.34.3)

M∑
m=1

K∑
k=1

Pm,k ≤ Pmax, (13.34.4)

Pm,khm,k ≥ Γm, ∀m, ∀k, (13.34.5)

Xm,k ∈ {0, 1}, Pm,k ≥ 0, ∀m, k, (13.34.6)



500 CHAPTER 13 Cognitive radio networks and spectrum sharing

where Xm,k and Pm,k are the decision variables to be optimized. The PU activity
threshold in a given subchannel is denoted by ωth and a particular subchannel is
allocated for cognitive transmission if and only if the PU activity on that subchannel
is less than or equal to ωth.

The optimization problem in Eq. (13.34) is a mixed-integer, nonlinear, and
nonconvex programming problem. Furthermore, it is observable that the generalized
spectral footprint minimization problem in Eq. (13.34) is a collection of two
separable subproblems where one depends on the subchannel allocation and the other
depends on the power allocation only. Hence, to make the optimization problem
easier to solve without loss of generality, the decomposition technique [124] can
be applied to convert Eq. (13.34) into subchannel allocation and power allocation
subproblems. The subproblems can be coupled through an appropriate coupling
constraint. In fact, the coupling constraint for the decomposed subproblems is the
rate constraint defined in Eq. (13.34.1). The block diagram of the resource allocation
algorithm which solves the subchannel allocation and power allocation subproblems
iteratively for optimality is illustrated in Fig. 13.13.

Initial solution
To start any iterative algorithm, the initial feasible solution needs to be found with
some approximation. Specifically, the goodness of the initial feasible solution is
important since it affects the number of iterations required for the algorithm to
converge. Note that at first we do not know the exact number of subchannels required
to achieve the given rate requirement of CRs. However, the minimum transmit power
required to decode a signal on each subchannel for a given CR can be calculated
by considering the equality of the sensitivity constraint in Eq. (13.34.5). This
calculated power may violate the interference constraint in Eq. (13.34.3). Therefore,
the violation of the interference constraint in Eq. (13.34.3) for the calculated power
should be checked. If the interference constraint is not violated for the calculated
power, the calculated power based on the sensitivity threshold can be treated as the
feasible power, though we do not consider the rate constraint. This is acceptable
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FIG. 13.13

Block diagram of the resource allocation process [109], where {SFm} is the spectral
footprint of mth user.
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as a good starting point since we do not know the exact number of subchannels
that should be allocated to achieve a given rate requirement of CRs. Furthermore,
if the calculated minimum transmit power violates the interference constraint in
Eq. (13.34.3), we do not allocate power on that subchannel.

Subchannel allocation subproblem
The subchannel allocation problem for the given initial feasible power P∗

m,k can be
written as

min

⎡
⎣M∑

m=1

K∑
k=1

BXm,k

(1 − ωk)

⎤
⎦

α

, (13.34)

s.t.
K∑

k=1

Xm,kB log

(
1 + P∗

m,khm,k

η +∑p∈P Ip,m,k

)
≥ φm, ∀m,

M∑
m=1

Xm,k ≤ 1,

Xm,k ∈ {0, 1}, ∀m, k.

The optimization problem in Eq. (13.34) becomes an integer programming
problem for a given power allocation P∗

m,k. Therefore, this problem can be solved
for optimality by using the basic Hungarian algorithm [125,126]. The authors in
[115] proposed a modified Hungarian algorithm for resource allocation by directly
allocating subchannels which are not candidate subchannels for other CRs. However,
in each iteration, the modified Hungarian algorithm in [115] has to run from the very
beginning to obtain the optimal solution. Therefore, the authors in [109] proposed a
novel low-complexity modified Hungarian-based subchannel assignment algorithm
which exploits the available local cost information to reduce the complexity from the
first iteration onwards.

The integer program for the subchannel allocation problem in Eq. (13.34) can
also be solved by relaxing the integer constraint, ie, Xm,k, and assigning the values
within the interval [0,1]. With the help of this new continuous parameter, standard
Lagrangian techniques can be used to obtain a solution for subchannel allocation.
Due to the integer relaxation of Xm,k, a particular subchannel may be allocated to
more than one user with time sharing within a considered time slot. This cannot be
achieved in practical implementation. Therefore, the CR which gets the largest factor
on a particular subchannel gets the assignment for its transmission [127]. However,
there is no guarantee for the optimality of the solution.

Power allocation subproblem
With the optimal subchannel assignment, X∗

m,k, which is obtained by solving
Eq. (13.34), we can write the optimal power allocation that minimizes the spectral
footprint as follows:
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min
[
F∗

B
]α ⎡⎣M∑

m=1

K∑
k=1

Pm,k

⎤
⎦

β

, (13.35)

s.t.
K∑
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m,kB log
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where F∗
B = ∑M

m=1
∑K

k=1
BX∗

m,k
(1−ωk)

. The power allocation subproblem in Eq. (13.35)
can be solved by formulating the Lagrangian as follows:

L(P, λ, μ, γ , ν) = [F∗
B
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⎞
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(13.36)

where μp,k, λm, νm,k, and γ are Lagrangian multipliers [124]. Hence, the optimal
power allocation at the (t + 1)th iteration (Pm,k(t + 1)) for a given subchannel

assignment can be obtained by yielding
∂L(P, λ, μ, γ , ν)

∂Pmk
= 0 as in Eq. (13.37).

Pm,k(t + 1) =
⎡
⎢⎣ BλmX∗

m,k

β[F∗
B]α

[∑M
m=1

∑K
k=1 Pm,k(t)

]β−1 +∑p∈P μp,kgp,k + γ − νm,khm,k

−η +∑p∈P Ip,m,k

hm,k

]+
.

(13.37)
The Lagrange multipliers can be updated in each iteration as follows [124]:

λm(t + 1) =
⎡
⎣λm(t) + δ(t)

⎛
⎝φm −
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m,kB log

(
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⎦

+
, (13.38)
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μp,k(t + 1) =
[
μp,k(t) + δ(t)

(
gp,kPm,k − Ip
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, (13.39)

νm,k(t + 1) = [νm,k(t) + δ(t)
(
Γm − Pm,khm,k

)]+ , (13.40)

γ (t + 1) =
⎡
⎣γ (t) + δ(t)

⎛
⎝M∑

m=1

K∑
k=1
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⎞
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⎤
⎦

+
, (13.41)

where δ(t) is the step size in the tth iteration. Hence, the optimal power allocation
can be obtained by iteratively updating the power according to Eq. (13.37) and the
Lagrange multipliers. The iteration stops once the power update difference between
consecutive iterations falls below a predefined threshold.

The power and subchannel allocations for generalized spectral footprint mini-
mization in Eq. (13.34) can be obtained by iteratively updating the solutions given
by the subproblems (Eqs. 13.34 and 13.35). Due to the iterative resource allocation
approach, the spectral footprint minimization problem converges to a local optimum.
However, when the number of PU idle subchannels is high compared to the number
of CRs in the network, the solution converges to the globally optimal solution most
of the time.

13.5 MEDIUM ACCESS CONTROL FOR CRNs
Cognitive MAC protocols should adopt mechanisms which will allow peaceful
coexistence of CRs with the licensed users. Such a cognitive MAC protocol should
achieve a higher overall spectrum efficiency by detecting all possible spectrum
opportunities, spectrum sharing, and accessing through adaptable controlling. The
main functional requirements which need to be addressed by a cognitive MAC
protocol are as follows:

• Interference avoidance and mitigation: The transmission of the coexisting CRs in
the spectrum bands, which are licensed to the PUs, should avoid or mitigate
harmful interference caused at the PUs (eg, in the underlay mode of operation).

• Spectrum access: The MAC protocol is responsible for DSA based on the
spectrum sensing information or up-to-date spectrum information in databases
so that the collision with PUs and CRs is minimized (eg, in the overlay mode of
operation).

• Spectrum sharing: The spectrum sharing strategies implemented in cognitive
MAC protocols are responsible for choosing an optimal set of spectrum bands
and transmission parameters to maximize the overall performance of the CRN
while avoiding harmful interference at the PUs.

• Control signaling mechanism: The efficiency of the control signaling mechanism
(eg, establishment and management of reliable and secure control signaling)
significantly impacts the performance of a cognitive MAC protocol.
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Cognitive MAC protocols can be categorized as either centralized [91,128] or
distributed [129] MAC protocols based on the location of the spectrum management
entity, which is responsible for spectrum access and allocation. Based on the
presence, scope, and the characteristics of the CCC, the cognitive MAC protocols
can be categorized as either local/global dedicated CCC [54] or dynamic CCC [91]-
based MAC protocols. The behavior of the MAC protocols also varies with the
degree of the CRs’ interaction for spectrum sensing. Accordingly, the cognitive MAC
protocols can be classified as either cooperative or noncooperative MAC protocols
[129]. In CRNs, the spectrum access technique depends on the operational mode of
CRs (ie, underlay or overlay). Accordingly, the cognitive MAC protocols can also be
identified as either underlay or overlay MAC protocols [129]. The CRs equipped with
a single radio transceiver access the spectrum by splitting the time frame for spectrum
sensing and accessing, whereas the CRs equipped with multiple radios access the
spectrum while simultaneously sensing the channels. The optimization and learning-
based MAC protocols learn the radio environment and optimally utilize the available
spectrum, whereas the other MAC protocols directly access the spectrum without
adopting any learning capabilities [130].

13.5.1 COGNITIVE MEDIUM ACCESS CONTROL (C-MAC) CYCLE
The C-MAC cycle refers to a general design framework (as illustrated in Fig. 13.14)
for cognitive MAC protocols which supports the following: the generic cognitive
MAC functionalities, functionality-specific aspects, and common aspects [54]. The
general functionalities in the C-MAC cycle are radio environmental data acquisition,
spectrum sharing, and CC management. The radio environmental data acquisition
techniques and relevant issues were discussed in detail in Sections 13.2.1 and 13.3.
The spectrum-sharing functionality in the C-MAC cycle exploits the radio environ-
mental data for efficient utilization and management of the PUs’ idle spectrum.
The issues related to spectrum sharing were discussed in Section 13.2.3. The CC
management function is an integral function of the C-MAC cycle which is used
to establish and manage secure and reliable control signaling among the CRs in
the network. The common aspects include the number of radios per CR, number
of antennas per CR, single/multiband operation, synchronization vs. asynchronous
operation, and CR mobility, as well as those related to the techniques, principles, and
solutions implemented for addressing the functionality specific challenges such as
cooperation, collaboration, coordination, and learning mechanism.

The CC supports different CRN-specific operational aspects such as network
coordination, cooperation, collaboration, network self-organization, data exchange,
and spectrum mobility [54]. For this, the CC carries different types of control
information such as sensing results, spectrum sharing information, spectrum access
decisions, and system parameters.

• Where to establish: The CC can be established as an in-band or an out-of-band
channel. If the CC is established within the spectrum band used for data
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General cognitive MAC cycle.

transmission, such a CC is known as an in-band CC. This in-band CC can be a
dedicated control channel (DCC) or a nondedicated control channel (NCC). On
the other hand, if the CC is established in a band separate from that used for data
transmission, such a CC is known as an out-of-band CC. This out-of-band CC
can be located in the licensed band or unlicensed bands such as the ISM bands.

• How to establish: The approaches for CC establishment can be divided into two
main categories: DCC or NDCC establishment approaches. In the DCC
approach, only the control information is exchanged in the channel, whereas for
the NDCC approach, both the control and data information are exchanged in the
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CC. A special type of DCC is one which is not fixed for a long period of time
and used only during a specified time slot duration. The MAC protocols which
do not use a static CC are known as dynamic CC-based MAC
protocols [91].
– DCC approach can be categorized into the following: global, local, and

dynamic DCC approaches. In the global DCC-based approach, all the CRs
tune their radios to the global DCC to exchange control information. Since
all the CRs tune to this channel, the global DCC-based approach is more
susceptible to saturation. However, this approach provides a network-wide
coordination among CRs and is suitable for centralized CRNs [131]. The
local DCC-based approach mitigates the CC saturation problem at the cost
of localized coordination among the CRs. In this approach, the CRs in a
cluster exchange control information with the help of locally available DCC.
The DCC localization within the cognitive network can be optimized by
adopting a clustering mechanism for CRs [132]. In general, for both the
global and local DCC approaches, the CC is allocated statistically for a long
period of time. Therefore, both the approaches are more vulnerable to CC
jamming and attacks. To address the problem of CC attacks and jamming,
the dynamic common CC-based approach has been proposed. In this
approach, the CC is not fixed for a long period of time and the allocated
channel only serves for that time slot duration as the CC. In the next time
slot, the CC may change. This type of CC is known as a dynamic CCC [91].

– NDCC approach eliminates the requirement of a DCC at the cost of
transmission delay. Frequency hopping NDCC (FHNDCC) and rendezvous
NDCC (RNDCC) are two different types of CC establishment methods.
Frequency hopping and rendezvous NDCC-based MAC protocols mainly
differ in the hopping sequences adopted by the CRs. In the FHNDCC-based
MAC protocols, the CRs hop across the spectrum bands or frequency
channels according to a predefined hopping list [133,134]. The CRs
exchange their control information and data once the communicating pair
hop to a particular channel in the hopping list. With the RNDCC-based
approach for control information exchange, the CRs adopt different hopping
sequences that overlap at certain places [135]. Once the overlapping occurs,
the CRs exchange their control information through the overlapped channel.
The RNDCC-based MAC protocols are much simpler compared to the
FHNDCC-based MAC protocols since they do not require network-wide
synchronization. The transmission delay in the RNDCC-based MAC
protocols can be reduced by properly designing the hopping sequences.
Another solution for NDCC establishment is the hybrid scheme which
exploits the advantages of frequency hopping and rendezvous approaches.
The CRs can adopt the rendezvous approach to find a common channel for
initial control information exchange, and after that, they can follow a
common hopping sequence as in FHNDCC hopping.
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13.5.2 DYNAMIC COMMON CONTROL CHANNEL (DCCC)-BASED MAC
PROTOCOL FOR CENTRALIZED CRNs
A DCCC-based MAC protocol eliminates the requirement of a dedicated channel for
control information exchange which is referred to as the CCC. Due to the dynamic
nature of the CCC, this DCCC-MAC protocol is able to withstand CC jamming and
attack problems. This DCCC-MAC protocol should have the ability to learn from the
surrounding radio environment in an online fashion and select a CCC from the set of
in-band PUs’ idle channels [91].

To describe a DCCC-MAC protocol, we use the system model described in
Fig. 13.12 and assume that each of the CRs is equipped with a single half-duplex
transceiver. We assume that due to hardware constraints, the CRs can sense only K̄
channels out of K channels.

In the DCCC-MAC protocol, the CBS transmits a periodic beacon in all of the
idle channels to synchronize the CRs. The beacon period (frame duration) is divided
into four phases as shown in Fig. 13.15, and these phases are referred to as the sensing
phase, CCC selection phase, data transmission phase, and synchronization phase. The
operational flow of each phase is illustrated in the block diagram in Fig. 13.16. In the
spectrum sensing phase, the CRs perform fast sensing in a given set of channels. The
set of channels required to be sensed in the next frame is provided by the beacon at
the end of the beacon period. At the beginning of the CCC selection phase, every CR
informs its sensing result to the CBS through the best idle channel. Then, the CCC for
the current frame duration is selected by using an SVM-based [60,91] algorithm. The
CBS informs the CCC and the list of PUs’ idle channels to all CRs by broadcasting in
all the PUs’ idle channels. The data transmission phase is utilized by the CRs for their
communications while the synchronization is achieved by broadcasting a beacon in
the synchronization phase. Each phase of the DCCC MAC protocol is presented in
detail below.

13.5.2.1 Spectrum sensing phase of the DCCC-MAC protocol
In the DCCC-MAC protocol, the CRs senses only a limited number of channels (eg,
due to hardware limitations). In particular, the CRs sense only K̄ channels out of K
channels at a given frame duration. The list of channels to be sensed is broadcast by
the CBS in the beacon at the end of the previous frame duration in the synchronization
phase. In the case that a particular CR does not receive this information, that CR
selects a random set of K̄ channels and performs spectrum sensing. Every channel in
the list is sensed in sequence by the CRs for a time duration of τ . Hence, the received
normalized energy at the nth CR on the kth channel within duration τ is given by
Eq. (13.2).

13.5.2.2 CCC selection phase in the DCCC-MAC protocol
In the CCC selection phase, four main functionalities corresponding to CCC selection
are executed. At the beginning of the CCC selection phase, every CR selects the best
idle channel based on individual sensing and then makes available the sensing result
to the CBS via the selected best channel. Then, the CBS selects the CCC for that
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frame duration by utilizing an SVM-based cooperative spectrum sensing approach.
Finally, the CBS broadcasts the information about the selected CCC and the list of
idle channels to the CRs via all the idle channels (ie, outcome of the SVM based
cooperative spectrum sensing).

• Select the best idle channel based on individual sensing: In the DCCC-MAC
protocol, the CRs do not have any dedicated channel for sending the sensing
results to the CBS without interfering with the PUs. Therefore, each CR needs to
find a channel for sending the sensing result to the CBS. The best option is to
select the channel which has the minimum received normalized energy as the
candidate channel for the sending purpose. The candidate channel for the nth CR
can be selected as follows:

Chn,best = arg min{Yn,k}, ∀k, (13.42)

where Yn,k is the normalized energy at the nth CR on the kth channel. Although
Chn,best is the candidate channel for transmitting the sensing results, there is no
guarantee that the PUs will be absent in the selected best channel (ie, Chn,best).
Therefore, the PUs can be protected from the harmful interference only by
transmitting the sensing results if the received energy of the Chn,best is less than a
predefined value δ (ie, min{Yn,k} < δ). If min{Yn,k} ≥ δ, that particular CR does
not transmit its sensing result to the CBS.

• Transmit the sensing results to the CBS: In the CCC selection phase, the time
duration allocated to transmit the sensing results to the CBS is divided into
mini-slots (see Fig. 13.15). Each CR transmits its sensing result within a
mini-slot duration to the CBS if that CR has not successfully transmitted its
sensing result in one of the previous mini-slots. At the beginning of each
mini-slot in the CCC selection phase, the CRs transmit request-to-send (RTS)
packets to the CBS with some probability. If the CBS receives that RTS without
collision, the CBS then sends a clear-to-send (CTS) packet on that channel.
Upon receipt of the CTS packet, that particular CR sends its sensing result to the
CBS and receives acknowledgement (ACK) within the mini-slot. The
transmission of the sensing result within a mini-slot is illustrated in Fig. 13.15.
In case of RTS collision, the CRs wait for the next mini-slot to transmit the
sensing results until the end of the time duration allocated to send the sensing
results of the CRs to the CBS. The time duration allocated for sending sensing
results varies from frame to frame based on the number of mini-slots required to
send the sensing results from a particular number of CRs to the CBS. The
number of mini-slots required to send the sensing results from a particular
number of CRs to the CBS varies based on the number of CRs and the number
of idle channels in the network [91]. The accuracy of the decision making
process (in terms of selection of CCC and the PUs’ idle channels) increases with
the number of CRs sending sensing results to the CBS.

• Select CCC: In the CCC selection process, out of all the available idle channels,
the channel which is more likely to be the most reliable idle channel is selected
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as the CCC. For this, an SVM-based cooperative spectrum sensing mechanism
which is described in Section 13.3.3 can be used. Hence, the CCC for the current
time slot can be obtained by using Eq. (13.24) as follows:

ChCCC = arg mink∈K̄

⎧⎨
⎩

L∑
l=1

λ̃(l)a(l)κ(xk, y(l)) + w0

⎫⎬
⎭ . (13.43)

At the same time, the CBS can detect the availability of the kth channel for
cognitive transmission as follows:

âk = sgn

⎧⎨
⎩

L∑
l=1

λ̃(l)a(l)κ(xk, y(l)) + w0

⎫⎬
⎭ , (13.44)

where sgn is the sign function. If âk = 1, then the PUs are active on the kth
channel. Otherwise, the PUs are idle on that channel and hence can be allocated
to the CRs. Since the estimates âk are based on cooperative spectrum sensing,
they are more reliable than the individual sensing-based estimates.

• Inform the CCC to the CRs: After deciding on the CCC, the CBS broadcasts a
CCC_Update message in all the idle channels. The CRs receive this update
message since they listen to their best idle channels (ie, those determined based
on individual sensing) after sending their sensing results. This CCC_Update
message only contains the index of the channel which is selected as the CCC for
the current frame. Then, the CRs which receive the CCC_Update message tune
their radios to the CCC for exchanging control information to obtain a channel
reservation.

13.5.2.3 Data transmission phase in the DCCC-MAC protocol
In the DCCC-MAC protocol, once the CCC is selected, it is used only for exchanging
control information. The remaining time in the data transmission phase is divided
into mini-slots in such a way that the mini-slot duration is good enough to send
and receive the RTS and CTS messages, respectively. Although the CRs receive the
CCC selection information and tune their radio to the CCC, they do not know the
PUs’ idle channels and CRs’ scheduled information to start their communication.
Therefore, the CBS broadcasts a Transmission_Setup message containing the list of
the scheduled CRs, channel reservation order for scheduled CRs, indices of the idle
channels, and the relative channel idle probability with respect to the CCC. The CRs,
which send their sensing results to the CBS for cooperative decision making, are
treated as scheduled CRs.

The CRs which receive the Transmission_Setup message know their channel
reservation order and send the reservation requests in sequence. Therefore, every
scheduled CR sends an RTS message with the index of its best available channel
to the CBS, which in turn sends a CTS message confirming the reservation. The
best available channel for a CR may be decided based on a combination of the
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channel quality metric and the relative channel idle probability or any other metric
corresponding to channel quality. With an allocation of a channel, every CR updates
its possible channel allocation list by removing the index of the allocated channel
from the list. This is possible since all the CRs can decode the RTS and CTS messages
exchanged through the CCC. Therefore, the CRs know the list of channels currently
available for possible allocation. This process continues until the end of scheduled
channel reservation period or when all the idle channels have been allocated.

At the end of the scheduled channel reservation period, the CBS broadcasts a
Start_Contention message indicating the start of contention for the remaining CRs
in the network. Then, the CRs which receive information about the CCC but are not
scheduled (ie, the CRs which do not participate in the CCC selection process) start
to contend for a channel. However, if all the idle channels are allocated among the
scheduled CRs, then all the CRs who receive information about the CCC but are not
allocated channels for data transmission have to wait until the next beacon since no
more channel allocation is possible. First, the remaining synchronized CRs choose a
random backoff value from a closed window [0, W − 1], where W is the maximum
size of the contention window. Until its backoff counter expires, the CRs have to
listen to the CCC with the intention of updating the list of channels it may possibly
access at the time of its channel reservation from the CBS. Once its backoff timer
reaches zero, the CR starts the channel reservation process by transmitting an RTS
packet with its best channel index. Right after receiving the CTS from the CBS, the
CR starts its transmission on the reserved channel until the next beacon is received.

13.5.2.4 Beacon phase in the DCCC-MAC protocol
Synchronization is essential for the DCCC MAC protocol since it requires choosing
the CCC dynamically for every frame or next frame. Therefore, at the end of every
frame, the CBS broadcasts a beacon for synchronization in all the PU idle channels.
With the beacon, the CBS transmits the list of channels to be sensed in the next frame
and the minimum number of mini-slots required for a particular number of CRs to
participate in the cooperative decision-making process (ie, to select the CCC channel
and detect the idle channels). The number of mini-slots required for a particular
number of CRs to cooperate in the CCC selection process and the algorithm for
updating list of channels to be sensed in next frame are presented in [91].

13.6 IN-BAND FULL-DUPLEXING-ENABLED CRNs
The concept of transmission and reception in the same spectrum band (referred
to as in-band full-duplexing (FD) technology) did not seem very promising until
very recently. The primary reason of this indifference is the overwhelming nature
of the so-called self-interference which is generated by the transmitter to its own
collocated receiver. This self-interference is generally assumed to be a fundamental
bottleneck in the progress of FD technology [136,137]. Fortunately, with the recent
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advancement in antenna, digital baseband, and RF interference-cancelation tech-
niques, self-interference can be reduced close to the level of noise floor in low-power
networks. Considering a point-to-point link and perfect self-interference cancelation,
theoretically, the spectral efficiency of FD communication is equal to twice the
spectral efficiency of half-duplex communication. This makes the FD technology
very promising in different wireless communications scenarios, especially in those
scenarios with low transmission power and distance requirements.

In half-duplex-based CRNs, the CRs sense the licensed spectrum for a short
sensing period and transmit their data using PUs’ idle channels during the trans-
mission period. However, since the PU’s behavior is random, a PU may become
active on the channel which is currently being used by a CR. This change in PU
activity on currently utilized transmission channels cannot be immediately detected
by the CRs due to the inherent limitation of half-duplex communication. This may
cause unexpected interference and delay to PU communication. This problem can be
eliminated only by simultaneously sensing and transmitting on the same channel (ie,
by using the FD technology).

FD-enabled CRs can operate in either simultaneous transmission-reception mode
or simultaneous sensing-transmission mode. These modes offer a tradeoff between
spectrum efficiency and spectrum awareness. The sensing-transmission mode in-
creases spectrum awareness (ie, decreases the spectrum efficiency), whereas the
transmission-reception mode increases spectrum efficiency (ie, decreases the spec-
trum awareness). The CRs can operate in the transmission-receiving mode in a
spectrum band where the PU activity on that spectrum band is very low. In case
of high PU activity, the CRs may need to operate in the sensing-transmission mode.
The adaptive mode-switching between the simultaneous sensing-transmission and
transmission-reception modes is a research area open for investigation.

13.7 SUMMARY
The motivations and basic concepts of CR have been discussed. The spectrum
management framework is a key element for CNRs, which aims at satisfying the
CR users, QoS requirements while protecting the PUs from unexpected interference.
Spectrum sensing, spectrum decision, spectrum sharing, and spectrum mobility
are the major spectrum management functionalities in CNRs and these have been
discussed in detail. Resource allocation and MAC schemes are required for spectrum
sharing. The basics of different resource allocation schemes with objectives such as
power minimization, spectrum footprint minimization, sum rate maximization, and
utility maximization have been illustrated. The main requirements for a cognitive
medium access protocol have been discussed and the general framework for design-
ing such a protocol has been illustrated. Finally, the concept of FD-enabled CRs has
been introduced.
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14.1 INTRODUCTION—WHY DO WE NEED STANDARDS
FOR WIRELINE NETWORKS?
Wireline standards specify everything needed for two entities to be able to intercon-
nect and interoperate across a copper or optical wireline link. These standards cover a
range of applications including the interconnecting of different networks, equipment
interconnections, and even interconnections between integrated circuits that are part
of the ecosystem of the telecom or datacom networks or systems. Standards for
wireline interconnectivity have largely been developed along four parallel tracks,
which have become increasingly interdependent:

1. interconnection between and within public telecommunications carriers;
2. local area network (LAN) connections between computers and other equipments

in business, home, and other localized environments;
3. interconnection of user networks and equipment to carrier networks for

wide-area networks (WAN); and
4. device and infrastructure development that supports the prior three areas.

The intention of this chapter is to give the reader an introduction to several
important wireline standards organizations and the nature and scope of their work.
Fig. 14.1 illustrates the scope of wireline standards within the context of the 7-Layer
OSI protocol stack, with the relative scope of some of the important wireline
standards organizations discussed in this chapter. It is important to understand
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that wireline standards and wireless standards increasingly influence each other.
For example, methods pioneered for digital subscriber line (DSL) (eg, bit-loading
and dynamic spectrum management) are being adopted for wireless standards. As
another example, the same medium access control (MAC) protocol was specified for
both the Institute for Electrical and Electronics Engineers (IEEE) 802.16 WiMAX
wireless networks and the data-over-cable service interface specification (DOCSIS)
for cable TV networks. Orthogonal frequency division multiplexing (OFDM) is
increasingly used in both wireless and wireline networks. As yet another example,
the International Telecommunications Union—Telecommunication Standardization
Sector (ITU-T) is working on a standard for carrying radio signals over fiber optic
access networks. Beyond these cases of technology and protocol cross-pollination,
there are important implications of the wireline standards to wireless networks that
will be noted during the discussions of this chapter.

The chapter begins with some historical context regarding the appearance and
evolution of the different standards bodies for the interested reader. The remainder
of the chapter focuses on a brief description of different wireline standards orga-
nizations. Rather than attempting a comprehensive list, the emphasis is on ones
of particular importance at the present time and the foreseeable future. Important
interactions between some of the organizations are also described.

14.1.1 HISTORICAL BACKGROUND
Historically there were relatively few wireline standards organizations prior to the
1980s. The public telecommunications networks were dominated by government-
owned or authorized carriers who defined their own standards, and LAN was limited
to single vendor deployments of equipment from a small number of major computer
companies. Standards development organizations (SDOs) grew as the need for them
appeared, both for wide-area public interconnectivity and local area connections. The
need was typically driven by the desire for ease of connectivity between entities and
the desire for the advantages of increased competition and volumes of scale. The
reader who is not interested in the history can jump ahead to Section 14.1.2 for the
description of the different types of standards bodies. However, the following two
paragraphs on legal considerations are worth bearing in mind.

One of the key considerations for any SDO is that it does not violate antitrust laws
by either intentionally or accidentally shutting out competitors from the standards
process and hence hindering the competitors in the subsequent markets making use
of these standards. Different bodies have taken somewhat different approaches to
protect against this possibility, but most follow the following general set of principles.
All interested corporations are allowed to become members, and in many cases the
dues are based in part on the corporate revenue so that small companies can also
participate. All decisions are made by consensus, if possible, but procedures are in
place to ensure that dissenting companies have an opportunity to make the case for
their positions, both during the discussions and in the ballot process for the standard.
Discussions of cost and price are strictly forbidden so that there is no possibility for
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collaborative price fixing. Note that industry consortiums do not always allow open
membership; however, they typically do not produce standards of a nature that would
shut nonmembers out of a market.

Another legal requirement addressed by each SDO is allowing all members access
to the patented intellectual property that is required to implement the standard.
The typical approach is to require every member to make all of their patents
associated with a standard either available to all companies royalty-free, or to make
them available on reasonable and nondiscriminatory (RAND) terms, such that the
existence of a patent would not prevent another company from implementing the
standard. Some SDOs require all member companies with a relevant patent or
pending patent to announce it in advance of the standard going to ballot. Others
allow the option for a member company to sign a blanket agreement that covers all
current and future patents owned by the company that may be relevant to that SDO’s
standards rather than announcing them on a per-patent basis.

14.1.1.1 Public wide-area network (WAN) wireline standards
Prior to the 1980s, the telephone network carriers within each country were typically
owned by their national governments, and they had their own interconnection
specifications. The United States and Canada took the approach of having private
corporations own and operate telephone networks, but with government oversight
at both the national and the state/provincial levels. Each of these North American
carriers had a guaranteed and regulated monopoly for providing telephone service
within their operating regions. This situation led to a number of different national
and regional technologies and interface specifications. As the networks grew in size
and importance, it became increasingly critical to have standards for interconnecting
the different national networks. The primary focus of the telephone networks was
voice, with data traffic beginning to become important in the late 1970s through
modems that transmitted data signals over voice channels. The growing use of digital
rather than analog signals for voice and data increased the need for standardized
digitization, signal, and multiplexing formats.

The variety of local telephone network specifications meant that equipment
vendors needed to make different equipment or versions of their equipment for
each local or regional market. Standards that applied across wider regions reduced
the development costs associated with the different equipment and allowed more
economy of scale in manufacturing the equipment. Having common equipment types
also allows for increased competition, which further brings down the equipment costs
for the carriers. Common equipment and interface standards also greatly simplify the
network management for the carriers. It is important to note that the ongoing cost of
operating, administrating, and maintaining their networks (ie, operational expense, or
OPEX) is much more significant than the capital expense of the equipment (CAPEX)
for carriers.

The first international body was the CCITT (International Telephone and Tele-
graph Consultative Committee, with the initials following the French version of the
name). While the organization dates back to 1865 and telegraph standards, it began its
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involvement in telephone network standards in 1925. It officially became the CCITT
in 1956 when two subgroups merged. Since 1947, it has been a special agency of
the United Nations, and it is now known as the ITU-T. Headquartered in Geneva,
Switzerland, it has become the principal organization for global telecommunications
network standards. The ITU-T produces standards, which they call “recommenda-
tions,” for both voice and data connectivity over public WANs, with a focus on public
carriers.

In the United States, AT&T had operated roughly 90% of the telephone networks
up to 1984. Consequently, the US “standards” for interconnection, and by default
the Canadian ones as well, were a matter of what AT&T published as a technical
requirement (TR) or a PUB (compatibility requirements publication) that specified
what was needed to connect to the AT&T network. Beginning in 1984, the US
Government required AT&T to go through divestiture, where its local service was
divided into seven Regional Bell Operating Companies (RBOCs), with the long
distance and equipment portions of the company remaining within AT&T. The
Exchange Carrier Standards Association (ECSA) was then charged with creating US
telecommunications standards under its new American National Standards Institute
(ANSI)-accredited Committee T1. Subcommittee T1X1 was responsible for layer 1
network-network interface (NNI) carrier connection standards, and T1E1 (originally
T1C1) was responsible for user-network interface (UNI). Other Committee T1
groups addressed other topics including exchanging call routing information and
network management. As the scope of ECSA evolved, it changed its name to
Alliance for Telecommunications Industry Solutions (ATIS) and decided to change
the names of its then well-known subcommittees. T1X1 became OPTXS and T1E1
became NIPP, and both were finally merged to create Copper/Optical Access and
Synchronization and Transport (COAST) Committee. Canadian carriers have always
participated as members in the ECSA and ATIS organizations. As will be explained
below, beginning in the 1990s, other SDOs sprouted in North America to address
topics not being addressed by ATIS.

While AT&T’s Bell Labs was unquestionably a world leader in innovation,
business considerations dictated that new innovations were introduced into their
networks at a pace that allowed a return on the investment in the previous generation
of technology. The AT&T divestiture allowed other equipment manufacturers to
innovate and compete by driving and implementing new standards. The result was an
explosion of new ideas and an accelerated pace of their introduction into the network.
This was especially true for optical network standards. So, while the dismantling of
Bell Labs’ protected environment for creating new innovations was a loss to the
telecommunications community in some ways, the doors it opened for others to
innovate more than offset this loss.

The opening of markets and the new innovations in the United States prompted
many other governments around the world to deregulate or privatize their own
telecommunications carriers, which led to a further opening of global markets for
new innovations from many different vendors. All of this led to standards becoming
increasingly important. In 1998, the European governments created the European



528 CHAPTER 14 Digital wireline transmission standards

Telecommunications Standards Institute (ETSI) in order to create common standards
for the interconnection between European nations and allow equipment vendors to
build equipment that was not unique to each country. Japan also had its own national
body, and China launched its China Communications Standards Association (CCSA)
to create and promote standards most useful to China.

In time, however, each of the regional bodies, including ATIS, ETSI, and CCSA,
became convinced that international standards were generally more valuable than
regional ones. Each then shifted its focus to aiding their regional input to the ITU-T,
and their own standards were only defined in areas that were either outside the focus
of the ITU-T or were required for some national or region-specific context. As a
special agency of the United Nations, the primary members of the ITU-T are the
nation states. For many years, the US State Department required all national positions
to be approved by, and US company contributions be reviewed by, recognized US
standards bodies with the appropriate expertise. In most cases, this fell within the
domain of ECSA/ATIS. Recently, this requirement has been relaxed for company
contributions. Consequently, in December 2014 ATIS officially sunsetted all of the
COAST committees, except the one working on network synchronization.

During the explosive growth of the Internet and carrier networks during the 1990s,
carriers and equipment vendors became concerned that the traditional SDOs (eg,
ITU-T, ATIS, ETSI) could not move quickly enough to create the standards required
for new technology. The time frames of these SDOs were tailored to creating new
standards when the technology and applications were reasonably stable, so that they
would not become prematurely obsolete or irrelevant. Their processes were also
tailored to rigorously account for the legal concerns discussed above. The drawback
to this more deliberative approach was that equipment vendors often came out
with different nonstandard or prestandard implementations of new technology and
services that were not interoperable. Since carriers did not want to lock themselves
into proprietary solutions from a single vendor, they pushed for the creation of
more nimble industry forums. The forums were structured to adopt specifications
and agreements for interworking on a more rapid time frame. The forums also
allowed filling in other pieces of the ecosystem that were not being addressed
by other SDOs. For example, the focus of some traditional SDOs was limited to
interface specifications that allowed different vendor equipment to interconnect and
interwork. Examples of the early forums were the SONET Interworking Forum,
ATM Forum, and DSL Forum. As traditional SDOs revamped and streamlined
their processes for more rapid standardization, the forums began focusing more
on the ecosystem rather than early versions of the items being discussed in the
other SDOs. For example, the Optical Internetworking Forum has led the way on
defining the interfaces between chips and between printed circuits boards over a
backplane within telecommunications systems. Their Common Electrical Interface
(CEI) specifications are commonly adopted by other SDOs as the basis for their new
intrasystem interface technologies. Several types of important and active forums are
discussed below.
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Another type of organization that functions somewhat like an SDO is an industry
consortium. An industry consortium is a group of companies that work together to
define common interface or equipment standards in order to provide new features
or interoperation of new services. One example is the Full-Service Access Network
(FSAN) consortium that has done much of the work defining new optical access
networks (OANs). Another example is the Common Public Radio Interface (CPRI)
consortium that has defined interfaces between wireless network base stations and
the remote radio transmitters subtended from the base stations.

For completeness, it should also be mentioned that in the AT&T divesture, part
of Bell Labs was set aside as a new corporation call Bellcore. Bellcore was jointly
owned by the seven RBOCs, and it performed many of the functions that Bell Labs
had done for the local exchange carriers prior to divestiture. One of these functions
was helping guide the RBOC input into ATIS and ITU-T, and in some cases directly
defining network/equipment interfaces that would be internal to a carrier’s network
rather than between different carrier networks. Examples of such interface are ring
networks optimized for metro/access applications, and the interfaces between central
office (CO) switching equipment and remote multiplexing terminals closer to the
subscriber. Over time, as this wireline standards work has evolved, Bellcore became
Telcordia and was subsequently divided and sold to other entities. Consequently,
Bellcore/Telcordia is not discussed below.

14.1.1.2 Local area network (LAN) wireline standards
Computer data connections were initially proprietary links, largely between terminals
and large mainframe computers, or between clusters of workstations or mini-
computers. Remote connections used modem links over voice channels of the
telephone network. Computer-to-computer connections were initially proprietary, but
standardized protocols were driven by the US Government’s Advanced Research
Projects Agency (ARPA). The ARPA projects led a collaborative effort among the
government, private industry, and universities to develop the Internet Protocol (IP)
and Transmission Control Protocol (TCP) standards during the 1970s that launched
the Internet. Internet standards work continues in the Internet Engineering Task Force
(IETF). Since the IETF work focus is nearly always above Layer 1, it is not discussed
further in this chapter.

Standardized LANs for computers came on the scene somewhat later. Ethernet
was initially developed at the Xerox Palo Alto Research Center (PARC), and it
was subsequently brought to the IEEE to become a public standard in 1981. IEEE
802.3 is responsible for Ethernet standards, while 802.1 is responsible for LAN
bridge applications that are using Ethernet or interconnecting different IEEE 802
networks. Other LAN standards were developed for specific applications in other
IEEE 802 groups and non-IEEE groups. For example, the International Committee
for Information Technology Standards (INCITS) Committee T11 (INCITS group
responsible for fiber channel [FC]) developed the FC standard as a method for
ultra-reliable connections within enterprise data centers, both between computers
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and between computers and disk storage systems, and subsequently for connecting
computer centers across WANs.

Ethernet has become the dominant LAN technology due to its relatively low cost
and the “plug-and-play” simplicity of setting up Ethernet networks. The plug-and-
play property of Ethernet is made possible by various self-learning aspects of the
Ethernet protocol, which allows entities on an Ethernet network to become aware of
each other and how to forward packets to each other.

As with the telecom SDOs, industry forums and consortiums have appeared in the
LAN space. Two prominent ones are the Metro Ethernet Forum (MEF) and Ethernet
Alliance (EA) consortium. The MEF defines the services and service models that can
be used when carriers provide Ethernet network connectivity over their networks.
This puts MEF on the boundary between telecom networks and LANs. The EA
primarily exists to promote the use of Ethernet in an expanding variety of applications
and provide interoperability testing for these applications.

14.1.1.3 Interactions between SDOs
The various SDOs typically have some degree of overlap, interdependencies, or
cross-specification potential with one or more other SDOs. Examples include the
following:

• The ITU-T optical transport network (OTN) provides WAN transport for the
IEEE 802.3 Ethernet signals, and it can also use the optical interface modules
that have been developed by IEEE 802.3 for Ethernet using similar rate signals.

• Multiple SDOs use the OIF CEI specifications as the basis for their
intercomponent or intrasystem interfaces.

• FSAN defines required service rates and parameters and approaches for access
networks, but it relies on the ITU-T to complete and publish the actual technical
standards to implement them.

Communication between SDOs is typically done using formal liaisons. Liaisons
commonly include official correspondence between the leaders of the respective
groups, and there is also a designated person to present and clarify the correspon-
dence to the other group. Examples of correspondence topics can include information
about work being performed in the one SDO that may be of interest to the other
SDO, questions for clarification from an SDO regarding how their standard could
be used by the requesting SDO, and expressing compatibility concerns regarding the
implications of the work of the other SDO on work in that SDO. The formality of the
liaisons varies, depending on the groups involved.

As an illustration, an early incompatibility between the nominally 10 Gbit/s
signal rates used by the ITU-T OTN and IEEE 802.3 standards created a number
of difficulties for carrying 10 Gbit/s Ethernet over OTN. This situation prompted
very close cooperation on subsequent higher rate interfaces to ensure that OTN could
readily transport Ethernet signals and reuse their interface technologies.

Interactions between formal SDOs and industry consortiums can be problematic,
since the consortiums typically lack either a designated leader with the authority
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for liaison correspondence, or an ongoing formal organization that can respond to
the liaison.

The most effective forms of liaison are when a designated liaison representative
regularly attends both groups, and is thus fully aware of the work in each SDO. The
liaison person can then clarify the intention behind the liaison correspondence and
clarify the terminology and technology used by each.

14.1.2 SUMMARY OF THE DIFFERENT TYPES OF STANDARDS
BODIES
The different types of wireline SDOs can be summarized as follows:

International SDOs: These bodies consist of members that are distributed around
the world rather than within one nation or region of the world. The ITU-T is the
most important telecommunications SDO. The IEEE committees, including 802,
are the most prominent ones for LAN and WAN data communications.

Regional and National SDOs: These bodies focus on standards that meet require-
ments unique to their national or regional networks, or other needs. They can also
coordinate national/regional input to the International SDOs. Examples include
ATIS, ETSI, and CCSA.

Industry Forums: The forums provide a place to either develop prestandard agree-
ments that allow for experimenting with new services or for developing standards
that enable other aspects of the ecosystem. Examples include new services and
intrasystem interfaces. Important wireline forums include the OIF, Broadband
Forum (BBF), and MEF.

Industry Consortium: A consortium is a voluntary collaboration of multiple com-
panies in order to enable aspects like common interfaces, common equipment
reference designs, or service definitions. As with other standards, the intention is
to allow both interoperability and economies of scale in design and component
availability. They often arise when the member companies recognize a common
goal or approach that is unlikely to be shared by a consensus of other companies
who may have their own proprietary solutions. Important consortiums include the
one responsible for CPRI.

Industry Alliances: An industry alliance will typically fall into a category some-
where between a forum and a consortium. An example is the EA that operates to
promote the use of Ethernet technology.

14.2 CARRIER NETWORK WIRELINE INTERFACE STANDARDS
Public telecommunications network providers typically operate very large networks,
and they are also typically subjected to some form of government supervision to
ensure that they can provide universal interconnectivity in an open and reliable
manner. The operating costs of these large networks are very significant and relative
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to the cost of building the networks. Consequently, network operators rely on a small
number of specialized SDOs to define the wireline interconnect standards and the
associated network control, management, protection, and administration standards.
As described in the introduction, the ITU-T has become the most important of these
international standards bodies, with regional SDOs addressing matters of local or
region concern.

14.2.1 ITU-T INTERNATIONAL STANDARDS
The ITU standards work is divided among two groups. ITU-R covers radio topics,
which are outside the scope of this chapter. ITU-T (ITU Telecommunications
Standardization Sector) covers wireline networks and other network topics outside
of radio interfaces. The ITU-T is the primary wireline body upon which the global
telecommunications network providers depend for their network standards.

The ITU-T work is divided among a number of study groups (SGs) that address
specific topics. The work within an SG is divided into Working Parties that cover
different subtopics, with the technical work being done in task groups called
“Questions.” The name originated from the notion that the task group would address
a particular question or narrower topic. The ITU-T uses a 4-year “study period”
approach, in which the work is reorganized at the beginning of each study period. At
that time, SGs and Questions that have effectively completed their work are dropped
or merged into other SGs and Questions, new Questions or SGs are created to address
new areas requiring standardization, work is transferred from one SG to one that
is now a better fit for that work, and SGs and Questions that have ongoing work
along the lines of their previous work are reaffirmed. A note on terminology: the
abbreviation for a given question is

Q<question #> / <Study Group #> For example, Q11/15 is Question 11 of
SG15.

As mentioned above in the introduction, the ITU is a special agency of the United
Nations. Hence, the primary members of the ITU-T are nations. Public telecom-
munications network providers have their own class of membership. Scientific and
industrial organizations also have a class of membership. In their case, being a Sector
Member allows them to participate and access the documents of any of the SGs and
also participate in the ballot process for new standards. It is also possible to be an
“Associate” of a particular SG. Being an Associate allows full participation in the
technical work of that SG for much lower annual dues, although an Associate is
not allowed to vote or comment on standards in the ballot phase. Since the early
2000s, the ITU-T allows free access over the web to pdf versions of all its published
standards.

Virtually all the ITU-T wireline network standards work is performed within
SG15. The scope of this work includes “Layer 0” through Layer 5 topics for access
and metro/core transport networks. Layer 0 includes the specifications of optical
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fibers/cables, all physical infrastructure elements, and wavelength channels. Layer
1 covers the bit rates and frame formats of digital signals. Layers 2–4 include aspects
of packet networks that are required to allow “carrier-grade” quality of service (QoS),
and Layer 5 includes carrier network management protocols and interfaces. This wide
range of topics is divided among three working parties:

• Working Party 1 (WP1), which covers access networks (Layers 1–5).
• Working Party 2 (WP2), which covers optical fiber networks (Layer 0).
• Working Party 3 (WP3), which covers transport networks (Layers 1–5 and

equipment functional specifications).

Most of the standards developed in SG15 are published as part of the “G” and “L”
series of standards (transmission systems and media, digital systems, and networks),
which are designated as “Recommendation G.xxx” or “Recommendation L.xxx,”
where the xxx is the number assigned to the standard. The work of each working
party is summarized as follows. A list of some of the most active current wireline
questions appears in Tables 14.1–14.3.

In addition to the work in SG15, SG13 becomes involved in high-level work
affecting the wireline network. For example, as this book was being written, SG13
launched a focus group to study the wireline network implications and requirements
to support the “5G” mobile wireless network and the IMT-2020 work of ITU-R.
Presumably, any wireline network standards recommended by the task force report
would then be developed in SG15.

14.2.1.1 WP1 “transport aspects of access, home, and smart grid
networks”
WP1 covers both optical and copper/electrical access networks. Key WP1 active
work is summarized in Table 14.1.

As noted above, the FSAN consortium has defined the types of OANs required
by the carriers, and it does some of the initial protocol and technology studies. It
then transitions this work to Q2/15 of WP1 for complete technical specification
and standardization. Most of these are passive optical networks (PONs) in which
an optical fiber tree topology is used, connecting multiple remote optical network
units (ONUs) at or near the user premises with a single optical line terminal (OLT)
at the carrier CO. Hence, a single optical interface at the OLT can serve multiple
ONUs, thus saving optical component and fiber costs. The first of these FSAN
PON standards was the gigabit per second-capable PON (G-PON) standards family,
typically operating at approximately 2.5 Gbit/s downstream and 1.25 Gbit/s upstream
shared among the ONUs on the PON. This work was followed by the XG-PON
(10 Gbit/s-capable) protocol, which allowed roughly 10 Gbit/s downstream and
2.5 Gbit/s upstream. They are currently completing work on a family of “Next
Generation” PON (NG-PON) protocols that allow for up to 40 Gbit/s downstream
and 10 Gbit/s upstream, and they are considering technologies for even higher
throughput. The PON bandwidth is shared among the end users, with dynamic
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Table 14.1 Key Current Questions in ITU-T SG15 Working Party 1

Question Title Description of Scope

2 Optical systems for
fiber access
networks

PON system architecture and technology and its
evolution. This work includes long reach
extensions, QoS, maximizing the service
capability between PONs and wireless edge
networks, energy saving for optical access
equipment, video signal support, and carrying
radio frequency (RF) radio signals directly over
OANs

4 Broadband access
over metallic
conductors

Technology for broadband data communication
over metallic telephone cable infrastructure. This
work includes modulation and transport
techniques, handshaking protocols, energy
saving, physical layer management, and
interconnection to higher network layers

15 Communications for
smart grid

Technology and protocols for communications
over power grid networks. These technologies
include modulation and coding, digital signal
processing, physical layer measurement
methods, handshaking protocols, energy saving,
and interconnection to higher network layers

18 Broadband
in-premises
networking

Technology and protocols for in-premises
networks over in-premises infrastructure. The
technology includes modulation and transport
techniques, protocols to coexist with powerline
communications (PLC), physical layer
measurement methods, handshaking protocols,
energy saving, and interconnection to higher
network layers.
The in-premises network infrastructures include
telephone wiring, powerline wiring, and coaxial
cable (eg, installed for in-premises video
distribution)

Note that the scope of all WP1 questions includes testing procedures and the requirement for
optimized transport of Ethernet and IP-based services

bandwidth allocation allowing individual users to burst data in either direction up
to the full PON rate. Reach extension techniques are also defined with the end
goal of replacing many telephone company COs with PON connections to a smaller
number of regional COs that host the OLTs and switching/routing equipment. Q2/15
also defines the PON protection and the network management requirements and
interfaces. Note that PON is expected to become increasingly important as a backhaul
for wireless base stations or a “fronthaul” network for the connections between the
base station and remote radios. See the discussion on CPRI below for more about the
fronthaul application [1].
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Q4/15 has developed the past several generations of DSL technologies, including
very high-speed DSL (VDSL). DSL allows bidirectional high-speed data transmis-
sion over a twisted pair of telephone wires (ie, the subscriber line) that connect
the user to the telephone network. VDSL2 vectoring allows access rates up to 250
Mbit/s. They are currently working on “G.fast,” which will allow access rates up
to 1 Gbit/s by using an optimal combination of optical networks and DSL. An
outgrowth of the Q4/15 DSL work has been two other copper cable standards areas.
The first, covered by Q18/15, are network protocols that provide in-home broadband
networking capability over existing wireline infrastructures, including telephone
wiring, powerline wiring, and coaxial cable. Q15/15 works on narrowband powerline
communication (NB-PLC) utilizing OFDM technology in order to use the existing
utility power grid for the communications medium. NB-PLC allows the monitoring,
analysis, and control of power usage, which is an important part of the emerging
“smart grid” for more efficient power distribution [1].

14.2.1.2 WP2 “optical technologies and physical infrastructures”
WP2 covers various aspects associated with the lowest layer functions of optical
fibers and networks. Key WP2 active work is summarized in Table 14.2.

Q5/15 defines attributes, characteristics, and test methods for optical fibers
and cables, including geometrical, physical, mechanical and environmental, and
transmission characteristics. The Q5/15 work program also includes the description
and testing of single-mode and multimode fibers for transport and access networks.

Q6/15 defines the optical characteristics and requirements for different types of
optical systems and networks, and one of its most important outputs is standardized
sets of wavelengths for use as channels in wavelength division multiplexed (DWM)
networks. This set of wavelengths, referred to as a “grid,” allows higher volume
manufacturing of standardized optical components.

Q7/15 covers aspects of the systems specifications. Specifically, it addresses
specifications and requirements for components and subsystems. In that role, it
serves as an interface to the component level standards generated outside of
ITU-T in organizations such as International Electrotechnical Commission (IEC).
The Q7/15 work program includes parameter definition and classification (eg,
optical nonlinearities, polarization, dispersion, noise, optical surge); passive com-
ponents (eg, splices and connectors, attenuators, terminators, splitters/combiners,
optical multiplexers/demultiplexers, filters); and optical switches and dispersion
compensators.

Q8/15 covers standards associated with undersea optical cables. The Q8/15
work had previously included standardizing or documenting forward error correction
(FEC) codes. This work has now transitioned to Q11/15. The questions not listed in
Table 14.2 cover topics including optical components and subsystems, optical fiber
and cable test methods, installation, and maintenance and operation of optical fiber
cable networks.

Q16/15 addresses subscriber access network infrastructure. Their work program
covers network infrastructure planning, cable construction, passive network elements
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Table 14.2 Key Current Questions in ITU-T SG15 Working Party 2

Question Title Description of Scope

6 Characteristics of
optical systems for
terrestrial transport
networks

Various aspects of optical systems for
transporting signals over fiber networks. These
aspects include modulation formats, power
budget calculation approaches,
wavelength/frequency plans for WDM systems,
dispersion management and compensation
techniques, coherent detection, optical channel
quality assessment (to enable routing in
all-optical networks), application of FEC for
terrestrial networks, the use of optical amplifiers
and optical cross connects, and optical systems
reliability. The work also includes optical link
parameters such as optical interference and
polarization mode dispersion (PMD). The goal in
many cases is the specification of interoperable
single channel and multichannel optical systems
(“transverse compatibility”). The emphasis is on
the transport of OTN, Ethernet, and legacy
Synchronous Digital Hierarchy (SDH) signals

7 Characteristics of optical
components and
subsystems

The work includes active devices and
subsystems (eg, optical fiber amplifiers and
switches), parameter definitions and
measurement (eg, optical nonlinearities,
polarization, dispersion, noise, optical surge),
passive components (eg, splices and
connectors, attenuators and terminators,
splitters/combiners), optical
multiplexers/demultiplexers, and filters and
isolators

8 Characteristics of optical
fiber submarine cable
systems

The work covers all aspects required for
undersea (submarine) optical cable systems.
The work includes interface specifications,
cable transmission characteristics, mechanical
considerations, WDM, introduction of different
types of optical amplifiers, advanced FECs,
repeaters with optical amplifiers, capability for
partial network upgrades, integration of
submarine and terrestrial networks, protection,
repair procedures, and test methods. The work
also includes the effects of chromatic and
polarization mode dispersion and dispersion
compensation techniques, as well as optical
fiber nonlinearities, on the evolution to higher
rate systems

16 Outside plant and
related indoor
installation

The work covers various aspects of OAN
planning, construction, and components

17 Maintenance and
operation of optical fiber
cable networks

The work includes all aspects associated with
optical fiber monitoring and testing, including
functional requirements and interfaces and
devices for these purposes
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(for PON), and techniques and components for indoor and outside plant construction
and operation.

Q17/15 focuses on optical fiber network maintenance and operation issues. Their
program includes functional requirements, monitoring and testing methods, and
maintenance functions and devices for monitoring and testing systems.

14.2.1.3 WP3 “transport network characteristics”
WP3 covers various aspects of both circuit switched and packet switched metro/core
transport networks. Key WP3 active work is summarized in Table 14.3.

While this group also has responsibility for the legacy SDH networks, the
primary focus of the WP3, since around 1999 and for the foreseeable future, is
the OTN. The OTN standards have been developed to allow cost-effective use of
WDM networks. The signal formats and overhead are optimized for simple transport
signal processing and simplified network management. The OTN standards have
evolved from a relatively basic transport protocol for legacy constant bit rate (CBR)
SDH/SONET signals with rates up to 40 Gbit/s, to a very flexible multiplexing
technology allowing efficient transport of a wide variety of both CBR and packet
clients. These clients include Ethernet, multiprotocol label switching (MPLS), stor-
age network connections (eg, FC), video (eg, SDI and DVB-ASI), and legacy telecom
signals.

Current work in Q11/15 is extending OTN rates beyond 100 Gbit/s to allow up
to multiple terabit per second transport signals. Q11/15 covers both the signal rates
and formats, and also the equipment functional characteristic specifications so that
the network can be managed effectively.

In addition to OTN protocols, WP3 works on extensions to the packet protocols
of other standards bodies (eg, Ethernet and IP/MPLS) to allow carrier grade QoS
guarantees and network protection. Another important aspect of the WP3 work,
performed in Q13/15, is the synchronization of both time division multiplex (TDM)
and packet networks, as well as specifications for jitter and wander for the TDM
networks. (Jitter and wander are the high- and slow-rate variations induced by
the network on the instantaneous phase of the transport signal.) Q9/15 develops
protocols and techniques for the protection switching and restoration of TDM and
packet networks in the presence of faults. One more important area for WP3 is
the specification of network management and control plane protocols for operating
transport networks [2].

14.2.2 IMPORTANT REGIONAL SDOs
Regional SDOs primarily operate in regions of the world with significant growth in
telecom network infrastructure and regions that have common needs that are specific
to that region. For example, prior to around 2001, the North American networks
were built using standards from ATIS/ECSA that grew from the unique aspects of
the legacy North American networks. As China began the rapid modernization of
its telecommunications infrastructure, they were relatively unencumbered by legacy
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Table 14.3 Key Current Questions in ITU-T SG15 Working Party 3

Question Title Description of Scope

9 Transport network
protection/restora-
tion

The focus of this group is protection
architectures and protocols for both TDM
and packet networks. These include SDH,
OTN, MPLS, and Ethernet layer networks. It
also includes multilayer survivability and
protection interactions between the
data/packet layers

10 Interfaces,
interworking, OAM
(operations,
administration, and
maintenance), and
equipment
specifications for
packet-based
transport networks

This group has the primary responsibility for
carrier network standards associated with
access and metro/core packet networks
and the associated equipment functions.
The emphasis is on supporting
packet-based traffic for services including
Ethernet, SAN, and Multiprotocol Label
Switching-Transport Profile (MPLS-TP). This
includes the necessary OAM requirements
and mechanisms for both
connection-oriented and connectionless
packet transport networks of various
topologies. While the work includes generic
OAM principles for interworking of different
network technologies, it also focuses on
Ethernet and MPLS-TP. The OAM for
MPLS-TP is done in cooperation with the
IETF standards organization. The Ethernet
work is done in cooperation with the IEEE
and the MEF

11 Signal structures,
interfaces,
equipment
functions, and
interworking for
transport networks

This group is responsible for the transport
network digital signal rates and formats, as
well as the associated equipment function
specification. Its primary focus is on OTN,
including optimizations for both CBR and
packet client transport. Specific topics
include packet encapsulation for transport
over SDH/OTN, and FEC

12 Transport network
architectures

The work of this group includes overall
network architecture issues that are then
reflected in the work of the other SG15
questions. The work includes circuit
switching, including at the photonic layer,
and packet switching capability for both
metro/core and access networks. It also
covers the converged multitechnology and
multilayer transport networks
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Table 14.3 Key Current Questions in ITU-T SG15 Working Party 3—cont’d

Question Title Description of Scope

13 Network synchronization
and time distribution
performance

This group covers all aspects
associated with distributing timing in
networks and maintaining the required
timing accuracy for signals carried
through the networks. The timing
distribution includes frequency and
time-of-day and/or phase reference.
These are covered for both TDM
networks and packet networks. The
work also covers jitter and wander
specifications and requirements,
including those required for supporting
wireless networks, wireline access
networks, and packet networks such
as Ethernet and MPLS

14 Management and
control of transport
systems and equipment

This group is responsible for the various
aspects associated with the
management plane and control plane
for both TDM and packet transport
networks. The work also includes the
management aspects of the associated
network equipment

networks and were open to considering whether there were less expensive or more
efficient telecom networks that could be built in that environment. CCSA plays
the lead role in that effort. ETSI has led the way in coordinating telecom network
positions and capabilities primarily among European carriers and their needs.

14.2.2.1 ATIS
ATIS covers a range of standards work and types of wireline and wireless standards.
The wireline standards work of ATIS was merged into the COAST Committee. At
this point in time, the only active COAST subcommittee is SYNC (Synchronization),
which covers network synchronization topics for both circuit switched and packet
switched networks. In December 2014, ATIS sunsetted three of its longstanding
subcommittees: optical hierarchical interfaces (OHI), which covered technology and
protocols related to intercarrier connections and intracarrier metro/core network
interconnections; OANs, which covered OAN topic including PON; and network
access interfaces (NAI), which covered the access interfaces between the carrier
networks and the end users (eg, DSL and PON technologies). Historically, OHI and
NAI (and the groups from which they directly descended) had been especially active
since 1984. However, virtually all the work on these topics is currently being done
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within the ITU-T SG15 discussed below. As noted in the introduction, the US State
Department no longer requires a COAST review of ITU-T SG15 contributions by US
companies.

One key SYNC topic is specifying the limits for jitter and wander of the client
signal rate that can be introduced by equipment within the network and must be
tolerated by the receiving equipment. Another SYNC topic is the distribution of
reference frequency and phase information across the network in order to provide
the desired network node synchronization. As packet-based network technologies
are used for more applications, including carrying CBR services, there has been an
increased need to define these parameters for packet networks. Since packet networks
have not been defined around having highly accurate signal clock rates for CBR
signals, the jitter/wander and timing distribution is much more challenging.

14.2.2.2 ETSI
ETSI had previously provided much of the European input to ITU-T standards.
However, ETSI currently relies on European carriers and manufacturers to participate
directly in the ITU-T. ETSI now focuses on related work, including equipment
specifications and topics like network function virtualization (NFV). NFV defines
the functions of different network equipment such that they can be implemented in
software on commercial computing hardware (eg, blade servers in a data center)
rather than on dedicated special-purpose equipment. This allows aspects like the
functions associated with radio base stations, PON line terminals, and encryption,
to be assigned as needed to different servers in the network via downloading and
enabling the appropriate server software.

14.2.2.3 CCSA
Through the early 2000s, Chinese carriers had assumed that their networks were best
served by inexpensive technologies with minimum functionality that were optimized
for their network infrastructures and future plans. For example, the CCSA considered
whether Ethernet would have cost advantages in applications where other carriers
were using Internet-based protocols. The motivation was to reduce equipment cost
and complexity in order to lower the CAPEX costs of building their burgeoning new
networks. It subsequently became apparent to the Chinese carriers that in the long
run, it was much more cost effective to actively participate in the ITU-T and use
international standards. As their networks grew, the Chinese carriers also appreciated
the ongoing OPEX advantages that had motivated the complexity behind the existing
protocols. In some cases the CCSA still defines standards to meet specific needs of
Chinese carriers. For example, CCSA specified an encryption protocol for PON that
was available without needing to pay royalties, thus saving money in large-scale PON
deployments.
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14.2.3 THE 19XX STANDARDS WORKING GROUPS OF IEEE
COMMUNICATIONS SOCIETY
IEEE Communications Society (ComSoc) identified the need for wireline standards
in areas that were not currently being addressed by other SDOs. They were able to
leverage a legacy of past ComSoc standards work, and they were also able to leverage
the same organizational infrastructure provided by the IEEE Standards Association
(SA) as the IEEE Computer Society uses for IEEE 802. They currently have two
working groups (WGs) relevant to this chapter:

• 1904 Access Networks Working Group (ANWG);
• 1910 Loop-Free Switching and Routing Working group.

ANWG takes the system level access network view. It addresses functions and the
protocols that are required for OAM in multiservice networks. Table 14.4 provides a
snapshot of recent or current ANWG work.

1910 is currently working on P1901.1, “Standard for Meshed Tree Bridging with
Loop Free Forwarding.”

14.3 DATA NETWORK WIRELINE INTERCONNECTION
STANDARDS
The most important standards organization for wireline data networks is IEEE 802
of the IEEE Computer Society. IEEE 802 covers a variety of wireless and wireline
standards, with the key wireline standards covered in the 802.1 and 802.3 WGs. Other
important groups include INCITS and IEEE 1588.

14.3.1 IEEE 802.1—HIGHER LAYER LAN PROTOCOLS
WORKING GROUP
The group originated to develop methods for bridging between Ethernet and token
ring networks. The charter of 802.1 is now necessarily broad, as it covers the
802 network architecture and interworking between different 802 technologies.
For example, while the other 802 WGs typically cover a specific technology (eg,
Ethernet or Wi-Fi), 802.1 covers 802 LAN/metropolitan area network (MAN)
architecture, network interworking, higher layer protocols (above the MAC and
logical link control [LLC] layers), security, and overall network management for 802
networks. The work of 802.1 is organized according to Task Groups, as illustrated in
Table 14.5.

Bridging is implemented by having each network node examine the source MAC
addresses on the frames received on each port, and building a per-port table of these
received source MAC addresses. The node then forwards (outputs) each frame on
the port for which the frame’s destination MAC address matches a source address
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Table 14.4 Snapshot of IEEE 1904 Task Forces

Project Title Description of Scope

1904.1 Standard for Service
Interoperability in
Ethernet Passive Optical
Networks (SIEPON)

While the IEEE 802.3 Ethernet specification
covers all aspects related to Layers 1 and 2
of Ethernet Passive Optical Networks
(EPON), there are many other aspects of
EPON outside the scope of 802.3 that are
needed for interoperable equipment and
networks. The IEEE 1904.1 standard
addresses such aspects as the definition of
different services and how they are
implemented over a PON, algorithms for
MAC to share the PON bandwidth among
the subscribers, mechanisms for power
savings during periods of inactivity by PON
terminals, QoS guarantees, discovering and
authenticating remote PON terminals, and
various management aspects. The work of
1904.1 is now complete, except for
maintenance

1904.2 Standard for
Management Channel
for Customer-Premises
Equipment Connected
to Ethernet-based
Subscriber Access
Networks

When customer premises equipment (CPE)
is served by an Ethernet-based access
network, the potential exists to manage the
CPE that lie beyond the PON ONU, Coaxial
Network Unit (CNU), Residential Gateway,
etc., in order to provide a variety of service
capabilities. This group defines the required
management channel, including message
format, forwarding rules, and processing
operations. The channel characteristics
include the multihop capability to reach the
CPE devices, secure communications (via
encryption), the capability to simultaneously
configure multiple devices, and the capability
for extension to support new CPE device
types and/or management protocols

1904.3 Standard for Radio Over
Ethernet Encapsulations
and Mappings

The focus of this project is enabling wireless
infrastructure signals (eg, CPRI) to use
Ethernet encapsulation for transport over
Ethernet-based radio access networks. The
information carried is the digitized radio
in-phase/quadrature phase (IQ) data, in
addition to control channels. The signal
structure is agnostic to the client in the sense
that it can accommodate any such client by
serving as an Ethernet container for the client
frames.
However, it is also structure-aware to
appropriately accommodate the client’s
frame format structure. Note that this is only
a partial specification of what is required for
carrying radio over Ethernet, and it relies on
IEEE 802.1 for additional specification
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Table 14.5 IEEE 802.1 Active Task Groups

Task Group Scope

Interworking The work of this Task Group includes various aspects of
bridging and link aggregation. The bridging work includes
control functions such as resource reservation (eg, traffic
engineering) and bridging between different 802 networks
such as Ethernet and 802.11

Security This WG covers the security protocols required for
different types of 802 networks. For example, 802.11 and
EPON communicate with subscribers over a shared
medium, and hence they both require security for user
privacy and authentication of users of the medium. Most
operate at the MAC layer

Time sensitive networking An increasing number of potential uses for Ethernet have
required real-time critical information. This group defines
the protocols to add these capabilities onto Ethernet or
determine how to use other protocols (eg, IEEE 1588) for
these applications. Considerations include
communicating time/phase reference information for
synchronization, as well as packet scheduling and priority
mechanisms to guarantee the performance requirements
of real-time critical information. One of the newer
applications is carrying radio interface information over an
Ethernet access infrastructure. (See also the discussions
of IEEE 1904.3 and CPRI elsewhere in this chapter.)

Data center bridging This Task Group addresses applications required by large
data centers in their environments

OmniRAN This Task Group is developing a reference model that
allows all the various types of 802-based access
networks to be managed in a consistent manner, both
individually and in combination

received on that port. This information allows the construction of a filtering database,
which in turn allows relaying Ethernet frames with different MAC addresses (MAC
relay). The filtering also allows each node to recognize control frames destined for
that node, which are hence not forwarded. This was originally defined in the 802.1D
standard, but it is now defined in 802.1Q.

The 802.1 bridging work has resulted in the popular virtual LAN (VLAN)
capabilities that create LAN-type privacy and functionality for individual users
within a larger shared network. VLANs originated with 802.1Q, but they have been
extended with several new varieties that add functionality or extensibility, including
making them practical for use in carrier networks.

A fundamental aspect of the 802.1 bridging work was the spanning tree protocol
(802.1D), which creates loop-free topologies for forwarding Ethernet frames. The
spanning tree is built by network nodes (router/switches) handshaking with one
another to discover the network topology. This work has also been extended with
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variations including rapid spanning tree for faster topology discovery after a fault
condition.

The Time Sensitive Network task group is developing several standards and tools
that enable deterministic real-time performance in Ethernet bridged networks. This
determinism in bridged networks expands the number of applications for which
they can be used. Example applications include industrial control, and streaming of
video and audio data, including in home networks. Extension to carrying mobile
infrastructure information is under study in the 802.1CM project that was launched
in 2015.

14.3.2 IEEE 802.3—ETHERNET WORKING GROUP
IEEE 802.3 is responsible for the definition of Ethernet. As such, it is one of the most
successful and influential standards group in the world. The focus of the work is the
physical layer through MAC and LLC sublayers (ie, Layers 1 and 2). Higher layer
issues such as bridging are addressed by IEEE 802.1 and IEEE 1904. As Ethernet
applications have expanded, so has the need for a variety of different physical
interfaces and rates. A mid-2015 snapshot of some of the active 802.3 projects shown
in Table 14.6 gives the reader a sense of the scope of IEEE 802.3 work. At this
point, the different types of media defined for carrying Ethernet signals of different
rates includes coaxial copper cable, twisted-pair copper cable, printed circuit boards
(eg, between chips on the same board), system backplanes, PON, serial transmission
over a single fiber, parallel transmission over multiple channels (eg, different copper
or optical cables, or optical wavelengths on the same fiber), and different types of
fiber (single mode, multimode, and plastic optical fiber). Each type of interface has
proven to be optimal in terms of cost and/or performance for an important Ethernet
application. In some cases (eg, those addressed by 802.3bt and 802.3bu), power is
also transmitted over the copper cables in order to run the equipment at the other end
of the link rather than requiring it to have its own local power.

Table 14.6 Snapshot of Some of the IEEE 802.3 Active Task
Forces

Title Scope

802.3bm 40 and 100 Gb/s Fiber Optic Task Force
802.3bn EPON Protocol Over Coax (EPoC) Task Force
802.3bq Interspersing Express Traffic Task Force
802.3bs 400 Gb/s Ethernet Task Force
802.3bt DTE Power via MDI Over 4-Pair Task Force
802.3bu 1-Pair Power Over Data Lines (PoDL) Task Force
802.3bv Gigabit Ethernet Over Plastic Optical Fiber Task Force
802.3by 25GBASE-T PHY Study Group
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The Ethernet interfaces are typically identified according to the following
nomenclature:

<MAC rate of the signal in Mbit/s>BASE-<type of medium>.

For example, 1000BASE-T is gigabit per second (ie, 1000 Mbit/s) over twisted-
pair copper cable. 100GBASE-SR10 is a 100 Gbit/s interface using 10 electrical
signals in parallel over a short reach electrical connection (eg, between chips). Note
that the “MAC rate” means the signal rate between the MAC sublayer and the lower
layers that adapt the signal to its physical transmission medium (eg, by applying a line
code or FEC). Due to line coding, the signal rate over the medium will be somewhat
higher. When referring to a family of Ethernet signals at the same line rate, it is most
common to abbreviate as “<MAC rate of the signal in Mbit/s>bE.” For example,
10 Gbit/s Ethernet signals are typically collectively referred to as 10 GbE. Note that
“BASE” refers to “baseband” signals, to distinguish them from broadband (BROAD)
or passband (PASS) signals used in early generations of Ethernet. At this point, all
Ethernet signals are designated as “BASE.”

Historically, the Ethernet rates increased by a factor of 10 with each generation:
specifically 1 Mbit/s, 10 Mbit/s, 100 Mbit/s, 1 Gbit/s, and 10 Gbit/s. At each
increment, the cost of the new interface was much less than using a combination
of 10 of the previous interfaces. Clearly, such a logarithmic increase in rates could
not continue forever. For rates above 10 Gbit/s, 802.3 began using other increments
that were optimized for important applications. Consequently, the 40 and 100 Gbit/s
interfaces were developed in parallel as part of the same project. These were the first
interfaces that relied primarily on a parallel medium rather than a single serial stream.
The highest signal rate currently under consideration is for 400 Gbit/s in 802.3bs. As
the work on this project began, it became apparent that there were advantages to
making incremental use of the rates being used on the parallel interface component
signals. For example, the 4 × 25 Gbit/s interfaces specified for 100 GbE can be used
for sub-100 Gbit/s connectivity within the server racks of a data center (eg, to connect
the server cards with the router at the top of the rack). This led to the launch of the 25
GbE 802.3by project. Some are working on expanding this concept with a modular
approach referred to as “FlexEthernet,” which is primarily being defined in the OIF
standards body, as discussed below.

In addition to different wireline media types, Ethernet also supports a variety of
topologies at the physical layer. 10 Mbit/s Ethernet supported a fully shared broadcast
medium (eg, through a shared coaxial cable or through expander equipment that
emulated this function for Ethernet nodes connected to it over their own dedicated
twisted pair cable). The legacy use of the CSMA-CD MAC (Carrier Sense Multiple
Access—Collision Avoidance) protocol for shared media is the main reason that
Ethernet signals continue to require a minimum number of interpacket characters
between each Ethernet frame, and they have each frame begin with a preamble.
This combination allows the destination receiver to align to the signal amplitude and
clock rate of the received Ethernet frame before the packet information begins. As
the rates increased, it became much more practical to have each Ethernet terminal
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use a full-duplex signal over a point-to-point physical connection to a bridge or
switch node. The extension of EPON created a one-to-multipoint topology. As
Ethernet systems grew, it became important to define the system backplane as a cost-
effective Ethernet medium within the system. The IEEE 802.3bj project added this
capability.

While there was optional support for FEC coding with some Ethernet signal rates,
the PON and backplane applications necessitated standardizing more powerful FEC
coding. The more powerful FEC was optional for most applications but required for
some. The 400 GbE standard will have a mandatory FEC.

It has become increasingly important for enterprise customers to be able to
interconnect their local Ethernet networks across a WAN. Since the WAN is typically
provided by the public telecom network providers, it was critical to define methods
for encapsulating Ethernet for the WAN transport. This necessity has prompted an
increasingly close cooperation between IEEE 802.3 and ITU-T SG15. At this point,
Ethernet signals with rates from 1 to 100 Gbit/s have transparent mappings into the
ITU-T-defined OTN, and 400 GbE will similarly support an OTN mapping. Note
that in addition to transparent CBR Ethernet stream transport, OTN also supports
mapping Ethernet on a frame-by-frame basis, in which it is possible to carry Ethernet
flows at arbitrary rates desired by the user.

As noted, 802.3 supports access network applications between carriers and
end users. These primarily use Ethernet-based PON. (See the above discussion
on ITU-T Q2/15 for more on PON.) The PON rates currently supported are 1
Gbit/s symmetrical, 10 Gbit/s symmetrical, and 10 Gbit/s downstream with 1 Gbit/s
upstream. The former is referred to as EPON, and the latter two as 10G-EPON. Work
is beginning on higher rates. Of course the PON bandwidth is shared among the end
users, which typically number in the 16–128 range. Dynamic bandwidth allocation
allows individual users to burst data in either direction up to the full PON rate. In
some applications, regions, or markets, the 802.3 PON protocols compete with the
ITU-T G-PON protocol family. Each network provider makes its own choice for
which technology to use. In addition to PON, Ethernet access transport has recently
been defined for shared coaxial copper cable media such as that used by cable
television network providers.

14.3.3 IEEE 1588 PRECISE NETWORKED CLOCK SYNCHRONIZATION
WORKING GROUP
This WG, sponsored by the IEEE Instrumentation and Measurement Society, speci-
fies a precision time protocol (PTP) for carrying highly accurate timing information
over Ethernet networks. While the initial applications were for aspects like industrial
equipment control, version 2 was expanded to accommodate the growing use of
Ethernet for telecom applications where high accuracy frequency and phase timing
were required. The concept relies on the periodic transmission of special Ethernet
frames from a master clock node that sends a timestamp in synchronization packets
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and having intermediate nodes along the path update the timestamps based on the
transit delay through that node. The node at the other end of the link sends a return
timestamp updated based on its turnaround time. The master node can then determine
the total time required to transmit a packet to the other node. With this information,
it can communicate the information required to have the other nodes along the path
maintain precise frequency and phase (eg, time of day [ToD]) alignment with the
master node’s clock.

ITU-T’s Q13/15 defined a profile of IEEE 1588v2 for use in telecom applications.
One of the most stringent applications is distributing precision timing to mobile
network base stations over their Ethernet uplink to the metro/core network. The
base stations can then use this information to establish the precision clocks for their
radio interfaces, with a phase accuracy that allows the reliable handoff between
cell sites. It can also be used as an alternative to legacy SONET/SDH signals for
distributing precision clock information to telecom carrier COs in their networks.
Yet another application is distributing precision timing and ToD information to
CPE over different types of broadband access networks. IEEE 802.1AS specifies a
profile of IEEE 1588 for carrying real-time information such as video signals over a
bridged LAN.

14.3.4 INCITS T11 FIBER CHANNEL
T11 is responsible for high performance computer interfaces. The most prominent
of these is FC, which is a lossless datacom interface. It has been commonly used
within enterprise computing and storage networks, and for interconnecting them
over modest distances. The high performance and lossless reliability have enabled
FC to remain popular in these applications, especially for storage area networks
(SAN), even as the use of Ethernet has grown for data connectivity and the use
of lower cost storage drive interfaces such as serial attached SCSI (SAS) and
serial ATA (SATA) has grown in many cost-sensitive SAN applications. Note that
SAS and SATA standards are developed in INCITS T10 and T13, respectively,
and they are typically just used within a building rather than for MAN/WAN
connectivity.

14.4 INDUSTRY FORUMS
As described in the introduction, industry forums came about as bodies for devel-
oping agreements in areas that were either outside the domain of existing SDOs or
for which there was a desire for an early introduction of a capability in order to
provide it on a limited basis until a full standard could be subsequently developed
for network-wide use. For example, most telecom SDOs focus on standards for
interface between different network providers. Other infrastructure related areas such
as network architectures, service models, and useful interfaces within the systems
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were hence outside their scope and taken up by the industry forums. The working
methods of the forums can be looser than standards bodies since their specifications
are often documented as industry agreements or technical recommendations rather
than as full “standards” in the sense of those coming from a body like IEEE 802 or
ITU-T.

14.4.1 BROADBAND FORUM
The current BBF was formed in 2009 from the merger of the DSL Forum and
the IP/MPLS Forum. The DSL Forum, founded in 1994, worked on standards
related to broadband subscriber access using DSL technology. Their primary focus
was on provisioning, creating reference models, network architectures, and best
practices for carrying certain types of services. As its work expanded to include other
broadband access technologies such as fiber, it changed its name to BBF in 2008. The
predecessors of the IP/MPLS Forum are the ATM Forum, Frame Relay Forum, MFA
Forum, and MPLS Forum. The focus of the IP/MPLS Forum was the promotion of
MPLS and frame relay technologies.

The BBF is composed of 200 member organizations representing service
providers, equipment manufacturers, and electronic chip suppliers, defines and
facilitates next-generation broadband standards, best practices and solutions.

The BBF’s more recent work includes topics related to PON, Ethernet-based
DSL (xDSL), and auto-configuration for CPE such as set-top box and Network
Attached Storage units. In its 2014 work program, FTTdp (Fiber to the Distribution
Point), xDSL interoperability, and NFV became central themes in the evolution of
MultiService Broadband Network (MSBN) architecture and nodal requirements. Its
technical recommendations (TRs) provide an integrated framework for managing
different types of broadband access technologies and marketing reports (MRs)
present technology overviews in support of specifications published in BBF TRs.

The work of the BBF is performed under two main working committees: the
Technical Committee and the Marketing Committee, a joint technical and marketing
WG: Service Innovation and Market Requirements (SIMR); and a special advisory
group: the Service Provider Action Council (SPAC). The Technical Committee
consists of six WGs, as described in Table 14.7.

14.4.2 OPTICAL INTERNETWORKING FORUM (OIF)
The OIF has been one of the most active and prolific telecom industry forums. Its
focus is on developing implementation agreements (IAs) required for interoperability
within the telecom network ecosystem. Their work also often provides valuable input
to other SDOs. Their work is organized to address three areas:

• External network element interfaces for optical networking.
• Network element internal software interfaces.
• Interfaces between hardware components within a network element.
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Table 14.7 Key Current Working Groups in BBF Technical Committee

WG Title Description of Scope

BBHome BroadbandHome All aspects of in-premises device
management; TR-069 (CPE WAN Protocol)
updates with data model expansion to cover
broader range of devices; functional
requirements for residential and Internet
gateway devices

E2EA End-to-End Architecture All aspects of MSBN architecture and
requirements; current projects on NFV,
FTTdp, hybrid access, and IPv6 transition

FAN Fiber Access Network All aspects of fiber-based MSBN
requirements, including PON optical layer
management; current projects on FTTdp
functional requirements. Earlier projects
included the global industry’s first GPON
interoperability program development

IP/MPLS
and Core

IP/MPLS and Core Current projects on IP network integration
with optical transport aimed at packet
network optimization by using DWDM
interfaces

O&NM Operations and Network
Management

All aspects of protocol-independent
management model development for MSBN;
current projects on fiber infrastructure
management (joint with FAN WG), FTTdp
management architecture, and DSL quality
management

MT Metallic Transmission All aspects of functional requirements and
test methodology development for metallic
wireline MSBN; current projects on FAST
(G.Fast) certification test plan development,
MSBN copper cable models, in-premises
PLCs systems

SIMR Service Innovation and
Market Requirements

This group is responsible for expedited
exploratory work on emerging MSBN
technologies and description/development of
use cases and market requirements. Current
projects on high-level requirements and
framework on NFV and software defined
networking (SDN) in MSBN

Their work also includes interoperability testing and the marketing and promotion
of the technologies and services they address. Organizationally, the OIF work is
organized into two WGs:

• Physical and Link Layer Working Group/Physical Layer User Group Working
Group.

• Networking and Operations Working Group/Carrier Working Group.



550 CHAPTER 14 Digital wireline transmission standards

Examples of OIF projects in the Physical and Link Layer Working Group/
Physical Layer User Group Working Group include the following:

• Common Electrical Interface (CEI) specifications.
• These specifications are typically between chips, or between chips and

modules, either on the same circuit board or across a backplane. They cover a
range of different reaches and a discrete number of important interface rates.

• The multilink gearbox (MLG) for converting between a serial stream of data and
a parallel interconnection. It defines the monitoring and control capabilities, as
well as compatibility with the IEEE 802.3bj FEC specification.

• Thermal specifications for optical interface modules.
• Dense wavelength division multiplexing (DWDM) interfaces.

The CEI work has been especially important to other SDOs and, consequently,
the telecom and datacom industries as a whole. For example, it has been used as the
basis for electrical interfaces developed by IEEE 802.3, INCITS T10, and RapidIO.
Consequently, IC vendors are very active in OIF.

Examples of OIF projects in the Networking and Operations Working Group/
Carrier Working Group include the following:

• Framework document for transport network use of SDN.
• Application programming interfaces (APIs) for SDN in transport networks.
• Specifications for programmable virtual network services that could drive the

deployment of SDN.

At the time this book was being written, the OIF was beginning a new project
called “FlexEthernet” within the Physical and Link Layer Working Group/Physical
Layer User Group Working Group. The concepts behind FlexEthernet were to
decouple the Ethernet MAC and Physical Medium Dependent (PMD) sublayers,
especially in terms of rates. It effectively extends the OIF MLG to provide a variety
of subrates and also an efficient mechanism for bonding multiple parallel links. It
allows multiple MAC flows that are each less than the PMD rate sharing a set of
PMDs. It also allows MAC flows that are each more than the PMD rate to share a
bonded set of PMDs.

The PMD signal is structured containing “calendar slots” that can be filled by
66-bit Ethernet characters (code words) on a periodic basis. Specifically, a 100 Gbit/s
PMD signal contains 1023 sets of 20 calendar slots between each overhead calendar
slot. A FlexE client signal can own any number of calendar slots that can either all
be within the same PMD or spread over multiple PMDs. A FlexE client signal is a
CBR-like signal that can be combined with other FlexE client signals through time
division multiplexing via assignment to a set of the periodic calendar slots.

14.4.3 METRO ETHERNET FORUM (MEF)
As the volume of data traffic began to overtake voice traffic in the carrier networks,
Ethernet WAN connectivity became increasingly important. In order to provide
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different types of WAN connections, especially when they cross carrier domains, it
was important to have agreements on the types of services that would be supported.
Specifically, carriers wanted to sell Ethernet connectivity services beyond just an
emulation of a wire across their networks. For example, one important service is
to provide Ethernet virtual connections with guaranteed performance, at rates lower
than those of the customer networks. This allows customers to only pay for the WAN
bandwidth that they require. Another example is providing tree or generalized LAN-
type connection topologies between customer sites.

Providing such services within and across different service provider networks
required defining the services in a standard manner, including characterizing the
performance parameters and requirements. Since they needed to be well defined with
appropriate service guarantees, such Ethernet services provided by the carriers are
typically referred to as “carrier Ethernet” (CE) to distinguish them from the Ethernet
LANs that often operate on a best-effort service basis. The MEF addresses the items
necessary to meet these QoS expectations of CE. The MEF agreements also paved
the way for carriers to directly use Ethernet technology in their own networks.

The first generation of MEF standards, called CE 1.0, specified the networks
and services needed for delivering Ethernet services of a single carrier’s network.
The second generation, called CE 2.0, adds multiple new services and manageability
for interconnected carrier networks. Both port-based and VLAN-based services are
supported. In other words, the underlying pillars of CE 2.0 are multiple service
classes, interconnectedness, and manageability.

The MEF work is divided among four broad work areas:

• Services;
• Architecture;
• Management;
• Test and Measurement.

A partial list of the current MEF specifications is shown in Table 14.8 in order
to illustrate the scope of their work. With the exception of the addition of the
information and data models, element management, and abstract test suites, the
specifications in Table 14.8 are the ones referenced in the ITU-T G.8011 (Ethernet
over Transport—Ethernet service characteristics) recommendation.

14.5 IMPORTANT INDUSTRY CONSORTIUMS
As discussed in the introduction, an industry consortium is occasionally formed in
order to effectively define standards for interworking on functions that are not being
currently addressed in other standards organizations (eg, due to being out of scope).
The smaller membership of a consortium allows definitions that are optimized for the
needs of the consortium members. This section describes some of the more import
consortiums for wireline networks.



552 CHAPTER 14 Digital wireline transmission standards

Table 14.8 Examples of MEF Specifications

Example MEF Specifications

Subject Area # Title

Carrier Ethernet
Service Definitions

6.2 Metro Ethernet Services Definitions Phase 3

22.1 Mobile Backhaul Phase 2 Implementation Agreement, and
Amendment 1 (small cells)

28 External Network-Network Interface (ENNI) Support for
UNI Tunnel Access and Virtual UNI

33 Ethernet Access Services Definition
Carrier Ethernet
Service Attributes

10.3 Ethernet Services Attributes Phase 3

23.1 Class of Service Phase 2 Implementation Agreement
26.1 External Network-Network Interface (ENNI)—Phase 2
45 Multi-CEN L2CP

Architecture 12.2 Carrier Ethernet Network Architecture Framework Part 2:
Ethernet Services Layer

13 User Network Interface (UNI) Type 1 Implementation
Agreement

20 UNI Type 2 Implementation Agreement
Information and
Data Models

7.2 Carrier Ethernet Information Model

31 Service OAM Fault Management Definition of Managed
Objects (SNMP)

40 UNI and Ethernet Virtual Circuit Definition of Managed
Objects (SNMP)

44 Virtual NID (vNID) Definition of Managed Objects (SNMP)
Service Activation
and Test

46 Latching Loopback Protocol and Functionality

48 Service Activation Testing
49 Service Activation Testing Control Protocol and PDU For-

mats
Service OAM Fault
& Performance
Management

30.1 Service OAM Fault Management Implementation Agree-
ment Phase 2, and amendment

30.1.1 Service OAM Fault Management Implementation Agree-
ment Phase 2 - Amendment 1

35 Service OAM Performance Monitoring Implementation
Agreement, and two implementation amendments

Element
Management

15 Requirements for Management of Metro Ethernet Phase 1
Network Elements

16 Ethernet Local Management Interface
Abstract Test
Suites

9 Abstract Test Suite for Ethernet Services at the UNI

14 Abstract Test Suite for Traffic Management Phase 1
21 Abstract Test Suite for UNI Type 2 Part 1 Link OAM
25 Abstract Test Suite for UNI Type 2 Part 3 Service OAM
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14.5.1 FULL-SERVICE ACCESS NETWORK (FSAN) CONSORTIUM
The FSAN consortium originated with multiple telephone network carriers wanting
to specify broadband technology beyond DSL that would allow them to compete with
the coaxial cable broadband access networks from Cable Television providers. Hav-
ing a common specification would be key to providing both the market competition
and the volumes required to encourage the development of cost-effective technology.
While IEEE 802.3 had developed EPON, it lacked some features needed for carrier
networks. For example, it lacked a network management interface, specifications
associated with bandwidth assignment, QoS guarantees, power saving, encryption,
network protection, and multiservice delivery. Since the specifications involved
many aspects beyond the Layers 1 and 2 protocols, no existing standards body
was addressing the range of topics they needed. In other words, in order to be cost
effective, the specifications had to include physical layer, MAC, service definitions,
and network management.

Rather than developing and publishing its own standards, FSAN handed its re-
quirements and technology investigations to the ITU-T for the detailed specification
and standardization. As discussed above, this work takes place in Q2/15. FSAN
initially defined the G-PON protocol with a wide variety of rates and features
requested by its various members. In order to better facilitate the cost benefits
of market volume, it subsequently defined a Common Technical Specification that
specified a limited set of the most popular options. Subsequent work on higher rate
PONs has also had the requirements and preliminary technology research performed
in FSAN, with subsequent completion and publication by ITU-T.

14.5.2 COMMON PUBLIC RADIO INTERFACE (CPRI) CORPORATION
Mobile radio transmitter sites are simpler to construct when the radio functions do
not need to be colocated with base station (BTS) functions. An industry consortium,
initially consisting of five companies, defined a standard digital interface between the
BTS and a remote radio head (RRH). The payload of this digital signal is the digitized
radio in-phase/quadrature phase (IQ) data stream. Using a digital signal allows longer
distance transmission than an analog radio signal, with immunity to noise and overall
site power savings. This interface was initially used to reach between a BTS at the
bottom of the radio antenna tower to the RRH at the top of the tower. It now supports
several kilometers distance between the BTS and RRH, which allows centralizing the
location of multiple BTSs. In the future, this topology allows performing much of the
BTS processing function on data center servers rather than dedicated BTS hardware.
This configuration using data center servers is referred to as Cloud-Radio Access
Network (C-RAN).

Since the connections between the BTS and the metro/core networks are referred
to as “backhaul” networks, the networks carrying the CPRI signals are commonly
referred to as “fronthaul” networks.
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In order to make the cost-effective use of the fronthaul physical layer net-
work, it is desirable to multiplex multiple CPRI signals. However, there are many
challenges associated with multiplexing CPRI-type signals. The challenges and
the emerging standards work associated with this topic are discussed below in
Section 14.5.5.

14.5.3 OPEN BASE STATION ARCHITECTURE INITIATIVE (OBSAI)
CONSORTIUM
This industry consortium sought to define a standardized functional partition of the
BTS, including interfaces between the functions. Their Reference Point 3 (RP3)
serves essentially the same function as CPRI. While OBSAI is still used, CPRI has
been more popular.

14.5.4 ETHERNET ALLIANCE (EA) CONSORTIUM
The goal of this consortium is to promote the successful expansion of Ethernet tech-
nology. Its members include system and component vendors, as well as professionals
from government and universities. It does not develop standards or specifications
itself.

14.5.5 WIRELINE NETWORKS FOR WIRELESS
FRONTHAUL/BACKHAUL
A variety of standards groups and consortiums have been interested in the topic of
using wireline networks for the fronthaul/backhaul of wireless network traffic. Rather
than breaking this work down by group, this section provides a broader overview of
the topic.

As discussed in other chapters of this book, increasing the per-user data rates
in wireless networks is a matter of increasing the efficiency of using the available
RF spectrum. One key method for increasing the efficiency is the spectrum reuse
made possible by cellular topology where the same frequencies can be reused in
nonadjacent cells, due to the power limitations on transmissions within each cell.
The potential for frequency reuse is increased by going to smaller cells. Of course,
using smaller cells requires more cells, and hence more radios. In order to make such
an arrangement cost effective, CPRI is used to connect the radios to centralized base
stations so that there are fewer base station locations. Shared base station locations
are more cost effective due to being able to share common equipment and having
reduced real estate costs and fewer sites to maintain.

In order to further reduce costs, the fronthaul wireline network carrying the
CPRI signals must be shared. The main challenges with CPRI transport come
from having the radio deriving its RF directly from the received CPRI signal. In
order to allow handoffs between cell sites for mobile users (ie, where Doppler
shift must be taken into account), the frequency accuracy and stability requirement
allocated to the CPRI signal was specified to be 2 ppb. CPRI also includes stringent
requirements for directional latency symmetry, latency variation, and overall latency.
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These are important because the CPRI protocol measures the roundtrip latency of
the connection between the BTS and RRH, and the BTS uses the propagation delay
information to accommodate for its impact on the radio signal phase at the RRH.
For protocol simplicity, the calculation assumes that latencies in the two directions
are essentially equal. Hence, significant asymmetry impacts the accuracy of the
phase impact calculation. WDM is the simplest multiplexing method to satisfy these
requirements since each wavelength offers a transparent channel with minimum
latency. However, WDM has been too expensive for carrying a single client signal
per wavelength in fronthaul or access applications.

TDM is much less expensive than WDM for sharing the wireline fronthaul net-
work; however, it can be difficult to adequately filter the jitter introduced in the CPRI
signal by TDM and compensate for the latency and its directional delay variation.
Carriers asked the ITU-T to define a TDM method for carrying CPRI over OTN.
The ITU-T documented its OTN mappings for CPRI in informative text rather than
normative text in order to make it clear that some degree of network engineering will
be required to guarantee adequate performance. All aspects of carrying CPRI over
OTN have been moved to a standalone informative supplement (ITU-T G.Sup56)
to the OTN standard in order to highlight and clarify the requirements for the
various proposed CPRI transport options. This ITU-T work was complicated by
the consortium nature of the CPRI Corporation, making them not well structured to
respond to liaison requests for clarifications on the nature and absolute limits of the
CPRI specifications, as well as there being differences in how CPRI and ITU-T state
their performance requirements. The CPRI Corp. has more recently expressed an
interest in actively cooperating with the IEEE 802.1 group to work on CPRI transport
using Ethernet technology in the 802.1CM project.

One new paradigm being explored is to decouple the IQ data transport from
communicating the CPRI clock information. Conceptually, the different pieces
of equipment in the fronthaul network can receive their RF clock and phase
synchronization from something like a GPS satellite, or by using the IEEE 1588
protocol described above, rather than from the received CPRI signal rate. Having a
separate means of communicating frequency and phase information, together with
the mechanisms being defined in 802.1 and 1904.3, makes it feasible to use Ethernet
for carrying the CPRI IQ data information.

Another network topology of interest is to move some of the BTS processing
functions to the RRH location, such that the connection to the RRH is an Ethernet
backhaul one rather than a CPRI fronthaul one. Carrying the information content of
the baseband backhaul data requires much less bandwidth than carrying the raw IQ
data samples via CPRI; therefore this allows for much more cost effective use of the
wireline access network bandwidth.

14.6 OTHER SIGNIFICANT GROUPS
Other wireline SDOs exist to address specific areas. The two covered in this section
are CableLabs and Telecommunications Industry Association (TIA).
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14.6.1 CABLELABS AND DOCSIS
CableLabs is a research laboratory jointly owned by US Cable Television Network
Operators, and its work is funded by them and other cable operators from around
the world. As such, it is not an SDO in the sense of the others covered above, but
it functions as the primary standards setting body for the cable television industry.
(Note that the Society of Cable Television Engineers (SCTE) also specifies some
standards for the cable industry.) The early work of CableLabs focused on aspects
like defining the spectrum usage within the coaxial cables in order to provide
frequency division multiplexing channels for delivering analog video signals. As
the coaxial cable infrastructure was upgraded to support bidirectional transmission,
CableLabs defined the DOCSIS protocol to enable providing broadband data services
over the cable television access network. DOCSIS specifies all aspects required
for interoperability between the user cable modems (CMs) at the subscriber’s
premises and the network provider’s cable modem terminating system (CMTS).
For example, the areas defined by DOCSIS include frequency band allocations,
modulation formats, the MAC layer, definition of services (including their QoS), IP
address assignment, security, CM authentication, and network management. Over
time, DOCSIS continues to evolve to provide even higher access bandwidth and
additional features. See [1] for a tutorial on DOCSIS.

Note that DOCSIS has been extended by CableLabs and the IEEE 1904.1 work
to allow carrying DOCSIS over Ethernet PON networks.

14.6.2 TELECOMMUNICATIONS INDUSTRY ASSOCIATION (TIA)
TIA is an ANSI-accredited standards body covering a variety of specialized areas.
It currently consists of 12 committees covering topics including wireless network
infrastructure (private radio equipment, cell towers, satellites, and mobile device
communications), terminal equipment (telephone and data), cabling, data centers,
multimedia multicast, VoIP devices, accessibility, vehicular telematics, healthcare
information communication, machine-to-machine communications, and smart utility
networks. As evident by the scope of its work, TIA does not focus on interface
agreements such as those covered in ITU-T SG15 and IEEE 802.3, but it is somewhat
more like OIF in that it covers import infrastructure, device, and equipment standards
that are required in the telecommunications and data communications ecosystems.
However, some of its work provides input to the ITU.

14.7 CONCLUSIONS
Wireline network standards continue to be a very active area, and they are especially
important for building the core infrastructure of LAN and WAN. Understanding
these network standards is very helpful for those involved in wireless networks,
since the wireline networks are typically used as the backbone for connecting
wireless networks, and many of the wireline network technologies find applications
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in wireless networks. Table 14.9 provides a summary overview of which standards
organizations play leading roles in different areas of technology. While this table is
by no means comprehensive, it will provide the reader with important starting points
for further study.

Table 14.9 Some Important Wireline Technologies and
Associated Key Standards Organizations

Technology
Lead Wireline Standards
Organization(s)

Broadband access (wireline) ITU-T SG15 Working Party 1
IEEE 802.3
FSAN
CableLabs
BBF (management)

DSL ITU-T SG15 Q4
Ethernet interfaces IEEE 802.3
Ethernet services MEF

IEEE 1904
Network management ITU-T SG15 Q14

OIF
IEEE 1904
MEF

Optical components TIA
ITU-T Working Party 2
OIF

Optical networking ITU-T SG15
OIF

LAN IEEE 802.3
IEEE 802.1
INCITS

OFDM ITU-T SG15 Working Party 1
CableLabs

PON ITU-T SG15 Working Party 1
IEEE 802.3
FSAN
BBF (management)

Radio access networks CPRI
OBSAI
IEEE 1904
IEEE 802.1

Synchronization ITU-T SG15 Q13
IEEE 1588
IEEE 802.1
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15.1 INTRODUCTION TO WIRELESS BROADBAND
STANDARDS AND TECHNOLOGIES
Wireless communication comprises a wide range of technologies, services, and appli-
cations that have come into existence to meet the particular needs of users in different
deployment scenarios. Wireless systems can be broadly characterized by content and
services offered, reliability and performance, operational frequency bands, standards
defining those systems, data rates supported, bidirectional and unidirectional delivery
mechanisms, degree of mobility, regulatory requirements, complexity, and cost. The
number of mobile subscribers has increased dramatically worldwide in the past two
decades. The number of mobile devices is expected to continue to grow more rapidly
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than nomadic and stationary devices, and mobile terminals are the most commonly
used platforms for accessing and exchanging information. In particular, users expect
dynamic applications, capabilities, and services that are ubiquitous and available
across a range of devices using a single subscription and a single identity. Wireless
multimedia traffic is increasing far more rapidly than voice and will increasingly
dominate traffic flows. The paradigm shift from predominantly circuit-switched air-
interface design to all IP-based systems has provided the users with the ability
to more efficiently, more reliably, and more securely utilize multimedia services
including email, file transfers, messaging, browsing, gaming, VoIP, and location-
based and multicast and broadcast services. These services can be either symmetrical
or asymmetrical (in terms of use of radio resources in the downlink or uplink) and
real-time or nonreal-time with differing quality of service (QoS) requirements. The
new applications consume relatively larger bandwidths, resulting in higher data rate
requirements.

There are various types of broadband wireless access technologies that are
classified based on the coverage and user mobility:

1. Body area network (BAN), also referred to as a body sensor network, is a
network of wirelessly connected wearable devices/sensors. BAN devices may be
embedded inside the body (implants), may be surface-mounted on the body in a
fixed position (wearable technology), or may be accompanied devices which
humans can carry in different positions, in clothes pockets, or in handbags.

2. Personal area network (PAN) is a wireless data network used for communication
among data devices/peripherals around a user. The wireless PAN coverage area
is typically limited to a few meters with no mobility. Bluetooth is an example of
PAN technology.

3. Local area network (LAN) is a wireless or wireline data network used for
communication among data/voice devices covering small areas such as home or
office environments with limited or no mobility. Examples include Ethernet
(fixed wired LAN) and Wi-Fi or IEEE 802.11 (wireless LAN for fixed and
nomadic users).

4. Metropolitan area network (MAN) is a data network that connects a number of
LANs or a group of stationary/mobile users distributed in a relatively large
geographical area. Wireless infrastructure or optical fiber connections are
typically used to link the dispersed LANs. Examples include IEEE 802.16-2004
(fixed WiMAX) and Ethernet-based MAN.

5. Wide area network (WAN) is a data network that connects geographically
dispersed users via a set of interconnected switching nodes, hosts, LANs, etc.
and covers a wide geographical area. Examples of WAN include the Internet and
cellular networks such as 3GPP UMTS and LTE, and mobile WiMAX or IEEE
802.16-2012.

In this chapter, we will provide a high-level overview of the most common wireless
standards and their developing standards organizations that fall into one of the above
categories. References in this chapter will provide more in-depth resources for the
interested readers.
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15.2 WIRELESS BROADBAND STANDARDIZATION
ORGANIZATIONS AND SPECIAL INTEREST GROUPS
Globally adopted wireless technology standards have been mainly developed by
international standards development organizations such as IEEE, 3GPP, or ITU,
as well as by special interest groups representing major industry proponents such
as Bluetooth SIG or the Wi-Fi Alliance. The main objective of standardization
is to ensure compatibility and interoperability of wireless system entities and
interfaces across a large number of vendors. These technical standards are developed,
maintained, and evolved by the corresponding standards organization through various
releases of the baseline specifications. In this section, we will briefly introduce some
of the standards developing organizations which have had significant impacts on the
wireless industry in the past two decades.

15.2.1 IEEE 802
IEEE 802 refers to a family of IEEE standards developed for wired and/or wireless
personal area, local area, and MANs [1]. The IEEE 802 LAN/MAN standards
committee develops and maintains networking standards and recommended practices
for personal, local, and metropolitan networks using an open and accredited process
and advocates them on a global basis. The most widely used standards are for
Ethernet, Bridging and Virtual Bridged LANs, Wireless LAN, Wireless PAN,
Wireless MAN, Wireless Coexistence, Media Independent Handover Services, and
Wireless RAN. Any individual working group provides the focus for each area. The
services and protocols specified in IEEE 802 map to the lower two layers (data link
and physical layers) of the seven-layer OSI networking reference model. In fact,
IEEE 802 splits the OSI data link layer into two sublayers named logical link control
(LLC) and medium access control (MAC), thus the layers and sublayers defined by
IEEE 802 standards define the LLC sublayer, MAC sublayer, and physical layer.

15.2.2 3GPP
The Third Generation Partnership Project (3GPP) brings together a number of
telecommunication standards development organizations (ARIB, ATIS, CCSA,
ETSI, TTA, TTC), also known as Organizational Partners, and provides their
members with stable technical baseline documents to transpose into their own
specifications [2]. There are four technical specification groups in 3GPP which
include radio access networks (RAN), service and systems aspects (SA), core
network and terminals (CT), and GSM EDGE radio access networks (GERAN). Each
technical group has a set of working groups and has a particular area of responsibility
for the reports and specifications under its own terms of reference or group charter.
3GPP uses a system of parallel releases in order to provide device and network
vendors as well as network operators with a stable platform for implementation and
to allow the addition of new features required by the market. 3GPP has been credited
for the development of some of the most important cellular standards—2G/GSM,
3G/UMTS, and 4G/LTE—over the past two decades.
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15.2.3 Wi-Fi ALLIANCE
The Wi-Fi Alliance is a nonprofit organization that promotes Wi-Fi technology
and certifies Wi-Fi products to ensure that they conform to certain standards of
interoperability such that clients and access points manufactured by different vendors
can work together [3]. Early IEEE 802.11 products suffered from interoperability
issues because IEEE had no provision for testing equipment for compliance with its
standards. The Wi-Fi Alliance owns and controls the “Wi-Fi Certified” registered
trademark, which is permitted only on equipment that has passed the prescribed
interoperability testing. A rigorous testing procedure is adopted because the standards
involve not only radio and data format interoperability, but also security protocols,
as well as optional testing for QoS and power management protocols. The user
experience governs the overall approach of the Wi-Fi Alliance certification program.
This pragmatic approach stems from three principles: (1) interoperability, which is
the primary objective of certification and where stringent test cases are conducted
to ensure that products from different equipment vendors can interoperate in a wide
variety of configurations; (2) backward compatibility that has to be maintained in
order to allow new equipment to work with the legacy counterparts, protecting
investments in legacy Wi-Fi products and enables users to gradually upgrade and
expand their networks; and (3) innovation that is supported through the intro-
duction of new certification programs as the latest technology and specifications
come into the marketplace. These certification programs may be mandatory or
optional.

The Wi-Fi Alliance definition of interoperability surpasses the ability to work in
a Wi-Fi network. To obtain certification under a specific program, products have to
show satisfactory performance levels in typical network configurations and have to
support both established and emerging applications. The Wi-Fi Alliance certification
process includes three types of tests to ensure interoperability. The Wi-Fi Certified
products are tested for compatibility, conformance, and performance.

15.2.4 BLUETOOTH SIG
The Bluetooth Special Interest Group (SIG) is a member-only industry association
that oversees the development of Bluetooth standards and the licensing of the
Bluetooth technologies and trademarks to device manufacturers [4]. Bluetooth is a
short-range wireless technology originally developed as IEEE 802.15.1 for low-rate
information exchange between compatible wireless devices such as mobile phones,
laptops, computers, printers, and digital cameras over short distances via an ISM
radio frequency band. The SIG owns the Bluetooth trademark and grants licenses
to companies that incorporate Bluetooth wireless technology into their products. To
become a licensee, a company must become a member of the Bluetooth SIG. The
SIG also manages the Bluetooth SIG qualification program, a certification process
required for any product using Bluetooth wireless technology and a precondition of
the intellectual property license for Bluetooth technology. The main tasks for the



15.3 Overview of wireless broadband technologies 563

SIG are to publish the Bluetooth specifications, protect the Bluetooth trademarks,
and promote Bluetooth technology.

To use Bluetooth technology, a device has to be able to interpret certain Bluetooth
profiles, which are definitions of possible applications, and specify general behaviors
that Bluetooth-enabled devices use to communicate with other Bluetooth devices.
These profiles include settings to parameterize and to control the communication
from the beginning of the session. Adherence to profiles saves time when transmitting
the parameters again before the bidirectional link becomes effective. There are a wide
range of Bluetooth profiles that describe many different types of applications or use
cases for devices.

15.3 OVERVIEW OF WIRELESS BROADBAND TECHNOLOGIES
In this section, we provide an overview of some of the most commonly used radio
access standards that have facilitated a large number of fixed, nomadic, and mobile
services across various platforms in the past two decades.

15.3.1 IEEE 802.11 FAMILY (Wi-Fi)
The IEEE 802.11 family of standards is a group of wireless LAN radio access
technologies developed by the IEEE 802 LAN/MAN Standards Committee. These
standards define nonsynchronous contention-based multiple access schemes based
on Carrier Sense Multiple Access with Collision Avoidance (CSMA/CA) [5].

IEEE 802.11 supports two network architecture types, namely, infrastructure
and ad hoc modes. The basic service set (BSS) is the basic building block of an
IEEE 802.11 network. Direct association of stations in an ad hoc network forms
an Independent BSS or IBSS. The interconnection of a number of BSS through a
distributed system creates an extended service set (ESS). IEEE 802.11 specifications
define multiple physical layers and a common MAC layer for wireless LANs (as
shown in Fig. 15.1). Another important aspect of this family is that they use an
unlicensed spectrum in 2.4, 5, and 60 GHz for operation.

The IEEE 802.11 family comprises many technologies that have evolved from
direct sequence spread spectrum (DSSS) and complementary code keying (CCK)
in the first generation to orthogonal frequency division multiplexing (OFDM)
waveforms combined with advanced coding and modulation techniques, as well as
spatial division multiplexing (SDM) multiantenna schemes, in the latest generations.
Depending on channel conditions, these features can provide data rates in the excess
of a few gigabits per second within short distances. Table 15.1 summarizes the key
physical layer characteristics of IEEE 802.11 air-interface technologies. There are
other IEEE 802.11 family members, and each provides an extension to the baseline
standard by adding new features such as handover (HO) and roaming, mesh net-
working, QoS, security, regulatory aspects, and measurement for various regions of
the world.
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Table 15.1 Evolution of IEEE 802.11 Air-Interface Technologies

Standard
Frequency
(GHz)

Bandwidth
(MHz)

Transmission
Scheme

Highest
Order
Modulation Coding Rate

Spatial
Streams

Data Rate
(Mbps)

802.11 2.4 25 DSSS – Convolutional
Coding with
Coding Rates
1/2, 2/3, 3/4,
and 5/6

1 1,2

802.11b 2.4 25 DSSS/CCK – 1 1–11
802.11a 5 20 OFDM 64QAM 1 6–54
802.11g 2.4 25 OFDM, DSSS/CCK 64QAM 1 1–54
802.11n 2.4/5 20, 40 OFDM/SDM 64QAM 1–4 6.5–600
802.11ac 5 20, 40, 80, 160 OFDM/SDM/MU-

MIMO
256QAM 1–8 6.5–6933.3

802.11ad 60 2160 OFDM 256QAM 1 up to 6912

Based on, E. Perahia, R. Stacey, Next Generation Wireless LANs: 802.11n and 802.11ac, second ed., Cambridge University Press, Cambridge, UK, 2013.
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In IEEE 802.11, the stations and the access point are not synchronized except
when they exchange data or control information in the downlink or uplink. A listen-
before-talk method combined with CSMA/CA is used to gain access to the medium
and to ensure collision avoidance with other contenders wishing to access the shared
medium. The stations either passively scan the beacons transmitted by nearby access
points or actively scan neighboring access points by transmitting a probe signal.

In IEEE 802.11, there are two options for medium access. The first is a centralized
control scheme that is referred to as the point coordination function (PCF), and
the second is a contention-based approach known as the Distributed coordination
function (DCF). The PCF mode supports time-sensitive traffic flows where the
access points periodically send beacon frames to communicate network management
and identification which is specific to that WLAN. Between the sending of these
frames, PCF splits the time frame into a contention-free period and a contention
period. If PCF is enabled on the remote station, it can transmit data during the
contention-free polling periods. However, the main reason why this approach has
not been widely adopted is because the transmission times are not predictable. The
other approach, DCF, relies on CSMA/CA scheme to send/receive data. Within this
scheme, the MAC layer sends instructions for the receiver to look for other stations,
transmissions. If it sees none, then it sends its packet after a given interval and
awaits an acknowledgment. If one is not received, then it knows its packet was not
successfully delivered. The station then waits for a given time interval and also checks
the channel before retrying to send its data packet. This can be achieved because
every packet that is transmitted includes a value indicating the length of time that the
transmitting station expects to occupy the channel. This is noted by any station that
receives the signal, and only when this time has expired may other stations consider
transmitting. Once the channel appears to be idle, the prospective transmitting station
must wait for a period equal to the DCF interframe spacing (DIFS). If the channel
has been active, it must first wait for a time interval consisting of the DIFS plus
a random number of backoff slot times. This is to ensure that if two stations are
waiting to transmit, they do not transmit together and then do so repeatedly. A time
known as a contention window (CW) is used for this purpose. This is a random
number of backoff slots. If a transmitter intending to transmit senses that the channel
becomes active, it must wait for a random period until the channel becomes free, this
time allowing a longer CW. While the system works well in preventing stations from
transmitting together, the result of using this access system is that if the network
usage level is high, the time that it takes for data to be successfully transferred
increases. This results in the system appearing to become slower for the users. In view
of this, WLANs may not provide a suitable QoS in their current form for systems
where real time data transfer is required (see Fig. 15.2).

To introduce QoS, a new MAC layer was developed as part of IEEE 802.11e.
The user traffic is assigned a priority level prior to transmission. There are eight
user priority levels. The transmitter prioritizes the data by assigning one of the four
access categories. The QoS-enabled MAC layer has combined features from the DCF
and PCF schemes into a hybrid coordination function (HCF). In this approach, the
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modified elements of the DCF are termed the enhanced distributed channel access
(EDCA), while the elements of the PCF are termed the HCF controlled channel
access (HCCA). When using EDCA, a new class of interframe space called an
arbitration inter frame space (AIFS) has been introduced. This is chosen such that
the higher the priority the message, the shorter the AIFS, and associated with this,
there is also a shorter CW. The transmitter then gains access to the channel in the
normal way, but in view of the shorter AIFS and shorter CW, this means that the
chance of it gaining access to the channel is higher. Although, statistically, a higher
priority message will usually gain the channel, this will not always be the case.

The IEEE 802.11 frame contains a MAC header, a variable length frame body
(0–2304 bytes), and a 32-bit frame check sequence (FCS). The MAC header contains
information related to the type of frame, source and destination addresses, frame
control, and, sequence control, as shown in Fig. 15.3. The IEEE 802.11 standard
defines three major frame types: (1) management frames which do not carry service
data units; (2) control frames to assist delivery of data frames; and (3) data frames—
some with service data units, some without service data units, and a null frame to
inform the access point of a client’s power save status. The MAC frame format
comprises a set of fields that occur in a fixed order in all frames. Fig. 15.3 depicts
the general MAC frame format. The first three fields (Frame Control, Duration/ID,
and Address 1) and the last field (FCS) constitute the minimal frame format and are
present in all frames, including reserved types and subtypes. The fields Address 2,
Address 3, Sequence Control, Address 4, QoS Control, HT Control, and Frame Body
are present only in certain frame types and subtypes. The format of each individual
subtype of type of frame is defined in the standard. As shown in Fig. 15.3, there are
four different fields in the MAC header allocated for the address. The type of address
is determined by “To DS” and “From DS” fields. Regardless of the contents in the
frame, the structure of the MAC header is same.

The IEEE 802.11 physical layer is divided into two sublayers: Physical Layer
Convergence Protocol (PLCP) sublayer and Physical Medium Dependent (PMD)
sublayer. The PLCP sublayer receives a frame for transmission from the MAC
sublayer and creates the PLCP Protocol Data Unit (PPDU). The PMD sublayer then
modulates and transmits the data as bits. The MAC Protocol Data Unit (MPDU)
that is delivered to the physical layer is referred to as the PLCP Service Data Unit
(PSDU). As part of the processing, the PLCP sublayer adds a preamble and header
to the PSDU. When the PLCP layer receives the PSDU from the MAC layer, the
appropriate PLCP preamble and header are added to the PSDU to create the PPDU.
When transmitting data, the transmitting station provides the receiving station with
special synchronization sequences at the beginning of each transmission.

IEEE 802.11 defines three types of preambles: long PLCP preamble, short
PLCP preamble, and OFDM PLCP preamble. The IEEE 802.11n amendment
further defines three additional preambles in three different PPDUs, namely nonhigh
throughput (HT) legacy preamble, HT-mixed preamble, and HT-greenfield preamble,
also known as OFDM training sequences. The OFDM training sequences consist of
10 short symbols and long symbols. A guard interval (GI) in the form of the cyclic
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prefix is added. The Signal and Data fields follow the PLCP preambles each with
GI preceding them. The total training sequence length is 16 μs. The short OFDM
training symbol consists of 12 subcarriers, whereas the long OFDM training symbol
consists of 53 subcarriers. The Signal field consists of 8 bits indicating which coding
and modulation scheme is used for PSDU/MPDU. The Service field consists of 8
bits. The 16-bit Length field is used to indicate the number of microseconds that are
required to transmit the PSDU. A 16-bit CRC provides protection for the preceding
fields (signal, service, and length). In OFDM transmission, the SIGNAL field is 24
bits long.

The access point periodically broadcasts a special signal called a beacon (once
every 102.4 ms). When the Wi-Fi communication module is turned on, the device
first detects and decodes the beacon signal and establishes physical synchronization
with the sender. After establishing synchronization, the access point and the device
initiate the authentication procedure followed by the association procedure. There
are two types of scanning: passive and active scanning. As shown in Fig. 15.4, during
passive scanning, the device scans and detects the beacon signal from the access point
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Encrypted challenge phrase
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FIG. 15.4

Scanning and association procedures.
Based on, E. Perahia, R. Stacey, Next Generation Wireless LANs: 802.11n and 802.11ac, second ed.,

Cambridge University Press, Cambridge, UK, 2013.
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and establishes synchronization based on the beacon signal. In active scan mode, the
device broadcasts a probe request to all access points or a specific access point. If
there is any access point that detects the probe request, it sends a probe response to
the device.

Once the client and the access point go through the Authentication and Associ-
ation procedure, the client can send or receive data. Unlike cellular standards, IEEE
802.11 does not support dedicated control/traffic channels (TCHs) and it does not
have the MAC scheduling functionality. The stations are allowed to transmit at any
time, as long as the medium is not occupied by transmissions from other stations. In
order to determine whether the medium is free and able to overcome the hidden-node
problem, the station transmits a short Request to Send (RTS) frame containing the
source address, destination address, and the duration of upcoming data transmission.
Other stations located around the transmitting station may receive the RTS burst and
check if the RTS is meant for them. If the RTS is meant for a station and the medium
is free, the receiving device would transmit a Clear to Send (CTS) frame containing
the duration of the transaction. At this time, other devices in the vicinity of the
communicating stations know that the medium will be occupied for a certain duration
and set their network allocation vector (NAV), which is a MAC level contention
control timer, accordingly so that it would not try to sense the medium and transmit
during that period.

When a packet arrives at the MAC layer from higher layers, a sequence number
is assigned to it, and if the packet length is larger than a single MAC frame, it
is segmented into multiple fragments. In this case, a fragment number is assigned
to each segment. When a packet is segmented into multiple MAC frames, those
fragmented frames are assigned the same sequence number and different values for
the fragment number. IEEE 802.11 can transmit a maximum of 2304 bytes of higher
layer data (Fig. 15.5).

15.3.2 IEEE 802.16 FAMILY (WIMAX)
This section provides an overview of the prominent functional features of IEEE
802.16m (mobile WiMAX) radio access technology [6]. Mobile WiMAX network
architecture specifies a flat end-to-end network reference model. The network
reference model is a logical representation of the network architecture that identifies
functional entities and reference points over which interoperability is achieved
(Fig. 15.6). The functions represented by the logical entities can be realized in a
single physical entity or may be distributed over multiple physical entities. The
reference model is used to ensure interoperability among different implementations
of functional entities in the network. Thus, the functional entities on either side of
a reference point represent a collection of control or data-plane terminations. The
WiMAX architecture, developed by the WiMAX Forum, supports fixed, nomadic,
and mobile operations. The WiMAX network architecture is based on an all-IP model
and comprises three major elements:
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• Mobile stations (MS): These are the user equipments (UEs) that may be mobile
or fixed and may be located in the premises of the user.

• Access service network (ASN): This is the area of the WiMAX network that
forms the radio access network at the edge, and it comprises one or more base
stations and one or more ASN gateways.

• Connectivity service network (CSN): This part of the WiMAX network provides
the IP connectivity and all IP core network (CN) functions. It is the equivalent of
the CN in cellular terminology.

The data link layer of IEEE 802.16 comprises three sublayers: (1) the service-
specific Convergence Sublayer (CS) that provides any transformation or mapping
of network-layer data packets into MAC SDUs. On the transmitter side, the CS
receives the data packets through the CS Service Access Point (SAP) and delivers
MAC SDUs to the MAC Common Part Sublayer (MAC CPS) through the MAC
SAP. This includes classifying network-layer SDUs and associating them with the
proper MAC Service Flow Identifiers (SFID) and Connection Identifiers (CID).
The convergence sublayer also includes payload header suppression function to
compress the higher-layer protocol headers. Multiple CS specifications are pro-
vided for interfacing with various network-layer protocols, such as Asynchronous
Transfer Mode (ATM), and packet-switched protocols, such as IP or Ethernet. The
internal format of the CS payload is unique to the CS, and the MAC CPS is not
required to understand the format of or parse any information from the CS payload
(Fig. 15.7).

The MAC CPS provides the core MAC functionality of system access, bandwidth
allocation, connection establishment, and connection maintenance. It can receive
data from the various convergence sublayers, through the MAC SAP classified into
particular MAC connections. The QoS is further applied to the transmission and
scheduling of data over the physical layer.

The MAC also contains a separate security sublayer providing authentication,
secure key exchange, and encryption. The user data, physical layer control, and
statistics are transferred between the MAC CPS and the physical layer (PHY) via
the PHY SAP, which is implementation specific.

The IEEE 802.16m MAC common part sublayer is classified into a radio resource
control (RRC) and management functional group and a MAC functional group.
The control-plane functions and data-plane functions are also separately identified.
The RRC and management functional group comprises several management func-
tions including radio resource management, mobility management, network-entry
management, location management, idle mode management, security management,
system configuration management, and multicast and broadcast service. The MAC
functional group, on the control-plane, includes functional blocks which are related
to physical layer and link controls such as physical-layer control, control signaling,
sleep mode management, QoS management, and scheduling. The MAC functional
group on the data-plane includes functional blocks such as the fragmentation/packing
block, automatic repeat request (ARQ) block, and MAC protocol data unit formation



574 CHAPTER 15 Wireless broadband standards and technologies

IEEE 802.16 entity

Service specific convergence
sublayer (CS)

MAC common part sublayer
(MAC CPS)

Physical layer
(PHY)

Management information base
(MIB)

Security sublayer

--------------

N
etw

ork control and m
anagem

ent system
 

Data/control plane Management plane

CS management/configuration

MAC management/configuration

PHY management/configuration

PHY SAP

CS SAP

MAC SAP

M
-S

A
P

C
-S

A
P

FIG. 15.7

IEEE 802.16 reference model.
Based on, S. Ahmadi, Mobile WiMAX: A Systems Approach to Understanding IEEE 802.16m Radio Access

Technology, Academic Press, Oxford, UK, 2010.

block. The IEEE 802.16m protocol structure is similar to that of the legacy system
with some additional functional blocks in the control plane for the new features such
as relay, self-organization and self-optimization functions, and multicarrier functions.
The multicarrier functions enable control and operation of a number of contiguous
or noncontiguous RF carriers where the RF carriers can be assigned to unicast and/or
multicast and broadcast services. A single MAC instantiation will be used to control
several physical layers.
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The IEEE 802.16m MS state diagram consists of the four states as follows:

• Initialization state: An MS without any connection performs cell selection by
scanning and synchronizing to a BS and acquires the system information.

• Access state: The MS performs network entry to the selected base station
through an initial ranging process.

• Connected state: In this state, the MS maintains at least one transport connection
and two management connections with the serving BS. In order to reduce power
consumption, the MS or BS can request a transition to sleep mode. The MS can
also scan neighbor base stations to reselect a cell which provides more robust
and reliable services.

• Idle state: In this state, the MS may save power by switching between paging
available mode and paging unavailable mode. In the paging available mode, the
MS may be paged by the BS. If the MS is paged, it transitions to the access state
for its network reentry. The MS performs a location update procedure during the
idle state.

IEEE 802.16m uses OFDMA as the multiple-access scheme in downlink and uplink.
It further supports both TDD and FDD duplex schemes including H-FDD operation
of the MSs in the FDD networks. The majority of the frame structure attributes and
baseband processing are common for both duplex schemes. In the IEEE 802.16m
frame structure, a superframe is defined as a collection of consecutive equally sized
radio frames whose beginning is marked with a superframe header. The superframe
header carries short-term and long-term system configuration information. In order
to decrease the air-link access latency, the radio frames are further divided into a
number of subframes where each subframe comprises an integer number of OFDM
symbols. The transmission time interval (TTI) is defined as the transmission latency
over the air-link and is equal to an integer multiple of subframe length (the default
is one subframe). In the basic frame structure shown in Fig. 15.8, superframe length
is 20 ms (comprising four radio frames), radio frame size is 5 ms (comprising eight
subframes), and subframe length is 0.617 ms. The use of the subframe concept with
the latter parameter set would reduce the one-way air-link access latency to less
than 10 ms.

The downlink/uplink subframes are divided into a number of frequency partitions,
where each partition consists of a set of physical resource units over the available
number of OFDM symbols in the subframe. Each frequency partition can include
localized and/or distributed physical resource units. Frequency partitions can be used
for different purposes such as fractional frequency reuse (FFR).

Fig. 15.9 shows the channel coding and modulation procedures. A cyclic
redundancy check (CRC) is appended to a burst (ie, a physical layer data unit) prior
to partitioning. If the burst size including burst CRC exceeds the maximum block
size, the burst is partitioned into a number of subblocks, each of which is encoded
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separately and appended with a CRC. The maximum block size is 4800 bits. IEEE
802.16m utilizes convolutional turbo code (CTC) with a code rate of 1/3. IEEE
802.16m supports QPSK, 16QAM, and 64QAM baseband modulation schemes in
the downlink and uplink (uplink 64QAM is optional). The QAM symbols are then
mapped to the input of the MIMO encoder.

The incremental redundancy HARQ (HARQ-IR) scheme is used in IEEE
802.16m by determining the starting position of the bit selection for HARQ
retransmissions. Chase combining HARQ (HARQ-CC) is also supported and
considered as a special case of HARQ-IR. The resource allocation and transmission
formats in each retransmission in the downlink can be configured with control
signaling. The resource allocation in each retransmission in the uplink can be
fixed or adaptive, as configured by control signaling. IEEE 802.16m uses adaptive
asynchronous and nonadaptive synchronous HARQ schemes in the downlink and
uplink, respectively. The HARQ operation is relying on an N-process (multichannel)
stop-and-wait protocol. In adaptive asynchronous HARQ, the resource allocation
and transmission format for the HARQ retransmissions may be different from the
initial transmission. In the case of retransmission, control signaling is required to
indicate the resource allocation and transmission format along with other HARQ
necessary parameters. A nonadaptive synchronous HARQ scheme is used in the
uplink where the parameters and the resource allocation for the retransmission are
known in advance.
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Transmission of pilot subcarriers in the downlink is necessary to allow channel
estimation, channel quality measurement (eg, CQI), frequency offset estimation,
etc. To optimize the system performance in different propagation environments,
IEEE 802.16m supports both common and dedicated pilot structures. The common
pilots can be used in distributed allocations by all MSs. The dedicated pilots can
be used with both localized and distributed allocations and are associated with
the user-specific pilot index. The dedicated pilots are associated with a specific
resource allocation and are used by the MSs assigned to specific resource block (RB);
therefore, they can be precoded in the same manner as the data subcarriers of the RB.
The downlink pilot structure is defined for up to eight spatial streams, and the design
of common and dedicated pilots is consistent. There is an equal pilot density per
spatial stream; nevertheless, there is not necessarily equal pilot density per OFDM
symbols. There is the same number of pilots for each physical resource unit allocated
to a particular MS.

Downlink control channels carry essential information for system operation.
Depending on the type of control signaling, information is transmitted over different
time intervals (ie, from superframe to subframe intervals). The system configuration
parameters are transmitted at the superframe intervals, whereas control signaling
related to user data allocations is transmitted at the frame/subframe intervals.

The superframe header carries essential system parameters and configuration
information. The content of superframe header is divided into two parts referred
to as primary and secondary superframe headers. The information transmitted in
the secondary superframe header is further divided into different subpackets. The
primary superframe header is transmitted every superframe, whereas the secondary
superframe header is transmitted over one or more superframes. The primary and
secondary superframe headers are located in the first subframe within a superframe,
and they are time-division-multiplexed with the preamble.

The Medium Access Protocol (MAP), which is a WiMAX term for scheduling
and resource allocation control channels, consists of dedicated and common control
information. The nonuser-specific control information includes information that is
not dedicated to a specific user or a specific group of users. It contains information
required to decode user-specific control signaling. User specific control information
consists of information intended for one or more users. It includes scheduling
assignment, power control, and HARQ ACK/NACK. Resources can be allocated
persistently to the MSs. The periodicity of the allocation is configurable. A MAP
allocation information element (IE) is defined as the basic element of unicast control
signaling. A unicast control IE may be addressed to one user using a unicast identifier
or to multiple users via the multicast/broadcast identifier. The CRC of the control
channel is masked with a specific identifier for each specific allocation. It may contain
information related to resource allocation, HARQ, MIMO transmission mode, etc.
Each unicast control IE in IEEE 802.16m is coded separately. Note that this method
is different from the legacy system control mechanism where the IEs of all users
are jointly coded. Nonuser-specific control information is encoded separately from
the user-specific control information. The transmission format of nonuser-specific
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control information is predetermined. In the downlink subframes, each frequency
partition may contain a control region.

MIMO feedback provides wideband and/or narrowband spatial characteristics of
the channel that are required for MIMO operation. The MIMO mode, precoding
matrix index, rank adaptation information, channel covariance matrix elements,
and best subband index are examples of MIMO feedback information. HARQ
feedback (ACK/NACK) is used to acknowledge downlink data transmissions. The
uplink HARQ feedback channel starts at a predetermined offset with respect to the
corresponding downlink transmission. The HARQ feedback channel is frequency-
division-multiplexed with other control and data channels. Orthogonal codes are used
to multiplex multiple HARQ feedback channels.

Bandwidth requests are used to indicate the amount of bandwidth required by a
user, and they are transmitted through indicators or messages. A bandwidth request
indicator notifies the base station of an uplink scheduling request by the MS. Band-
width request messages can include information about the status of queued traffic at
the MS such as buffer size and QoS parameters. Contention or noncontention-based
random access is used to transmit bandwidth request information on this control
channel.

Channel quality feedback provides information about channel conditions as seen
by the user. This information is used by the base station for link adaptation, resource
allocation, power control, etc. The channel quality measurement includes both nar-
rowband and wideband measurements. The CQI feedback overhead can be reduced
through differential feedback or other compression techniques. Examples of CQI
include effective Carrier to Interference plus Noise Ratio (CINR), band selection, etc.
The default subframe size for transmission of uplink control information is 6 OFDM
symbols. The fast feedback channel carries channel quality and MIMO feedback.

The ranging channel is used for uplink synchronization. The ranging channel
can be further classified into ranging for nonsynchronized and synchronized MSs.
A random access procedure, which can be contention or noncontention based is
used for ranging. The contention-based random access is used for initial ranging.
The noncontention-based random access is used for periodic ranging and HO. The
ranging channel for nonsynchronized MSs starts at a configurable location with the
configuration signaled in a downlink broadcast control message. The ranging channel
for nonsynchronized MSs is frequency-division multiplexed with other uplink control
and data channels.

A power control mechanism is supported for downlink and uplink. The base
station controls the transmit power per subframe and per user. Using downlink
power control, user-specific information is received by the terminal with controlled
power level. The downlink control channels are power-controlled based on the
terminal uplink channel quality feedback. The uplink power control is supported to
compensate the path loss, shadowing, fast fading, and implementation loss, as well as
to mitigate inter- and intracell interference. The uplink power control includes open-
and closed-loop power control mechanisms. The base station can transmit necessary
information through control channels or MAC messages to terminals to support
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uplink power control. The parameters of power control algorithm are optimized on
a system-wide basis by the base station and broadcasted periodically or trigged by
certain events. In high mobility scenarios, the power control scheme may not be
able to compensate the fast fading channel effect because of the variations of the
channel impulse response. As a result, the power control is used to compensate the
distance-dependent path loss, shadowing, and implementation loss only. The channel
variations and implementation loss are compensated via open-loop power control
without frequently interacting with the base station. The terminal can determine
the transmit power based on the transmission parameters sent by the serving base
station, uplink channel transmission quality, downlink channel state information,
and interference knowledge obtained in the downlink. Open-loop power control
provides a coarse initial power setting for the terminal when an initial connection is
established. The dynamic channel variations are compensated via closed-loop power
control with power control commands from the serving base station. The base station
measures uplink channel state and interference information using uplink data and/or
control channel transmissions and sends power control commands to the terminal.
The terminal adjusts its transmission power based on the power control commands
from the base station.

IEEE 802.16m supports several advanced multiantenna techniques including
single and multiuser MIMO (spatial multiplexing and beamforming), as well as a
number of transmit diversity schemes. In a single user-MIMO (SU-MIMO) scheme,
only one user can be scheduled over one (time, frequency, spatial) resource unit.
In multiuser-MIMO (MU-MIMO), multiple users can be scheduled in one resource
unit. Vertical encoding (or single codeword) utilizes one encoder block (or layer),
whereas horizontal encoding (or multicodeword) uses multiple encoders (or multiple
layers) in the transmit chain. A layer is defined as a coding and modulation input
path to the MIMO encoder. A spatial stream is defined as the output of the MIMO
encoder that is further processed through the beamforming or the precoder block. For
spatial multiplexing, the rank is defined as the number of streams to be used for the
user. Each SU-MIMO or MU-MIMO open-loop or closed-loop scheme is defined as
a MIMO mode.

A number of antenna configurations and transmission rates are supported in
uplink open-loop SU-MIMO including two and four transmit antennas with rate 1 (ie,
transmit diversity mode) as well as two and four transmit antennas with rates 2, 3, and
4 (ie, spatial multiplexing). The supported uplink transmit diversity modes include
two and four transmit antenna schemes with a rate of 1, such as Space Frequency
Block Coding (SFBC) and dual-stream precoder. The spatial multiplexing modes
supported in open-loop single-user MIMO include two and four transmit antenna
rate-2 schemes with and without precoding, four transmit antenna rate-3 schemes
with precoding, four transmit antenna rate-4 scheme. In FDD and TDD systems,
unitary codebook-based precoding is supported. In this mode, an MS transmits a
sounding reference signal in the uplink to assist the scheduling and precoder selection
in the BS. The BS signals the resource allocation, MCS, rank, preferred precoder
index, and packet size to the MS. The uplink MU-MIMO enables multiple MSs to be
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spatially multiplexed on the same radio resources. Both open-loop and closed-loop
MU-MIMO are supported. The MSs with a single transmit antenna can operate in
open-loop SU-MIMO/MU-MIMO mode.

Network entry is the procedure through which an MS detects a cellular network
and establishes a connection with that network. The network entry has the following
steps:

• Synchronization with the BS by acquiring the preambles.
• Acquiring necessary system information such as BS and network service

provider identifiers for initial network entry and cell selection.
• Initial ranging.
• Basic capability negotiation.
• Authentication/authorization and key exchange.
• Registration and service flow setup.

Neighbor search is based on the same downlink signals as initial network search
except some information can be provided by the serving BS (ie, neighbor advertise-
ment messages). The BS responds to the MS initial ranging code transmission by
broadcasting a status indication message in a predefined downlink frame/subframe.

A connection is defined as a mapping between the MAC layers of a BS and one
(or several) MS. If there is a one-to-one mapping between one BS and one MS,
the connection is called a unicast connection; otherwise, it is called a multicast or
broadcast connection. Two types of connections are specified: control connections
and transport connections. Control connections are used to carry MAC control
messages. Transport connections are used to carry user data including upper layer
signaling messages. A MAC control message is never transferred over transport
connection, and user data is never transferred over the control connections. One pair
of bidirectional (DL/UL) unicast control connections is automatically established
when an MS performs initial network entry. The user data communications are in
the context of transport connections. A transport connection is unidirectional and
established with a unique flow identifier. Each transport connection is associated
with an active service flow to provide various levels of QoS required by the service
flow. The transport connection is established when the associated active service
flow is admitted or activated, and it is released when the associated service flow
becomes inactive. Transport connections can be preprovisioned or dynamically
created. Preprovisioned connections are those established by system for an MS
during the MS network entry. On the other hand, the BS or the MS can create new
connections dynamically if required.

IEEE 802.16m supports both network-controlled and MS-assisted HO. The HO
procedure may be initiated by either MS or BS; however, the final HO decision and
target BS selection are made by the serving BS. The MS executes the HO command
as instructed by the BS or cancels the procedure through the HO cancelation message.
The network reentry procedure with the target BS may be optimized, if the target BS
obtains the MS context from the serving BS via CN. The MS may also maintain
communication with serving BS while performing network reentry at target BS,
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as directed by serving BS. The HO procedure is divided into three stages (1) HO
initialization, (2) HO preparation, and (3) HO execution. Upon completion of HO
execution, the MS is ready to perform network reentry with the target BS. In addition,
the HO cancelation procedure is defined to allow an MS to cancel an HO procedure.

IEEE 802.16m provides power management functions including sleep mode and
idle mode to reduce power consumption of the MSs. Sleep mode is a state in which
an MS performs prenegotiated periods of absence from the serving BS. The sleep
mode may be enacted when an MS is in the connected state. Using the sleep mode,
the MS is provided with a series of alternative listening and sleep windows. The
listening window is the time interval in which the MS is available for transmit/receive
of control signaling and data. The IEEE 802.16m has the capability of dynamically
adjusting the duration of sleep and listening windows within a sleep cycle based
on changing traffic patterns and HARQ operations. When an MS is in the active
mode, sleep parameters are negotiated between the MS and BS. The base station
instructs the MS to enter sleep mode. MAC control messages can be used for sleep
mode request/response. The period of the sleep cycle is measured in units of frames
or superframes and is the sum of sleep and listening windows. During the MS
listening window, the BS may transmit the traffic indication message intended for
one or multiple MSs. The listening window can be extended through explicit/implicit
signaling. The maximum length of the extension is to the end of the current
sleep cycle.

Security functions provide subscribers with privacy, authentication, and confi-
dentiality across IEEE 802.16m network. The MAC packet data units are encrypted
over the connections between the MS and BS. The security architecture is divided
into security management, encryption, and integrity protection logical entities. The
security management functions include overall security management and control, Ex-
tensible Authentication Protocol (EAP) encapsulation/deencapsulation, privacy key
management (PKM) control, security association management, and identity/location
privacy. The encryption and integrity protection functions include user data en-
cryption and authentication, management message authentication, and message
confidentiality protection. Authorization is a process where base station and MS
mutually authenticate the identity of each other. Authentication is performed during
initial network entry after security capabilities and policies are negotiated. The basic
MS capability negotiation is performed prior to authentication and authorization.
Reauthentication is performed before the authentication credentials expire. Data
transmission may continue during the reauthentication process. In the legacy system
there is no explicit means by which the identity of a user is protected. During initial
ranging and certificate exchange, the MS MAC address is transmitted over the air,
revealing user identity or user location information that may result in compromising
the security aspects of the system. IEEE 802.16m incorporates mechanisms such as
pseudoidentity to mitigate this problem. IEEE 802.16m inherits the key hierarchies
of the legacy system. The IEEE 802.16m uses the PKMv3 protocol to transparently
exchange authentication and authorization messages. The PKM protocol provides
mutual and unilateral authentication and establishes confidentiality between the MS
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and the BS. Some IEEE 802.16m keys are derived and updated by both BS and MS.
The key exchange procedure is controlled by the security key state machine, which
defines the allowed operations in the specific states. The key exchange state machine
is similar to that of the legacy system.

15.3.3 IEEE 802.15 FAMILY (BLUETOOTH)
The initial goal of Bluetooth technology was to enable the users to replace cables
between devices such as printers, fax machines, desktop computers, and peripherals,
as well as to wirelessly connect headsets to mobile phones [7]. Another application
of Bluetooth technology was to provide a connection between an ad hoc wireless
network and existing wired data networks. Bluetooth uses the license-free industrial,
scientific, and medical (ISM) band at 2.4 GHz for its radio signals and enables
communications to be established between devices to a maximum distance of 100 m.

The Bluetooth network often operates as a single connection or may include
many devices. Bluetooth also allows for a scheme known as Bluetooth pairing,
where devices can quickly associate with each other. There are various methods in
which the Bluetooth networks can be set up. In the basic form known as pico-net
topology, one device acts as the master and it is able to talk to a maximum of seven
slave nodes. The limit of seven slave nodes is due to three-bit address that is used
which reflects the number of active nodes in a Bluetooth network at any given time.
Bluetooth network connections can support scatter-nets, although because of timing
and memory constraints this form of Bluetooth network has rarely been implemented.
For a Bluetooth scatter-net, a slave node or slave device is able to share its time
between two different pico-nets. This enables large star networks to be created.

The way in which Bluetooth devices make connections is more complicated
than what is associated with many other types of wireless devices. The reason
for this is the frequency hopping nature of the devices. While the frequency
hopping reduces the effects of interference, it makes connecting the devices more
complicated. Bluetooth is a system in which connections are made between a master
and a slave. These connections are maintained until they are broken, either by
deliberately disconnecting the two or by the radio link quality becoming so poor that
communications cannot be maintained. Typically, this occurs as the devices go out
of range of each other. In the connection process, there are four types of Bluetooth
connection channels:

• Basic pico-net channel: This channel is used only when all 79 channels are used
within the hopping set.

• Adapted pico-net channel: This channel is used more widely and allows the
system to use a reduced hopping set; that is, between 20 and 79 channels.
Pico-net channels are the only channels that can be used to transfer user data.

• Inquiry channel: This channel is used when a master device finds a slave device
or devices within its range.

• Paging channel: This channel is used where a master and a slave device make a
physical connection.
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Operating in the 2.4 GHz ISM band, the Bluetooth radio employs frequency
hopping techniques with the carrier modulated using Gaussian frequency shift keying
(GFSK). The frequency hopping mitigates cochannel interference by Bluetooth
devices. A Bluetooth transmission only remains on a given frequency for a short
time, and if any interference is present, the data will be resent later when the
signal has changed to a different channel which is likely to be clear of other
interfering signals. The standard uses a hopping rate of 1600 hops per second, and
the system hops over the available frequencies using a predetermined pseudorandom
hopping sequence based on the Bluetooth address of the master node in the
network.

Bluetooth frequencies are located within the 2.4 GHz ISM band. The ISM band
typically extends from 2400 to 2483.5 MHz (Fig. 15.10). The Bluetooth channels
are spaced 1 MHz apart starting at 2402 MHz and ending at 2480 MHz. This can
be calculated as 2401 + n, where n varies from 1 to 79. The transmitter frequency

...
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2 MHz 3.5 MHz

2400 MHz 2483.5 MHz

0 1 2 78
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FIG. 15.10

Bluetooth channels in 2.4 GHz ISM band.
Based on, K. Townsend, et al., Getting Started With Bluetooth Low Energy: Tools and Techniques for

Low-Power Networking, O’Reilly Media, Sebastopol, CA, 2014.
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accuracy requirement for Bluetooth transmissions is ±75 kHz from the receiver
center frequency. The Bluetooth devices are identified by the 48-bit address.

The original modulation scheme for Bluetooth was GFSK; however, the require-
ment for higher data rates later necessitated the addition of two forms of phase shift
keying for enhanced data rate (EDR) capability: π /4 DQPSK (a form of phase shift
keying known as π /4 differential phase shift keying. It enables the raw data rate
of 2 Mbps to be achieved) and 8DPSK (an eight point or eight-ary phase shift
keying that is used when link conditions are good, and it allows raw data rates
of up to 3 Mbps to be achieved). The enhanced data rate capability for Bluetooth
modulation is implemented as an additional capability so that the system remains
backward compatible. The Bluetooth modulation schemes and the general format do
not lend themselves to carrying higher data rates. For Bluetooth v3, the higher data
rates are not achieved by changing the format of the Bluetooth modulation, rather by
integrating an IEEE 802.11g physical layer. In this way, data rates of up to 25 Mbps
can be achieved.

A Bluetooth slot is made up of three major components (access code, header, and
payload) as shown in Fig. 15.11. The fundamental length of the slot is 366 μs, and
depending on the length of payload, it can extend to 1.622 or 2.87 ms. The access
code and header are always modulated with GFSK and the payload part is modulated
using one of three different methods (GFSK, π /4 DQPSK, 8DPSK) depending on
packet type. Fig. 15.11 shows the frame structure for the most conventional Bluetooth
slot structure. The maximum data rate that can be achieved with this structure is
1 Mbps, and this structure uses the GFSK modulation scheme across the slot.

Also shown in Fig. 15.11 is the frame structure for the high data rate Blue-
tooth slot structure. Using this frame structure, one can achieve a maximum data
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72 bits
Used for inquiry and
paging information

GFSK
54 bits
Link control

5 µs Π/4 DQPSK (for 2 Mbps) and 8 DQPSK (for 3 Mbps)
Data

11 µs 
Synchronization
Sequence

Access code Header Payload

GFSK
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Used for inquiry and
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GFSK
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Link control

GFSK
224 bits (for DH1)
1480 bits (for DH2)
1278 bits (for DH3)
Data

FIG. 15.11

Bluetooth common frame formats.
Based on, K. Townsend, et al., Getting Started With Bluetooth Low Energy: Tools and Techniques for

Low-Power Networking, O’Reilly Media, Sebastopol, CA, 2014.
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rate of 2–3 Mbps depending on the modulation scheme of the payload. The
access code and header parts are modulated using GFSK and the payload part is
modulated using π /4 DQPSK for the 2 Mbps data rate and 8DPSK for 3 Mbps. This
means that the modulation scheme changes within a slot. One additional component
is that this frame format is the guard time (GT), giving the transmitter some time to
switch the modulation scheme. Another additional component is the Sync field. In
any I/Q-based modulation, sampling time is very important and the sync is part of
reference signal so that the receiver can obtain proper timing reference.

The transmit power for Bluetooth devices is very low, although there are three
different classes of output dependent upon the anticipated use and the range required.
There are three power classes: Power Class 1 devices are designed for long range
communications up to about 100 m, and this has a maximum output power of 20
dBm; Power Class 2 devices can cover a range up to about 10 m, with a maximum
output power of 6 dBm; and Power Class 3 is for short range devices, and it supports
communication only up to 10 cm and it has a maximum output power of 0 dBm.
Power control is mandatory for Bluetooth Class 1, but it is optional for the other
classes. The appropriate power level is chosen according to received strength signal
indictor measurement. The Bluetooth specifications define a maximum bit error rate
of 0.1% corresponding to a minimum requirement for the receive sensitivity level
of −70 dBm. This figure for sensitivity leads to the distances achievable for different
power levels, although today’s receivers are generally more sensitive than those that
were used to baseline the specification.

Bluetooth data transfer can be achieved using a variety of different packet
types and using different forms of links: asynchronous links and synchronous links.
These different Bluetooth data file transfer formats provide flexibility, but they
are transparent to the user who sees a connection being made and Bluetooth data
being transferred. There are two main types of Bluetooth links that are available
and can be set up: asynchronous connectionless communications link (ACL) and
synchronous connection orientated communications link (SCO). The choice of the
form of Bluetooth link depends on the type of Bluetooth data transfer that is
required. ACL is the most widely used form of Bluetooth link. The ACL Bluetooth
link is used for carrying framed data; that is, data submitted by an application to
the logical link control and adaptation protocol channel. The channel may support
either unidirectional or bidirectional Bluetooth data transfer. There are a variety of
different ACL formats that can be used where most of them incorporate forward error
correction to detect and correct errors that may occur over the radio link.

The asynchronous Bluetooth link provides connections for most Bluetooth
applications. Data transfers are normally supported by profiles which allow the data
to be incorporated into frames and transferred to the other end of the Bluetooth
link, where it is extracted from the frames and passed to the relevant application.
The Bluetooth v1 ACL enables data to be transferred at speeds up to the maximum
rate of 732.2 kbps. This occurs when it is operating in an asymmetric mode. This
is commonly used because for most applications, data is mostly asymmetrically
transferred. When a symmetrical mode is needed with data transferred at the same
rate in both directions, the data transfer rate falls to 433.9 kbps. The synchronous
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links support two bidirectional connections at a rate of 64 kbps. The data rates are
adequate for audio and most file transfers. With the Bluetooth v2 enhanced data rate,
data rates of 2.1 Mbps may be achieved with QoS enabled on asynchronous links by
setting the appropriate channel parameters.

The SCO link is used for streaming rather than framed-formatted data. The SCO
can operate alongside the ACL channels, and in fact, one needs an ACL channel to
configure the SCOs. A Bluetooth master node can support up to three simultaneous
SCO channels and these can be split between up to three slave nodes. The idea
of the SCO is to ensure that audio data can be streamed without suffering from
delays as a result of waiting for frames or packet slots to become available. The
SCO communication link is assigned guaranteed time slots so that they will be
transported at the required time with a known maximum latency. Another link,
known as eSCO or Extended SCO, was introduced with version 1.2 of the Bluetooth
standard. Originally, no acknowledgment had been sent, whereas using the eSCO
greater reliability is provided to the Bluetooth link by sending an acknowledgment
and allowing a limited number of retransmissions if received data is corrupted. In
view of the latency requirements, retransmissions are only allowable until the next
guaranteed time slot; otherwise, new data would be delayed.

Within the core specification, there are a number of Bluetooth codec types that
are relatively basic and are not used for audio, including stereo music applications
which would use the ACL. Any Bluetooth codec is intended to provide telephone
standard audio, limiting the audio bandwidth to around 4 kHz. The higher layer
protocols within the Bluetooth stack are also known as the Bluetooth Host. This
is responsible for the communications between the applications and the controller.
Unlike the higher layer stack, the lower layers undertake the connections between
devices with no need to reference the higher layers or Bluetooth host.

There are three main elements that are included in the higher layer stack or
Bluetooth host: L2CAP, or Logical Link Control and Adaptation Protocol; SDP, or
Service Discovery Protocol; and GAP, or Generic Access Protocol. These Bluetooth
protocol stack components are fundamental to all profiles and transport types within
the overall Bluetooth system (Fig. 15.12).

The Bluetooth L2CAP or logical link control and adaptation protocol is used to
provide an interface for all data applications that use the ACL links. The Bluetooth
L2CAP provides multiplexing between the higher layer protocols, enabling multiple
applications to utilize the same lower layer links. The L2CAP transmits large data
packets by segmenting and then, at the receiver, reassembling the packets so that
the data can be fitted into the limits of the lower layer protocol data units. The
L2CAP also supports flow control and retransmission, performing CRC checks.
The latest specifications support two L2CAP modes over those originally included:
that is, streaming mode and enhanced retransmission mode. Any error checking and
reliability enhancements can be provided by the lower layers.

The SDP or service discovery protocol is a key element of the Bluetooth ad hoc
networking capability. The Bluetooth SDP allows a Bluetooth device to discover
and make many connections during the course of its life. It enables the devices to
discover what services other Bluetooth devices support, and it also lists everything
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Protocol layers in Bluetooth.
Based on, K. Townsend, et al., Getting Started With Bluetooth Low Energy: Tools and Techniques for
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that the Bluetooth device is capable of supporting. All Bluetooth devices implement
the features of an SDP client and SDP server database.

The Bluetooth GAP, or generic access protocol, defines the way that Bluetooth
devices are able to discover each other and establish connections. It is one of the most
basic Bluetooth profiles, but it is used by other profiles as the basis for establishing
a link. The Bluetooth GAP can set the Bluetooth device into one of three different
discovery modes: General discovery, Limited discovery, and Nondiscoverable. The
Bluetooth GAP controls the formation of a connection by controlling the inquiry
and paging routines. It also looks after pairing and controls the use of security
and encryption. In order to enable Bluetooth devices to communicate properly with
each other, Bluetooth profiles are used. A Bluetooth profile is effectively a wireless
interface specification for communication between Bluetooth devices. In order to be
able to operate, a Bluetooth device must be compatible with a subset of the available
profiles sufficient to enable the desired Bluetooth services.

A Bluetooth profile resides on top of the Bluetooth core specification and possibly
above any additional protocols that may be used. While a particular Bluetooth profile
may use certain features of the core specification, specific versions of profiles are
rarely linked to specific versions of the core specification, in order to facilitate
the upgrades. The way a particular Bluetooth device uses Bluetooth technology
depends on its profile capabilities. The Bluetooth profiles provide standards which
manufacturers follow to allow devices to use Bluetooth in the intended manner. At a
minimum, each Bluetooth profile specification contains details of the dependencies
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on other formats, suggested user interface formats, and the specific parts of the
Bluetooth protocol stack used by the profile. To perform its task, each profile uses
particular options and parameters at each layer of the stack. This may include an
outline of the required service record, if appropriate. As an example, the Advanced
Audio Distribution Profile (A2DP) defines how stereo quality audio can be streamed
from a media source to a sink. This Bluetooth profile defines two roles of an audio
device: source and sink. A device is the source when it acts as a transmitter of
a digital audio stream that is delivered to the sink on the pico-net. A device is
the sink when it acts as a receiver of a digital audio stream delivered from the
source on the same pico-net. There are over twenty different Bluetooth profiles,
each having their own function. Some of these Bluetooth profiles are typically used
more than others, but each one may be used in a variety of different scenarios and
applications.

In order to connect the devices easily and quickly, a scheme known as Bluetooth
pairing may be used. Once Bluetooth pairing has taken place, the two devices may
communicate with each other. Bluetooth pairing is generally initiated manually by
a device user. The Bluetooth link for the device is made visible to other devices.
They may then be paired. The Bluetooth pairing process is typically triggered
automatically the first time a device receives a connection request from a device with
which it is not yet paired. In order to pair the Bluetooth devices, a password has to
be exchanged between them, which is a code shared by both Bluetooth devices. It is
used to ensure that both users have agreed to pair with each other.

The overall operational state diagram of a Bluetooth system is shown in
Fig. 15.13. When a Bluetooth device is turned on, it goes to standby mode and starts
to inquire, broadcasting a message to all directions and asking if anyone is listening,
and if there is a Bluetooth device, its address is requested. The initiating device
may get a response from multiple devices. If it discovers any device that it wants to
connect to, it sends a paging message to that device requesting a connection. If it
receives an acceptance from the other party, both devices transition to the connected
mode. Once in connected mode, both devices can transmit and receive data. If the
devices are in the connected mode and there is no data to transmit, they may stay
awake during that period, which would unnecessarily waste battery power. To reduce
power consumption, Bluetooth supports three levels of energy saving known as sniff,
hold, and park (Fig. 15.13). In sniff mode, the device maintains synchronization with
the pico-net but transmit/receive cycles are reduced. This cycle is called sniff interval
and is programmable based on the application. In hold mode, only the internal clock
in the device is running and data transfer is not possible. However, if there is a
need for data transfer, it can switch to active mode very quickly. The hold mode can
be initiated either by the master or the slaves. In park mode, the device maintains
synchronization with the pico-net but does not transmit or receive any data and
releases the device’s MAC address. In this mode, the device periodically wakes up
and listens to the master. If it detects any signal from the master requesting data
transaction, the device will initiate the connection establishment process. While it
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Bluetooth operating state diagram.
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would take longer to reestablish the connection in this case, it would considerably
save energy.

15.3.4 3GPP FAMILY (GSM, UMTS, LTE)
This section provides an overview of radio access technologies and their network
architectures developed by 3GPP in the past two decades. These technologies evolved
from GSM voice-centric and all circuit-switched systems to LTE all-IP systems that
support wide range of IP-based rich multimedia services.

15.3.4.1 GSM
GSM is a second-generation cellular system that has been widely deployed since
its introduction in the late 1980s [8]. Voice services have been the primary service
of GSM although subsequent improvements of the GSM system enabled low-rate
data services as well. The GSM network architecture consists of three groups of
entities, as shown in Fig. 15.14. It includes (1) MSs, (2) base station subsystems
(BSS), and (3) CN entities. The MS includes a removable subscriber identity module,
which provides the user with a unique identification number known as International
Mobile Subscriber Identity (IMSI). Each MS is further assigned a unique hardware
identification called the International Mobile Equipment Identity (IMEI). The BSS
is made up of base station controllers (BSC) and base transceiver stations (BTS).
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The BSC uses the radio transceivers located at each BTS to connect the MSs to the
cellular network and manages the radio resources for them. The BTS tasks include
channel coding/decoding, modulation, and encryption/decryption. A BTS comprises
radio transmitters and receivers, antennas, and the interface to the fixed and mobile
network. The BTS may contain one or more transceivers to provide the required call
handling capacity. A cell site may be omnidirectional or typically split into three
directional cells. The MSs normally send a report of their received signal strength
to the BSC every 480 ms. With this information, the BSC decides to initiate HOs to
other cells, change the BTS transmitter power, etc.

The network subsystem consists of mobile switching center (MSC), which acts
as a standard exchange in a fixed network and additionally provides all necessary
functionalities to manage the mobile subscribers. The main functions of MSC are
registration, authentication, location update, HO, and call routing for a roaming
subscriber. The signaling between functional entities in the network subsystem
uses Signaling System 7 (SS7) standard. If the MSC also has a gateway function
for communicating with other networks, it is called gateway MSC (GMSC). The
Home Location Register (HLR) is a database used for management of mobile
subscribers. It stores the international mobile subscriber identity, MS ISDN number,
and current Visitor Location Register (VLR) address. The main information stored in
this database concerns the location of each MS in order to be able to route calls
to the mobile subscribers managed by each HLR. The HLR also maintains the
services associated with each MS. One HLR can serve several MSCs. The visitor
location register contains the current location of the MS and selected administrative
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information from the HLR, necessary for call control and provision of the subscribed
services, for each mobile currently located in the geographical area controlled by
the VLR. A VLR is connected to one MSC and is normally integrated into the
MSC’s hardware. The authentication center (AuC) is a protected database that
holds a copy of the secret key stored in each subscriber’s SIM card, which is used
for authentication and encryption over the radio channel. AuC provides additional
security against fraud. It is normally located close to each HLR within a GSM
network. The Equipment Identity Register (EIR) is a database that contains a list
of all valid MS equipment within the network, where each MS is identified by its
international mobile equipment identity. Operation and maintenance center (OMC)
is a management system that oversees the GSM network functional blocks. The
OMC assists the network operator in maintaining satisfactory operation of the GSM
network. Hardware redundancy and intelligent error detection mechanisms help
prevent network down-time. The OMC is responsible for controlling and maintaining
the MSC, BSC, and BTS. The SMS gateway is the term that is used to collectively
describe the two short message services gateways defined in the GSM standards.
The two gateways handle messages sent in different directions. The Short Message
Service Gateway Mobile Switching Center (SMS-GMSC) is used for short messages
terminated at the MS, and the Short Message Service Interworking Mobile Switching
Center (SMS-IWMSC) is used for short messages that originated from an MS.
The SMS-GMSC’s role is similar to that of the GMSC, whereas the SMS-IWMSC
provides a fixed access point for the Short Message Service Center.

The nominal bandwidth for the GSM signal using GMSK is 200 kHz; that is, the
channel bandwidth and spacing is 200 kHz. As GMSK modulation has been used,
the unwanted or spurious emissions outside the nominal bandwidth are sufficiently
low to enable adjacent channels to be used from the same base station. Typically,
each base station will be allocated a number of carriers to enable it to achieve the
required capacity. The data transported by the carrier serves up to eight different
users under the basic system by splitting the carrier into eight time slots. The basic
carrier is able to support a data throughput of approximately 270 kbps, but as some of
this supports the management overhead, the data rate allotted to each time slot is only
24.8 kbps. In addition to this, error correction is required to overcome the problems of
interference, fading, and general errors that may occur. This means that the available
data rate for transporting the digitally encoded speech is 13 kbps for the basic
vocoders.

GSM uses a combination of both TDMA and FDMA techniques. The FDMA
element involves the division by frequency of the (maximum) 25 MHz bandwidth
into 124 carrier frequencies spaced 200 kHz apart. The carriers are then divided
in time, using a TDMA scheme. This enables different users of the single radio
frequency channel to be allocated different time slots. They are then able to use
the same RF channel without mutual interference. The slot is then the time that is
allocated to the particular user, and the GSM burst is the transmission that is made
in this time interval. As shown in Fig. 15.15, each GSM slot, and hence each GSM
burst period, is 0.577 ms. Eight of these burst periods are grouped into what is known
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as a TDMA frame. This spans an interval of approximately 4.615 ms and it forms the
basic unit for the definition of logical channels. One physical channel is one burst
period allocated in each TDMA frame. There are different types of frames that are
transmitted to carry different data, and the frames are organized into what are known
as multiframes and superframes to provide overall synchronization.

A further power saving and interference reducing feature is the discontinuous
transmission (DTX) capability that is incorporated within the specification. It is
particularly useful because there are long pauses in conversational speech, for
example, when the person using the mobile is listening. During these periods there
is no need to transmit a signal. In fact it is found that a person speaks for less than
40% of the time during normal telephone conversations. The most important element
of DTX is the voice activity detector, which distinguishes active voice from silence
intervals. It is also necessary for the system to add background or comfort noise when
the transmitter is turned off because complete silence can be very disconcerting for
the listener. The noise is controlled by the silence indication descriptor.

GSM uses a variety of channels through which the data or control is carried
(Fig. 15.16). In GSM, these channels are classified as physical channels and logical
channels. The physical channels are determined by the timeslot, whereas the logical
channels are determined by the information carried within the physical channel. In
other words, several recurring timeslots on a carrier constitute a physical channel.
These are then used by different logical channels to transfer information. These
channels may either be used for user data or signaling to enable the system to properly
operate. A TCH is used to carry speech and data traffic. TCHs are defined using
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a 26-frame multiframe, or group of 26 TDMA frames. The length of a 26-frame
multiframe is 120 ms, which is how the length of a burst period is defined. Out of
the 26 frames, 24 are used for traffic: one is used for the slow associated control
channel (SACCH) and one is currently unused (Fig. 15.16). The TCHs for the uplink
and downlink are separated in time by three burst periods so that the MS does not
have to transmit and receive simultaneously, thereby simplifying the implementation.
This method permits complex transmit/receive duplex filters to be avoided and thus
helps reduce power consumption. In addition to these full-rate TCHs, half-rate TCHs
are also defined. Half-rate TCHs double the capacity of a system effectively by
making it possible to transmit two calls in a single channel. If a full-rate TCH is
used for data communications, the usable data rate drops to 9.6 kbps due to the
enhanced security algorithms. Eighth-rate TCHs are also specified and are used for
signaling, referred to as stand-alone dedicated control channels (SDCCH) in the
specifications.

The channels may also be divided into common and dedicated channels. The
forward common channels are used for paging to inform a mobile of an incoming
call, responding to channel requests, and broadcasting system information. The return
common channel is a random access channel used by the mobile to request channel
resources before timing information is conveyed by the BSS. The dedicated channels
are of two main types: those used for signaling and those used for traffic. The
signaling channels are used for maintenance of the call and for enabling call setup,
providing features such as HO when the call is in progress and finally terminating the
call. The TCHs convey the actual payload.

15.3.4.2 UMTS
Universal Mobile Telecommunications System (UMTS) is the third-generation
successor to the GSM-based cellular system, which also includes GPRS and EDGE
[9]. Although UMTS uses a totally different air interface, the CN elements have
been migrating toward the UMTS requirements with the introduction of GPRS and
EDGE, making the transition from GSM to the 3G UMTS architecture smooth and
less-costly. UMTS uses a wideband CDMA multiple access scheme. It employs a
baseline 5 MHz channel bandwidth. The UMTS network architecture can be divided
into three main elements (Fig. 15.17):

1. UE or the mobile terminal.
2. UMTS Terrestrial Radio Access Network (UTRAN): UTRAN provides and

manages the air interface for the overall UMTS network which consists of two
main components:
a. Radio Network Controller (RNC): This element of the radio network

subsystem controls the NodeBs that are connected to it. The RNC undertakes
the radio resource management and some of the mobility management
functions. It is also the point at which the data encryption/decryption is
performed to protect the user data privacy.

b. NodeB: NodeB is the term used in UMTS to denote the base station
transceiver. It contains the transmitter and receiver to communicate with the
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Oxford, UK, 2014.

UEs within the cell. In order to facilitate effective HO between NodeBs
under the control of different RNCs, the RNC communicates not only with
the CN but also with neighboring RNCs.

3. Core network: The CN provides central processing and management for the
system as well as interface to external networks, including [circuit-switched]
public phone network and other cellular networks. The UMTS CN may be
divided into two different areas:
a. Circuit-switched elements: These elements are primarily based on the GSM

network entities and carry data in a circuit-switched manner; that is, a
dedicated channel for the duration of the call.

b. Packet-switched elements: These network entities are designed to carry
packet data. This enables much higher network usage as the capacity can be
shared and data is carried as packets which are routed according to their
destination.

The UMTS network architecture was required to provide a greater level of
performance relative to GSM network. However, as many networks had migrated
through the use of GPRS and EDGE, they already had the ability to carry data.
Accordingly, many of the elements required for the UMTS network architecture were
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seen as a migration. This considerably reduced the cost of implementing the UMTS
network as many elements were in place or needed simple upgrades.

Some network elements in UMTS CN, particularly those that are associated with
registration, are shared by both circuit-switched and packet-switched domains and
operate in the same way as they did with GSM. Fig. 15.17 shows the UMTS CN
architecture. The circuit-switched elements of the UMTS CN architecture include
the following network entities:

• MSC: This entity is essentially the same as that in the GSM network and
manages the circuit-switched call flows.

• Gateway MSC (GMSC): This is the interface to the external networks.

The packet-switched elements of the UMTS CN architecture include the follow-
ing network entities:

• Serving GPRS Support Node (SGSN): This entity was first developed when
GPRS was introduced, and its use has been carried over to the UMTS network
architecture. The SGSN provides a number of functions within the UMTS
network architecture including the following:
• Mobility management: when a UE attaches to the packet-switched domain of

the UMTS CN, SGSN generates mobility management information based on
the mobile’s current location.

• Session management: SGSN manages the data sessions providing the
required QoS and also managing what are referred to as the Packet Data
Protocol (PDP) contexts; that is, data bearers.

• Interaction with other network elements: SGSN is able to manage its
elements within the network only by communicating with other areas of the
network; for example, MSC and other circuit-switched areas.

• Billing: SGSN is also responsible billing. It achieves this by monitoring the
flow of user data across the GPRS network. Call detail records are generated
by SGSN before being transferred to the charging entities.

• Gateway GPRS Support Node (GGSN): This entity was also first introduced in
the GPRS network. GGSN is the central element within the UMTS
packet-switched network. It handles interworking between the UMTS
packet-switched network and external packet-switched networks and can be
considered as a sophisticated router. In terms of operation, when GGSN receives
data addressed to a specific user, it checks if the user is active and then forwards
the data to the SGSN serving that particular UE.

Code Division Multiple Access (CDMA) is a multiple access technology where
the users are separated by unique orthogonal codes, which means that all users can
use the same frequency and transmit at the same time. In CDMA2000, a 1.25 MHz
wide radio signal is multiplied by a spreading signal (which is a pseudo-noise code
sequence) with a higher rate than the data rate of the message. The resulting signal
appears as seemingly random, but if the intended recipient has the right code, this
process is reversed and the original signal is extracted. The use of unique codes means
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that the same frequency is repeated in all cells, which is commonly referred to as a
frequency reuse of one. UMTS uses a 5 MHz wide radio signal and a chip rate of
3.84 Mcps, which is about three times higher than the chip rate of CDMA2000 (1.22
Mcps). As the form of modulation used is QPSK, this enables two bits of information
to be transmitted for every symbol, thereby enabling a maximum data rate of twice
the symbol rate or 7.68 Mbps. Therefore, if the actual rate of the data to be transmitted
is 15 kbps, a spreading factor of 512 is required to bring the signal up to the required
chip rate for transmission in the required bandwidth. If the data to be carried has a
higher data rate, a lower spreading factor is required. It is worth remembering that
changing the chip rate does change the processing gain of the overall system and this
needs to be accommodated in the signal processing as well. Higher spreading factors
are more easily correlated by the receiver and therefore a lower transmit power can
be used for the same symbol error rate.

The codes required to spread the signal must be orthogonal to enable multiple
users and channels to operate without mutual interference. The codes used in
UMTS are orthogonal variable spreading factor (OVSF) codes, and they must remain
synchronous for proper operation. As it is not possible to retain exact synchronization
for this, a second set of scrambling codes is used to further mitigate the interference.
This scrambling code is a pseudorandom number (PN) code. Thus there are two
stages of spreading: the first using the OVSF code and the second using a scrambling
PN code. These codes are used to provide different levels of separation. The OVSF
spreading codes are used to identify the user services in the uplink and user channels
in the downlink, whereas the PN code is used to identify the individual NodeB or
UE. On the uplink, there is a choice of millions of different PN codes. These are
processed to include a masked individual code to identify the UE. As a result, there
are more than enough sufficient codes to accommodate the number of different UEs
likely to access a network. For the downlink, a short code is used. There are a total of
512 different codes that can be used, one of which will be assigned to each NodeB.

In order for UMTS to work properly, several key features such as power control
and soft HOs need to be enabled.

The power control adjusts the transmit power of the terminal and the base station,
which results in less interference and allows more users on the same carrier. Transmit
power adjustment thus provides more capacity in the network. With a frequency
reuse of one, it is very important to have efficient power control in order to keep the
interference at a minimum. For each subscriber service the aim is that the base station
shall receive the same power level from all terminals in the cell regardless of distance
from the base station. If the power level from one terminal is higher than needed, the
QoS provided to the terminal will be better by taking a disproportionate share of
the resources while generating unnecessary interference to the other subscribers in
the network. On the other hand, if power levels are too low, this will result in poor
link quality. In order to keep the received power at a suitable level, UMTS has a
fast power control that updates power levels 1500 times/s. By doing that, the rapid
change in the radio channel is mitigated. To ensure good performance, power control
is implemented in both the uplink and downlink, meaning that the output powers of
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the terminal and the base station are frequently updated. Power control also gives
rise to a phenomenon called cell breathing, which is a trade-off between coverage
and capacity, which means that the size of the cell varies depending on the traffic
load. When the number of subscribers in the cell is low (low load), good quality can
be achieved even at a long distance from the base station. On the other hand, when the
number of users in the cell is high, the large number of subscribers generates higher
interference levels and subscribers have to get closer to the base station to achieve
better quality.

With soft HO functionality, the terminal can communicate simultaneously with
two or more cells belonging to two or more base stations. The flexibility to make
and maintain the connection to more than one base station results in fewer dropped
calls, which is very important to the operators. To achieve good system performance
with a frequency reuse of one and power control, soft and softer HO are required.
Soft and softer HO enables the terminal to maintain the continuity and quality of
the connection while moving from one cell to another. During soft or softer HO,
the terminal will momentarily adjust its power to the base station that requires the
smallest amount of transmit power and the preferred cell may change very rapidly.
The difference between soft and softer HO is that during soft HO, the terminal is
connected to multiple cells at different base stations, while during softer HO, the
terminal is connected to multiple cells at the same base station. A drawback of soft
HO is that it requires additional hardware resources on the network side, as the
terminal has multiple connections. In a well-designed radio network, 30–40% of the
users will be in soft or softer HO.

One of the basic requirements when UMTS was standardized was to avoid
dependence on external systems for accurate synchronization of base stations. This
has been achieved by a mechanism, where the terminal, when needed, measures the
synchronization offset between the cells and reports this to the network. In addition,
there is also an option to use an external source, such as GPS, for synchronizing the
nodes. To provide the best solution, both asynchronous and synchronous nodes are
supported.

The main service offered by UMTS RAN is the Radio Access Bearer (RAB).
To establish a call connection between the terminal and the base station, an RAB is
needed. Its characteristics are different depending on what kind of service/informa-
tion is to be transported. The RAB carries the subscriber data between the terminal
and the CN. It is composed of one or more radio access bearers between the terminal
and the serving RNC, and one Iu bearer between the serving RNC and the CN. UMTS
has defined four different quality classes of radio access bearers: Conversational
(low delay, strict ordering), Streaming (moderate delay, strict ordering), Interactive
(moderate delay), and Background (no delay requirement). Both Conversational
and Streaming RABs require a certain reservation of resources in the network,
and they are primarily meant for real-time services. They differ mainly in that the
Streaming RAB tolerates a higher delay, appropriate for one-way real-time services.
The Interactive and Background RABs are so-called best effort; that is, no resources
are reserved and the throughput depends on the load in the cell. The only difference
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is that the Interactive RAB provides a priority mechanism. The RAB is characterized
by certain QoS parameters, such as bit rate and delay. The CN will select an RAB
with appropriate QoS based on the service request from the subscriber, and it will
ask the RNC to provide such an RAB.

The UTRAN protocol structure consists of a number of protocol layers, each
providing a specific service to the next layer (Fig. 15.18).

The physical layer (Layer 1) provides transport channels to the MAC layer. There
are different types of transport channels with different transmission characteristics.
Common transport channels can be shared by multiple terminals (eg, FACH, RACH,
DSCH, BCH, PCH). Dedicated transport channels (DCH) are assigned to only one
terminal at a time. The transmission functions of the physical layer include channel
coding and interleaving, multiplexing of transport channels, mapping to physical
channels, spreading, modulation and power control, with corresponding functions for
reception. A frequency and a code characterize a physical channel. The specifications
include two duplex modes: frequency division duplex (FDD) and time division
duplex (TDD).

The MAC protocol (Layer 2) provides logical channels to the layers above.
The logical channels are distinguished by the different types of information they
carry, and thus they include the dedicated control channel (DCCH), common
control channel (CCCH), dedicated traffic channel (DTCH), common traffic channel
(CTCH), broadcast control channel (BCCH), and paging control channel (PCCH).
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UTRAN protocol structure.
Based on, T. Chapman, et al., HSPA Evolution: The Fundamentals for Mobile Broadband,

Academic Press, Oxford, UK, 2014.
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The MAC layer performs scheduling and mapping of logical channel data onto
the transport channels provided by the physical layer. Also, for common transport
channels, the MAC layer adds addressing information to distinguish data flows
intended for different terminals. One major difference from GSM is the possibility to
dynamically switch one logical channel (data flow) onto different transport channel
types; for example, based on the activity of the subscriber. This is called channel type
switching.

The radio link control (RLC) protocol (Layer 2) operates in one of three
modes: transparent, unacknowledged, or acknowledged mode (AM). It performs
segmentation/reassembly functions and, in AM, provides guaranteed delivery service
by use of ARQ retransmission. The RLC layer provides services to the RRC
signaling (the signaling radio bearer) and to the user data transfer (the radio access
bearer).

The RRC protocol (Layer 3) provides control of the terminal from the RNC.
It includes functions to control radio bearers, physical channels, mapping of the
different channel types, HO, measurement, and other mobility procedures. An RRC
state refers to different operational stages in which a UMTS UE or network can be
after establishing a connection. As shown in Fig. 15.19, there are four states in RRC
connected mode. In most cases, a UE can transition from its current state to any other
states in a single step, but there are conditions where direct transition from one state
to another state in a single step is not possible. For example, the UE cannot transition
from CELL_PCH to URA_PCH or from CELL_PCH to CELL_DCH directly, but it
can switch from CELL_DCH to CELL_PCH directly. The UMTS RRC states can be
further characterized as follows:

• Idle mode: The UE in this state consumes the minimum amount of power and
uses minimal network resources. The UE does not have a connection to NodeB.
The UE’s transceiver is turned off and the UE only wakes up periodically to
check possible paging messages. The UE’s mobility is controlled by the UE and
it reselects a cell based on signal strength measurements.

• CELL_PCH (paging channel): The UE in this state has an RRC connection, but
cannot send or receive data. The network knows the location of the last cell
where the UE was in CELL_FACH (forward access channel) state. The UE must
transition to CELL_FACH to notify the network of cell reselection and the UE
can be accessed through paging channel.

• URA_PCH: This state is similar to CELL_PCH, except the location of the UE is
known in a paging area.

• CELL_FACH: In this state, the UE does not have dedicated channels but can
send or receive low-rate data on FACH and RACH. The mobility is controlled by
the UE via cell reselection.

• CELL_DCH (dedicated channel): In this state, the UE has dedicated
control/TCHs, RRC connection, and the ability to transmit/receive data. The
mobility is managed by the network by means of HO and soft HO. The UE
power consumption and network resource usage are maximal.
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15.3.4.3 LTE
The long-term evolution of UMTS systems (LTE) was a paradigm shift in the design
of access network and CN architecture and technologies that was necessitated due to
stringent requirements on system capacity, user throughput, reduced latency, QoS
classes, variety of IP-based services, and reduced network and device complex-
ity [10]. LTE has incorporated new all-IP flat network architecture and various
techniques such as OFDM-based air interface, advanced multiantenna techniques,
and sophisticated resource allocation and user scheduling techniques with minimal
control/signaling overhead.

The Evolved UTRAN (E-UTRAN) is the LTE radio access network which
consists of eNBs or equivalently E-UTRA base stations, providing the E-UTRA user-
plane and control-plane protocol terminations toward the UE (MS). As part of the
evolution from and enhancement of the legacy UMTS systems, the RNC functions
have been included in the eNB to reduce the architectural complexity and further
reduce the latency across the network. As illustrated in Fig. 15.20, the eNBs are
interconnected with each other through the X2 interface. The X2 interface allows
eNBs to communicate directly with each other and coordinate their activities.

The eNBs are also connected via the S1 interface to the Evolved Packet Core
(EPC) or, more specifically, to the Mobility Management Entity (MME) through the
S1-MME reference point and to the Serving Gateway (S-GW) via the S1-U interface.
The S1 interface supports a multipoint connection among MMEs/serving gateways
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E-UTRAN architecture.
Based on, S. Ahmadi, LTE-Advanced: A Practical Systems Approach to Understanding 3GPP LTE Releases 10

and 11 Radio Access Technologies, Academic Press, Oxford, UK, 2013.
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and eNBs. The S1-MME is responsible for EPC bearer setup and release procedures,
HO signaling, paging, and non-access stratum (NAS) signaling transport. Some
general principles taken into consideration in the design of E-UTRAN architecture
as well as the E-UTRAN interfaces are as follows:

• Signaling and data transport networks are logically separated.
• E-UTRAN and EPC functions are separated from transport functions. The

addressing schemes used in E-UTRAN and EPC are not associated with the
addressing schemes of transport functions. Some E-UTRAN or EPC functions
reside in the same equipment.

• The mobility for RRC connection is controlled by the E-UTRAN.
• The interfaces are based on the logical model of the entity which is controlled

through this interface.
• One physical network element can implement multiple logical nodes.

The MME is the key control node for the LTE access network. It is responsible
for idle mode UE tracking and the paging procedure, including retransmissions.
The MME functions include NAS signaling and NAS signaling security, inter-
core-network signaling for mobility between 3GPP access networks, Idle mode UE
accessibility (including control and execution of paging retransmission), tracking
area list management (for UE in idle and active mode), packet data network (PDN)
gateway and S-GW selection, MME selection for HOs with MME change, roaming,
authentication of the users, and bearer management functions, including dedicated
bearer establishment. The NAS signaling terminates at the MME and it is also
responsible for generation and allocation of temporary identities to the UEs. It
verifies the authorization of the UE to camp on the service provider’s public land
mobile network (PLMN) and enforces UE roaming restrictions.

The S-GW routes and forwards user data packets, while also acting as the mobility
anchor for the user plane during inter-eNB HOs and as the anchor for mobility
between LTE and other 3GPP technologies. The S-GW functions include being
the local mobility anchor point for inter-eNB HO, mobility anchoring for inter-
3GPP mobility, E-UTRAN idle mode downlink packet buffering and initiation of
network triggered service request procedure, lawful interception, packet routing and
forwarding, and transport-level packet marking in the uplink and the downlink.

The PDN gateway (P-GW) provides connectivity of the UE to external PDNs by
being the point of exit and entry of traffic for the UE. A UE may have simultaneous
connectivity with more than one P-GW for accessing multiple PDNs. The P-
GW functions include per-user packet filtering, lawful interception, UE IP address
allocation, and transport-level packet marking in the downlink.

In the control plane, the NAS functional block is used for network attachment,
authentication, setting up bearers, and mobility management. All NAS messages are
ciphered and integrity protected by the MME and UE. The RRC sublayer in the
eNB makes HO decisions based on neighbor cell measurements reported by the UE,
performs paging of the users over the air-interface, broadcasts system information,
controls UE measurement and reporting functions such as the periodicity of channel
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quality indicator (CQI) reports, and further allocates cell-level temporary identifiers
to active users. It also executes transfer of UE context from the serving eNB to the
target eNB during HO and performs integrity protection of RRC messages. The RRC
sublayer is responsible for setting up and maintaining radio bearers.

In the user plane, the Packet Data Convergence Protocol (PDCP) sublayer is
responsible for compressing or decompressing the headers of user-plane IP packets
using Robust Header Compression (RoHC) to enable efficient use of air interface
resources. This layer also performs ciphering of both user-plane and control-plane
traffic. Because the NAS messages are carried in RRC, they are effectively double
ciphered and integrity protected, once at the MME and again at the eNB.

The RLC sublayer is used to format and transport traffic between the UE and the
eNB. The RLC sublayer provides three different reliability modes for data transport;
that is, AM, unacknowledged mode (UM), and transparent mode (TM). The UM
is suitable for transport of real-time services since such services are delay sensitive
and cannot tolerate delay due to ARQ retransmissions. The AM is appropriate for
nonreal-time services such as file transfers. The TM is used when the size of packet
data units are known in advance such as for broadcasting system configuration
information. The RLC sublayer also provides sequential delivery of service data
units to the upper layers and eliminates duplicate packets from being delivered to
the upper layers. It may also segment the service data units. Furthermore, there are
two levels of retransmissions for providing reliability, the hybrid automatic repeat
request (HARQ) at the MAC sublayer, and ARQ at the RLC sublayer. The ARQ is
required to handle residual errors that are not corrected by HARQ. An N-process
stop-and-wait HARQ protocol is employed that has asynchronous retransmissions in
the downlink and synchronous retransmissions in the uplink. Synchronous HARQ
means that the retransmissions of HARQ subpackets occur at predefined periodic
intervals. Hence, no explicit signaling is required to indicate the retransmission
schedule to the receiver. Asynchronous HARQ offers the flexibility of scheduling
retransmissions based on air interface conditions (ie, scheduling gain).

LTE uses asymmetric multiple access schemes in the downlink and uplink;
that is, the physical layer is based on Orthogonal Frequency Division Multiple
Access (OFDMA) with a cyclic prefix in the downlink and Single Carrier Frequency
Division Multiple Access (SC-FDMA) with cyclic prefix in the uplink. The OFDMA
scheme is particularly suited for frequency-selective channels and high data rates. It
transforms a wideband frequency-selective channel into a set of parallel flat fading
narrowband channels. This, ideally, allows the receiver to perform a less complex
equalization process in the frequency domain; that is, single-tap frequency-domain
equalization.

The basic transmission scheme in the uplink is the single-carrier transmission
(SC-FDMA) with cyclic prefix to achieve uplink interuser orthogonality and to
enable efficient frequency-domain equalization at the receiver side. The frequency-
domain generation of the SC-FDMA signal, also known as DFT-spread OFDM,
is similar to OFDMA. This allows for a relatively high degree of commonality
with the downlink OFDMA baseband processing using the same parameters; for
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example, clock frequency, subcarrier spacing, FFT/IFFT size, etc. The use of
SC-FDMA in the uplink is mainly due to relatively inferior peak to average power
ratio (PAPR) properties of OFDMA that results in worse uplink coverage compared
to SC-FDMA. The PAPR characteristics are important for cost-effective design of
UE power amplifiers.

The E-UTRA is designed to operate in different frequency bands. The require-
ments were defined for 1.4, 3, 5, 10, 15, and 20 MHz bandwidth, with a specific
configuration in terms of the number of RBs. Using carrier aggregation, a number
of contiguous and/or noncontiguous frequency bands can be aggregated to create a
virtually larger bandwidth.

Downlink and uplink transmissions are organized in the form of radio frames
with 10 ms duration (Fig. 15.21). LTE supports two radio frame structures: Type 1,
applicable to the FDD duplex scheme and Type 2, applicable to the TDD duplex
scheme. In frame structure Type 1, each 10 ms radio frame is divided into 10 equally
sized subframes. Each subframe consists of two equally sized slots. The cyclic prefix
length is chosen to be longer than the maximum delay spread in the radio channel.

FDD radio frame 10 ms

s0 s1 s2 s3 s4 s5 s6 s7 s8 s9

Normal cyclic prefix

Extended cyclic prefix

Subframe 1 ms

Slot 0.5 ms

TCP

Tu

OFDM symbol

TDD radio frame = 10 ms

TDD half frame = 5 ms

S0 S2

1 ms

DwPTS UpPTSGPDwPTS UpPTSGP

S3 S4 S5 S7 S8 S9

FIG. 15.21

LTE FDD and TDD frame structure.
Based on, S. Ahmadi, LTE-Advanced: A Practical Systems Approach to Understanding 3GPP LTE Releases 10

and 11 Radio Access Technologies, Academic Press, Oxford, UK, 2013.
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For FDD, 10 subframes are available for downlink transmission and 10 subframes
are available for uplink transmissions in each radio frame. Uplink and downlink
transmissions are separated in the frequency domain. The TTI of the downlink/uplink
is 1 ms. To provide enhanced multicast and broadcast services, LTE has the capability
to transmit multicast and broadcast over a single frequency network (MBSFN), where
a time-synchronized common waveform is transmitted from multiple eNBs, allowing
macro-diversity combining of multicell transmissions at the UE. The cyclic prefix
is utilized to mitigate the difference in the propagation delays, which makes the
MBSFN transmission appear to the UE as a transmission from a single large cell.

Frame structure Type 2 is illustrated in Fig. 15.21. Each 10 ms radio frame
consists of two 5 ms half-frames. Each half-frame consists of eight slots of 0.5 ms
length and three special fields: downlink pilot time slot (DwPTS), guard period (GP),
and uplink pilot time slot (UpPTS). The length of DwPTS and UpPTS is configurable
subject to the total length of DwPTS, GP, and UpPTS being equal to 1 ms. Both
5 and 10 ms switching-point periodicity are supported. The first subframe in all
configurations and the sixth subframe in the configuration with a 5 ms switching-
point periodicity consist of DwPTS, GP, and UpPTS. The sixth subframe in the
configuration with a 10 ms switching-point periodicity consists of DwPTS only.
All other subframes consist of two equally sized slots. For TDD systems, the GP
is reserved for downlink to uplink transition. Other subframes/fields are assigned
for either downlink or uplink transmission. Uplink and downlink transmissions are
separated in the time domain.

The smallest time-frequency resource unit used for downlink/uplink transmission
is called a resource element, defined as one subcarrier over one symbol. For both
TDD and FDD duplex schemes, as well as in both the downlink and uplink, a
group of 12 subcarriers contiguous in frequency over one slot in time form an RB.
Transmissions are allocated in units of RB. One downlink/uplink slot using the
normal cyclic prefix length contains seven symbols. There are 6, 15, 25, 50, 75,
and 100 RBs corresponding to 1.4, 3, 5, 10, 15, and 20 MHz channel bandwidths,
respectively. Note that the physical RB size is the same for all bandwidths.

The baseband modulation schemes supported in the downlink and uplink of LTE
are QPSK, 16QAM, and 64QAM. The channel coding scheme for transport blocks
in LTE is Turbo Coding, similar to UTRA, with the minimum coding rate of R =
1/3, two 8-state constituent encoders, and a contention-free quadratic permutation
polynomial (QPP) turbo internal interleaver. Trellis termination is performed by
taking the tail bits from the shift register feedback after all information bits are
encoded. The tail bits are padded after the encoding of information bits. Before
the turbo coding, transport blocks are segmented into octet-aligned segments with
a maximum information block size of 6144 bits. Error detection is supported by the
use of 24 bit CRC.

Fig. 15.22 illustrates different stages of LTE physical channel processing in the
downlink and uplink. In the downlink, the coded bits in each of the codewords are
scrambled for transmission on a physical channel. The scrambled bits are modulated
to generate complex-valued modulation symbols that are later mapped to one or
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several transmission layers. The complex-valued modulation symbols on each layer
are precoded for transmission and are further mapped to resource elements for each
antenna port. The complex-valued time-domain OFDMA signal for each antenna
port is then generated following these stages. In the uplink, the baseband signal is
processed by scrambling the input coded bits and then by modulation of scrambled
bits to generate complex-valued symbols. The complex-valued modulation symbols
are transform-precoded (DFT-based precoding) and are later mapped to resource
elements. The complex-valued time-domain SC-FDMA signal for each antenna port
is then generated.

In LTE, five types of downlink reference signals are defined: wideband cell-
specific reference signals associated with non-MBSFN transmission, MBSFN ref-
erence signals associated with MBSFN transmission, positioning reference signals,
demodulation or UE-specific reference signals, and CSI reference signals. There is
one cell-specific reference signal transmitted per downlink antenna port. Note that the
antenna port is a logical entity and shall not be confused with the physical transmit
antennas, although there is a mapping between the two entities during operation in
various transmission modes. The cell-specific downlink reference signals consist of
predetermined reference symbols that are inserted in the time-frequency grid over
each subframe and are used for downlink channel estimation and physical layer iden-
tifier (cell identifier) detection. The exact sequence is derived from cell identifiers.
The number of downlink antenna ports with cell-specific reference signals equals 1,
2, or 4. The reference signal sequence is derived from a pseudorandom sequence
and results in a QPSK type constellation. Cell-specific frequency shifts are applied
when mapping the reference signal sequence to the subcarriers. The two-dimensional
reference signal sequence is generated as the symbol-by-symbol product of a two-
dimensional orthogonal sequence and a two-dimensional pseudorandom sequence.
There are 3 different two-dimensional orthogonal sequences and 168 different two-
dimensional pseudorandom sequences. Each cell identity corresponds to a unique
combination of one orthogonal sequence and one pseudorandom sequence, thus
allowing for 504 unique cell identities.

The UE-specific reference signals are supported for transmission of a physical
downlink shared channel and are transmitted on up to eight antenna ports; that is, up
to eight spatial layers. The UE-specific reference signals can be precoded and support
noncodebook-based precoding. The UE-specific reference signals are exclusively
transmitted on the RBs in which the corresponding user data is mapped and they
are precoded in the same way that user data is precoded.

Positioning reference signals are only transmitted in downlink subframes con-
figured for positioning reference signal transmission. If both normal and MBSFN
subframes are configured as positioning subframes within a cell, the OFDM symbols
in an MBSFN subframe configured for positioning reference signal transmission use
the same cyclic prefix as used for the first subframe. Otherwise, if only MBSFN
subframes are configured as positioning subframes within a cell, the OFDM symbols
configured for positioning reference signals in these subframes use the extended
cyclic prefix. The positioning reference signals are transmitted on antenna port 6
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and are not mapped to resource elements allocated to physical broadcast, primary,
and secondary synchronization channels, regardless of their antenna port.

Channel state information reference signals (CSI-RS) are used to support mea-
surement and reporting of channel-state information from the user terminals to
the network. The CSI reference signals are sparse in the time and frequency and
transmitted at a configurable periodicity. The physical resources at the locations of
the reference signals of another antenna port are not used for data transmission on
the other antenna ports.

The uplink reference signals, used for channel estimation for coherent demod-
ulation, are transmitted in the middle SC-FDMA symbol in each slot assuming
normal cyclic prefix. LTE uses UE-specific reference signals in the uplink. The
uplink reference signal sequence length equals the size (number of subcarriers) of the
assigned resource. The uplink reference signals are based on Zadoff-Chu sequences
that are either truncated or cyclically extended to the desired length. There are two
types of uplink reference signals: (1) the demodulation reference signal is used for
channel estimation in the eNB receiver in order to demodulate control and data
channels. It is located on the middle symbol in each slot (for normal cyclic prefix) and
spans the same bandwidth as the allocated uplink data, and (2) the sounding reference
signal provides uplink channel quality information as a basis for scheduling decisions
in the base station. The UE sends a sounding reference signal in different parts of the
bandwidths where no uplink data transmission is available. The sounding reference
signal is transmitted in the last symbol of the subframe. The configuration of the
sounding signal, for example, bandwidth, duration, and periodicity, are configured
by higher layers.

The physical downlink control channel is primarily used to carry scheduling
information to individual UEs; that is, resource assignments for uplink and downlink
data and control information. It is located in the first few OFDM symbols of a sub-
frame. An additional physical control format indicator channel, located on specific
resource elements in the first OFDM symbol of the subframe, is used to indicate the
number of OFDM symbols occupied by the physical downlink control channel (1,
2, 3, or 4 OFDM symbols may be consumed where four OFDM symbols are only
used when operating in the minimum supported system bandwidth). The information
carried in the physical downlink control channel is referred to as downlink control
information, where depending on the purpose of the control message, different
downlink control information formats are defined. This information enables the UE
to identify the location and size of the resources in that subframe, as well as to provide
the UE with information on the modulation and coding scheme and HARQ operation.
As mentioned earlier, the information fields in the downlink scheduling grant are used
to convey the information needed to demodulate the downlink shared channel. They
include resource allocation information such as RB size and duration of assignment,
transmission format such as multiantenna mode, modulation scheme, payload size,
and HARQ operational parameters such as process number, redundancy version, and
new data indicator. Similar information is also included in the uplink scheduling
grants.
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Control channels are formed by aggregation of control channel elements, and
each control channel element consists of a set of resource elements. Different code
rates for the control channels are realized by aggregating different numbers of control
channel elements. QPSK modulation is used for all control channels. There is an
implicit relationship between the uplink resources used for dynamically scheduled
data transmission, or the downlink control channel used for assignment, and the
downlink ACK/NACK resource used for feedback.

The physical uplink control channel is mapped to a control channel resource in
the uplink. A control channel resource is defined by a code and two RBs, consecutive
in time, with hopping at the slot boundary. Depending on presence or absence of
uplink timing synchronization, the uplink physical control signaling can differ. In the
case of time synchronization being present, the out-of-band control signaling consists
of CQI, ACK/NACK, and a scheduling request. Note that a UE only uses a physical
uplink control channel when it does not have any data to transmit in the uplink. If a
UE has data to transmit, it would multiplex the control information with data on the
physical uplink shared channel.

By use of uplink frequency hopping on PUSCH, frequency diversity effects can
be exploited and interference can be averaged. The UE derives the uplink resource
allocation as well as frequency hopping information from the uplink scheduling
grant. The downlink control information format 0 is used on PDCCH to convey
the uplink scheduling grant. LTE supports both intra-subframe and inter-subframe
frequency hopping. The hopping pattern is configured per cell by higher layers. In
intra-subframe hopping, the UE transmission hops to another frequency allocation
from one slot to another within one subframe. In inter-subframe hopping, the
frequency resource allocation changes from one subframe to another.

The CQI reports are provided to the scheduler by the UE, measuring the current
channel conditions. If MIMO transmission is used, the CQI includes necessary
MIMO-related feedback. The HARQ feedback in response to downlink data trans-
mission consists of a single ACK/NACK bit per HARQ process. The PUCCH
resources for scheduling requests and CQI reporting are assigned and can be revoked
through RRC signaling. A scheduling request is not necessarily assigned to UEs
acquiring synchronization through a random access channel (ie, synchronized UEs
may or may not have a dedicated scheduling request channel).

In LTE, uplink control signaling consists of ACK/NACK, CQI, a scheduling
request indicator, and MIMO feedback. When users have simultaneous uplink
data and control transmission, control signaling is multiplexed with data prior to
the DFT processing to preserve the single-carrier property in uplink transmission.
In the absence of uplink data transmission, this control signaling is transmitted
in a reserved frequency region on the band edges. Note that additional control
regions may be defined as needed. Allocation of control channels with their small
occupied bandwidth to band-edge RBs reduces out of band emissions caused by data
resource allocations on inner band RBs and maximizes the frequency diversity for
control channel allocations while preserving the single carrier property of the uplink
waveform.
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The random access procedure in LTE consists of four steps. In step 1, a random
access preamble is sent by UE. The time/frequency resource where the random
access preamble is sent is associated with a random access radio network temporary
identifier. In step 2, a random access response is generated by eNB and is sent on the
downlink shared channel. It is addressed to the UE using the random access identifier
and contains a timing advance value, an uplink grant, and a temporary identifier. Note
that eNB may generate multiple random access responses for different UEs which
can be concatenated inside one MAC protocol data unit. The preamble identifier is
contained in the MAC subheader of each random access response so that the UE
can detect whether a random access response for the used preamble exists. In step 3,
UE will send an RRC connection request message on the uplink common control
channel, based on the uplink grant received in the previous step. In step 4, the eNB
sends back a MAC message containing the uplink common control channel service
data unit that was received in step 3. The message is sent on the downlink shared
channel and addressed to the UE via the temporary identifier. When the received
message matches the one sent in step 3, the contention resolution is considered
successful; otherwise, the procedure is restarted at step 1.

Paging is used for setting up a network-initiated connection. A power-saving
efficient paging procedure should allow the UE to sleep without having to process
any information and only to briefly wake up at predefined intervals to monitor paging
information (as part of control signaling in the beginning of each subframe) from the
network.

Cell search is a procedure performed by a UE to acquire timing and frequency
synchronization with a cell and to detect the cell identifier of that cell. LTE uses
a hierarchical cell search scheme similar to UMTS. The E-UTRA cell search is
based on successful acquisition of the following downlink signals: (1) the primary
and secondary synchronization signals that are transmitted twice per radio frame,
and (2) the downlink reference signals, as well the broadcast channel that carries
system information such as system bandwidth, number of transmit antennas, and
system frame number. The 504 available physical layer cell identities are grouped
into 168 physical layer cell identity groups, each group containing 3 unique iden-
tities. The secondary synchronization signal carries the physical layer cell identity
group, and the primary synchronization signal carries the physical layer identity
0, 1, or 2.

Uplink link adaptation is used in order to improve data throughput in a fading
channel. This technique varies the downlink modulation and coding scheme based on
the channel conditions of each user. Different types of link adaptation are performed
according to the channel conditions, the UE capability (such as the maximum
transmission power, maximum transmission bandwidth, etc.), and the required QoS
(such as the data rate, latency, packet error rate, etc.). These link adaptation methods
are as follows: (1) adaptive transmission bandwidth, (2) transmission power control,
and (3) adaptive modulation and coding.

In LTE, a 2×2 MIMO configuration is assumed to be the baseline in the downlink;
that is, two transmit antennas at the base station and two receive antennas at the
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terminal side. Configurations with four and eight transmit/receive antennas are also
supported in the specification. Different downlink MIMO modes are supported in
LTE, which can be adapted based on channel condition, traffic requirements, and
the UE capability. In LTE spatial multiplexing, up to two codewords can be mapped
to different layers. Each codeword represents an output from the channel coder. The
number of layers available for transmission is equal to the rank of the channel matrix.
Precoding in transmitter side is used to support spatial multiplexing. This is achieved
by multiplying the signal with a precoding matrix prior to transmission. The optimum
precoding matrix is selected from a predefined codebook which is known to both
eNB and UE. The optimum precoding matrix is the one which maximizes the signal
to noise ratio at the receiver.

The UE estimates the channel and selects the optimum precoding matrix. This
feedback is provided to the eNB. Depending on the available bandwidth, this
information is made available per RB or group of RBs, since the optimum precoding
matrix may vary between RBs. The network may configure a subset of the codebook
that the UE is able to select from. In case of UEs with high velocity, the quality
of the feedback may deteriorate. Thus, an open-loop spatial multiplexing mode
is also supported which is based on predefined settings for spatial multiplexing
and precoding. In the case of four antenna ports, different precoders are assigned
cyclically to the resource elements. The eNB will select the optimum MIMO mode
and precoding configuration. The information is conveyed to the UE as part of
the downlink control information on PDCCH. In order for MIMO schemes to
work properly, each UE has to report information about the channel to the base
station. Several measurement and reporting schemes are available which are selected
according to MIMO mode and network preference. The reporting may include
wideband or narrowband CQI, which is an indication of the downlink radio channel
quality as experienced by this UE; Precoding Matrix Index (PMI), which is an
indication of the optimum precoding matrix to be used in the base station for a given
radio condition; and rank indication (RI), which is the number of useful transmission
layers when spatial multiplexing is used.

In the case of transmit diversity mode, only one codeword can be transmitted.
Each antenna transmits the same information stream, but with different coding.
LTE employs SFBC as a transmit diversity scheme. A special precoding matrix is
applied at the transmitter side in the precoding stage. Cyclic delay diversity (CDD)
is an additional type of diversity which can be used in conjunction with spatial
multiplexing in LTE. An antenna-specific delay is applied to the signals transmitted
from each antenna port. This effectively introduces artificial multipath to the signal
as seen by the receiver. As a special method of delay diversity, CDD applies a cyclic
shift to the signals transmitted from each antenna port.

LTE supports uplink MU-MIMO where multiple user terminals may transmit
simultaneously on the same RBs. The scheme requires only one transmit antenna
at the UE side. The UEs sharing the same RB have to apply mutually orthogonal
pilot patterns. To take advantage of two or more transmit antennas, transmit antenna
selection can be used. In this case, the UE has two transmit antennas but only one
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transmission chain. A switch will then choose the antenna that provides the best
channel to the eNB.

The MIMO capabilities of LTE were extended by supporting up to eight downlink
transmit antennas and up to four uplink transmit antennas. In addition to legacy
MIMO transmission schemes, transmit diversity is now possible in both downlink
and uplink directions. In the downlink, using the single-user spatial multiplexing
scenario of LTE-Advanced, up to two transport blocks can be transmitted to a
scheduled UE in one subframe per downlink component carrier. Each transport
block is assigned its own modulation and coding scheme. For HARQ ACK/NACK
feedback on uplink, one bit is used for each transport block. In addition to the spatial
multiplexing scheme, the LTE-Advanced downlink reference signal structure has
been modified to allow an increased number of antennas and PDSCH demodulation,
as well as channel state information estimation for the purpose of CQI/PMI/RI
reporting when needed.

The reference signals for physical downlink shared channel demodulation are UE-
specific; that is, the data subcarriers and the demodulation reference signals intended
for a specific UE are subject to the same precoding operation. Therefore, these
reference signals are mutually orthogonal between the layers at the eNB. Reference
signals targeting CSI estimation are cell specific, are sparse in the frequency and time
domain, and are punctured into the data region of normal subframes.

With LTE-Advanced, a scheduled UE may transmit up to two transport blocks.
Each transport block has its own modulation and coding scheme. Depending on the
number of transmission layers, the modulation symbols associated with each of the
transport blocks are mapped to one or two layers. The transmission rank can be
dynamically adapted. Different codebooks are defined depending on the number of
layers that are used. Furthermore, different precoding is used depending on whether
two or four transmit antennas are available. Also, the number of bits used for the
codebook index is different depending on the two and four transmit antenna case,
respectively.

For uplink spatial multiplexing with two transmit antennas, a 3-bit precoding
method is defined. In contrast to the LTE Rel-8 downlink scheme, where several
matrices for full-rank transmission are available, only the identity precoding matrix
is supported in the LTE-Advanced uplink direction. LTE-Advanced further supports
transmit diversity in the uplink. However, for those UEs with multiple transmit
antennas, an uplink single-antenna-port mode is defined. In this mode, the LTE
Rel-10 UE behavior is the same as the one with a single antenna from eNB’s
point of view and it is always used before the eNB is aware of the UE antenna
configuration. In the transmit diversity scheme, the same modulation symbol from
the uplink channel is transmitted from two antenna ports, on two separate orthogonal
resources.

The Layer 2 functions in LTE are classified into MAC, RLC, and PDCP sublayers.
In the case of carrier aggregation, the multicarrier nature of the physical layer is only
exposed to the MAC sublayer for which one HARQ entity is required per serving
cell. In both uplink and downlink, there is one independent HARQ entity per serving
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cell and one transport block is generated per TTI per serving cell in the absence of
spatial multiplexing. Each transport block and the associated HARQ retransmissions
are mapped to a single serving cell.

The services and functions provided by the MAC sublayer can be summarized as
follows:

• Mapping between logical channels and transport channels.
• Multiplexing/demultiplexing of RLC protocol data units corresponding to one or

different radio bearers into/from transport blocks delivered to/from the physical
layer on transport channels.

• Traffic volume measurement reporting.
• Error correction through HARQ.
• Priority handling between logical channels of one UE.
• Priority handling between UEs through dynamic scheduling.
• Transport format selection.

The logical and transport channels in LTE are illustrated in Fig. 15.23. Each logical
channel type is defined by what type of information is transferred. The logical
channels are generally classified into two groups: (1) control channels (for the
transfer of control-plane information) and (2) TCHs (for the transfer of user-plane
information).

The physical layer provides information transfer services to MAC and higher
layers. The physical layer transport services are described by how and with what
characteristics data are transferred over the radio interface. This should be clearly
separated from the classification of what is transported, which relates to the concept
of logical channels at MAC sublayer.

The main services and functions provided by the RLC sublayer include transfer of
upper layer PDUs supporting AM or UM, TM data transfer, error correction through
ARQ (since a CRC check is provided by the physical layer, no CRC is needed at
RLC level), and segmentation according to the size of the transport. The E-UTRA
provides ARQ and HARQ functionalities. The ARQ functionality provides error
correction by retransmissions in the AM at Layer 2. The HARQ functionality ensures
delivery between peer entities at Layer 1. The HARQ within the MAC sublayer
is characterized by an N-process stop-and-wait protocol and retransmission of
transport blocks upon failure of earlier transmissions. The ACK/NACK transmission
in FDD mode refers to the downlink packet that was received four subframes earlier.
In TDD mode, the uplink ACK/NACK timing depends on the uplink/downlink
configuration. For TDD, the use of a single ACK/NACK response for multiple
PDSCH transmissions is possible. A total of eight HARQ processes are supported An
asynchronous adaptive HARQ is utilized in the downlink. The uplink ACK/NACK
signaling in response to downlink retransmissions is sent on uplink control or data
channels. A synchronous HARQ scheme is supported in the uplink. The maximum
number of retransmissions can be configured per UE basis as opposed to per radio
bearer. The downlink ACK/NACK signaling in response to uplink retransmissions is
sent on the downlink HARQ feedback channel.
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The ARQ functionality within the RLC sublayer is responsible for retransmission
of RLC PDUs or RLC PDU segments. The ARQ retransmissions are based on RLC
status reports and optionally based on HARQ/ARQ interactions. The polling for the
RLC status report is used when needed by RLC, and status reports can be triggered
by upper layers.

Services and functions provided by the PDCP sublayer for the user plane include
header compression and decompression, transfer of user data between the NAS and
RLC sublayer, sequential delivery of upper layer PDUs at HO for RLC AM, duplicate
detection of lower layer SDUs at HO for RLC AM, retransmission of PDCP SDUs at
HO for RLC AM, and ciphering. Services and functions provided by the PDCP for
the control plane include ciphering and integrity protection and transfer of control-
plane data where PDCP receives PDCP SDUs from RRC and forwards it to the RLC
sublayer and vice versa.

The main services and functions of the RRC sublayer include the following:

• broadcast of system information;
• paging;
• establishment, maintenance, and release of an RRC connection between the UE

and E-UTRAN, including allocation of temporary identifiers between UE and
E-UTRAN and configuration of signaling radio bearer(s) for RRC connection;

• security functions, including key management;
• establishment, configuration, maintenance, and release of point-to-point radio

bearers;
• mobility functions, including UE measurement reporting and control of the

reporting for intercell and inter-RAT mobility, HO, UE cell selection and
reselection and control of cell selection and reselection, and context transfer at
HO;

• establishment, configuration, maintenance, and release of radio bearers for
MBMS services;

• QoS management functions; and
• UE measurement reporting and control of the reporting.

There are two RRC states in LTE:

• RRC_IDLE is a state where a UE specific Discontinuous Reception (DRX)
may be configured by upper layers. In the idle mode, the UE is saving power
and does not inform the network of each cell change. The network knows the
location of the UE to the granularity of a few cells, called the tracking area (TA).
The UE monitors a paging channel to detect incoming traffic, performs
neighboring cell measurements and cell selection/reselection, and acquires
system information.

• RRC_CONNECTED is a state where transfer of unicast data to/from UE is
performed and the UE may be configured with a UE specific DRX or DTX. The
UE monitors control channels associated with the shared data channel to
determine if data is scheduled for it, sends channel quality and feedback
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information, performs neighboring cell measurements and measurement
reporting, and acquires system information.

In order to support mobility, a LTE-compliant UE must conduct intra/interfre-
quency or inter-RAT measurements (physical layer measurements include reference
signal received power and E-UTRA carrier received signal strength indicator). Mea-
surement commands are used by E-UTRAN to instruct the UE to start measurements,
modify measurements, or stop measurements. The reporting criteria that are used
include event triggered reporting, periodic reporting, and event triggered periodic
reporting.

When carrier aggregation is configured, the UE only has one RRC connection
with the network. At RRC connection establishment/reestablishment/HO, one
serving cell provides the NAS mobility information, and at RRC connection
reestablishment/HO, one serving cell provides the security input. This cell is referred
to as the primary cell (PCell). In the downlink, the carrier corresponding to the PCell
is the downlink primary component carrier, while in the uplink it is the uplink primary
component carrier. Depending on UE capabilities, secondary cells (SCells) can be
configured to form, together with the PCell, a set of serving cells. In the downlink,
the carrier corresponding to a SCell is a downlink secondary component carrier,
while in the uplink it is an uplink secondary component carrier. The configured set
of serving cells for a UE always consist of one PCell and one or more SCells. For
each SCell the usage of uplink resources by the UE in addition to the downlink ones
is configurable. From the UE point of view, each uplink resource only belongs to
one serving cell. The number of serving cells that can be configured depends on
the aggregation capability of the UE. The PCell can only be changed with the HO
procedure (ie, with a security key change and RACH procedure). The PCell is used
for transmission of PUCCH, and unlike SCells, the PCell cannot be deactivated. The
reestablishment is triggered only when the PCell experiences a radio link failure and
not when the SCells experience radio link failure. The NAS information is obtained
from PCell. The reconfiguration, addition, and removal of SCells can be performed
by RRC signaling. In intra-LTE HO, RRC can also add, remove, or reconfigure
SCells for usage with the target PCell. When adding a new SCell, dedicated RRC
signaling is used for sending all required system information of the SCell; that is,
while in connected mode, UEs do not need to acquire broadcasted system information
directly from the SCells.

15.4 CONCLUSION AND REMARKS
This chapter provided an overview of the most prominent wireless technologies and
their developing standards organizations. These technologies have been incorporated
into numerous products, services, and networks in various industries across the globe
and have changed our lifestyles in the past two decades. These technologies are
continuously evolving and being improved in order to address the increasing user
demand in a connected digital world.
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16.1 INTRODUCTION
Power line communications (PLC) reuse the existing power-grid infrastructure for
the transmission of data signals. Since electrification generally preceded the roll-out
of telecommunication infrastructures, it is not surprising that PLC has been used for
a very long time.
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16.1.1 APPLICATION DOMAINS
The original users of PLC have naturally been electric power utilities who own(ed)
the power line networks. PLC has been suggested for remote meter reading [1]
and remote load management [2] as early as around 1900 [3,4]. Following this,
PLC was widely deployed to establish voice and data communication over medium-
voltage (MV) and high-voltage (HV) transmission lines for telemetry, telecontrol,
and teleprotection purposes and to perform load management tasks via so-called
ripple control [5–7].

Today, both remote meter reading and load management, or more generally
demand-side management, are part of the vision of smart grid [8]. Smart grid commu-
nication is thus a natural application domain for PLC technology [9–11]. Besides its
more than 100-year track record of enabling power-grid control and automation, PLC
has been identified as the “most adopted communication technology in smart meters”
[12], with a concentration of deployments and trials in Europe, eg, [13–15]. Reliable
two-way PLC systems have been installed for smart metering since the 1990s, and
the recently developed suite of new PLC systems for smart grid applications employ
signal transmission and processing techniques comparable to what we see in modern
wireless or other wireline systems.

Power utilities have also explored the use of PLC for providing Internet access to
customers through its overhead and/or underground power lines in the distribution
grid. This started in the late 1990s [16,17] and led to renewed interest in this
technology, coupled with a spur of innovation and the introduction of megabits per
second communication over power lines. Similar PLC solutions have also penetrated
the consumer market. While PLC has been applied for home and industry automation
for decades [18], high-speed PLC for in-home multimedia communication has
become a reality since the early 2000s [19,20]. PLC systems with data rates of
originally a few megabits per second and later a few hundred megabits per second and
even gigabits per second have been specified using modern multicarrier and multiple-
input multiple-output (MIMO) techniques [21].

Most PLC systems have been deployed over AC power grids. Vehicles and more
generally the transportation domain favor DC supply networks, which can be the
medium for PLC signals. In particular, PLCs using the vehicle power harness can
connect the electric components for vehicle control and passenger comfort and
entertainment. This has been considered for cars, trucks, and trailers (eg, [22–24]),
aircrafts (eg, [25–27]), spacecrafts (eg, [28,29]), and ships (eg, [30–32]); see [33] for
an overview.

PLC has recently also been adopted for the communication between plug-in
electric vehicles (PEVs) and charging infrastructures [34–37]. This is an important
step toward integrating the growing electric vehicle fleets into the smart grid concept.
Another interesting application of vehicle-to-infrastructure communication via PLC
is for transit trains, which has been investigated in [38].

16.1.2 THROUGH THE GRID
A very specific feature of PLC systems is that their coverage and link performance
depend on the topology of the electricity grid over which signals are transmitted. HV
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transmission lines have little or no branches and carry PLC signals with relatively
little attenuation over long distances. MV distribution lines can be overhead or
underground and depending on the line or cable type and the level of branching,
attenuation per line length can be notably increased [9, Table II]. However, the
distances that need to be covered are generally shorter than for HV lines. The low-
voltage (LV) distribution grid is typically the most challenging in terms of path loss
for PLC. Also, distribution transformers strongly attenuate relatively high-frequency
signals, thus often partially separating LV and MV grid domains. While this can be
a desirable feature for reducing “intercell” interference in multicell PLC networks,
it represents a challenge for economical deployment of PLC in grids where only
a few consumer points are served by a single distribution transformer. In the latter
case, either by-pass couplers and repeaters or low-frequency, and thus low data-rate
(LDR), PLC transmission would be used.

The “through the grid” [9] nature of PLC and thus the intersection of communica-
tion engineering with power and energy engineering also show in another uniqueness
of PLC, ie, the need for signal couplers that protect the communication equipment
from the relatively higher voltages and currents carried by power lines. For example,
the IEEE Power & Energy Society (PES) published [39] testing and verification
standards for commonly used hardware and installation methods for broadband (BB)
PLC systems, applicable to MV levels of up to 38 kV. Similarly, the IEEE PES
standard [40] for “Power-Line Carrier Applications” includes a section dedicated
to coupling components.

16.1.3 TERMINOLOGY
The brief discussion above alludes to the long history and the different application
domains of PLC as well as the role of the grid and thus power engineering for
PLC. These influences have led to a diverse terminology that is applied for PLC
systems, often linked to a specific grid domain or application. For example, “power
line carrier” has been a popular term that originated from the fact that not low-
frequency (50/60 Hz) but carrier-modulated signals are transmitted over power lines.
Similarly, “distribution line carrier (DLC)” refers to carrier-modulated signals, now
also emphasizing their application in the distribution grid. Relatively newer terms
are “broadband over power lines (BPL) and “power line telecommunications (PLT),”
which refer to systems with a signal bandwidth of tens of megahertz and data rates
ranging from several megabits per second to hundreds of megabits per second.

The term “PLC” refers to all systems that use the power line medium for data
communication and thus includes all of the above. It has widely been accepted
in relevant research communities and in industry, so we will continue using it
throughout this chapter.

16.1.4 OUTLINE
In the next section, we continue with a modern classification for PLC systems,
which will lead to an overview discussion of popular PLC standards for smart grid
communication, home and industry automation, and multimedia communication.
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The regulatory environment for PLC will be outlined in Section 16.3. In Section 16.4,
we introduce the fundamental characteristics and modeling approaches of signal
propagation and noise when transmitting over power lines, which is followed by
a presentation of transmission techniques applied in PLC in Section 16.5. Final
remarks in Section 16.6 conclude this chapter.

Part of the material presented in this chapter has been adapted from [41] with
friendly permission of the copyright holder CRC Press Taylor & Francis. Further
details about the subjects discussed can be found in the books [41–43].

16.2 PLC STANDARDS
Before surveying the landscape of PLC standards, it is insightful to review the
frequency bands that are used for PLC transmission. These are displayed in Fig. 16.1
in relation to the radio bands defined in the International Telecommunication
Union (ITU) Radio Regulations [44]. We observe three distinct bands for PLC
technologies.

1. Ultra narrowband (UNB) technologies operate in the ultra low frequency band
(ULF, 0.3–3 kHz) or in the upper part of the super low frequency band (SLF,
30–300 Hz).

2. Narrowband technologies operate at frequencies between 3 kHz up to around
500 kHz, ie, in the very low, the low, and in parts of the medium frequency
(VLF/LF/MF) bands. For the following discussion of NB PLC standards, as well
as regulations presented in Section 16.3, we note that the European Comité
Européen de Normalisation Électrotechnique (CENELEC) bands (3–148.5
kHz), the US Federal Communications Commission (FCC) band (10–490 kHz),
the Japanese Association of Radio Industries and Businesses (ARIB) band
(10–450 kHz), and the Chinese band (3–500 kHz) are located within this range.

3. Broadband (BB) technologies operate in the medium, high, or very high
frequency bands (MF/HF/VHF) (1.8–250 MHz).

In the following, we will elaborate on specifications and standards developed for
these bands. An overview of UNB-, NB-, and BB-PLC specifications and standards
is presented in Fig. 16.2.

16.2.1 ULTRA NARROWBAND PLC
Ripple control systems (RCSs) [7] for remote load management are the earliest UNB
PLC systems. RCSs enable unidirectional communication from a central control
station located at the MV side to the consumers at the LV side of the grid. Other
UNB PLC technologies include the Turtle system [45] and the more recent two-
way automatic communications system (TWACS) [46,47], which have also been
used for automated meter reading (AMR) and distribution automation [9]. The
main advantage of UNB PLC technologies is that they can communicate over long
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Overview of UNB-, NB-, and BB-PLC specifications and standards.
Source: Adopted from L.T. Berger, A. Schwager, P. Pagani, D.M. Schneider (Eds.), MIMO Power Line

Communications: Narrow and Broadband Standards, EMC, and Advanced Processing, CRC Press—Taylor &

Francis Group, New York, NY, 2014, Figure 10.1.

distances with their signals passing through distribution transformers. Hence, they
have specifically been designed for efficient deployment in the distribution domain
and scenarios with few consumers per distribution transformer using a minimal
number of required modems and repeaters. A natural drawback of UNB PLC is the
LDR that is achievable in the UNB, which is of the order of 0.001 bps for Turtle and
two bits per mains frequency cycle for TWACS.

16.2.2 NARROWBAND PLC
NB PLC systems usually operate in the frequency range from 3 to 500 kHz. The
class can be further divided into LDR and high data-rate (HDR) NB systems [9] (see
Fig. 16.2).

16.2.2.1 Low data-rate narrowband PLC
“LDR” means that these systems only use a small fraction of the bandwidth in
the 3–500 kHz band and enable data rates of typically a few kilobits per second.
There are a number of LDR NB PLC systems specified for industry and home
automation applications. An early example is the X10 standard developed in 1975,
transmitting short bursts at the zero-crossing points of the AC power line cycle.
Higher-rate successor developments include KNX and LonWorks, which are defined



16.2 PLC standards 627

for several physical media, including power lines and twisted pair wires. For PLC and
home automation applications they use the CENELEC C-band (discussed further in
Section 16.3) at 132 kHz, with a secondary frequency at 115 kHz for LonWorks
systems. LonWorks PLC transceivers are also designed to operate at 85 and 75 kHz
in the CENELEC A-band when used for power utility (ie, smart grid) applications.
LonWorks became an ANSI and later an international standard as ISO/IEC 14908-3
[48,49]. Similarly, KNX is standardized as EN 50090 and ISO/IEC 14543-3-5 [50].
Another widely deployed set of LDR NB PLC technologies has been specified in the
IEC 61334 series, in particular IEC 61334-5-1 and IEC 61334-5-2 [51,52], which
operates in the CENELEC A band for power utility use.

16.2.2.2 High data-rate narrowband PLC
“HDR” refers to technologies capable of data rates ranging between tens of kilobits
per second up to around 500 kbps. While all of the above-mentioned LDR NB
PLC technologies use single-carrier transmission (as we will discuss further in
Section 16.5), today’s HDR technologies are based on multicarrier and, in particular,
orthogonal frequency division multiplexing (OFDM) modulation (see Section 16.5).
A lot of emphasis for the development of such systems has been given to the
distribution domain. Typical and important examples are the industry specifications
DLC-2 [53], G3-PLC [54], and powerline related intelligent metering evolution
(PRIME) [55] and the standards ITU-T 9902/03/04 [56–58] and IEEE 1901.2 [59].
To facilitate coexistence of these systems with the previous generation of LDR
NB PLC technology, frequency separation, frequency notching, and preamble-based
carrier-sense multiple-access (CSMA) mechanisms have been proposed [60] and
adopted [59, Sec. 10, 61, Apps. A,B].

While the overview in this section and in Fig. 16.2 focuses on the distribution
domain, a similar evolution from LDR to HDR NB PLC has also occurred for
transmission over HV lines [5]. For example, ABB’s ETL600 system “for the
transmission of speech signals, data, and protection commands over HV transmission
lines” supports data rates of 320 kbps in a 32 kHz bandwidth [62], and Selta’s STED
system transmits 92.8 kbps in a 16 kHz bandwidth [63].

In the following, we provide a few more details for the PRIME and G3-PLC
specifications. They are particularly relevant as they have also been adopted as
international standards in ITU-T Recommendation G.9903 [57] and ITU-T Recom-
mendation G.9904 [58], respectively. Furthermore, G3-PLC was used as the basis for
the IEEE 1901.2 standard [59]. Fig. 16.3 shows some milestones of the development
of PRIME and G3-PLC specifications and the ITU-T and IEEE standards between
2008 and 2013.

PRIME
The PRIME specification was developed within the PRIME Alliance, with
its steering committee chaired by the Spanish utility Iberdrola [55]. In 2012,
PRIME version 1.3.6 became an international standard as ITU-T Recommendation
G.9904 [58].
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Development of HDR NB PLC specifications and standards (see also [64,65]).

The PRIME system uses OFDM with 97 active subcarriers and a subcarrier
spacing of 250/512 ≈ 488 Hz; the first and last subcarrier have a frequency of
about 42 and 89 kHz, respectively, ie, within the CENELEC A-band reserved for
utility applications. Accordingly, the OFDM symbol duration is 2240 μs, which
includes a 192 μs cyclic prefix that is sufficient to deal with most commonly
experienced linear distortions over power line channels. Modulation formats are
differential binary, quaternary, and eight-ary phase-shift keying (DBPSK, DQPSK,
and D8PSK), where differential encoding is across subcarriers. An optional 1/2-rate
convolutional code is applied for improved transmission reliability. The physical-
layer (PHY) data rates range from 21.4 to 128.6 kbps. In order to deal with
unpredictable impulsive noise (discussed in Section 16.4) PRIME offers the option
to implement automatic retransmission request (ARQ) based on the selective-repeat
mechanism.

Turning to the system architecture, PRIME is forming subnetworks, where
each subnetwork has one “base node” and several “service nodes.” The base node
is the master that manages the subnetwork’s resources and connections using a
periodically sent beacon signal. The base node is further responsible for PLC channel
access arbitration. A contention free and a contention-based access mechanism
exists, whose usage time and duration are decided by the base node. Within the
contention-free channel access period, the base node assigns the channel to only one
node at a time. The contention-based access uses CSMA with collision avoidance
(CSMA/CA).

To interface the medium access control (MAC) and the application layer, PRIME
defines a convergence layer (CL) between the two. The CL can be split into a
common part convergence sublayer (CPCS) and a service specific convergence
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sublayer (SSCS). The CPCS performs tasks of data segmentation and reassembling
and is adjusted to the specific application. The SSCS defined in [58,66] include CLs
for IPv4 and IPv6 traffic and for the data format according to the IEC 61334-4-32
standard [67]. The latter makes it easy to support advanced metering applications
that make use of the standardized data models of IEC 62056-62 [68] and to replace
existing deployments using single-carrier power line standard IEC 61334-5-1 [51].

For more details we refer to [58,66,69].

G3-PLC
The G3-PLC specification was published in Aug. 2009. In 2012, members of
the G3-PLC Alliance [54] brought the original G3-PLC specs into the ITU-T
where they were enhanced and additional functionalities were added. The enhanced
G3-PLC became an international standard in 2012 as ITU-T Recommendation
G.9903 [57].

G3-PLC can be configured to operate in the frequency range from 10 to 490 kHz
according to the so-called FCC, CENELEC, ARIB bands, which will be discussed in
Section 16.3. Fig. 16.4 shows the frequency bands for G3-PLC and PRIME as well
as the IEEE 1901.2 standard. Table 16.1 summarizes PHY parameters of G3-PLC
for the different bandplans. Similar to PRIME, differential modulation is specified.
However, differential encoding is applied in the time direction. Furthermore, an
optional coherent mode with up to 16-ary quadrature amplitude modulation (QAM) is
included in the standard. G3-PLC uses the concatenation of a rate-1/2 convolutional
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ITU-T G.9903

IEEE 1901.2
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FIG. 16.4

Frequency bandplans for HDR NB PLC systems1. Figures are center frequencies of the
start and end tone of each of the bands rounded to the next kilohertz-integer value.

Source: Modified from S. Galli, T. Lys, Next generation narrowband (under 500 kHz) power line

communications (PLC) standards, China Commun. (2) (2015) 1–8.

1The PRIME v1.4 PHY specification extends the usable frequency band to 42–472 kHz.
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Table 16.1 Physical-Layer Parameters for G3-PLC and Its Different
Bandplans

Band CENELEC-A CENELEC-B FCC ARIB

Subcarrier spacing 400 kHz/256 ≈ 1.56 kHz 1200 kHz/256 ≈ 4.69 kHz
(sampling
frequency/FFT size)
Usable subcarriers 36 16 72 54
Cyclic prefix (CP)
length

30/400 ms = 55 μs 30/1200 ms ≈ 18.3 μs

(Nbr of CP
samples/sampling
frequency)
Modulations DBPSK, DQPSK, D8PSK, DBPSK, DQPSK,

BPSK, QPSK, 8PSK, 16QAM BPSK, QPSK, 8PSK

and the (255,239) Reed-Solomon (RS) code. The “robust” transmission (ROBO,
for robust OFDM) modes use additional four- or six-times repetition, respectively.
Coded bits are mapped to modulation symbols via time-frequency interleaving to
mitigate the effects of impulse noise and deeply faded subcarriers. The latter is further
countered through tone mapping that allows the transmitter to send dummy data on
selected subcarriers. Typical PHY data rates, accounting for coding, frame control,
and preamble overhead, are between 4 and 200 kbps [57, Sec. 7.3.1, 71].

The MAC layer is based on IEEE 802.15.4-2006 [72]. 6LoWPAN [73] is used to
adapt the IEEE 802.15.4-2006 MAC to IPv6 [74].

A comparison between PRIME and G3-PLC focusing on physical layer aspects
is presented in [75]. There it is found that G3-PLC performs more robust to
impairments by the PLC channel than PRIME, while PRIME’s design paradigm is
low complexity. As mentioned above, the G3-PLC specification was used as the basis
for the IEEE 1901.2 PLC standard. Thus, there are technical similarities between
ITU-T G.9903 and IEEE 1901.2, but there are also marked differences which make
the two technologies noninteroperable. The differences between ITU-T G.9903 and
IEEE 1901.2 are summarized in [70].

16.2.3 BROADBAND PLC
In the last decade, BB PLC chips by semiconductor vendors, such as Intellon,2 DS2,3

Gigle,4 and Panasonic, came to market that operate in the band from around 2 to 86
MHz and, in some cases, optionally up to 300 MHz. The chips are mainly based

2In 2009 acquired by Atheros; Atheros was acquired by Qualcomm in 2011.
3In 2010 acquired by Marvell.
4In 2010 acquired by Broadcom.



16.2 PLC standards 631

on three consortia-backed specifications developed within the frameworks of the
HomePlug Powerline Alliance (HomePlug), the Universal Powerline Association
(UPA; suspended activities in Nov. 2010), and the High Definition Power Line
Communications (HD-PLC) Alliance. Related products allow data rates of around
200 Mbit/s and are not interoperable. However, to make BB PLC systems a broad
success, internationally adopted standards became essential. Under the umbrella of
ITU-T and IEEE, some of the industry specifications were consolidated in the ITU-T
G.hn [76] and IEEE 1901 [77] standards.

ITU-T G.hn is not only applicable to power lines but also to phone lines and
coaxial cables, therewith for the first time defining a single standard for all major
wireline communications media. At the end of 2008, the PHY layer and the overall
architecture were consented in ITU-T Recommendation G.9960 [78]. The Data Link
Layer (DLL) Recommendation G.9961 [79] was approved in Jun. 2010, and a MIMO
transceiver (see Section 16.5) extension G.9963 was consented in Sep. 2011 [80].
Additionally, the HomeGrid Forum was founded to promote the ITU-T G.hn standard
and to address certification and interoperability issues [81].

Simultaneously, IEEE 1901 working group was working on the “Standard for
Broadband over Power Line Networks: Medium Access Control and Physical Layer
Specifications” [82]. It covers access and in-home BB PLC, as well as coexistence
of access/in-home and in-home/in-home networks. The official IEEE Std 1901-2010
was published in Dec. 2010. To assure a broad industrial backing of IEEE 1901,
two optional PHY technologies, namely FFT-PHY (based on HomePlug AV) and
Wavelet-PHY (based on HD-PLC) were included in the standard. The HomePlug
[83] serves as the certifying body for IEEE 1901 FFT-PHY compliant products,
whereas the HD-PLC Alliance serves as the certifying body for IEEE 1901 Wavelet-
PHY compliant products. While IEEE 1901 Wavelet-PHY/HD-PLC is presently
mainly used in the Japanese market, IEEE 1901 FFT-PHY/HomePlug AV is used
in many countries around the globe, with products of the HomePlug family currently
possibly being the most deployed BB PLC technology worldwide.

In tandem with the introduction of MIMO to ITU-T G.hn, HomePlug introduced
the HomePlug AV2 specification in Jan. 2012. The HomePlug AV2 specification
includes features like MIMO with beamforming, an extended frequency range of
up to 86 MHz, efficient notching, several transmit power optimization techniques,
4096-QAM, power save modes, and short delimiter and delayed acknowledgement,
boosting the maximum PHY rate to around 2 Gbps. Further, to cover multiple
home networking media under one umbrella, IEEE 1905.1 devised a “Standard for a
Convergent Digital Home Network for Heterogeneous Technologies” [84]. It defines
an abstraction layer for multiple home networking technologies like IEEE 1901,
IEEE 802.11 (Wi-Fi), IEEE 802.3 (Ethernet), and MoCA 1.1, and it is extendable
to work with other home networking technologies.

In the next two subsections, we first highlight some of the features of the IEEE
1901 and ITU-T G.hn. We then discuss the low-complexity profile of ITU-T G.hn
together with the HomePlug Green PHY specification, which have been developed
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as BB PLC solutions with lower complexity and power consumption suitable for
smart grid applications.

16.2.3.1 IEEE 1901 and ITU-T G.hn
IEEE 1901 uses the band from 2 MHz up to 50 MHz with services above 30 MHz
being optional. ITU-T G.hn (G.9960/G.9961) operates from 2 MHz up to 100 MHz
using bandwidth scalability, with three distinct and interoperable bands defined as
2–25, 2–50, and 2–100 MHz. The architectures defined by IEEE 1901 and ITU-T
G.hn (G.9960/G.9961) are similar in several aspects. In ITU-T G.hn, one refers to
a subnetwork as a “domain.” Operation and communication are organized by the
domain master who communicates with various “nodes.” Similarly, the subnetwork
in IEEE 1901 is referred to as the basic service set (BSS). The equivalent to the
domain master is the BSS manager, which connects to so-called stations.

Even if many features appear to be individually developed by ITU-T and IEEE,
several are actually identical. The fact that ITU-T G.hn and IEEE 1901 largely
agree on channel coherence time, coherence bandwidth, guard interval, roll-off
window timings, etc., shows that the BB PLC channel is analyzed similarly and
that channels for comparable topologies are not very different around the globe.
Similarities continue with PHY-frame header settings making use of QPSK, forward
error-correction (FEC) coderate 1/2, and repetition codes. The segmentation process
of embedding the application data into PLC convenient packets is similar and data
are in both cases encrypted using AES-128 [85]. The MAC cycle or beacon period is
selected to be two line cycles. The bit-loading of carriers can be line cycle dependent
and immediate, and delayed acknowledgments are also possible.

The G.hn defines an OFDM PHY used for operation over any wireline medium.
The OFDM parameters are adjusted to account for different medium dependent
channel and noise characteristics and to allow for straightforward scaling when
adjusting the parameters between one medium and another. IEEE 1901 defines two
PHY referred to as FFT-PHY and Wavelet-PHY, respectively. The two physical
layers are not interoperable but a mandatory coexistence protocol is standardized
within IEEE 1901 as the intersystem protocol (ISP) (originally developed as inter-
PHY protocol (IPP) [86]). The ISP also enables coexistence between IEEE 1901
and ITU-T G.hn devices. A nearly identical mechanism was standardized by ITU-T
in Recommendation G.9972 [87], also known as G.cx. Technical contributions to
ITU-T and IEEE from members of the Priority Action Plan 15 (PAP15) of the
National Institute of Standards and Technology (NIST) assured the alignment of both
standards. As a result, the NIST PAP 15 recommended to mandate that all BB PLC
technologies implement Recommendation ITU-T G.9972 or ISP [88].

Two very different FECs, ie, low-density parity-check code (LDPC) in
ITU-T G.hn and Turbo Code in IEEE 1901, were chosen (see [89] for a comparative
analysis). Some have argued that this makes it more difficult (or costly) to implement
both standards in a single chip, as the FEC part is, up to the present day, a
nonnegligible cost/space factor when manufacturing wafers. However, dual mode
devices have already started to appear on the market.
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If ITU-T G.hn and IEEE 1901 modems are installed in the same home, the
transmission from one modem is an unintended interferer for the other one. Con-
fusion is avoided due to different preambles that are sent at the beginning of a
frame. A correlator at the receiver is able to identify precise timing information of a
frame by detecting the inverted transmitted preamble symbols. A PLC transmission
is identified by verifying the timing results of the correlated received signals with
an ITU-T G.hn or an IEEE 1901 mask. A multimode receiver could identify both
correlation masks and forward the subsequent data signals to the corresponding
decoding chain.

Another likely scenario is that same technology networks exist in close proximity,
with the risk of so-called neighboring network interference. To deal with neighboring
network interference ITU-T G.hn uses different preamble-symbol-seeds in each
network. Therewith, ITU-T G.hn networks are able to coexist and communicate
simultaneously, ie, not using time division. Instead, link adaptation procedures
adjust the throughput to cope with degraded signal-to-interference-plus-noise ratios
(SINRs). In many cases, the throughput will be throttled only slightly, allowing
ITU-T G.hn networks to coexist nearly unimpeded. On the other hand, IEEE 1901
relies on a CSMA/CA medium access strategy, which may lead to an increased
number of collisions. As a countermeasure, IEEE 1901 introduces a coordinated
mode that allows neighboring networks to allocate times over the shared medium for
specific communications. This coordinated time division multiple access (TDMA)
mode enables traffic to get through unimpeded albeit at the price of time division
(orthogonal throughput sharing).

16.2.3.2 ITU-T G.hn low complexity profile and HomePlug green PHY
In terms of data rate and silicon cost the full fletched ITU-T G.hn and IEEE
1901 systems are targeting primarily in-home data delivery, web-browsing, as well
as audio and video distribution. To offer an alternative to automation and energy
management tasks with respect to HDR NB-PLC, ITU-T G.hn includes a low
complexity profile (LCP), while on the basis of IEEE 1901, HomePlug developed
the HomePlug Green PHY (HPGP) specification.

The ITU-T G.hn LCP operates in the frequency range from 2 to 25 MHz and
is still interoperable with the full G.hn profile. This allows for reduced component
cost and power consumption in case G.hn nodes are embedded into smart grid home
area network (SGH) devices in the future. Example SGH nodes could be heating and
air conditioning appliances, as well as PEVs and electric vehicle supply equipment
(EVSE). Together they form a multidomain home area network (HAN).

Similarly, the HPGP is a subset of HomePlug AV that is intended for use within
smart grid applications. Optimized for low power applications and costs, HPGP uses
the most robust communication mode of HomePlug AV technology. OFDM carrier
spacing, preamble, frame control, and FEC are identical to HomePlug AV/IEEE
1901, resulting in identical coverage and reliability. CSMA/CA is used as a channel
access scheme. Further, nodes may use long power save periods if a higher latency is
acceptable. In the sleep state, modems have only a 3% power consumption compared
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to the awake time, resulting in an average power reduction of more than 90% with
respect to standard HomePlug AV products. In order to reliably perform PEV/EVSE
association, a special feature called signal level attenuation characterization (SLAC)
was designed into HPGP. Details of how to use HomePlug GP SLAC in automotive
applications can be found in ISO/IEC 15118-3 [37].

16.3 ELECTROMAGNETIC COMPATIBILITY REGULATIONS
The PLC systems according to the discussed standards and summarized in Fig. 16.2
do not work in isolation but over a shared medium. In particular, the power lines used
to convey PLC signals are first and foremost deployed to supply energy to electrical
loads such as machines, lighting devices, houses, and household appliances, etc. It is
therefore not surprising that PLC devices are subject to regulations that limit the level
of signals coupled into power lines, which are perceived by the power line network as
conducted emissions. Furthermore, PLC systems are also subject to radiated emission
limits, which can be critical considering that in the design of the power grid no
effort has been made to mitigate electromagnetic radiation. A complicating factor
for PLC regulation is that relevant emission standards differentiate between a mains
and a telecommunication port of a device under test, which, however, are identical
for PLC devices. Whereas a non-PLC device would not deliberately emit a signal
over the mains port, this is intended for PLC devices. Hence, one may argue that
existing measurement practices as well as emission limits should be adapted for
PLC [90–92].

These issues of electromagnetic compatibility (EMC) of PLC are dependent on
the frequency range used by PLC devices and are thus quite different for the NB
and BB PLC systems. In general, NB PLC has enjoyed an unambiguous regulatory
framework that has also facilitated the development of the NB PLC standards
described in the previous section. The (more complicated) regulation for BB PLC
has been quite contentious and subsequent to the specification and even deployment
of BB PLC systems.

16.3.1 REGULATIONS FOR NB PLC
As stated in Section 16.2, NB PLC systems use frequencies between 3 and 500
kHz. An important European regulation that promoted the development of LDR
and eventually HDR NB PLC systems is the European Norm (EN) 50065 issued
by CENELEC in 1991 [93]. It defines transmission limits and their measurement
procedures for the frequency range from 3 to 148.5 kHz. To this end, it distin-
guishes four frequency bands, which are referred to as CENELEC-A, CENELEC-
B, CENELEC-C, and CENELEC-D band. Fig. 16.5 shows the frequency ranges and
transmission limits for the four bands. These limits must be considered together with
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Frequency bands (so-called CENELEC bands) and in-band signal-level limits (for single
phase installations) according to EN 50065.

Source: Data from European Committee for Electrotechnical Standardization (CENELEC), Signalling on

low-voltage electrical installations in the frequency range 3 kHz to 148.5 kHz—part 1: general requirements,

frequency bands and electromagnetic disturbances, Standard EN 50065-1, 1991, 2001, 2011.

the measurement procedures defined in [93]. As indicated in Fig. 16.5, EN 50065
also mandates that the CENELEC-A band may only be used by power utilities and
their licensees, while the use of the other bands is limited to consumer installations.
Furthermore, devices operating in the CENELEC-C band have to apply a CSMA/CA
mechanism, which requires transmission and carrier sensing between 131.5 and
133.5 kHz and specifies maximum channel holding (1 s) and minimum pause
(125 ms) periods.

In the United States, the FCC Code of Federal Regulations, Title 47, Part 15 (47
CFR §15), [94] applies for the regulation of PLC emissions. Section 15.3 clause (t)
of [94] defines “power line carrier” systems, and Section 15.113 then specifies that
power utilities can operate power line carrier systems within the 9–490 kHz band on
an “unprotected, noninterference basis.” However, “electric lines which connect the
distribution substation to the customer or house wiring” are explicitly excluded from
this. Hence, we also need to consider “carrier current” systems, which are defined in
clause (f) of Section 15.3. Fig. 16.6 shows the resulting sequence of clauses which
set forth out-of-band conducted and in-band radiated emission limits for NB PLC
operating in the 9–490 kHz band.

In Japan, the ARIB regulates and permits PLC transmission in the frequency band
of 10–450 kHz. The standard [95] provides in-band and out-of-band transmission
limits and the corresponding measurement procedures.
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PLC systems

“power line carrier system ”

operate within the 9 kHz to 490 kHz band on an
“unprotected, noninterference basis ”

Note: “does not permit operation on power lines
connecting customers to distribution substations ”

“carrier current system ”

clause (c)(1): conducted emission limit of 1000µV for 535-1705 kHz
(i.e., out-of-band emission limit for NB PLC)
clause (c)(3): radiated emission limits according to 15.109 (e)

clause(e): when operating in the 9 kHz to 30 MHz, emission
limits of intentional radiators in Section 15.209 apply

clause(a): radiated emission limits

measured at 300 m distance

FIG. 16.6

Illustration of clauses from the U.S. FCC 47 CFR §15 [94] relevant for emissions from NB
PLC systems.

16.3.2 REGULATIONS FOR BROADBAND PLC
The applicable EMC limits for BB PLC have been controversially discussed. Insight-
ful accounts of the developments under the auspices of IEC’s Comité International
Spécial des Perturbations Radioélectriques (CISPR, International Special Committee
on Radio Interference) and the European Telecommunications Standards Institute
(ETSI) and CENELEC can be found in [91,92,96].

In Europe, EN 50561-1 [97] was approved in Nov. 2012. This standard “specifies
limits and methods of measurement of radio disturbance characteristics for in-
home communication apparatus that use the low voltage power installation as the
transmission medium” and it applies to the frequency range 1.6065–30 MHz. It dis-
tinguishes between “AC mains power,” “telecommunications/network,” and “PLC”
ports and specifies conducted emission limits and the corresponding measurement
procedures. The standard requires a dynamic power control, ie, the reduction of the
maximal transmitter power spectral density (PSD) level for low channel attenuation
between two PLC devices, static frequency notching for specific frequency bands
(amateur radio and aeronautical bands), and dynamic frequency notching for which
the PLC equipment senses the presence of radio services and notches the affected
frequencies for its own operation. At the time of writing, standard EN 50561-2 for
“modems for access networks” has been sent out for comments to the National
Committees. Furthermore, EN 50561-3 for “apparatus operating above 30 MHz,”
which clarifies the transmission levels below the FM radio bands, is currently still
under development.
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In the United States, again the 47 CFR §15 [94] regulates electromagnetic
emissions for BB PLC. In the jargon of [94], these are “BPL” systems, and it is
distinguished between in-house and access BPL. The former send “radio frequency
energy on frequencies between 1.705 and 80 MHz over medium voltage lines or
over low voltage lines to provide BB communications and is located on the supply
side of the utility service’s points of interconnection with customer premises,” while
the latter use “electric power lines that are not owned, operated, or controlled by
an electric service provider.” Both of them are subsets of carrier current systems.
Hence, the paragraphs mentioned on the right-hand side of Fig. 16.6 generally apply.
For access BPL, [94] includes a Subpart G, which further specifies that conducted
emission limits are explicitly not applicable, BB PLC systems have to be able to
notch certain frequencies that might be used by other services, excluding bands where
no PLC signal shall be injected, as well as geographical exclusion zones close to
which no access PLC systems may be deployed. Further, procedures in which service
providers inform about prospective PLC access deployments, as well as complaint
handling procedures, are a requirement.

The specific radiation limits are given in terms of field strength at a certain
distance for BB PLC between 1.705 and 30 MHz and between 30 and 88 MHz,
respectively. The latter distinguishes whether accessing PLC is over MV or LV lines,
with an approximately 10 dB higher limit for the former. The translation of these
radiation limits into PSD figures for PLC transmission is done via a coupling factor,
which depends on a variety of factors related to topology, cabling, and symmetry of
the power grid.

The application of BB PLC in Japan is limited to in-home power lines. The
emission limits are specified for the 2–15 and 15–30 MHz bands in terms of
the common mode current measured with a specified impedance stabilization that
features a longitudinal conversion loss (LCL) of 16 dB [98]. The LCL quantifies the
differential-mode (from the PLC device) to common-mode (mainly responsible for
radiation) conversion and it is argued in [96] that 16 dB is a 99% worst-case value
for typical power line networks found in Japanese homes.

Making some assumptions about network impedance, coupling factor, and
common-mode impedance of a PLC modem, [96] presents limits for the average
transmitter PSD for BB PLC for the three regions discussed in this section. These
limits are illustrated in Fig. 16.7. We note the general drop of PSD levels at 30 MHz,
which has been assumed 30 dB for deployments in Europe and the United States.
This is consistent with the 30 dB drop in the PSD specifications in IEEE 1901 [82]
and ITU-T G.9964 [99].

16.4 POWER LINE CHANNEL
The characterization of a communication channel usually comprises the description
of signal propagation and disturbance effects. For the power line channel, the former
is commonly assumed to be a linear transformation and thus linear system functions
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Illustration of transmitter PSD limits. See discussion in [96] for assumptions and
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Processing, CRC Press—Taylor & Francis Group, New York, NY, 2014, Figure 6.3.

such as (time-varying) channel impulse response (CIR) and channel frequency
response (CFR) are specified. Disturbance is represented through additive noise,
which consists of several distinct components. The exact signal propagation and
noise characteristics are very dependent on which grid and application domain are
considered (see Sections 16.1.1 and 16.1.2), the topology details, wiring practices,
and cable types; and it can also vary with the time of day as electric power
consumption affects propagation and noise for PLC signals. In the following, we
provide a fairly high-level overview about salient features of the power line channel
and the corresponding modeling approaches.

16.4.1 SIGNAL PROPAGATION
16.4.1.1 Propagation effects
Similar to the wireless communication channel, the signal propagation effects for
the power line channel could be classified into pathloss, shadowing, and multipath
effects.

Pathloss describes the propagation losses along power lines due to resistive losses
of the conductor and dielectric losses of the insulation material. These effects are
quantified by the (effective) conductivity parameters [100]. Since the losses are
frequency dependent, which for resistive losses is known as the skin effect, the
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pathloss changes with frequency. In particular, the power line channel has a lowpass
characteristic.

The term shadowing is not usually used to describe propagation effects for PLC.
However, there is some similarity to “lognormal shadowing” often experienced in
wireless communication. To see this, we consider the direct signal path between
the PLC transmitter and receiver in a power line network illustrated in Fig. 16.8.
At each point of impedance discontinuity, illustrated as line taps and labeled as A
to G in Fig. 16.8, the transmitted signal undergoes reflection. Continuing along the
transmission path to the receiver, this is accounted for through multiplication of
the signal amplitude with the transmission coefficient tx. For the example in Fig. 16.8,
the direct path experiences a gain factor of tTx−Rx,1 = tA × tB × · · · × tF. We can
consider the transmission coefficients tx as random variables, with different power
line networks or different states of the same network as the random events. Then, the
fact that tTx−Rx,1 is the product of those random variables gives rise to a lognormal
distribution of tTx−Rx,1 and thus the notion of lognormal shadowing.

Of course, part of the reflected signal eventually arrives at the receiver through
the (infinitely) many indirect paths [101]. But before discussing this, we note that
another factor that could be considered part of pathloss or shadowing is the presence
of transformers, which can cause significant signal attenuation depending on the
signal frequency and the state of the transformer. The combined effect of what we
labeled pathloss and shadowing is often referred to as pathloss of the power line
channel, and its per-distance value strongly depends on the grid domain (HV, MV,
LV) and cable/wire type. Typical values have been reported in [9, Table II], which
vary from 0.01–0.09 dB/km (HV) to 1.5–3 dB/km (LV) for PLC at 100 kHz and
from 2–4 dB/km (HV) to 160–200 dB/km (LV) for PLC at 10 MHz, which also show
the lowpass behavior of the power line channel.

Multipath propagation is caused by the same inhomogeneities mentioned above,
where power line segments and connected loads with different impedances cause
signal reflections. The effect is represented by reflection coefficients rx, where |rx| ≤
1 and tx = 1 + rx. For example, Fig. 16.8 shows an indirect path with one reflection
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FIG. 16.8

Illustration of signal propagation in a power line network.
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at discontinuity G. The signal components from the different paths superpose at the
receiver. Since each of the path gains can be approximated as lognormally distributed,
it has been argued that the sum of gains is also lognormally distributed [102]. If the
path-length differences are sufficiently long compared to the wavelength of the PLC
signal, or, in other words, the PLC signal is sufficiently BB, the power line channel
becomes frequency selective due to multipath propagation. We note that because of
the lowpass characteristic of the power line channel the overall CIR will appear as a
superposition of relatively smooth and decaying pulses.

Finally, the power line channel is rather unique in that it is affected by the
operation of power grid elements, or “loads.” Firstly, the channel may change
abruptly when loads are switched on and off or are connected to and disconnected
from the grid. Secondly, the high-frequency properties of the loads, namely their
impedances, change as a function of the instantaneous value of the AC mains voltage.
Hence, the load impedances are periodically time-varying, with the period being
equal to the full or half the length of the mains cycle [103]. The overall power line
channel is then represented by a linear periodically time-varying (LPTV) system.

16.4.1.2 Modeling approaches
The effects described above are represented in PLC channel models, which can be
grouped into two general classes. The first class is based on the actual propagation
of electromagnetic signals in power line networks taking topology, power line (eg,
cable) properties, and load impedances into account. This class can be referred to
as “physical” models. The second class is based on observations of the propagation
effects on the PLC signal, eg, through CIR and CFR measurements. The resulting
models can be referred to as “empirical” models. These two classes can also be
labeled as “bottom-up” and “top-down” [104], which also concisely identify the
underlying approaches.

Empirical models
The originally and most widely used model that incorporates the above-described
phenomenological propagation effects defines the CFR as [105–107]

H(f ) =
N∑

i=1

gie
−α(f )�i e−j2π f τi , (16.1)

where N represents the number of significant signal paths, and gi, �i, and τi are
the gain factor, length, and signal delay for path i, respectively. The parameter
α(f ) > 0 is the frequency-dependent attenuation coefficient for the considered
power line. We observe that the structure of H(f ) in Eq. (16.1) explicitly accounts
for multipath propagation and frequency-dependent pathloss. Using curve fitting
based on measurements of CFRs, several reference channels with sets of parameters
applicable to the BB PLC access domain have been specified in the Open PLC
European Research Alliance (OPERA) project, see [42, Section 2.9]. Parameters for
NB PLC channels are provided in [59, App. D].
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References [108,109] present empirical values for distance-dependent attenuation
as well as coupling losses for NB PLC in the CENELEC-A band over LV distribution
lines, which can be considered as a single-tap version of Eq. (16.1). Furthermore, a
simple two-tap channel model has been proposed in [102,110]. More specifically, the
CIR is modeled as

h(t) = hδ(t) + hδ(t − τ), (16.2)

where δ is the Dirac-delta function and τ is the relative delay of the second path,
and both taps have the same gain h. It has been recognized in [102,110] that
the average channel gain and the root-mean-square delay spread (RMS-DS) are
negatively correlated, lognormally distributed random variables. Thus, both h and
τ are obtained from a randomly chosen average channel gain to generate a sample
CIR. It is argued that this simple model captures the essence of channel frequency-
selectivity for NB PLC and can also be used for comparative analysis of BB PLC
systems [111].

For in-house BB PLC and based on measurements of a total of 144 CFRs
in the 30–100 MHz band in different types of homes, Tlich et al. [112] have
proposed a random generator for CFRs. Nine classes of channels with their associated
average attenuation models are defined, and the multipath nature is included through
distributions for width, height, and number of peaks and notches in the CFR.

The measurement results reported in [112] were also used in [113,114] to present
a different random CFR generator that closely matches the expression in Eq. (16.1).
In particular, the parameters N, gi, and �i are considered random variables, and their
distribution parameters for the different classes identified in [112] have been obtained
through a curve-fitting process [115].

Another empirical CFR generator has been presented in [116]. While verification
that the generator creates representative CFRs in a statistical sense is based on results
from a measurement campaign, the actual method of generation follows a physical
model, as described in the next paragraph. Furthermore, it considers the presence of
time-varying load impedances in LPTV channels. The CFR generators from [113,
116] are available as MATLAB code from the authors’ websites.

Physical models
This modeling approach describes the electric properties of a transmission line
through the specification of line parameters, line length, the position of branches
etc., and makes use of transmission line theory (TLT) to obtain CFRs or CIRs
for specific PLC links. The underlying assumption is that the electro-magnetic
(EM) field associated with the PLC signal has a transverse EM (TEM) or quasi-
TEM structure [100]. Most physical models represent power line elements and
connected loads through ABCD or S-parameter matrices or equivalently through
their propagation constants and reflection coefficients, respectively [117]. These
are then interconnected to produce the CFR, eg, [118–124]. Alternatively, one can
consider a finite number N of paths and compute their gain factors gi in Eq. (16.1)
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following the transmission and reflection coefficients along those paths, as it is
illustrated for two paths in Fig. 16.8; eg, [125,126].

Physical models also allow for incorporation and analysis of the effects of differ-
ent wiring practices [120], time-varying load impedances [118], and multiconductor
lines [121]. The latter makes use of multiconductor transmission line (MTL) theory
[100], and its application can be extended to obtain channel realizations for the use
of multiple conductors for MIMO transmission [127], which we will discuss further
in Section 16.5. Through the application of statistical models for physical parameters
of the considered grid topology, such as number of branches, branch lengths,
load impedances, etc., CFR/CIR random generators can be developed [119,128].
Furthermore, the use of physical models is essential to capture interdependencies
of channel responses for different links in the same network when considering
cooperative or relay transmission [129–131].

While physical models are able to accurately represent the propagation of PLC
signals over power lines, it may be considered a drawback that a significant amount
of input data about the underlying grid structure and line elements, as well as some
computational resources, are required to obtain CFR or CIR results. Hence, channel
emulator software modules presented in [132,133] (based on [124]) and [134], which
include the computation of transmission line parameters, can be useful. We note that
physical models are also discussed in the relevant IEEE standardization documents
[82, App. F, 59, App. D].

16.4.2 NOISE CHARACTERISTICS
The noise scenario experienced in power line networks is fairly diverse and richest in
the distribution domain. This is because noise is not dominated by receiver noise but
by unwanted signals injected into the power line channel. The classification of PLC
noise into five different types according to [135] is illustrated in Fig. 16.9.

The first type of noise is colored background noise, whose PSD decreases with
increasing frequency. Background noise comprises the effects of all noise sources
which cannot be discerned otherwise. Typical PSD models are of the form

S(f ) = −a + bf −c, dBm/Hz (16.3)

where frequency f > 0 and the parameters a, b, c > 0 are chosen to define best and
worst cases [119] or as random variables with a distribution [108].

The second noise type is narrowband noise, which is generated from the ingress of
broadcasting radio stations. It is typically modeled as amplitude modulated sinusoids.

The third type of noise is impulse noise. This can be further classified into
periodic and aperiodic impulse noise, where the latter is caused by switching
transients in PLC networks and its occurrence is random. Periodic noise can further
be classified into periodic noise synchronous to the AC mains frequency (50 or 60
Hz), commonly caused by silicon controlled rectifiers and diodes, and periodic noise
asynchronous to the mains frequency, caused by switched mode power supplies.
The asynchronous periodic impulse noise occurs in bursts which are periodic with
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Classification of PLC noise.

twice the mains cycle and consist of pulse trains with repetition rates in the kilohertz
range [136].

A number of different modeling approaches to capture the effects of impulse
noise in NB and BB PLC scenarios have been presented in the literature, eg,
[119,135–141], and standards documents [82, App. F, 59, App. D]. The simplest
models only consider the marginal amplitude distribution of impulse noise samples,
for which Middleton’s class-A and two-term Gaussian mixture distributions have
often been used. This has been extended to include temporal dependencies between
impulse samples through Markov-chain models including the Gilbert-Elliott model.
These models lead to bursty impulse noise representations. More refined models
differentiate between the three subclasses of impulse noise and include temporal and
spectral shaping of noise signals. For example, considering the periodic time-domain
features synchronous to the mains cycle, [138] models impulse noise for NB PLC
as a colored cyclostationary Gaussian process. This is extended in [140] in that the
spectral shaping of the noise process is also periodically time-varying.

Finally, we note that physical propagation models discussed in the previous
section also allow us to model the noise as generated at the source and to connect
the noise sources to the PLC receiver through the power line network.

16.5 TRANSMISSION TECHNIQUES
In this section, we highlight the physical-layer transmission techniques that have been
adopted for PLC. Following the historical development outlined in Section 16.1, we
first consider single-carrier and then multicarrier transmission formats. The former
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are mainly associated with UNB and LDR NB PLC systems (see Fig. 16.2). This
is followed by a discussion of relatively recently introduced MIMO and cognitive
transmission techniques, where the latter are a direct result of EMC regulations as
presented in Section 16.3.

16.5.1 SINGLE-CARRIER TRANSMISSION
As mentioned in Section 16.2, RCSs are early implementations of UNB PLC that
accomplish unidirectional communication from an MV injection point to consumers
at the LV side. RCSs use frequencies in the range of about 125 Hz to 3 kHz,
and the signal level is about 1–8% of the electric-power signal voltage level. This
ensures that the PLC signal propagates with low pathloss and passes through the
LV distribution transformers to reach the destination at the consumer end. Data are
transmitted through a sequence of on-off pulses with a duration of several 100 ms,
which corresponds to a data rate of about 1 bps. For two-way UNB PLC in the
TWACS system [46,47] the AC mains signal is perturbed at around the AC zero
crossing using a switched shunt. The resulting data signal is detected as a voltage
(substation-to-end-user or outbound direction) or current (end-user-to-substation or
inbound direction) pulse at the receiver. The maximal data rate would be two bits
per mains cycle or 120 and 100 bps for a 60 and 50 Hz AC system, respectively.
The basic outbound modulation is in differential form as a sequence of modulation
and no-modulation over two mains cycles, corresponding to a data rate of 30 and 25
bps, respectively. The inbound modulation uses six binary channels created by four
antipodal current pulses distributed over four mains cycles, which means a data rate
of 90 bps at 60 Hz and 75 bps at 50 Hz [142].

Early LDR NB PLC systems used over MV and HV lines applied (single-
sideband) amplitude modulation with channel bandwidths of a few kilohertz and
signal power of a few tens of watts. Later, digital modulations in the form of on-
off keying and frequency-shift keying (FSK) have been used. In the LV distribution
grid domain, several digital communication formats have been used in PLC for
building automation and control as well as remote meter reading. Typical modulation
formats are binary phase-shift keying (BPSK) and binary FSK, where for the latter
the frequency spacing is often much higher than the baud rate, which is referred to
as spread-FSK (S-FSK). This spreading is done for better immunity to frequency-
selective fading and narrowband interference. BPSK and (S-)FSK systems have been
adopted in several standards, as mentioned in Section 16.2. Direct-sequence spread-
spectrum and frequency-hopping spread-spectrum transmission have also been con-
sidered for narrowband PLC to improve robustness against channel impairments, eg,
[143,144]. Another variant of spread-spectrum modulation is so-called differential
code-shift keying (DCSK) [145], which is used in the HomePlug Command and
Control specification. In DCSK, data are differentially encoded and mapped to cyclic
shifts of the basic spreading waveforms such as chirp signals. Some particularly LDR
transmission formats exploit the usually low-noise conditions [146] and the ability
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to disconnect the distribution circuit from the power supply grid, to reduce cross-talk
into the grid and increase network impedance [147], during the zero crossing of the
AC power signal.

16.5.2 MULTICARRIER TRANSMISSION
Similar to narrowband transmission, spread spectrum modulation is also an option for
BB PLC. Code-shift keying [148] and direct-sequence code-division multiple access
(DS-CDMA) [149–151] have been investigated. Inspired by transmission methods
used in digital subscriber line (DSL) systems, DS-CDMA with carrierless amplitude
phase modulation (CAP) has been considered in [152]. This work compares CAP-
CDMA with multicarrier modulation in the form of discrete multitone (DMT) for
multiuser BB PLC transmission. While this comparison did not reveal a winner
technology, multicarrier modulation has emerged as the most popular transmission
format for BB and HDR NB PLC systems.

The modern use of multicarrier modulation and OFDM for PLC in particular,
dates back to the 1990s, considering both HDR NB [153–157] and BB PLC systems
[158–160]. Single-chip PLC OFDM solutions were presented by iAd GmbH at
around 2000 [53,156], and the HomePlug 1.0 industry standard for BB PLC released
in Jun. 2001 used OFDM [161]. OFDM specific features such as bit loading
[162,163], multicarrier spread-spectrum [163], differential modulation [157,160],
and cyclic prefix adaptation [164] have been investigated and in part have been
adopted for BB and HDR NB PLC specifications.

Besides OFDM, discrete-wavelet multitone (DWMT) modulation has been pro-
posed and adopted for PLC in [165,166]. While DWMT transmission over frequency-
selective channels introduces interchannel interference, a simple one-tap equalizer
(as in OFDM) has been suggested as sufficient to deal with interference experienced
in typical indoor channels [167]. An advantage of DWMT over OFDM is the
absence of a cyclic prefix, leading to a potentially higher spectral efficiency. Perhaps
more important for BB PLC applications is the better spectral containment of the
DWMT subchannels compared to OFDM. This facilitates narrowband interference
suppression at the receiver and notching of frequency bands at the transmitter. For this
purpose, the OFDM-based standards discussed in Section 16.2 apply pulse-shaping
at the transmitter and windowing at the receiver to improve frequency confinement
of OFDM subcarriers. Table 16.2 provides an overview of BB and HDR NB PLC
industry and Standards Developing Organization (SDO) standards that use OFDM
and DWMT transmission.

16.5.3 MIMO TRANSMISSION
In many instances, PLC links make use of installations that feature more than two
conductors. For example, in many in-home installations, outlets are connected via
three wires: live or phase (L or P), neutral (N), and protective earth (PE). Similarly,
MV underground cables and MV and HV overhead lines commonly have more than
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Table 16.2 Multicarrier Modulation Formats Used in BB and HDR
NB PLC Systems

Broadband High Data-Rate Narrowband

HomePlug (AV/AV2/GP) OFDM DLC-2000 OFDM
DS2/UPA/OPERA OFDM PRIME/ITU-T G.9904 OFDM
HD-PLC DWMT G3-PLC/ITU-T G.9903 OFDM
IEEE 1901 OFDM/DWMT IEEE 1901.2 OFDM
ITU-T G.9960 OFDM ITU-T G.9902 OFDM

two conductors. This affects signal propagation properties, which, as we mentioned
in Section 16.4, can be captured through appropriate physical propagation models.

One can go one step further and make use of the presence of multiple conductors
to transmit and/or receive multiple signals over the same PLC link. Following
Kirchhoff’s laws, N + 1 conductors support the injection or extraction of N
independent signals between the conductors. Hence, an (N + 1) conductor power
line can be used as an N × N MIMO channel. Fig. 16.10 illustrates the PLC MIMO
link for an (N + 1 = 3) conductor cable with L, N, PE. The number of signal
ports at the transmitter (Nt) and at the receiver (Nr) need not be equal, and thus
we can have an Nt × Nr MIMO channel. While Nt, Nr ≤ N should be the case,
Nr > N has been found to provide performance benefits. This is can be accomplished
through the extraction of a common-mode signal at the receiver, as indicated by the
ground connection in Fig. 16.10, which carries information about a differential-mode
transmitted signal due to differential-to-common mode coupling along the power line
network. Furthermore, it has been observed that processing of N+1 differential mode
signals improves performance, which has been attributed to parasitic effects [21].

Combining MIMO with OFDM transmission, we can describe the MIMO PLC
link per OFDM subcarrier through the vector channel

y = Hx + n, (16.4)

where y, H, x, and n are the Nr × 1 received vector, Nr × Nt MIMO channel matrix,
Nt × 1 transmit vector, and Nr × 1 noise vector, respectively. The well-known signal

PLC
networkPE

Tx Rx

N
L

FIG. 16.10

Illustration of multiconductor power line enabling MIMO PLC.
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Table 16.3 Gain With MIMO BB PLC in Terms of
98th Percentile of Channel Capacity

MIMO Configuration Europe United States Japan

1 × 1 1 1 1
1 × 2 1.55 1.65 3.63
1 × 4 2.12 2.30 5.37
2 × 2 1.87 1.94 3.52
2 × 4 2.88 3.05 6.35

Different transmit power masks are applied for different regions.
Source: Data from L.T. Berger, A. Schwager, P. Pagani, D.M.
Schneider, MIMO power line communications, IEEE Commun. Surv.
Tut. 17 (1) (2015) 106–124.

processing methods for vector channels can now be applied. In particular, spatial
multiplexing using linear precoding and space-time coding techniques have been
investigated [21,168–171]. A specific feature of the PLC MIMO channel is that
the components of the noise vector n are often correlated. This applies to all the
different noise types discussed in Section 16.4.2 [172]. Table 16.3 demonstrates the
performance gains achievable by MIMO for BB PLC as reported in [21, Table III].
The figures represent the 98th percentile of the channel capacity computed based on
channel and noise measurement results from different regions of the world. For these
results, the total transmit power was kept constant for different Nt, and the PSD limits
from Fig. 16.7 were applied.

16.5.4 COGNITIVE TRANSMISSION TECHNIQUES
Since the power grid behaves for the PLC signal as a broadcast medium, cognitive
“radio” concepts can be applied to PLC for better resource utilization, eg, [173].
A more compelling argument for the use of cognitive principles arises from the
EMC considerations presented in Section 16.3. In particular, radiated emissions from
BB PLC systems can potentially interfere with wireless services in the HF band,
including amateur radio (ham radio), short-wave radio broadcasting, and digital radio
mondiale (DRM).

One approach to avoid interference between wireless and PLC systems is static
notching, ie, the PLC signal is not transmitted in frequency bands used by wireless
systems. However, since statically notching all possible bands in the HF frequency
spectrum would have a significantly detrimental effect on achievable data rates, and
since usually only a few wireless radio broadcast services are present at a specific
location and time, dynamic notching appears to be a more suitable approach [174].
For the sensing step required for dynamic notching, the noise component of the
PLC signal can be analyzed to detect narrowband radio signals using, eg, energy
detection and thresholding methods [4, Ch. 5, 175]. Detection accuracy can be
improved using cooperative sensing in a network of multiple PLC devices [176,177].
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An alternative approach that makes maximal use of existing functionalities in a PLC
modem is to consider signal-to-noise ratio measurements for sensing [177]. The
use of databases with region-specific information on what bands are being used by
wireless services has also been discussed [178]. Multicarrier transmission used in
BB PLC facilitates the adaptive frequency notching step, which essentially consists
of turning off subcarriers. Here, the tradeoff between data rate reduction and depth
and width of notches favors DWMT over OFDM methods. For OFDM, windowing
at the transmitter helps achieve deeper notches. In addition, additional notch filters in
the time-domain can be applied, eg, [4, Ch. 5].

As mentioned in Section 16.3, EMC norms and regulations already mandate the
application of notching, including dynamic frequency notching [94,97].

16.6 FINAL REMARKS
In this chapter, we have attempted to provide a readable and concise overview of
technical and regulatory aspects of PLC systems, intended especially for the reader
who is not yet familiar with PLC. As we outlined in the Introduction section, PLC
has a long history as a means to support the operation of the electric power grid.
With the advent of sophisticated digital communication methods for wireline and
wireless communication, PLC technology has also advanced significantly, and today,
it applies the latest communication techniques including MIMO and cognitive radio
transmission. From a communications engineering perspective, the PLC channel
shares several similarities with a wireless communication channel, such as the
broadcasting nature and frequency selectivity for BB signals. On the other hand,
the determinism of the channel giving rise to physical models is what PLC has in
common with other wireline media. A distinct feature of PLC is that it reuses the
electric power grid. This means that high voltages and currents need to be dealt with
when deploying PLC equipment. On the other hand, this also opens the door for
grid diagnostics, optimization, and inference (eg, [179–182]), which are interesting
directions for future research.
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17.1 INTRODUCTION
Within today’s communications infrastructure, almost every transmission employs
optical communications on at least a part of its path. Local area networks (LANs),
access networks, cellular backhaul, and core transport systems practically all use
fiber optics. Some of the most compelling new research areas in communications and
information theory involve optical transmission, such as MIMO over fiber and optical
wireless communications (OWCs). A description of transmission technologies would
thus be incomplete without some discussion of optical communications.

In this chapter we address optical communications as a subject separate from
other transmission systems because of their interdependence with optical technology
and inherent differences due to the extremely high carrier frequencies. We present an
overview of the devices necessary for this type of communication and then address
design options and the applications they are best suited to. Our goal is not to
present a complete description of optical communications; rather, we focus on the
differences between RF and optical, hoping to provide classical communications
engineers enough information to begin to explore this highly applicable huge-
capacity communication medium.

Optical communications must be treated as a separate topic from RF or electrical
communications for three fundamental reasons: (1) we currently do not have technol-
ogy to directly sense the optical phase of the signal, ie, all optical sensors are optical
power sensors, behaving nominally as square-law devices that discard the phase;
we can obtain a measurement of the difference between two signal phases using
a heterodyne receiver, adding significant complexity to the system; (2) the energy
transmitted can be modeled as discrete valued due to the high energy per photon,
and because of the basic uncertainty in these energy quanta, there is a fundamental
SNR limit, called the quantum limit; (3) the bandwidth available, measured as
even a small fraction of the carrier frequency, is still on the order of terahertz and
therefore cannot be manipulated directly using modern electronics; multiplexing in
the optical domain is necessary, typically done as wavelength division multiplexing
(WDM). The implications of these differences on the design and performance of
communications systems are addressed in this chapter.

Notation: all properties that refer to an optical signal are subscripted with an “O,”
while electrical notions are subscripted with an “E.”

17.2 DEVICE PROPERTIES
Practically all optical systems today are device limited, meaning that the data rate and
the performance are determined by a technological limit, not a fundamental one (such
as the Shannon limit). Thus to understand optical transmission systems, one must
consider the technologies being used and their properties. In this section, we discuss
just enough about the devices needed to understand the design choices and their
resulting performance.
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17.2.1 OPTICAL TRANSMITTERS
Optical communication systems use either a light emitting diode (LED) or a laser
diode (LD) to convert the electrical signal to the optical domain. Both devices impose
two limits on the system, an average power limit and a peak power limit, the latter
being a basic property of the device. The average power that can be transmitted is not
subject to FCC regulations as in RF systems. However, eye-safety regulations, which
differ based on the wavelength of transmission, do limit the average optical power
that can be used.

17.2.1.1 LEDs
LEDs are semiconductor devices that generate optical power approximately propor-
tional to the positive electrical current flowing through them. The light generated is
incoherent, exhibiting so much phase noise that the optical signal cannot be thought
of as a sinusoidal carrier. Therefore, the optical frequency and phase of the device
cannot be modulated, only the light intensity can. This is called intensity modulation
and produces a nonnegative optical power signal PO(t),

PO(t) = F(sE(t)), (17.1)

where sE(t) is the electrical signal to be transmitted and the operator F(·) represents
the LED’s nonlinear response. A typical LED response to the input forward voltage
is shown in Fig. 17.1, illustrating the nonnegative and saturating nature of the LED
nonlinearity. Note that the modulating signal sE(t) must itself be nonnegative or it
will be severely clipped by the LED. The modulation speed of an LED is limited by
the device rise time or modulation bandwidth. LEDs designed for communications
can have bandwidths on the order of 100 MHz.
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FIG. 17.1

Example of a nonlinear LED response to an input voltage.
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As explained above, the optical signal produced, PO(t), is noncoherent so it
does not contain a single frequency (or wavelength). The optical power is centered
at a wavelength λO that depends entirely on the semiconductor material and
has a wavelength range, called the linewidth, on the order of nanometers. LEDs
are commercially available for wavelengths ranging from 210 to 4600 nm. Two
noncoherent optical signals always add noncoherently, that is, the powers add (not the
optical fields). This is fundamentally different from RF transmissions that normally
add coherently when they are at the same frequency.

17.2.1.2 Lasers
Lasers are an alternative optical source when LEDs provide insufficient power or
bandwidth. Lasers used for communications are typically semiconductor diodes like
LEDs but produce a coherent light beam. Thus the signal can be described as a carrier
with a single frequency experiencing some minor phase noise, the degree of which
depends strongly on the design of the laser.

Lasers can be directly modulated by driving them with a nonnegative modulated
current, resulting in intensity modulation similar to the LED. The signal produced is
denoted as PO(t). The laser’s response looks a bit different from the LED’s, as shown
in Fig. 17.2, where the slope of the linear portion can depend highly on the operating
characteristics (temperature, etc.). Lasers require carefully designed drivers if they
are to be operated as linear devices (current to optical power). For this reason, lasers
are often on-off modulated, where the response nonlinearity can be largely ignored.

Alternatively, the laser can be operated as a continuous-wave (CW) source
and the light can be modulated using an external modulator, such as a Mach-
Zehnder modulator [1]. These devices can modulate both the amplitude and
the phase of the optical field, so we need to refer to the signal produced as
EO(t) = AO(t)ej(2π fOt+θO(t)), the optical field where AO(t) is the modulated optical
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FIG. 17.2

Example of a nonlinear laser response to an input current.
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amplitude, fO is the optical frequency, and θO(t) is the modulated optical phase
(spatial parameters are omitted for clarity). Lasers put out polarized light (two
orthogonal optical fields), and this affords one additional degree of freedom that can
be used for modulation or multiplexing.

Lasers can introduce noise into the system in the form of phase noise and
amplitude noise. These are not usually performance limiting, and they are not
discussed here. The interested reader can refer to Ref. [2].

17.2.2 OPTICAL RECEIVERS
At the receiver the optical system needs a photodetector to convert the signal from
the optical domain back to the electrical domain. One of two techniques can be used,
as described here.

17.2.2.1 Direct detection
The first method is referred to as direct detection because the optical power is
converted into an electrical current directly using a semiconductor photodetector. The
photodetector is well modeled as a linear device with the output electrical current

sE(t) = ρPO(t), (17.2)

where the proportionality constant ρ is called the responsivity of the device and has
units of A/W. The responsivity can be computed using

ρ = ηqG

hfO
, (17.3)

where η is the quantum efficiency of the photodetector (the fraction of photons that
generate electrons), q is the charge of an electron, h is Planck’s constant, and G is the
gain of the device.

A low-cost and high bandwidth photodetector is the PIN diode, which is a
positive-intrinsic-negative doped semiconductor that has unit gain, G = 1. These
devices can have bandwidths of as high as 50 GHz. Instead, one can use an
avalanche photodetector (APD) that has a high electric field avalanche region in the
semiconductor, which results in a gain ranging from 10 < G < 200, depending on
the design. APDs are much slower devices, with bandwidths on the order of a few
gigahertz, but the gain is useful in overcoming subsequent thermal/electronic noise.

17.2.2.2 Coherent receivers
For a coherent optical signal, instead of detecting the optical power, the optical field
can be sensed by mixing the received signal with an optical signal generated locally
(a local oscillator). This process requires the two equally polarized optical fields to
be added prior to photodetection. Since the photodetector is effectively a square-law
device, the resulting signal becomes

sE(t) = ρ|ELO(t) + EO(t)|2, (17.4)
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where ELO(t) is the field of the local laser. If the lasers are perfect oscillators, ignoring
the DC and second harmonics, the result creates an electrical current proportional to
the modulating signal, carrying both the magnitude and phase:

sE(t) ∝ AO(t)ej(2π fIFt+θIF(t)), (17.5)

where fIF and θIF are the intermediate frequency (IF) signal frequency and phase
generated by the difference of the two optical signals. This type of detection is
also called heterodyne detection. Heterodyning is expensive compared with direct
detection, and it is currently only used in high-speed (100 Gbps or higher) fiber-
optic links.

17.2.3 OTHER COMPONENTS
To construct an end-to-end optical system, many components are necessary, in-
cluding optical filters, lenses, polarizers, couplers, etc. Most of these components
are passive devices that affect the signal’s amplitude at some particular optical
frequency, but they can be considered frequency-flat over the signal bandwidth. These
must be included in any link budget calculation, but they do not further affect the
communication system, except in the case of multiple signals, where cross talk may
leak through (in frequency, polarization, or space).

One important active optical device is the optical amplifier. These can be
implemented either as semiconductors (SOA, semiconductor optical amplifier) or as
doped fiber segments (eg, Erbium doped fiber amplifier, EDFA). Some optical
amplifiers (notably the doped fiber) can be quite broadband, on the order of 10 THz,
and low noise (noise figure on the order of 5 dB). The odd aspect of this optical
noise is that it adds before the photodetector, which makes it fundamentally different
from most noncoherent RF receivers. The consequences are discussed below in
Section 17.5.2.

17.3 CHANNEL MODELS
Optical channels come in guided and unguided varieties, and each introduces its own
distortions and limitations. We describe each channel by how it affects the transmitted
signal.

17.3.1 OPTICAL WIRELESS CHANNELS
Wireless optical channels are the simplest to consider. The signal travels from the
optical source to the optical sensor through what is called “free space,” meaning
either the atmosphere, if the link is terrestrial, or a vacuum, if the link is in space.
OWC has seen a resurgence in the last few years, fueled by the fear of an impending
shortage of usable RF bandwidth.
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FIG. 17.3

(A) Point-to-point optical link versus (B) diffuse optical channel.

17.3.1.1 Directed point-to-point channels
When an optical link uses a laser, the beam is so narrow that one can assume that a
line-of-sight (LOS) is required between the source and the receiver, creating a point-
to-point link (Fig. 17.3A). This type of transmission is often referred to as free-
space optics (FSO), especially if the link is outdoors and terrestrial. Beamwidths
ranging from fractions of a milliradian to just a few milliradians are standard.
Terrestrial directed FSO links can range from one hundred meters to several hundred
kilometers. For long links, the key design issue and the major system expense lie in
the acquisition, pointing, and tracking (APT) mechanism.

Because no multipath can result from such narrow beams, the channel causes no
temporal dispersion. For typical transmitted optical power levels, the channel can be
assumed linear, causing no discernible nonlinear degradation. The only degradations
suffered by the signal are attenuation and turbulence-induced fading. The relation
between the transmitted optical power P(T)

O and the received optical power P(R)
O can

be expressed as

P(R)
O = P(T)

O GTGRLsLaFa, (17.6)

where GT is the transmitter antenna (optical lens or telescope) gain, GR is the
receiver antenna gain, Ls is the space loss, La is the atmospheric attenuation (slowly
varying and modeled as deterministic), and Fa is the atmospheric fading (modeled
as random). The attenuation results from three independent factors. The dominant
factor is the loss due to beam spreading (GTGRLs), which occurs both in collimated
and uncollimated beams. It is unusual for the entire beam to fall within the aperture
of the receiver, so the portion of the power transmitted and not collected results in
this loss factor. Since GT, GR, and Ls in the link loss equation are the same as in RF
systems, details about these are omitted here.

The second important factor is atmospheric loss, La, primarily due to weather.
Fog, snow, and heavy rain can attenuate an optical wireless link by as much as 200
dB/km (for fog especially), making the link useless over a few hundred meters. The
attenuation level depends on the wavelength used and the density of particulates in
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(A) (B)

FIG. 17.4

The pdf of fFa (I) for (A) β = 1 and different α’s, and (B) α = 1 and different β ’s.

the air. In addition to this atmospheric effect that can be considered as a time invariant
loss (changing over a matter of minutes or hours), the atmosphere can cause time-
varying fading, Fa, that can have a time constant less that 1 ms. This is the third
type of attenuation that must be considered as it can add over 15 dB of extra loss
to the link. This fading is not caused by multipath and cannot be modeled as a
Rayleigh random variable as in the RF case. It is caused by pockets of index of
refraction inhomogeneities in the air, which can create a lens effect and scintillation.
The statistics are dependent on the weather, so several models have been explored [3].
The most general is the Gamma-Gamma model, which gives a loss factor Fa with pdf
illustrated in Fig. 17.4 and given as

fFa(I) = 2(αβ)(α+β)/2

Γ (α)Γ (β)
I(α+β)/2−1Kα−β

(
2
√

2αβI
)

, I > 0, (17.7)

where α is the small fading effect parameter, β is the large fading parameter, Γ (·)
is the gamma function, and Kυ(·) is the modified Bessel function of the second kind
and order υ.

17.3.1.2 Diffuse channels
Diffuse optical channels resemble classical wireless links: the optical source sends a
broad beam meant to illuminate an entire area as shown in Fig. 17.3B. Any receiver
in the broadcast area that can collect sufficient power can establish a link. Diffuse
channels often use LEDs because they are naturally uncollimated, but in rare cases
they can also use an artificially broadened laser beam. We will assume an LED is
employed.

In a diffuse link the received power is a sum of the power received directly from
the optical source, called the LOS component, and any power incident on the pho-
todetector resulting from reflections of the light, called the nonline-of-sight (NLOS)
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component. Assuming an LED total power of P(T)
O , the general formula for the LOS

channel loss between an LED and a photodetector can be written as follows [4]:

P(R)
O = P(T)

O
Ar cos θ

2πd2
(m + 1) cosm φ, (17.8)

where Ar is the receiver aperture, d is the distance between the LED transmitter and
the receiver, θ is the angle between the received light and the receiver’s axis, φ is the
angle between the LED’s axis and ray received by the user, and m is the Lambertian
mode of the light source, which is related to the LED’s semiangle �1/2 by m =

ln 2
ln(cos �1/2)

and determines the beamwidth. This notation is illustrated in Fig. 17.5.
In indoor environments, the diffuse channel can have the LOS blocked, leaving

reflected rays as the only contributors to the received power, as shown in Fig. 17.6.
The reflected NLOS optical power typically contributes little to the received power
compared with the LOS when both are present. Because the channel becomes a
multipath channel, there can be degradation in the form of intersymbol interference
(ISI) or fading. However, the form is somewhat different from the RF multipath
channel in one fundamental aspect: the powers add noncoherently, so there is no
phase offset, thus there is no signal cancelation. The impulse response is real and
nonnegative, as illustrated in Fig. 17.7.

However, there is no fading of the optical carrier, in the sense that the optical
powers cannot add destructively. If the information signal is intensity modulated onto
a diffuse optical beam and experiences multipath, the intensity modulation can be
faded by the multipath channel. Suppose the nonnegative electrical modulating signal
is sE(t) and that the received signal is due to two rays delayed by τ . The received
signal would be of the form

P(R)
O (t) = αLOS sE(t) + αNLOS sE(t − τ), (17.9)
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where the α’s are attenuations, which would result in fading of sinusoidal components
of sE(t) with frequencies that are multiples of 1/2τ [5].

17.3.2 OPTICAL FIBER CHANNELS
By far, the most prevalent optical communications channel is the fiber optic channel,
which is mainly used in medium and long-haul communication systems (10–
10,000 km). An optical fiber is a cylindrical waveguide constructed as a thin strand
of silica (highly transparent at infrared wavelengths) through which the optical signal
travels. In this chapter, we briefly discuss the two most prevalent types of fiber links.
Interested readers can learn more through optical fiber texts, such as Refs. [1,6,7].

17.3.2.1 Single mode fiber
All long-haul and most metro systems use what is called a single-mode fiber (SMF).
Without getting into any of the physics of propagation, one can think of it as a single
spatial (cross-sectional distribution) electromagnetic mode that satisfies Maxwell’s
equations due to the properties of the fiber (index of refraction, diameter, etc.),
thus if the optical signal input is coherent the signal inside the fiber can spatially
and temporally be regarded as a single electromagnetic field in each of the two
polarizations. At the receiver, this field can be directly or coherently detected.

The nonlinear Schrödinger (NLS) equation is used to model the propagation
of optical pulses inside SMFs. For pulse widths T0 > 5 ps, the NLS equation is
given by [6]

∂AO

∂z
= −α

2
AO − iβ2

2

∂2AO

∂t′2
+ iγ |AO|2AO, (17.10)

where AO = AO(t, z) is the slowly varying complex envelope of the propagating field;
t is measured in a frame of reference moving with the pulses at the group velocity; z
is the propagation distance measured along the fiber; α is the attenuation constant; β2
is the group-velocity dispersion (GVD) parameter; and γ is the nonlinear parameter.
The three terms on the right-hand side describe, respectively, the effects of fiber
losses, dispersion, and nonlinearities on the pulses propagating through optical fibers.

The main effect of GVD is to broaden an optical pulse as it propagates through
the fiber. Temporal spreads of neighboring bits overlap, leading to ISI. GVD in
SMFs can be reduced by strategic use of dispersion compensation, a lumped device
that introduces a negative dispersion, resulting is an equivalent zero (or small)
pulse spreading. In addition to GVD-induced pulse broadening, polarization-mode
dispersion (PMD) leads to distortion of optical pulses due to fiber birefringence.
PMD is typically random, but slowly time varying and therefore relatively easy to
compensate through signal processing.
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Fiber nonlinearities can be classified into two types: Kerr effect and stimulated
scattering [8]. Stimulated scattering leads to intensity-dependent gain or loss, the
most detrimental of which is stimulated Raman scattering (SRS). The Kerr effect
is due to the intensity dependence of the refractive index and causes an intensity-
dependent phase shift experienced by an optical field during propagation in optical
fibers [6]. Stimulated scattering is relatively small compared with the Kerr effect and
is often ignored. In the case of successive transmissions of pulses in a multichannel
system (WDM or OFDM), the Kerr effect combined with GVD leads to nonlinear
interaction among optical pulses on the same channel (intrachannel effects), and
among pulses on neighboring wavelengths in a WDM system (interchannel effects).

17.3.2.2 Multimode, multicore, and few-mode fibers
Multimode fibers are simultaneously an old and emerging technology within the
context of optical systems. The first optical fiber systems back in the 1970s used
multimode fibers. These fibers are identical to SMFs except that they have a wider
diameter, thus allowing several transverse optical modes to propagate simultaneously.
Depending on their cross-sectional index of refraction profiles, they suffer from
varying degrees of what is called modal dispersion, where modes propagate at
slightly different speeds resulting in pulse spreading. This limits the bandwidth-
length product to about 100 MHz-km. Because of their larger size, they are easier
to splice and couple, and they are generally less expensive to install. Older local-area
and access networks still use multimode fibers.

There has recently been renewed interest in what are called few-mode fibers,
which are multimode fibers that are just the right size where a few, say 3–10
modes, can propagate. Efforts to send multiple signals through these fibers, one per
polarization per mode, a sort of MIMO transmission, has met some success [9,10].
Alternatively, MIMO can be accomplished using so-called multicore fibers, which
are formed by placing several single-mode cores within one fiber [11,12].

17.4 MODULATION AND CODING
Each device and channel described above lends itself to a suite of modulation
and coding schemes. We naturally separate the modulation schemes into those
appropriate for noncoherent (direct detection) systems and those that can be used
in coherent (heterodyne) systems.

17.4.1 INTENSITY MODULATION
When direct detection is employed, the easiest attribute of the optical signal to
modulate is the light intensity. This yields a unipolar (nonnegative) one dimensional
modulation. Since the phase of the optical signal is lost in the photodetection process,
it cannot be used in modulation. Note that differential modulation cannot be directly
used if the optical source is incoherent or if the phase is discarded at the receiver.
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One important difference between optical and RF noncoherent systems is how the
transmitted symbol is defined. In optical systems, the symbol X is the optical power,
not the field. So the power consumed at the transmitter, a fundamental limitation in
the system design, becomes proportional to E[X], the expected value of the symbol,
not E[X2] as in RF systems. Of all the properties of optical systems, this is one that
RF engineers transitioning to optical systems most often miss.

If baseband modulation is desired, pulse amplitude modulation (PAM) of the
optical intensity is the simplest. In its binary form, this modulation is referred to
as on-off keying (OOK), where X ∈ {0, 1}, and it is by far the most used intensity
modulation; all 10 Gbps fiber systems use OOK. Because optical sources are difficult
to operate linearly, higher-order PAM is not often used. OOK does not require linear
operation of the optical source.

Another baseband modulation sometimes used is pulse position modulation
(PPM). In standard PPM, the transmitted symbol is subdivided into M time slots and
a pulse is sent in one of the slots, resulting in an M-ary modulation with spectral
efficiency of η = log2(M)/M. Binary PPM, effectively identical to Manchester
coding, is sometimes used in OWC systems because it does not require a detection
threshold and the symbol clock is easily extracted, even in fading channels. High-
order PPM modulation is used almost exclusively in deep space systems where the
power efficiency is of paramount importance and the bandwidth is plentiful. One can
send multiple pulses per symbol, a technique called multipulse PPM (MPPM). A gen-
eralized form of PPM called expurgated PPM (EPPM) is introduced in Ref. [13] to
decrease the bit-error probability in optical systems with power-limited sources.

If the source can be operated such that the optical intensity is linearly related to
the input signal (which requires a sophisticated driver circuit and a low modulation
index), higher-order modulation can be accomplished by using subcarrier modula-
tion. Any amplitude and/or phase modulation approach can be used to create a real-
valued signal on an IF, sIF(t). This signal is then biased so that it is nonnegative,
and the resulting current is used to intensity modulate the optical source, creating an
optical power that can be written as

PO(t) = P̄O + msIF(t), (17.11)

where P̄O is the average power and m is the modulation index used. When the IF is
in the RF range, this technique is called radio-over-fiber (RoF) or radio over FSO
(RoFSO).

In RF wireless systems, OFDM has become the modulation of choice to combat
temporal dispersion. Since the signals generated in OFDM systems are complex-
valued, they cannot be directly used in direct detection optical systems. There are
two basic ways to implement OFDM in optical systems [14]. One approach is to use
subcarrier modulation as described above, replacing the IF signal with a real-valued
OFDM signal, called DC offset OFDM (DCO-OFDM). Each OFDM subcarrier
can be amplitude and/or phase modulated (QAM, for example). Alternatively, a
technique called asymmetrically clipped OFDM (ACO-OFDM) has been adopted
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Spectral efficiency of different modulation schemes versus the maximum achievable SNR
in peak-power-limited optical communication systems.

to work in energy efficient optical communications because of its better average-
power efficiency compared to DCO-OFDM. The ACO-OFDM technique uses two
symmetry properties to turn complex-valued signals into positive real data, which
results in a loss in the spectral efficiency.

A pulsed-version of OFDM, where the FFT is replaced with a fast Hadamard
transform, has recently been proposed [15,16]. This technique, called Hadamard
coded modulation (HCM), performs better than OFDM in highly nonlinear envi-
ronments. An alternative to HCM that removes unnecessary DC offset is termed
DC-removed-HCM (DCR-HCM). Fig. 17.8 shows a comparison between the spectral
efficiency of different modulation schemes versus the maximum achievable SNR in
peak-power limited optical communication systems [15].

17.4.2 DIFFERENTIAL MODULATION
If a coherent optical source is used with an external amplitude and phase modu-
lator, while still relying on the less-expensive direct detection receiver, differential
detection can be a good intermediate-cost option. The signal modulates the difference
between two successive pulses, as in conventional DPSK. At the receiver, succes-
sive pulses are added prior to photodetection so that a constructive versus destructive
phase relation can be observed at the output of the photodetector [1]. Most 40 Gbps
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WAN and core fiber systems are based on 20 Gsps differential QPSK. As coherent
receivers have become less expensive, differential receivers have become less used.

17.4.3 COHERENT MODULATION
When the system uses a heterodyne receiver, both the amplitude and phase of
the optical field can be modulated. The usual approach is to use standard quadrature
modulation formats, such as M-ary QAM or OFDM. Independent modulation of the
two polarizations doubles the throughput. Standard 100 Gbps systems use 50 Gbps
on each polarization, with QPSK over a 25 Gsps (Gbaud) root-raised-cosine pulse
(higher symbol rate if error control coding is used), typically centered within a
50 GHz WDM channel. To exploit the full bandwidth of the optical fiber, a technique
called Nyquist-WDM has been proposed, where the Nyquist criterion for WDM
channel independence is satisfied in the frequency domain [17,18]. WDM channels
are then spaced with a frequency separation equal to the symbol rate. Alternatively,
using standard OFDM modulation with coherent detection of one or more subcarriers
has also been explored recently.

Since the polarization provides another dimension, some researchers have ex-
plored the idea of using a four-dimensional constellation instead of two parallel
two-dimensional ones as described above [19,20]. As coherent detection is used
primarily in long-haul fiber systems, and these suffer from significant linear and
nonlinear effects, researchers have also proposed alternative two- or four-dimensional
constellations that are less susceptible to these physical-layer impairments [21,22].

17.4.4 ERROR CONTROL CODING
There has been little effort to design forward error control (FEC) codes specifically
for optical communication systems. Most optical systems employ standard codes
developed for electrical or RF systems, such as LDPC codes. One effort to design
LDPC codes specifically for optical channels notes that some general codes perform
almost optimally over these channels [23]. Very high-speed systems often employ
hard-decision versions, while the lower-speed systems can benefit from soft-decision
decoding. Standard practice is to assume a required pre-FEC BER and assume the
coding does as advertised. A recent paper questions this practice, as the coding gain
depends substantially on the characteristics of the channel [24].

17.5 NOISE AND DISTORTION
Optical systems can be subject to shot noise and optical noise, in addition to the
standard thermal noise. These require somewhat different models and performance
expressions.
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17.5.1 ELECTRICAL NOISE MODEL
Receiver noise in optical systems is a sum of electronic thermal noise from the front-
end amplifier and shot noise. The thermal noise is well modeled as an additive white
Gaussian noise (GN) with spectral density in units of A2/Hz given as

Sth = 4kTp

RL
, (17.12)

where k is Boltzmann’s constant, Tp is the system temperature, and RL is the load
resistance as seen by the photodetector. For noise power, the spectral density can be
simply multiplied by the receiver bandwidth �f .

The shot noise results from the discrete nature of photons, and it can be modeled
in one of two ways. Under the shot noise limit, the photodetection process can be
analyzed using the semiclassical model, which takes the optical signal as behaving
like a wave and the photoelectrons generated at the photodetector as particles. In this
model, the received signal is represented as a Poisson process with photon arrival rate
proportional to the incident optical power. If the optical power is high, the Poisson
process can be approximated by a Gaussian process, simplifying the analysis. In this
case, the power spectral density of the shot noise can be written as

Ssh = 2qρPO A2/Hz, (17.13)

where q is the electrical charge on an electron.
If the photodetector used is an APD, the shot noise is enhanced by the avalanche

process. This occurs because the number of secondary electrons generated by each
primary electron (one resulting directly from photon absorption) is random, creating
more uncertainty. The statistics of this process are complex, thus the effect of the
increased shot noise is often represented by a factor called the excess noise factor, FE.
The resulting shot noise spectral density for an APD with gain G becomes

Ssh = 2qρG2POFE A2/Hz. (17.14)

17.5.2 AMPLIFIED SPONTANEOUS EMISSION
Fiber-optic communication systems that use optical amplifiers are subject to optical
noise, called amplified spontaneous emission (ASE) noise [25–27]. ASE noise is due
to spontaneous emission of photons that adds optical noise to the signal during its
amplification.1 It can be modeled as a GN with a spectral density nearly constant
(white noise) in the band of interest, which can be expressed by [1]

SASE(fO) = nsphFO(G − 1), (17.15)

1In this description, we assume lumped amplification, but the model can be easily applied to distributed
(Raman) amplification.
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where nsp is the spontaneous emission factor, h is Planck’s constant, FO is the optical
carrier frequency of the signal being amplified, and G is the amplifier gain. The
total ASE power for a chain of N equal-gain amplifiers through a linear fiber is
approximated by [1]

PASE = 2NSASE�fO , (17.16)

where the factor of two takes into account the unpolarized nature of ASE noise and
�fO is the bandwidth of the optical filter at the receiver.

The photodetector acts as a band-limited square law device on the optical signal
plus optical noise. The output of the matched filter can be roughly modeled as a
sum of noncentral χ -squared random variables, which is quite cumbersome. Instead,
the noise is often modeled as Gaussian and comprised of three independent terms: a
signal-noise beat term (signal dependent), a noise-noise beat term, and a shot noise
term due to the ASE noise itself. Details can be found in Ref. [1].

17.5.3 DISTORTION AND INTERFERENCE EFFECTS
Narrow-beam optical wireless channels do not experience interference, temporal
dispersion, or channel nonlinearities. Diffuse links can suffer from both multipath
effects and additive interference from other user signals. These are dealt with as in
wireless RF systems.

Short fiber channels can be modeled as linear and do not accumulate nonlinear
impairments. The long-haul fiber channel is nonlinear and therefore so complex
that it is difficult to give exact performance expressions. Various levels of modeling
fidelity can be obtained, depending on the channel state known and the computational
resources available. The classical method is to use the NLS equation, given in
Eq. (17.10), which unfortunately does not give an input/output description amenable
to analysis.

Alternatively, for a long-haul point-to-point optical fiber link with no optical
dispersion compensation and known WDM channel utilization information, a more
accurate model has recently become widely used, referred to as the GN model. The
dispersion in the fiber serves to spread each symbol over hundreds or thousands of
adjacent symbols, allowing us to use the central limit theorem to approximate the
effect of both intra and interchannel nonlinear effects as an additive GN. The GN
model provides an approximate expression for the physical layer impairments as-
suming a coherent polarization-multiplexed system, a rectangular channel spectrum,
and perfect loss compensation. The nonlinear interference power spectral density per
polarization for channel i can then be expressed as [28]

S(i)
NLI(f

(i)
O ) = μSi

⎛
⎜⎜⎜⎝S2

i arcsinh

(
κ�2

f (i)
O

)
+

M∑
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j�=i

S2
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∣∣∣∣∣∣∣
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⎞
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where μ = 3γ 2/(2πα|β2|), κ = π2|β2|/2α, M is the number of channels, and
�

f (k)
O

, f (k)
O , and Sk are the kth channel’s bandwidth, center frequency, and signal power

spectral density per polarization, respectively. The first term in Eq. (17.17) represents
self-channel interference and the summation term is cross-channel interference.

Using this technique, one can predict performance for a point-to-point link. For
networks, a coarse approach is to compute a worse case for a channel assuming
that nonlinearities caused by WDM channels are at their maximum (all channels are
used). This leads to an upper bound on the BER expected that must remain below a
predetermined limit depending on the FEC chosen. This technique is commonly used
in optical networks where dynamic channel usage makes it difficult for full channel
state information to be known. Often the most meaningful measures for network
design is the maximum length that a signal can propagate optically before it would
require electronic regeneration, called the transmission reach.

The power penalty method is another commonly used approach for incorpo-
rating the effects of various distortions and impairments into fiber systems. For
every impairment that acts on the signal independently, the impact on the optical
signal power or the receiver sensitivity has been characterized, mostly experi-
mentally or by simulation. A power penalty represents the equivalent power loss
that would result in the same performance as the degradation under study. Many
research efforts report on power penalties observed for various system configurations.
From these, rules of thumb about the impact of each impairment have been
generated [2].

17.6 SYSTEM PERFORMANCE ANALYSIS
To simplify the performance analysis in the presence of so many different impair-
ments, only the dominant noise or distortions are usually considered, in both SNR
and BER expressions, with the caveat that this is an approximation. If no optical
amplifier is used, a PIN photodetector is used; if there is no strong background light,
the system is usually thermal-noise-limited. The shot noise limit can be achieved
with sufficient photodetection gain (APD gain), or if the received power level is quite
high. When an optical amplifier is used, optical ASE noise normally dominates.

In optical communications using optical amplifiers, two signal-to-noise metrics
can be defined: an optical SNR (OSNR) and an electrical SNR, simply called SNR.
The OSNR is the optical signal to optical noise ratio, before photodetection, given
by OSNR = PO/PASE. In long-haul fiber systems, a lumped optical amplifier
(an EDFA) is placed periodically along the fiber in such a way that the amplifier
gain G compensates exactly for the attenuation. The noise from all the amplifiers in
the chain accumulate and limit performance. In this case, using Eq. (17.15), for a
fiber of length L, the OSNR be written as [1]

OSNR = PO ln G

2nsphfO�fOαL(G − 1)
. (17.18)
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In short-haul, metro, or local area applications, and in FSO channels, optical
amplifiers can be used to compensate for losses due to switching and fiber splits
or for atmospheric losses in wireless channels. In this case, the performance may be
limited by ASE noise or by electronic noise.

17.6.1 DIRECT DETECTION
In the thermal noise limit, the channel is an additive white GN channel, and
the analysis used for RF communications through these types of channels applies
directly. Similarly, if shot noise dominates and can be modeled as a Gaussian with
constant signal-independent spectral density, as in the case of strong background
noise, classical AWGN analysis applies as well. In this section, we discuss cases that
deviate from these assumptions.

Shot noise is inconsequential in RF systems but fundamental and unavoidable
in optical systems. It imposes a limit on the SNR that can be achieved; the largest
possible SNR is referred to as the quantum limit, given by

SNRq = ρPO

q�f
. (17.19)

This limiting SNR can be degraded by a detector noise figure, excess noise from an
APD, or other power penalties.

Consider a binary OOK modulated signal, where X ∈ {0, 1} is the information
signal, which is the simplest case for optical systems, and let the optical power
received for X = i transmitted be denoted as P(i)

O . In the thermal noise limit, the
BER can be estimated as

BER = Q

(
ρ(P(1)

O − P(0)
O )

2σ

)
, (17.20)

where σ 2 = Sth�f . Any power penalties would subtract from the received optical
power levels, and any additional noise figures would add to the noise variance (in dB).

In the Poisson noise regime, it is common to measure the number of received
photons for X = i, denoted ni = P(i)

O Ts/hfO, where Ts is the symbol time. Under
quantum-limited detection, we assume n0 = 0 and the BER = e−n1/2. Otherwise,
the optimal threshold becomes τ = (n1 − n0)Ts/ ln((n1 + n0)/n0) and the resulting
BER is given by

BER = 1

2

�τ�∑
k=0

nk
1e−n1

k! + 1

2

∞∑
k=	τ


nk
0e−n0

k! , (17.21)

ignoring ties.
In the case where the shot noise can be modeled as a Gaussian process,

the variance due to shot and thermal noise terms can add and result in an unequal
noise level for X = 1 and X = 0. This also occurs when the ASE noise dominates
because the noise after photodetection contains signal-noise cross-terms (due to the



680 CHAPTER 17 Optical transmission

square-law operation). Letting the variance due to noise at the output of the receiver
filter be σ 2

i for X = i, the BER becomes

BER = 1

2

[
Q

(
(ρP(1)

O − τ)

σ1

)
+ Q

(
(τ − ρP(0)

O )

σ0

)]
, (17.22)

where τ is the decision threshold. The variances can be computed by adding the
expressions in Eqs. (17.12) and (17.13), the latter depending on whether X = 0 or
X = 1.

If σ0 ≈ σ1, a simpler approximate expression for the BER is

BER ≈ Q

(
ρ(P(1)

O − P(0)
O )

σ1 + σ0

)
. (17.23)

This expression comes from setting the threshold to τ = ρ(P(1)
O σ0+P(0)

O σ1)

σ1+σ0
, yielding

equal error rates on X = 1 and X = 0. Note that this threshold does not actually
minimize the BER. The fraction inside the Q(·) function is called the Q-factor, and it
is often used as a figure of merit in optical systems and is related to the BER as shown
in Fig. 17.9. Other modulations, such as PPM, lead to similar expressions based on
simple detection theory.
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BER of a long-haul fiber system with dispersion compensation and periodic amplification,
21.4 Gbit/s QPSK, 50 spans, 5 dB amplifier noise figure. The DFE used is described
in Ref. [30].

17.6.2 COHERENT DETECTION PERFORMANCE
In coherent detection systems, the output of the receiver front-end (after high and
low pass filtering) yields a signal proportional to the optical field down-converted to
some appropriate IF, unlike direct detection, which produces a signal proportional
to the optical intensity. The coherent scenario is thus completely analogous to RF
communication systems. The most significant difference exists for long-haul fiber
systems where the nonlinear degradations caused by the interplay between dispersion
and Kerr effects can dominate performance. At lower signal-to-noise ratios, the
system is ASE noise limited, and classical AWGN analysis holds, while at higher
power levels the performance is determined by the nonlinear effects that couple with
the noise introduced at the various stages of amplification, as shown in Fig. 17.10.
Various signal processing techniques can be used to combat the physical impair-
ments, such as digital back-propagation [29] and nonlinear equalization [30]. The
performance becomes highly dependent on the specificity of the link design and the
signal processing used. The interested reader can find more information in Ref. [2].

17.7 APPLICATIONS AND EMERGING RESEARCH AREAS
Because of their special properties, such as narrow beams and ultra-high band-
widths, optical communications can accomplish transmission unlike any RF or
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electrical system. In this section, we describe some environments in which optical
communications have been successfully used, as well as their properties.

17.7.1 FREE SPACE OPTICS
Terrestrial point-to-point links, referred to as FSO, provide an alternative to fiber and
RF transmission when high-speed short-distance connectivity is needed. FSO links
are much less expensive to deploy than fiber, as they do not require trenching. They
can function at rates up to around 10 Gbps for short distances, for links of 100 m
in very foggy weather and up to a few km in good weather. The primary application
of FSO is as a last mile connection in urban areas, where retrofitting with fiber is
difficult. Very short links, up to 200 m, are being considered as ideal approaches for
backhauling signals from RF femtocells.

Recent research in FSO has focused on how to address limitations in performance
caused by atmospheric fading and pointing errors. Great strides have been made in
both statistical modeling of the physical channel limitations and signal processing to
combat them [31,32]. MIMO processing has been shown to significantly help with
both of these degradations.

There has been considerable interest also in using FSO systems to create
networks by combining multiple point-to-point links. These are often envisioned
as augmenting or complementing RF networks, forming so-called hybrid RF/FSO
systems [33]. FSO links can serve as relays to each other or to RF links to connect
locations that do not have a direct LOS [34].

17.7.2 DEEP SPACE APPLICATIONS
Laser communication systems have been a candidate for space communications to
increase the speed of data transmission since the early days of laser development.
Since 1995, there have been many laser communication system demonstrations from
earth-orbiting spacecrafts to earth [35,36]. Table 17.1 lists some of the early historical
milestones.

More recently, the Lunar Laser Communication Demonstration (LLCD), NASA’s
first high-rate, two-way space laser communications demonstration, was launched on
September 6, 2013, and it set records for download and upload speeds to the Moon.
This system employed 16-PPM with 1/2 rate code and interleaver to achieve data
rates of 622 Mbps for the downlink (77 Mbps through thin clouds) and 20 Mbps
for uplink. The first gigabit laser-based communication, called the European Data
Relay System (EDRS), was achieved by the European Space Agency in November
2014. NASA’s Optical Payload for Lasercomm Science (OPALS) on the International
Space Station has been conducting cutting-edge research on data transmission since
June 2014. In March 2015, researchers from NASA’s Jet Propulsion Laboratory used
OPALS to demonstrate that a laser signal from the space station can be focused into
single-mode optical fibers on the ground.
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Table 17.1 Historical Milestones of Space
Wireless Optical Communications

Year Data Rate Range

1995 1 Mbps Ground-GTO
2001 1 Gbps Ground-GEO
2001 50 Mbps LEO-GEO
2005 50 Mbps Ground-LEO
2006 50 Mbps Aircraft-GEO
2008 5.6 Gbps LEO-LEO

Source: Adapted from H. Hemmati, Near-Earth Laser
Communications, CRC Press, 2009.

It is clear that optical communications will be an integral component of any future
deep-space mission. It can provide 10× to 100× faster data transmission speed
compared to present RF space communications. A high-speed deep space optical
link will make the streaming of high-definition videos from spaceships possible, and
it will enable the use of high data rate science instruments and tele-presence. Key
areas of research include spacecraft disturbance isolation, photon-counting receivers,
and high peak-to-average power laser transmitters.

17.7.3 VISIBLE LIGHT COMMUNICATIONS
To alleviate the RF spectral congestion problem, an idea has recently emerged to
use optical energy to simultaneously provide lighting needs and downlink data trans-
mission, so-called visible light communications (VLC), as illustrated in Fig. 17.11.

VLC-enabled
LED panels

LAN cable

InternetLAN cable

Power line
communication

(PLC)

PLC
modem

LED lamp

(A) (B)

Internet

FIG. 17.11

Two likely visible light communication system scenarios.
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Luminaires composed of dozens of white-light LEDs are mounted on the ceiling,
connected to a wired network (either independent or via power-lines), and they serve
as the transmission source for the downlink. Mobile users (laptop computers, cell
phones, etc.) receive the signal via a photodetector that is either embedded or on a
dongle. The uplink is accomplished independently using a complementary system
such as RF or infrared.

VLC systems are challenging to design because they must provide high speed
communications and also satisfy the lighting needs of the environment. Modern
lighting systems based on LEDs are often designed to have desirable features such as
dimming and color selection. Lighting systems must also be uniform (both spatially
and temporally), or they can cause harm to humans; for example, flicker can trigger
migraines or epileptic fits [37]. The design of high-rate multiuser VLC systems that
conform to these features and address these health concerns is an open problem.
Besides the lighting system needs, traditional technical solutions borrowed from
the RF literature cannot be directly used because LEDs are incoherent sources, the
transmit signal must be nonnegative, and the system tends to be limited by shot noise
rather than additive white GN. An approach for resolving these issues can be found
in Refs. [38,39].

One of the most compelling applications for VLC is for large unobstructed
indoor spaces where many users desire simultaneous high-speed connectivity, such
as conference centers and classrooms. This is an environment where Wi-Fi fails
because it does not have the spectrum required and it cannot re-use its resources
to provide adequate throughput. For VLC to work in these environments it must
effectively provide its moderate bandwidth to many users simultaneously and, if
possible, seamlessly and robustly. Many challenges remain in designing effective
MAC layer support for these applications. CDMA coupled with MIMO processing
could provide one viable solution [40,41].

17.7.4 LANs AND PONs
Fiber systems are categorized as either long-haul or not, and their design approaches
are quite different. Metro and LANs belong to the latter category. Short links often
use older and less expensive technology, such as 10 Gbps OOK with direct detection.
Systems are again divided into two types: passive and active. Passive optical networks
(PONs) use passive optical splitters to connect a single fiber to multiple terminals,
while active networks use switches and often employ optical amplifiers to reduce
system losses. PONs are used for very short distances, such as distribution systems
through buildings or neighborhoods, so-called last-mile solutions. Active LANs
are needed for campus- and city-wide support. In recent years almost all fiber
deployment, even for short links, has been SMF. Very short and inexpensive PONs
sometimes use multimode or plastic fibers that are easier to splice.
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17.7.5 LONG-HAUL TRANSPORT SYSTEMS
Our core long-haul information transport system is entirely based on WDM over
SMFs using wavelength-selective switches, so-called ROADMs (reconfigurable
optical add-drop multiplexers). A signal might travel optically over thousands of
kilometers before being regenerated. There are millions of kilometers of fiber strung
around the world, much of this under oceans, connecting all continents (except
Antarctica).

Fiber optic transport networks have been evolving since the 1980s. A single fiber
might carry a mixture of 10, 40, and 100 Gbps signals on various wavelengths. Older
legacy systems operate at 10 Gbps using OOK and direct detection. The newer high-
capacity links run at 100 Gbps using dual-polarization QPSK and coherent detection.
Each fiber consists of as many as 80 wavelength channels with an equal spacing of
50 GHz.

Current estimates predict that the capacity of our fiber infrastructure will become
insufficient within the next ten years or so. The majority of current research in
this area attempts to address this problem, with a combination of statistical analysis,
modulation/coding design, high-speed signal processing, and optical techniques
[1, Ch 10].

17.7.6 EMERGING APPLICATIONS
Very recently there has been a surge of interest in using optics for applications
that were previously ignored. Ultra-short optical links can be used on-chip as fast
interconnects. Short ultra-high data rate FSO links have been proposed for use
in data centers, to alleviate the clutter of fiber connections. Ultraviolet signals
can be scattered by the atmosphere to create short non-LOS links that experience
practically no background noise from the Sun. Underwater optical signals using
blue-green lasers can transmit data over only several meters but can support Gbps
rates; competing technology (acoustic communications) cannot achieve anywhere
near such high data rates. As our technology continues to rely more and more on
high-speed data transmission, we are bound to look towards optical communications
to provide cost-effective and robust solutions.
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18.1 OVERVIEW OF A BASE STATION AND ITS COMPONENTS
The base station is the final hop provider in a large and complicated telecommuni-
cations network, bridging the last wireless gap between the operator equipment and
the user’s mobile device. However, the cost of the radio access part of the network
is still significant, estimated at about 40% of the total cost [1], not including the cost
of site build out, which is estimated at about 30–50% depending on the size of the
network. So there is clear interest in reducing the cost of base station components,
as well as reducing the cost of the site development for the base station. Within the
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macro base station, the modem card itself can be the most expensive in the chassis
and from Fig. 18.1 [2], the cost of a small (pico) cell base station is only about 20%
of a macro.

Fig. 18.1 also shows that wireless LAN access points are less than half the cost
of even a picocell. This is true even though a single cell of four antenna, 20 MHz
LTE has a throughput of 300 Mbps compared to 600 Mbps for a four antenna, 40
Mbps 802.11n. Hence the throughput per hertz is very similar. The difference in
cost can be related to the need for spectral efficiency in a multiuser environment in
LTE where many users can be simultaneously supported, each using a fraction of
the spectrum in which the user has good SNR for that symbol. Indeed, the silicon
cost of supporting the management of all these users across the spectrum, called
radio resource management, which is a layer 2 functionality, is comparable to the
cost of the modem itself in layer 1. On top of that, the complexity of the layer 1
modem is significantly affected by the need to combine and separate many users,
both in the cost of on chip memory and significant use of DDR on the board, needed
for storage of a great amount of user data waiting for transmission to complete.
These two requirements may greatly help explain the over 50% drop in complexity
from LTE picocell to 802.11 LAN. The value of multiuser support in LTE needs
to be justified at the network capacity layer. Studies have shown its clear value for
macrocell networks, but the value is not so clear for a dense network of small cells
where the number of users per cell is much smaller. At the same time, the value of
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coordinated multipoint (CoMP), interference cancelation, and avoidance, as well as
other interference management technologies becomes more apparent. This requires
a significant change in the nature of the base station hardware, as well as the amount
of control and interbase station signaling required.

In Ref. [3], as well as other papers, we have seen a strong argument for the use
of centralized RAN to increase the flexibility and coordination of base stations. This
comes at the price of more backhaul from the Remote Radio Head (RRH), though
the RRH is now much simpler, cheaper, and easier to install.

Though traditionally the majority of the power consumed by a base station was
in the power amplifier (PA), the move to denser networks has changed this balance
dramatically. Whereas a classical macro base station sector may have four antennas
each radiating tens of watts at 20% efficiency, meaning the total PA dissipation is at
200 W or more, a small cell may have four antennas radiating at less than a watt
each and an efficiency of 40%, giving a PA dissipation of 10 W. However, both
systems will use a similar amount of baseband signal processing, probably in the
range of 5 W/sector. Hence, the baseband power has become more critical to efficient
processing.

18.2 FROM VOICE TO BROADBAND
Traditional 2G voice-only networks required a very specific amount of processing per
cell. GSM capacity was measured in terms of users and the more complicated CDMA
standard was measured in terms of “channel elements” (CMs). For CDMA, there was
some efficiency to be gained by pooling the despreading resources, but many base
station architectures assigned a fixed number of fingers per user and the operators
measured the capacity for a worst-case scenario where the number of fingers per
user was fixed. Hence, the original 2G baseband infrastructure architectures were
conceptually simple, with each user being assigned a fixed portion of the hardware
or being processed at a fixed time on a shared resource (as was common for viterbi
decoding). If we fast forward to today, we see modems that must cope with a brand
new set of users and their requirements every millisecond (probably going to 0.1 ms
in 5G) with some users needing more resources than others for that millisecond.
A requirement that could be analyzed by a systems engineer and “a worst case
scenario” before the design was complete must now be calculated in one or, usually,
multiple processors. The challenge is to know if a particular set of requirements is
feasible, that is, can it be performed in real time by the hardware. This is a competing
problem to the radio resource management problem, which attempts to make best use
of the radio spectrum and therefore may request infeasible resource use to achieve
its goal. This issue is not discussed in the literature as far as the authors are aware,
but it appears in the literature to address the similar problem of managing network
power. For instance, in Ref. [4] the energy efficiency of a network as the spectral
efficiency changes is shown to have a maximum point with the energy efficiency then
dropping off asymptotically, and often quite dramatically, to zero as we try to reach
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Voice capacity comparison for different versions of the WCDMA standard.
Source: From H. Holma, et al., High speed packet access evolution in 3GPP release 7, IEEE Commun. Mag.
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for higher spectral efficiency. We will examine this in more detail in Section 18.4.4.
The paradox for the system design engineer is that data can suffer more latency
and even require opportunistic transmissions to increase spectral performance. This
allows for much more creativity in how data is delivered and hence much more
spectral capacity. It was shown as early as 2007 [5] that with the improvements in
HSPA over WCDMA Rel.99, the HSPA packet network should achieve higher voice
capacity than the Rel.99 system that was specifically designed for voice. This result
is shown in Fig. 18.2. But it must be noted that the industry still struggles to achieve
this theoretical gain from voice over LTE (VoLTE).

Tipping to data-only allowed the PHY to employ new technologies and remove
old ones. For instance, the soft handoff that was designed to improve voice quality
as the mobile moved between sectors was replaced by cooperative multipoint
(CoMP), intercell interference coordination (ICIC), and interference avoidance (IA),
all of which were designed to maximize network capacity. These new technologies
required much more processing power that is used in a speculative and sometimes
recursive manner, making the total amount of processing required hard to predict.

The progression of the data transport standard in 3GPP from HSPA through LTE
and now into 5G has shown some clear trends that pose clear challenges to hardware
design:

1. Reduction in the size of the transport block (the TTI) from 10 to 1 ms now going
down to 0.5 ms and even to 0.1 ms for 5G. This reduces the opportunity for
parallelism in processing and places even more pressure on the critical path
latency requirements for hardware.
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2. Sophisticated radio resource management strategies require more processing to
implement but also force much more storage on the system because packets of
data are now waiting around for “just the right moment” to be transmitted. More
spectrally, efficient strategies for redundant coding mean more access to these
stored packets to update the state of the packet before it is completely
transmitted. This puts an enormous strain on access to off-chip memory
(universally implemented using DDR today), as there is not enough memory on
the chip to store all this data.

3. CoMP requires different sectors to cooperate at the antenna level. Realistically,
today, this can only occur for sectors supported on the same modem card or
perhaps neighboring cards in the same chassis. But this means that a large chunk
of the latency budget must be allocated to the time it takes to move antenna data
between SoC on the board.

This trend toward more off chip storage along with lower latency to turn around a TTI
put enormous pressure on the DDR memory interface. This is because the memory
interface is not scaling with Moore’s law due firstly to its analog nature, interfacing to
memory across the board, and secondly, due to its size being determined by the bump
pitch of the package, which also is not scaling. The trend toward higher capacity
DDR3 and now DDR4 has come with a lower total utilization of the DDR due to
more complex access methods. Also, the shorter TTI means that DDR access can be
bursty with a high peak to average ratio that is hard to schedule away.

Solving this issue may require new peripheral access technologies such as through
silicon vias (TSVs). TSVs allow data to be removed from the chip over the whole
volume, not just the edge, but they require significantly more expensive packaging
technology, such as silicon interposers. This problem is also faced by high end
computer server chips, but in that case the device cost is much larger than that of
the base station, and therefore, the packaging cost is relatively inexpensive. Base
station chips traditionally only budget less than a dollar per chip for packaging and
use forced air cooling only. 3D, stacked die structures then become difficult to budget
and even 2.5D structures, multichip modules (MCM) with silicon interposers, can be
well out of the desired price range. We expect that as the industry struggles toward
5G cellular, it will have to change its cost structure and place a greater percentage
cost on packaging and less on silicon.

18.3 FROM DSP + FPGA THROUGH ASIC TO SOC
18.3.1 WCDMA AND A BRIEF PERIOD OF OPTIMISM IN
THE FPGA CAMP
The story of hardware development in cellular modems until now is of interest
as many of the same industry dynamics exist today and will play out in the
development of the 5G network. As the first WCDMA systems came online in the
late 1990s, operators interested in maximizing their GSM investment encouraged the
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development of new GSM-based TDMA technologies to create higher bandwidth
in the existing system as well as more flexibility to support data services. This led
to EDGE (enhanced data rate for GSM evolution), which significantly increased
the complexity of GSM modems. EDGE took GSM from GMSK to 8PSK and
added incremental redundancy. So both the computational complexity and the storage
requirements increased. Evolved EDGE then added turbo codes. Several network
OEMs, notably Ericsson and Nokia, competed for this rapidly evolving business and
had solutions with a great amount of software to keep the solutions flexible for the
new evolution. In the same time frame, Qualcomm provided many enhancements to
CDMA, going to CDMA2000 and then onto EVDO, which was a data-only solution.
As Qualcomm remained mostly in control of all these enhancements, it developed
its own internal modem hardware to keep pace with their planned evolution. But
their customers in the United States, Nortel, Motorola, and Lucent, also needed to
support the emerging WCDMA standard, and as a result, we saw an opening up of
the hardware and Qualcomm backed away from providing base station solutions in
favor of handset silicon.

By the 2000s, most base station modems for the emerging WCDMA standard
contained a DSP chip of some kind that supported symbol rate processing with on
chip acceleration for turbo and Viterbi decoding. These chips came from silicon
DSP vendors, TI, ADI, LSI, etc. They were a great example of “integration is king”
because the OEMs initially thought they could differentiate with better architectures,
and even algorithm improvements, for turbo and Viterbi decoding. But the cost of
maintaining their own development teams, as well as the cost reduction they could
get from the silicon vendors, integrated designs, forced them to hand error correction
decoding to the silicon vendors. The rest of the modulation signal processing was
supported on FPGA to allow for flexible upgrades in design. The FPGA companies,
principally Xilinx and Altera, felt that this could become a long-term trend but they
knew that they needed to move toward a complete solution. So the battle lines were
drawn between the DSP and the FPGA suppliers to see who could provide a complete
integrated solution. In the meantime, many OEMs looked toward developing their
own ASICs to replace the FPGA and perhaps the DSP parts once the standard settled.

Unfortunately for the FPGA companies the trend as the silicon vendors’ in-
tegrated designs matured was toward hardening the high bandwidth, computing
intensive operations such as FEC, dispreading, bit processing, and leaving the
lower computational complexity estimation algorithms programmable. Estimation
algorithms such as channel estimation, frequency estimation, and complex decision
processes to decide on parameter values tend to keep evolving as they are not part
of the standard and small tweaks can produce decent capacity gains. But these
algorithms were irregular and had many decision points and “change of flow” in
them, and they were better suited to a DSP. Therefore the FPGA companies saw
several years of hopeful progress but were eventually replaced by hardwired ASIC
with DSP and CPU processors integrated into an SoC. We expect the same trend
moving through 5G and therefore expect to see FPGA dominate the new modem
cards, perhaps through 2020 or a little later, and it will then be gradually replaced by
more hardwired solutions.
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18.3.2 DSP PLUS ASIC AND THE EVOLUTION OF A HIGH
BANDWIDTH INTERFACE
In the 1990s, the DSP chips were connected to the FPGAs or operator-developed
ASICs using a memory interface, simply because that was available on the DSP.
As DSPs became more common in wireless infrastructure, there was a recognized
need for a more efficient interface between the DSPs and the ASIC/FPGA, as well as
between DSPs. The industry gradually moved toward RapidIO as a solution. RapidIO
is a peer-to-peer protocol, which initially came from the military space, with both
an address-based format as well as a packet-based format. Connection between the
DSPs quickly moved to RapidIO as the DSPs started to support it, but interconnection
to the FPGAs often remained as a memory interface as the FPGAs did not support
RapidIO as a hard macro, and therefore, RapidIO remained an expensive interface
on the FPGA side. FPGAs supported PCI Express because of its connection to Intel
processors, but this was not suitable for the kind of low latency, high reliability, and
peer-to-peer connection required in wireless infrastructure. For a somewhat biased,
but essentially correct, analysis of RapidIO versus PCIExpress, see Ref. [38]. In this
article, there is also a comparison to Ethernet. In this case, the difference to RapidIO
is not so severe and there exists a desire among chip developers that Ethernet could
replace RapidIO, even if it is not quite as efficient, because we could then take
advantage of lower cost Ethernet routers, as well as reduce the number of routers
and lines on the modem card, as Ethernet has to be supported anyway. But this has
yet to happen in the majority of chips for wireless infrastructure.

The other main interface on the wireless modem chip is the Common Public
Radio Interface (CPRI), which is designed exclusively for the antenna data. This
interface was standardized in order to allow different RF equipment to talk to the
same baseband modem card. It was hoped that this would reduce the cost and increase
flexibility in the network. It had a competitor standardization effort called Open
Base Station Architecture Initiative (OBSAI) [6] that was generally less successful.
The problem with both standards remains the use of a frame format for the data
(see Fig. 18.3). This was adopted because it was how antenna data was usually
input in proprietary formats, but also because it was seen as a low timing jitter
solution. Low timing jitter is a critical requirement for antenna data as it is in
the critical path of signal processing. However, this meant that the standard was
inflexible to changes and different variants had to be added to support GSM, CDMA,
WCDMA, WiMax, and LTE. Additionally, the addition of control and Ethernet over
RapidIO led to more complexity. CPRI also suffered from many different formats
to support individual OEM requirements, meaning that it was not tremendously
interoperable. It is the authors’ opinion that a packet-based protocol would have
much more flexibility and a much lower gate count on the chip, and the jitter
issue could be managed. But, at this time, CPRI will be the protocol for some time
to come.
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Example frame structure with bit stuffing from CPRI standard.
Source: From Common Public Radio Interface (CPRI), www.cpri.info.

18.3.3 DSP PLUS ASIC TO HAC-ENHANCED DSP
In the late 1990s and 2000s, the commercial DSP manufacturers pushed to get OEMs
to buy an integrated chipset and stop doing their own SoCs. Analog Devices took the
path of developing their own close to a traditional software-defined radio (SDR) [8]
and other smaller companies also tried to develop soft modem solutions [9]. But
these solutions proved to be expensive and difficult to program, and there simply was
not enough variation in the implementations to warrant a flexible solution. Instead,
more hardwired solutions became the norm, with Texas Instruments dominating the
commercial chip vendors [10] using hardware accelerators to implement most of
the high performance signal processing. The challenge to this strategy at the OEM
was not only a loss of control of the ASIC implementation but also a loss of the
ability to debug the ASIC/DSP interface on the board. This led to a great amount
of focus on on-chip trace and debug technology, coupled with sophisticated system
trace visualization software. Another challenge came when the process node allowed
multi DSP SoC to be developed. This allowed greater channel density on-chip and
therefore cheaper solutions, but this came with great challenges to the programming
model, memory map, and trace and debug. Management of coherency of data, which
was already a solved problem in standard multicore processors, became a big issue
for modems because of the real time constraints of the chip.

18.4 FROM HOMOGENEOUS MACROS TO DENSE SMALL
CELLS AND CRANS
18.4.1 TRADITIONAL RAN ARCHITECTURE
In the classical model of the cellular network, all cells are of the same size and
have the same capacity. This would allow a single SoC to be efficient across all
cells. However, in real networks, the cell size varies greatly, as does the capacity

www.cpri.info
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of the cells. Different environments produce markedly different requirements on the
modem. An example is the difference between a small, dense urban cell and a large,
sparse rural cell. In WCDMA, the large rural cell will use most of its processing
power to look for random access from new users. This is because the cell is large and
the RACH channel has to search over the whole cell. In a dense urban environment,
the RACH is a much smaller part of the processing and data and voice dispreading
and decoding takes up most of the processing. Dense and rural cells are extremes but
together may make up well over 20% of the total network deployment. The OEM is
therefore faced with the problem of developing a chipset for the bulk of the network
but also making it efficient for the extremes.

18.4.2 DENSE SMALL CELLS
Most capacity increase must be obtained by a reduction in cell radius. So the high
density of antennas is a necessity in urban environments. For the modem SoC,
this presents a problem as the cost of the chip does not scale down well with cell size.
This is because much of the processing scales with user density rather than cell
size. This is true of all control channel processing and estimation, generally. Symbol
and bit processing scales with data rate rather than cell size and front-end signal
processing scales somewhat with the number of antennas. A small cell also does not
have a very stable user density over time as it is only supporting a relatively few
users. Therefore it sees a “feast or famine” effect, where it may have zero users for
a significant percentage of its time and then see a large data rate from a few users.
This swing in processing requirements may occur over a relatively short time period.
Small cells also need to cope with rapid handover as users pass quickly through
their small cell size. Therefore the utilization of small cell hardware can be very
low (less than 20% would not be surprising), and this leads to an expensive network
solution compared to the traditional macrocell. “Hoteling” of resources into what is
now called a Cloud RAN is therefore a seemingly attractive option, and we shall
discuss this in some detail in the next section.

18.4.3 CRAN AND RESOURCE SHARING
A new architecture called Cloud RAN or CRAN has been proposed to reduce
the ever-increasing cost of RAN [3]. The key idea is to deploy RRHs that are
geographically separate from the baseband units (BBUs). A plurality of RRHs is
connected to, and shares, a common baseband processing pool through a high-speed
interconnection network. This architecture is illustrated in Fig. 18.4.

By separating the processing units from the radio units, baseband computation
can be “virtualized” in the RAN, that is, the details of the computing resource
organization are isolated from the rest of the network. This provides the radio
network with the benefits cloud computing offers other industries, and additionally
offers significant improvements unique to the RAN context. These benefits are
detailed below.
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18.4.3.1 Collaborative transmission technology
By centralizing the baseband processing of multiple cells, BBUs processing one cell
can easily and rapidly exchange information with those BBUs working on adjacent
cells. While there is nothing preventing base stations from exchanging information
in a traditional RAN, the signal has to go through slower Ethernet and there are
typically no direct links between base stations; the information would be stale by the
time it arrives. CRAN solves the communication problem by collocating BBUs and
connecting them to RRHs using a high-speed interconnection network. This enables
more complex and aggressive radio transmission technology that optimizes on a
global scale and improves performance for cell-edge users. An example of such a
technology is intersite cooperative multipoint processing (CoMP) [11].

18.4.3.2 Statistical resource provision and lower CAPEX
Studies have shown that BBUs are not fully utilized at all times; rather, workloads
for different cells fluctuate on many different time scales [3]. User migration between
a business and residential area is one of the reasons that leads to this fluctuation,
resulting in a tide-like workload variation throughout a day. On a finer scale, the
number of active users in a cell and their activity are constantly changing too, leading
to workload fluctuation occurring on the order of a minute or less. A traditional
RAN architecture cannot efficiently handle such fluctuation. The typical solution
is the overprovision resources to meet peak throughput demands. CRAN, on the
other hand, can take advantage of the fluctuation and provision computing resources
based on a statistical QoS guarantee to reduce the baseband hardware requirements
[12,13]. The larger the coverage of a CRAN is, the more benefit it can provide by
exploiting workload fluctuation. Pooling can also provide more reliable service: if a
node in the baseband pool goes down, another node can easily pick up the work. As a
result, CRAN can achieve the same level of service quality with much lower capital
expenses. The famous diagram outlining the potential savings comes from a China
Mobile study [3] and is shown in Fig. 18.5.
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CRAN CAPEX and OPEX.
Source: From Y. Chen, Fundamental tradeoffs in green wireless networks, IEEE Commun. Mag. 49 (6) (2011)

30-37; China Mobile Whitepaper, CRAN the road towards green RAN, 2011.

18.4.3.3 Transparent BBU pool scaling and virtualization
CRAN provides the wireless carriers with the flexibility of changing the amount
of computing hardware after the RAN is built, thanks to the decoupling of BBUs
from RRHs. Wireless carriers can easily expand the capacity of a baseband pool,
which further helps to avoid resource overprovisioning by limiting initial investment
to known needs. Decoupling the RRHs and BBUs also enables wireless carriers to
virtualize BBUs. An example would be a complete SDR implementation of BBUs,
where a wide range of baseband computation is done in software [14] and BBUs can
be virtualized to support different wireless technology (2G, 3G, LTE, etc.) as they
coexist. While this is an extreme case and may not be the most efficient one, CRAN
certainly enables more freedom in resource organizing and sharing. Virtualization of
the RRHs with respect to the BBU operation also allows for a virtualized association
of antenna data and the baseband function, allowing dynamic management of cell
size and shape to meet short-term user needs, even on a millisecond by millisecond
basis, such as in the Airvana OneCell product [39].

18.4.3.4 Low OPEX
The most direct benefit of collocating the computing resource is the lower OPEX
cost. Without the consolidation of CRAN, wireless operators must rent multiple
geographically scattered sites, each of which houses and powers a small amount of
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hardware. However, CRAN fundamentally changes the RAN architecture—all the
BBUs can be housed, powered, and cooled together at a centralized location. Power
can make up 50% of the OPEX, according to the China mobile report [3]. As a
result, site rental costs drop significantly. Furthermore, powering and cooling BBUs
is done at a higher density and at larger scale, and thus a higher efficiency.1 Statistical
provisioning of BBU resources and virtualization of BBUs can further reduce the
power requirements of a CRAN. All these factors lead to much lower OPEX for
CRAN compared to a traditional RAN architecture.

18.4.3.5 Progress in CRAN deployment
Despite all the benefits CRAN can bring, many challenges still remain and many
possible performance and efficiency optimizations remain unexplored. The inter-
connection network is a very expensive component, in particular when considering
its large geographic span. Thus, available bandwidth is likely to be very limited
and compression is necessary. However, baseband processing has stringent real-
time constraints, which also constrain the latency of the network and the latency of
compression/decompression, making the bandwidth problem even more challenging.
There has been considerable commercial effort on antenna data compression and
some academic work, but so far the amount of compression reported remains in the
low single digits (around 3×) [16,17]. There is also a large design space to explore
in the BBU hardware organization. The options and tradeoffs are closely tied to the
baseband processing algorithms because the algorithms specify the granularity of
resource sharing, requirements of interconnection between BBU modules, efficiency
of virtualization, etc. Problems like load scheduling and load balancing, which
are typically found in traditional large-scale compute and cloud servers, are also
likely to emerge. Finally, there are subtle trade-offs between the size of the CRAN
and its efficiency. As the coverage of a CRAN becomes larger, the CAPEX and
OPEX overhead becomes lower, while the radio transmission delay and management
overhead take away time from baseband processing. Furthermore, different cells can
have different activity levels, leading to a complex optimization process for deciding
how to partition cells between multiple CRAN installations, where a single CRAN
installation is limited in size by link length and total processing capability. At this
time we expect, and indeed observe, that CRAN type architectures are gradually
making progress, mainly in dense traffic areas, where there are many RRHs in a
small region and the distance from the compute server and the RRHs is relatively
small. We also note that CRAN has been most popular so far in Japan and parts of
China due to the large amount of available fiber already installed in these areas.

The proposal of the CRAN structure is the result of continuous research in the
RAN architectures and interconnection technologies. A similar concept named Base
Station Hoteling was proposed in the early 2000s [18]. The idea of hoteling is

1Google estimates that its cloud computing service, Google Apps, can help reduce energy for powering
and cooling servers by 70–90% [15].
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to geographically collocate BBUs for cells that were shrinking in size to reduce
maintenance cost. CRAN differs mainly by enabling collaborative radio technologies
such as CoMP and statistical BBU resource provision. There is another large body
of research work on fiber interconnection carrying radio signals, or Radio over Fiber
[19]. In terms of the logical partition of the RAN architecture, much work has been
done in standardizing the interface between RRHs and the BBU pool such as CPRI
[7] and OBSAI [6]. Finally, the radically new architecture of CRAN enables many
other innovative technologies that have been common in the Internet world. For
example, a wireless operator can create content caching local to the coverage of a
CRAN to reduce the bandwidth requirement on the backhaul (connection between
BBU pool and operator servers) [20].

18.4.4 EMERGING TRENDS
Traditional baseband processing relies on multiple fixed-function accelerators that
are each designed and tuned for a single specific wireless communication standard.
This specialization helps in achieving required processing performance but comes
with high development, manufacturing, and maintenance costs. With advances
in VLSI technology, the necessary performance is now possible, even with pro-
grammable baseband processors—an approach known as SDR [21,22]. SDR is very
appealing because it simultaneously increases hardware utilization and eases tech-
nology upgrades; instead of purchasing new hardware that must run simultaneously
with older hardware to support transitioning to a new communication technology,
hardware can be reprogrammed and resource allocations gradually adapted from
older to newer standards. In addition, commodity programmable processors can be
used to implement SDR, potentially further reducing cost.

While SDR offers significant benefits, important tradeoff decisions must still be
made with respect to how generic and flexible the processors are [37]. Fig. 18.6
shows the spectrum of the processing options that have been explored over the
years. Traditionally, most of the heavy lifting was carried out by various application-
specific integrated circuits (ASICs) that had moderate programmability [10]. ASICs
were necessary because processor performance was limited by transistor count. More
recently, flexible solutions that use a reconfigurable processing element, such as field-
programmable gate arrays (FPGAs) instead of ASICs, have been studied [23–25].
Unlike fixed-function ASICs, FPGAs can be reprogrammed dynamically, although
the development effort is still high and significantly higher than writing new software.
Therefore, there has also been significant interest in truly programmable baseband
processors.

One style of programmable processors integrates the functionality of FPGAs or
ASICs into enhanced digital signal processors (DSPs) [26–28]. These designs not
only exploit the data level parallelism inherent to baseband processing workloads but
also include domain-specific features that are tuned for baseband processing, such
as specialized shuffle networks and arithmetic units. A more radical departure from
specialized processors and the adoption of very general fully programmable hardware
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SDR processing option spectrum.

is an attempt to use off-the-shelf CPUs to process all the tasks of the physical layer
processing [29,30]. Such solutions potentially enable wireless operators to further
reduce the cost to build and upgrade RAN infrastructure with commodity off-the-
shelf CPUs. Current CPUs have a large, and growing, number of cores and integrate
single-instruction multiple-data (SIMD) units within each core. With this high level
of parallelism, commodity CPUs can now meet the performance demands of even
advanced physical-layer processing.

While there is a large spectrum for possible processing options, the fundamental
tradeoffs remain the same. Programmable and reconfigurable processing elements are
more flexible in that they can work with different signal frequencies, modulations,
and coding schemes, and even completely different channel access methods and
processing pipelines. This allows wireless operators to reuse hardware resources
when migrating to new wireless technologies. Consolidating the functionality of
ASICs into fewer processing elements also greatly reduces the cost of both hardware
and software development. Finally, flexible RAN equipment can enable even better
resource utilization through a more sophisticated resource scheduling strategy such
as dynamic resource allocation between different wireless communication technolo-
gies. However, these benefits come at the price of energy efficiency and performance,
because fewer opportunities for low-level specialization and hardware tuning are
available with commodity parts than with specialized fixed-function accelerators.
Previous work suggests that the performance and efficiency gap can be 10× to 100×
between ASICs and general purpose processors [31]. With the expected slowdown
of device scaling and the benefits it provides for performance and energy-efficiency,
the tradeoff between energy efficiency and programmability in baseband processing
hardware is becoming more important than ever.

In addition to the concept of programmable wireless communication, the proposal
of SDR further led to other innovations in the RAN that are based on more flexible
and intelligent systems, including CRAN, OpenRadio, and Cognitive Radio. CRAN,
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for example, is an excellent match for baseband processing units that are enabled by
SDR, even though such units are not required for CRAN.

Another example is OpenRadio, which is a technology that provides a clean
interface between the RAN infrastructure and the service it provides [32,33]. This
is in contrast to traditional RANs in which the hardware is tightly coupled with
the wireless communication standard it supports. OpenRadio explicitly exploits
the flexibility that SDR provides and allows easy deployment of software in the
RAN equipment. All wireless transmission services in an OpenRadio system are
represented using abstract and modularized control description, which in turn invokes
predefined computing functions provided by the OpenRadio infrastructure. Details
of the physical organization of the RAN, mappings of tasks onto the processing
elements, and implementation of the computing functions are determined by the
OpenRadio and hidden from programmers of the service. OpenRadio works like an
operating system running on all the RAN equipment to allow wireless operators to
manage the RAN resources more easily.

The last example of the possible impact of SDR is Cognitive Radio. The goal of
Cognitive Radio is to improve the utilization of scarce radio resources by allowing
devices to jump from busy frequency bands to vacant ones [34,35]. To achieve this
goal, a Cognitive Radio system has to constantly change transmission parameters
(including frequency, modulation, and even the wireless transmission technology)
based on the interaction with the radio environment [36]. Therefore, such systems
require great programmability and flexibility that can only be provided by SDR-
enabled RAN equipment. By making full use of the radio frequency resource,
Cognitive Radio can provide better connectivity for wireless devices as more clients
are connected to the network.

18.5 CONCLUSIONS
This is a time of great change and challenge in infrastructure modem development. In
the last 20 years, the baseband modem has gone from being a simple fixed-function
bitpipe using several discrete chips, to a sophisticated heterogeneous multicore real-
time system based on SoCs that support many channels and multimode operations.
As we move on to 5G, higher user capacity and data throughput requirements demand
even greater improvements in performance and efficiency from wireless infrastruc-
ture. On the network level, CRAN solutions are proposed to attack challenges in the
dense cellular environment; CRAN allows wireless infrastructure to exploit the ben-
efits of consolidated cloud computing infrastructure and enables more sophisticated
physical layer processing. On the baseband architecture level, higher data capacity
in the new standard requires new SoCs to address the bottlenecks in memory access
latency and bandwidth. Evolution in the network level also brings new architecture
challenges to the baseband modem SoC designs. Softening the baseband platforms
allows more flexibility in scheduling and reusing hardware resources and reduces the
cost for the wireless operators to upgrade their infrastructure. Overall, the wireless
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infrastructure will continue to evolve with the drive from advancing VLSI and
interconnection technology, as well as standardization efforts in the new wireless
interface.

We have seen the wireless base station over the last 20 plus years, constantly
changing in substantive ways, and we continue to expect it to do so. Most of the
change is due to business, cultural (ecology, the rise of the emerging markets),
and engineering capabilities, and it is not dominated just by changes to the cellular
standards.
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APPENDIX

Signal space concepts

In a signal space, waveforms are represented by vectors. By replacing signals with
their vector representations, familiar vector concepts from linear algebra may be used
to describe the waveforms, the relationships between waveforms, and some important
waveform manipulations.

Let x(t) and y(t) be two complex-valued waveforms defined over the interval
T1 ≤ t ≤ T2. The inner product of these waveforms is

〈x(t), y(t)〉 =
ˆ T2

T1

x(t)y∗(t)dt. (A.1)

The norm of the waveform x(t) is the square root of its inner product with itself:

||x(t)|| = √〈x(t), x(t)〉. (A.2)

The energy in x(t) is the square of its norm:

E = 〈x(t), x(t)〉 =
ˆ T2

T1

|x(t)|2dt. (A.3)

The waveforms x(t) and y(t) are orthogonal, meaning that their inner product is zero:

x(t) ⊥ y(t) ⇔ 〈x(t), y(t)〉 = 0. (A.4)

Equipped with these definitions, we are now in a position to describe span, linear
dependence, and basis. Let X be the set of K complex-valued waveforms,

X = {x1(t), x2(t), . . . , xK(t)} , (A.5)

defined on the interval T1 ≤ t ≤ T2. A waveform x(t) for T1 ≤ t ≤ T2 is in the span
of X , which means that x(t) may be expressed as a linear combination of waveforms
in X :

x(t) ∈ Span{X } ⇔ x(t) = c1x1(t) + c2x2(t) + · · · + cKxK(t) (A.6)

for a set of constants, ck ∈ F, where F is any field, usually the set of real numbers or
complex numbers. The set X is linearly dependent, meaning that the solution to the
following,

c1x1(t) + c2x2(t) + · · · + cKxK(t) = 0 (A.7)
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involves at least one ck 	= 0 for k = 1, 2, . . . , K. Otherwise, the set X is linearly
independent.

The set X may not be the minimum number of functions required to generate all
the waveforms in Span{X }. A minimal spanning set is called a basis. Let

ϕ = {ϕ1(t), ϕ2(t), . . . , ϕN(t)} (A.8)

be a basis for Span{X }. Clearly, N ≤ K. The basis ϕ is an orthonormal basis, which
means the following:

〈ϕm(t), ϕn(t)〉 = δK [m − n], m, n = 1, 2, . . . , N, (A.9)

where δK[n] is the Kronecker delta function. Let x(t) and y(t) be two waveforms in
Span{ϕ}. Then we may write the following:

x(t) = x1ϕ1(t) + x2ϕ2(t) + · · · + xNϕN(t), (A.10)

y(t) = y1ϕ1(t) + y2ϕ2(t) + · · · + yNϕN(t). (A.11)

Let the vectors

x =

⎡
⎢⎢⎢⎣

x1
x2
...

xN

⎤
⎥⎥⎥⎦ y =

⎡
⎢⎢⎢⎣

y1
y2
...

yN

⎤
⎥⎥⎥⎦ (A.12)

be associated with the waveforms x(t) and y(t), respectively. The relationship

〈x(t), y(t)〉 = y†x (A.13)

follows directly from the orthonormal property of ϕ. Here, v† is the conjugate
transpose (or Hermitian) of v. This shows that the energy in a waveform is the
square of the length of its corresponding vector (or the square of the Euclidean
distance between the N-dimensional point defined by its vector and the origin).
If two waveforms are orthogonal, their corresponding vectors are orthogonal. The
“distance” between the waveforms is

√〈x(t) − y(t), x(t) − y(t)〉 =
√

(x − y)†(x − y). (A.14)

Because the right-hand side is the Euclidean distance between the points defined by
the ends of the vectors x and y, the term

√〈x(t) − y(t), x(t) − y(t)〉 is interpreted as
the Euclidean distance between the waveforms x(t) and y(t).

Let r(t) be a waveform defined on the interval T1 ≤ t ≤ T2 that is not in
Span{ϕ}. We seek r̂(t) ∈ Span{ϕ} that is the best approximation to r(t). We use as
our definition of “best” the minimum error norm solution. For any x(t) ∈ Span{ϕ},
the approximation error is e(t) = r(t) − x(t). The approximation error norm is
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〈e(t), e(t)〉. The minimum error norm approximation r̂(t) is the member of Span{ϕ}
that minimizes 〈e(t), e(t)〉. Using derivatives with respect to the coefficients, the
solution is

r̂(t) = 〈r(t), ϕ1(t)〉ϕ1(t) + 〈r(t), ϕ2(t)〉ϕ2(t) + · · · + 〈r(t), ϕN(t)〉ϕN(t). (A.15)

An important property of r̂(t) is that it is orthogonal to the approximation error e(t):

〈r̂(t), e(t)〉 = 0. (A.16)
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feedback filter, 312, 312f
forward filter, 312, 312f
interference cancellation, 311–312
minimum-MSE, 316–318
via noise prediction, 318–319
ZF, 312–314

Decisions regions, 168–169
for general detector, 144–145
for MAP detector, 148–149
for minimum-distance receiver, 146–148

Dedicated control channel (DCC). See
Non-dedicated control channel (NDCC)
approach

Deep space applications, optical transmission,
682–683

Delay-and-multiply frequency estimation, 250–251,
251f

Demodulation, 346–347
Dense small cells, 697
DFE. See Decision-feedback equalizer (DFE)
Differential modulation, 674–675
Diffuse channels, optical wireless channels,

668–671
Digital access networking

cable data networks, 24–25
ISDN and DSL, 21–24
passive optical network, 26–27
voice channel modems, 17–21

Digital signal detection
averaged likelihood functions, 276–278
CA ML estimation of (A, q, Fres, Kτ ), 259–262
channel estimation errors

dimensionless channel estimation errors, 233
perfect estimation of (A, q, F), 239–240
perfect estimation of τ , 234–239
relative amplitude estimation error, 233

estimation and decision theory
bounds on estimation performance, 246–247
expectation-maximization algorithm, 244–246
MAP detection, 242–243

MAP estimation, 243–244
estimation strategy, 247–250
maximum-likelihood, 228
MFIM computation, 278–279
modified Cramer-Rao bounds, 263
NDA coarse frequency estimation,

250–252
NDA symbol timing estimation, 252–254
performance evaluation

CA estimation, 268–275
NDA frequency and symbol timing estimation,

266
simulation setup, 264–266

synchronization, 227–228
system model, 230–233

Digital transmission, 2
authentication, 3
communication satellites, 14–16
data communication networks

AlohaNet, 34
ATM and B-ISDN, 31–33
Ethernet, 34–35, 34f
packet transmission, 28–31

digital access networking
cable data networks, 24–25
ISDN and DSL, 21–24
passive optical network, 26–27
voice channel modems, 17–21

error detection and correction, 3
historical perspective

digital transmission hierarchy and SONET,
7–11

electrical telegraphy, 3–4
Huffman coding, 4
Morse code, 4, 4f
pulse code modulation, 6–7
sampling theorem, 4–6

microwave transmission, 11–12
optical transmission, 12–14
over noisy channels

bit-to-signal alternative mapping,
123, 124t

protocol stacks, 122
receivers, 124–125
signal alternatives, 123, 124f
transmitter, 123

secrecy, 3
wireless transmission systems

cellular mobiles, 36–42
in cloud, 42–43
history, 35–36
IEEE 802.11 (“WiFi”) networks, 43–45
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Digital wireline transmission standards
broadband forum, 548
CableLabs and DOCSIS, 556
historical background, 525–531
IEEE 802.1, 541–544
IEEE 802.3, 544–546
IEEE 1588, 546–547
INCITS T11 fiber channel, 547
industry forums, 547–551
local area network wireline standards, 529–530
metro ethernet forum, 550–551

common public radio interface corporation,
553–554

ethernet alliance consortium, 554
full-service access network consortium, 553
open base station architecture initiative

consortium, 554
specifications, 552t
wireline networks, wireless

fronthaul/backhaul, 554–555
optical internetworking forum, 548–550
public wide-area network wireline standards,

526–529
vs. SDOs, 530–531
telecommunications industry association, 556

Digitized public telephone network, 8–9, 9f
Direct detection, 665
Directed point-to-point channels, 667–668
Directive antennas, channel response

angle spread, 217–219
clusters of related ray paths, 204
directive array antennas, 202
direct propagation over rooftops, 204
multipath components, 202–204, 203f
scattering from high-rise objects, 204
street-guided propagation, 204

Directivity, of antenna, 194–195
Direct-sequence code-division multiple access

(DS-CDMA), 645
Direct sequence spread spectrum (DSSS),

372–375, 563
Discontinuous transmission (DTX) capability, 594
Discrete multitone (DMT), 22. See also Orthogonal

frequency division multiplexing (OFDM)
Discrete-time intersymbol interference model,

285–287
Distortion and interference effects, 677–678
Distributed coordination function (DCF), 566
Diversity and frequency modulation, 352–355
DOCSIS 3.1 standard, 90–91
Doppler shift, 213
Doppler spread, for high speed mobiles, 213

Downlink and uplink transmissions, 606–607
DSL Access Multiplexer (DSLAM), 22
DSP plus ASIC

to HAC-enhanced DSP, 696
high bandwidth interface, 695

Duobinary partial response pulse, 19–20, 20f
Duplexing

frequency division, 443–444
space division, 444
time division, 444

Dynamic common control channel (DCCC)-based
MAC protocol

beacon phase, 512
CCC selection phase, 507–511
data transmission phase, 511–512
frame structure, 508f
operation of, 509f
spectrum sensing phase, 507

Dynamic spectrum access (DSA). See Cognitive
radio networks (CRN)

E
Effective receiving area, antenna, 196
Electrical noise model, 675–678
Electrical telegraphy, 3–4
eNBs, 603–604
Energy detection, spectrum opportunity detection,

482–483
Equalization

decision-feedback equalizer
error propagation, 314–315
feedback filter, 312, 312f
forward filter, 312, 312f
interference cancellation, 311–312
minimum-MSE, 316–318
via noise prediction, 318–319
ZF, 312–314

linear equalizer
block diagram, 305, 306f
matched filter, 306–307
MMSE, 308–311
ZF, 307–308

models and metrics
discrete-time inter-symbol interference model,

285–287
information/message symbols, 285
pulse-amplitude modulation, 284–285
Shannon capacity, 288–289
SNR benchmarks, 289–291

optimum trellis-based detectors
BCJR algorithm, 301–304
trellis diagram, 291–295
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Viterbi algorithm, 295–301
orthogonal-frequency division multiplexing,

330–331
performance comparison

BCJR algorithm, 329–330
channel magnitude response, 323, 324f
error-probability performance, 323, 324f
MMSE DFE, 327
MMSE linear equalizer, 325–326
MMSE THP, 328–329
Viterbi algorithm, 329
ZF DFE, 326–327
ZF linear equalizer, 325
ZF THP, 327–328

single-carrier frequency-domain equalization,
330–331

Tomlinson–Harashima precoding
attenuation factor, 321–322
complex modulo operator, 321
desired information symbol, 322
error-control codes, 319
signal enhancement, 321
standard memoryless quantizer, 322
transmitter, 320

Equipment identity register (EIR), 591–592
Error control coding, 171–172, 675
Error probability, ML and MAP detectors, 149–156
Error propagation, 314–315
Estimation and decision theory

bounds on estimation performance, 246–247
expectation-maximization algorithm, 244–246
MAP detection, 242–243
MAP estimation, 243–244

Ethernet, 34–35, 34f
Ethernet alliance (EA) consortium, 554
Ethernet PON (EPON), 26–27
European Digital Audio Broadcast (DAB) system,

334
E-UTRA, 606
Evolved packet core (EPC), 603–604
Evolved UTRAN (E-UTRAN), 603
Expectation-maximization (EM) algorithm,

244–246
Exposed nodes, 457
Extra windowing and preservation of orthogonality,

349–351
Extrinsic information, 184–185

F
FDD and TDD frame structure, 606f
FH spread spectrum, 375–376
Fiber channels, optical transmission, 671–672

Fifth generation (5G) cellular mobile
goal, 40–41
millimeter-wave frequencies, 41
ray tracing model, 41–42
transmission studies, 41
urban environments, 41

Finite-state machine (FSM), 291–292
First-generation (1G) cellular mobile, 36–37
Fisher information matrix (FIM), 246
Forward error-control (FEC) coding, 357
Forward error-correction, 632
Fourth-generation (4G) cellular mobile, 39
Frame and MAC header formats, 569f
Frame synchronization error probability (FSEP),

266, 269f
Free-space infrared optical communication, 45
Free space optics, optical transmission, 682
Free space path gain, 196
Frequency division duplexing (FDD), 17, 443–444
Frequency division multiple access (FDMA), 445
Frequency fading, of narrow band cellular mobile

radio channels, 206–208, 207f
Frequency-selective channels, 339
Frequency shift keying (FSK), 17

1-bit frequency response, 334–335, 335f
data rate, 339
frequency-selective channels, 339
orthogonal signals, 336–338

Fresnel zones, 196–197
Fronthaul/backhaul, 554–555
Full response CPM, 98–101
Full-service access network (FSAN) consortium,

553
Fusion techniques, CSS, 485–491

K-means clustering, 487–488
performance, 490–491
support vector machine, 488–490

G
Gaussian frequency shift keying (GFSK), 112, 584
Gaussian minimum shift keying (GMSK), 109–112,

111f
Gaussian nature, of the shadow fading, 221f, 222
Generalized Nyquist pulses, 88–89
Generic passive optical network (PON) architecture,

26f
GFSK. See Gaussian frequency shift keying (GFSK)
Gigabit-capable PON (GPON), 26–27
GMSK. See Gaussian minimum shift keying

(GMSK)
G3-PLC, 629–630
Gray mapping, 187, 188f, 189
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GSM
classification of channels, 594f
discontinuous transmission capability, 594
equipment identity register, 591–592
frame structure, 593f
groups of, 590–591
international mobile equipment identity, 590–591
mobile switching center, 591–592
stand-alone dedicated control channels, 594–595
system architecture, 591f

H
Half-sine pulse shape, 85, 86f
Hamming code decoding, 180–182
Hamming distance, 180–182
Hard-decision decoder, 174
HD-PLC, 630–631
Hidden nodes, 457
High frequency (HF) OFDM modems, 334
HomePlug, 630–631
HomePlug Green PHY (HPGP) specification,

633–634
HomePlug Powerline Alliance (HomePlug),

630–631
HPGP specification, 633–634

HSPA, 691–693
Huffman coding, 4
Hybrid-ARQ systems, 171–172
Hybrid fiber-coaxial (HFC) CATV system,

24–25, 25f

I
IEEE 802, 561
IEEE 802.1, 541–544
IEEE 802.3, 544–546
IEEE 802.11 (Wi-Fi), 425, 429–430

air-interface technologies, 565t
basic service set, 563
beacon, 570–571
Bluetooth, 44–45
carrier sense multiple access/collision

avoidance, 44
clear to send frame, 571
complementary code keying, 563
contention window, 566
direct sequence spread spectrum, 563
distance and absorption indoor losses, 44, 45t
distributed coordination function, 566
frame and MAC header formats, 569f
medium access methods, 567f
network allocation vector, 571
PLCP protocol data unit, 568

with relay and repeater extensions, 43–44, 44f
request to send frame, 571
scanning and association procedures, 570f
spatial division multiplexing, 563

IEEE 802.15 (Bluetooth)
advanced audio distribution profile, 588–589
asynchronous Bluetooth link, 586–587
common frame formats, 585f
Gaussian frequency shift keying, 584
2.4 GHz ISM band, 584f
goal of, 583
inquiry channel, 583
logical link control and adaptation protocol, 587
operating state diagram, 590f
paging channel, 583
pico-net channel, 583
protocol layers, 588f
SCO link, 587
service discovery protocol, 587–588
slot, 585
transmit power, 586

IEEE 802.16 (WiMAX)
access service network, 573
antenna configurations and transmission rates,

580–581
channel quality feedback, 579
Chase combining HARQ, 576
coding and modulation procedure, 577f
connectivity service network, 573
convergence sublayer, 573
cyclic redundancy check, 575–576
medium access and contention control, 571–573,

572f
medium access protocol, 578–579
MIMO feedback, 579
mobile stations, 573
network entry, 581
network reference model, 571–573, 572f
power control mechanism, 579–580
radio resource control, 573–574
reference model, 574f
transmission time interval, 575

IEEE 802.18, 474
IEEE 1588, 546–547
IEEE 1901, 631–633
IEEE 802.11af Wi-Fi, 475
IEEE 802.15.4j MBANs, 475
IEEE 802.22 WRANs, 475
IMT-2000 concept, 39
In-band full-duplexing-enabled, 512–513
INCITS T11 fiber channel, 547
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Individual spectrum sensing-based spectrum
opportunity detection, 482–483

Instantaneous phase, of CPM carrier, 95
Integrated Services Digital Network (ISDN)

and ADSL, 22
basic interface, 21, 22f

Intelsat satellites, 15
Intensity modulation, 672–674
Interference avoidance and mitigation, 503
Interference cancellation, 311–312
Interference channel, MIMO, 424–425
Interim Standard 95 (IS 95), 393–395
International mobile equipment identity (IMEI),

590–591
Intersymbol interference (ISI), 85–88, 230, 285
Irrelevance theorem, 141–144
ISDN. See Integrated Services Digital Network

(ISDN)
Isotropic antennas, 195–196

channel response
bandwidth influence, 199
impulse response, 199–200
power delay profiles, 201, 202f
pulsed source, multipath response for,

199–200, 200f
voltage envelopes of multipath components,

200–201, 201f
directivity, 195–196

ITU-T G.hn, 631–634
ITU-T international standards, 532–537

K
K-nearest neighbor (KNN) fusion, 487–488

L
Lagrange multipliers, 501–503
LANs and PONs, 684
Laser, 12–13
Laser diode, 663. See also Light emitting diode

(LED)
Lasers, optical transmitters, 664–665
Length-L rectangular (LREC) pulse, 101
Length-L temporal raised-cosine (LRC) pulse, 101
Light emitting diode (LED), 663–664
Linear distortion, in telephone voice channel,

19–20, 20f
Linear equalization

block diagram, 305, 306f
matched filter, 306–307
MMSE, 308–311
ZF, 307–308

Linear, memoryless modulation. See Quadrature
amplitude modulation (QAM)

Local area network (LAN), 524, 560
Logical link control and adaptation protocol

(L2CAP), 587
Log-likelihood ratio (LLR), 178
Long-haul transport systems, 685
Long-haul WDM optical transmission, 13, 14f
Long-term evolution (LTE), 690–693

MIMO communication, 425–429
turbo codes, 189–190
of UMTS systems

baseband modulation schemes, 607
channel state information reference signals,

610
downlink and uplink transmissions, 606–607
eNBs, 603–604
E-UTRA, 606
evolved packet core, 603–604
evolved UTRAN, 603
FDD and TDD frame structure, 606f
MAC sublayer, 615
orthogonal frequency division multiple access,

605
packet data convergence protocol sublayer, 605
paging, 612
PDN gateway, 604
physical uplink control channel, 611
positioning reference signals, 609–610
RRC sublayer, 617
SC-FDMA, 605–606
S1-MME, 604
uplink link adaptation, 612
uplink reference signals, 610

Low earth orbiting (LEO) satellite systems, 14–15
Low-loss optical fiber, 12–13
LRC. See Length-L temporal raised-cosine (LRC)

pulse
LREC pulse. See Length-L rectangular (LREC)

pulse

M
MAC. See Multiple access control (MAC)
Manchester pulse shape, 85, 86f
MAP receiver, 136–140
M-ary phase shift keying (MPSK), 90
Matched filter, 306–307

autocorrelation function, 164–165
impulse response, 163–164
property, 165–166
signal-noise ratio, 165–166
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Maximal length linear feedback shift register
(MLLFSR), 382

Maximum a posteriori
detection, 242–243
estimation, 243–244

Maximum a posteriori probability decoding rule,
179

Maximum a priori (MAP)
detector

decisions regions for, 148–149
irrelevance theorem, 142–144
upper bounds on error probability, 156

rule, 136–137
Maximum-likelihood (ML) detector

AWGN channel, 141
bitwise ML detector, 161–163, 166–167
optimality properties, 140–141
upper bounds on error probability, 149–152,

154–155
Medium access control (MAC), 473

cognitive radio networks, 503–512
C-MAC cycle, 504–506
DCCC-based, 507–512

Medium access methods, Wi-Fi, 567f
Medium access protocol (MAP), 578–579
METIS simplified ray tracing model, 41–42, 42f
Metro ethernet forum (MEF), 550–551

common public radio interface corporation,
553–554

ethernet alliance consortium, 554
full-service access network consortium, 553
open base station architecture initiative

consortium, 554
specifications, 552t
wireline networks, wireless fronthaul/backhaul,

554–555
Metropolitan area network (MAN), 560
MFIM computation, 278–279
Microwave relay, 11–12
MIMO. See Multiple-input-multiple-output

(MIMO)
Minimum-distance receiver

distance between signals, 125
Gaussian random process, 127
signal alternatives, 126

Minimum-mean-squared-error (MMSE)
DFE, 316–318, 327
linear equalizer, 308–311, 325–326
Tomlinson–Harashima precoding, 328–329

Minimum probability of error constellations, 92–94,
93f, 94f, 116

Minimum shift keying (MSK), 108–110

Mobile stations, 573
Mobile switching center (MSC), 591–592
Mobile user and traffic models, 449, 457–458
Modified Cramer-Rao bounds (MCRBs), 263
Modulation, 335–336

and coding, optical transmission
coherent modulation, 675
differential modulation, 674–675
error control coding, 675
intensity modulation, 672–674

description, 74, 75f
Morse code, 4, 4f
MPSK. See M-ary phase shift keying (MPSK)
MSK. See Minimum shift keying (MSK)
Multicarrier CDMA (MC-CDMA), 391–392
Multicarrier modulation, 74
Multicarrier transmission, PLC, 645
Multicore fibers, 672
Multi-h CPM, 112
Multimode fibers, 672
Multipath narrowband signals
Multiple access channel, 420–421
Multiple access control (MAC)

broadcast property, 436
centralized cellular networks

American IS-95 standard, 438
channel and traffic models, 447–449
channelization, 445–447
FDD, 437–439
GSM standard, 438
long-term evolution standard, 438–439
multiple access properties, 439, 439f
scheduling and resource allocation, 449–456

decentralized WLAN networks, 439
channel and traffic models, 457–458
channelization, 456
scheduling and resource allocation, 458–461

duplexing
frequency division, 443–444
space division, 444
time division, 444

multiple access property, 436
non-orthogonal channels, 443
orthogonal channels

dedicated signals and filters, 441
electromagnetic wave theory, 440
frequency, 441–442
space, 442–443
time, 442

sublayer, 615
system-wide utility, 436



Index 721

Multiple antennas in multiple antennas out spatial
multiplexing, 39–40

Multiple-input-multiple-output (MIMO), 334,
645–647

antenna power adjustment, 419
antenna subset selection, 419
broadcast channel, 422–424
covariance quantization, 419–420
feedback, 579
full channel knowledge, 404–406
interference channel, 424–425
limited feedback techniques, 418–425
multiple access channel, 420–421
multiple base stations, 424–425
precoding techniques, MSE-based criteria,

417–418
rank-1 precoding, 420
single-user link, 401–418
spatial modes and spatial multiplexing, 402–404
standards

LTE/LTE-advanced, 425–429
802.11N/802.11AC, 429–430

subspace-based precoding, 419
transceiver techniques, 406–416

Alamouti space-time code, 415–416
receiver options, 409
space-time block codes, 413–415
V-BLAST, 407–408

transmission, PLC, 645–647
waterfilling algorithm, 404–405

Multiprotocol label switching (MPLS), 30–31

N
Narrowband cellular mobile radio channels

along streets
range dependence, 220–222
shadow fading, 220–222
signal strength measurements, 219–220, 219f

coherence bandwidth, 217
cross-polarization coupling, 222
frequency fading, 206–208, 207f
performance, 222
spatial fading

correlation, 208–211
cumulative distribution functions, 205–206,

207f
Rayleigh distribution, 205–206
received voltage magnitude variation, 205, 206f
statistical models, 205–206
street level mobile, 204–205

time dependence and Doppler spread, 211–213
Narrowband power line communication (PLC)

high data-rate, 627–630
low data-rate, 626–627

NDA coarse frequency estimation, 250–252
NDA symbol timing estimation, 252–254
Network allocation vector (NAV), 571
Network entry, 581
Network reference model, 571–573, 572f
Noise and distortion, optical transmission

amplified spontaneous emission, 676–677
distortion and interference effects, 677–678
electrical noise model, 675–678

Non-binary modulation. See Coded non-binary
modulation

Non-data-aided (NDA) algorithm, 248
Non-dedicated control channel (NDCC) approach,

506
Non-linear bandpass systems, 64–66
Non-orthogonal channels, 443
Non-return-to-zero pulse shape, 85, 86f

O
Oerder-and-Meyr symbol timing estimation,

252–253, 253f
OFDM. See Orthogonal frequency division

multiplexing (OFDM)
Offset QPSK (OQPSK), 94–95
Open base station architecture initiative (OBSAI)

consortium, 554
Opportunistic spectrum access (OSA)

cell-edge CRs, 493
concepts of, 468–469
mechanism, 469–470

Optical fiber channels
multicore fibers, 672
multimode fibers, 672
single mode fiber, 671–672

Optical fiber transmission, 14
Optical internetworking forum (OIF), 548–550
Optical receivers, 665–666

coherent receivers, 665–666
direct detection, 665

Optical transmission
applications and emerging research areas

deep space applications, 682–683
emerging applications, 685
free space optics, 682
LANs and PONs, 684
long-haul transport systems, 685
visible light communications, 683–684

channel models
fiber channels, 671–672
wireless channels, 666–671
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Optical transmission (Continued)
device properties

receivers, 665–666
transmitters, 663–665

modulation and coding
coherent modulation, 675
differential modulation, 674–675
error control coding, 675
intensity modulation, 672–674

noise and distortion
amplified spontaneous emission, 676–677
distortion and interference effects, 677–678
electrical noise model, 675–678

system performance analysis
coherent detection performance, 681
direct detection, 679–680

Optical transmitters, 663–665
lasers, 664–665
LEDs, 663–664

Optical wireless channels
diffuse channels, 668–671
directed point-to-point channels, 667–668

Optimum message receivers
MAP receiver, 136–140
ML receiver, 140–141

Optimum trellis-based detectors
BCJR algorithm, 301–304
trellis diagram, 291–295
Viterbi algorithm, 295–301

Orthogonal channels
dedicated signals and filters, 441
electromagnetic wave theory, 440
frequency, 441–442
space, 442–443
time, 442

Orthogonal frequency division multiple access
(OFDMA), 446–447, 605

Orthogonal frequency division multiplexing
(OFDM), 13, 330–331

analog
baseband transmitted signal, 340

coding
forward error-control, 357
hard decision, 357–358
linear error control code, 358
QPSK modulation, 359
soft decision, 357–358
zero-mean complex-valued Gaussian random

variables, 360
COFDM, 334
correlated diversity signals, 364–366
cyclic prefix, 334

DAB system, 334
digital

data rate and cyclic prefix, 345–346
demodulation, 346–347
discrete Fourier transform, 343
IDFT and cyclic prefix, 343–345
zero-padding, 347–351

diversity and frequency modulation, 352–355
fast Fourier transform, 334
frequency shift keying

1-bit frequency response, 334–335, 335f
data rate, 339
frequency-selective channels, 339
modulation, 335–336
orthogonal signals, 336–338

MIMO systems, 334
outage capacity, 361–363
power-loading and bit-loading, 355–357
subcarriers/tones, 333
transmission system, 13, 22, 23f

Orthogonal signals, 336–338
Outage capacity, OFDM, 361–363

P
Packet data convergence protocol (PDCP) sublayer,

605
Packet transmission, 28

internet protocol
protocol data units, 29
reliability measures, 30
router/forwarder, 28–29
vs. X.25, 30

multiprotocol label switching, 30–31
Paging channel, 583, 612
PAM. See Pulse amplitude modulation (PAM)
PA ML estimation of (A, q, Fres, Kτ )

amplitude estimation error, 259
Cauchy–Schwarz inequality, 256–258
constant-magnitude pilot symbols, 255
fine frequency estimation, 255–256, 257f
frame structure, 254, 254f
frame synchronization, 255–256, 256f
integer design parameter, 255–256
log-likelihood function, 254
nonzero normalized frequency estimation

error, 258
phase and amplitude estimation, 255–256, 257f
squared magnitude, 255–256

Parabolic dish antennas, 195–196
Partial response CPM, 98–101
Passband signals. See Bandpass signals
Passive optical network (PON)
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description, 26
optical line termination, 26–27
optical network termination, 26–27
principal standards, 26–27

PCM. See Pulse code modulation (PCM)
PDN gateway (P-GW), 604
Personal area network (PAN), 560
Phase pulse, 98–101
Phase-shift keying (PSK), 284–285
Photodetector, 665–666, 676
Physical uplink control channel, 611
Pico-net channel, 583
Pilot-aided (PA) algorithm, 248–249
PLC. See Power line communications (PLC)
PLCP Protocol Data Unit (PPDU), 568
PON. See Passive optical network (PON)
Positioning reference signals, 609–610
Post-equalization SNR, 290
Power allocation schemes, 492
Power control mechanism, 579–580
Power delay profiles, 201, 202f

spatial average, 214–215
width of, 215–216

Power line channel
noise characteristics, 642–643

classification, 643f
colored background noise, 642
impulse noise, 642–643
narrowband noise, 642

signal propagation, 638–642
modeling approaches, 640–642
physical models, 641–642
propagation effects, 638–640

Power line communications (PLC)
application domains, 622
electromagnetic compatibility regulations

broadband, regulations for, 636–637
NB, regulations for, 634–635

standards of
broadband, 630–634
narrowband, 626–630
ultra narrowband, 624–626

terminology, 623
through the grid, 622–623
transmission techniques

cognitive techniques, 647–648
MIMO transmission, 645–647
multicarrier transmission, 645
single-carrier transmission, 644–645

Powerline related intelligent metering evolution
(PRIME), 627–629

Power-loading and bit-loading, 355–357

Power spectral density (PSD), 62–63, 63f
CPM

characteristics, 104–107
LREC frequency pulse, 106, 106f
minimum Euclidean distances and normalized

power bandwidths, 104, 105t
QAM

half-sine pulse shape, 85, 86f
intersymbol interference, 85–88
Manchester pulse shape, 85, 86f
modulated carrier, 84–85
non-return-to-zero pulse shape, 85, 86f
pulse shape, 84–85
raised cosine spectrum, 85–88, 88f
square-root Nyquist pulse shape, 88–89
square-root raised cosine pulse shape,

85–88, 88f
Precoding techniques, MSE-based criteria, 417–418
Primary base stations (PBSs), 469–470
Primary ISDN interface, 21
Primary user emulation attacks (PUEA), 473
Pseudo-noise (PN) bit sequence, 38
Public wide-area network (WAN) wireline

standards, 526–529
Pulse amplitude modulation (PAM), 89
Pulse code modulation (PCM), 6–7

Q
Quadrature amplitude modulation (QAM), 234,

284–285, 352–353
amplitude-phase shift keying, 91–92
complex-valued baseband equivalent, 80, 83
constellation, 75

cross QAM, 90–91, 91f
square QAM, 90–91, 91f

description, 75–76
generation, 83, 83f
K-dimensional constellations, 95
K-dimensional space, 79–80
linear digital modulation, 79–80
M-ary phase shift keying, 90
mathematical description, 81–82
minimum probability of error constellations,

92–94, 93f, 94f, 116
offset QPSK, 94–95
orthonormal basis waveforms, 75, 76f
power efficiency, 113–114
power spectral density

half-sine pulse shape, 85, 86f
intersymbol interference, 85–88
Manchester pulse shape, 85, 86f
modulated carrier, 84–85



724 Index

Quadrature amplitude modulation (QAM)
(Continued)

non-return-to-zero pulse shape, 85, 86f
pulse shape, 84–85
raised cosine spectrum, 85–88, 88f
square-root Nyquist pulse shape, 88–89
square-root raised cosine pulse shape, 85–88,

88f
pulse amplitude modulation, 89
real-valued bandpass signal, 80, 82, 84
rectangular QAM, 90–91
spectral efficiency, 113

Quadrature phase shift keying (QPSK), 13, 352–353
Quantization noise, 3

R
Radio Access Network (RAN), 42–43
Radio channels

antenna gain, 194–196
cables and hardware, 194
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