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Preface

Wireless technology systems have intruded in almost every aspect of today’s
communication. Technology scaling and innovation in the field of integrated circuits
(ICs) nurture this wireless revolution, while the need for higher data throughput
continues to grow. These trends unfold a severe challenge: in today’s over-allocated
spectrum, its efficient use becomes absolutely essential.

In the heart of every transceiver lies a local oscillator (LO), typically imple-
mented as a phase-locked loop (PLL). Crucial aspects of the LO synthesizer
are its phase noise and spurious performance. These impose the fundamental
limitation for efficient transmit and receive modes; hence, a considerable amount
of energy and chip area are typically spent to minimize them. Moreover, in modern
systems, the PLL is often used for phase modulation, within digitally intensive polar
architectures. For spectrally pure and efficient operation, the digital-to-transmitted
output conversion cannot be bandwidth limited or compromised by nonlinearities.

The book starts with an introductive overview of modern frequency synthesis
techniques, delivering the basic operation theory in an intuitive fashion, with
practical implementation in mind. A point of attention is in this context brought
to recent subsampling architectures. These architectures overcome the performance
boundaries typically encountered in classical implementations and have potential for
redefining today’s state of the art. The following chapters, built around three 28 nm
bulk CMOS IC prototypes, explore this idea and present new, performance-leading
PLL and polar transmitter designs.

The first presented prototype develops a new fractional PLL from a subsampling
integer-N frequency multiplier, which in its original form could not be used for
modern wireless standards. To enable fractional modes, while benefiting from
extremely low-noise subsampling operation, we introduce the principle of digital-
to-time converter (DTC)-based time domain signal processing. A DTC, in contrast
to a time-to-digital converter (TDC), used in modern digital PLLs, easily reaches
fine resolution that is crucial for spectral purity.

In the second prototype, we resolve the fundamental limitation of nonlinear
phase-error detection within PLLs. We demonstrate the enhanced, background-
calibrated subsampling PLL which operates with a record-breaking —247 dB figure

vii
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of merit, challenging the most advanced art in the field. The synthesizer is further
expanded into a two-point digital phase modulator, used as a typical building block
for wide-band polar transmission.

The third and final IC introduces the digital subsampling polar transmitter
(SSPTX), a new transmitter architecture which combines the subsampling core and
an amplitude modulating power amplifier within a single PLL. The system exhibits
specific features that enable full background cancellation of phase/amplitude
modulation-induced distortion. The 5.5 GHz polar transmitter achieves extremely
accurate performance with —41dB EVM at a 1024 QAM constellation allowing
barrier breaking information throughput, essential for the upcoming wireless
standards.

Leuven, Belgium Nereo Markulic
Kuba Raczkowski

Piet Wambacq

Jan Craninckx
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Chapter 1 )
Introduction Check for

1.1 A Transceiver with a Local Oscillator (LO) in Its Core

1.1.1 A Cartesian Transceiver

To establish a reliable communication link, a typical wireless transceiver (Fig. 1.1)!
necessitates a precise LO that accurately up-converts and down-converts the base-
band data. The link can be briefly analyzed by observing the figure in both modes, as
follows. In the transmit mode, the digital base-band data, described conventionally
in a two-dimensional space with orthogonal in-phase (I) and quadrature (Q) vectors,
are converted into an analog signal through a DAC, which is normally cascaded
with a low-pass filter. The filtered analog data stream gets up-converted to the
radio frequencies in the mixer, in the mixing process with the LO generated signal
(carrier). Note that the LO produces two sinusoidal signals that are shifted in phase
by 90° in this Cartesian transmitter example. The modulated carrier signal is then
amplified to the desired level by a Power Amplifier (PA) that drives an antenna,
which can be shared between the transmit and the receive modes. The modulated
Radio Frequency (RF) carrier can thus be represented as:

Vout (1) = 1 (1) - sin 27 fLot) + Q (1) - cos 27 fLot) (1.1)

where sin (27 fLot) and cos (27 fLot) are the two sinusoidal signals generated by
the LO at the fi o frequency and the 7(¢) and Q(¢) are the in-phase and quadrature
data.

In the receive mode, the process is reversed. The modulated carrier is received
through the antenna and amplified by means of a Low Noise Amplifier (LNA). The

1A direct conversion, i.e., zero-Intermediate Frequency (IF) transceiver is depicted in this example.
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Fig. 1.1 Zero-IF transceiver concept
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\ J/ conversion

down-conversion is performed by mixing the received modulated signal with the LO
(that operates at the modulated signal’s central frequency), equivalently to the upper
example in the transmit path. The down-conversion results with two quadrature
signals, out of which it is possible to extract the original modulation data. This
process is executed after low-pass filtering and analog-to-digital conversion, within
a base-band digital processor.

Ideally, the LO output contains a sinusoidal tone in its output spectrum, exactly at
the desired carrier frequency. In reality, the spectrum is corrupted by noise and spurs,
which degrades the reception and transmission quality. For example, a transmitter
that makes use of a noisy LO up-conversion has a profile as depicted in Fig. 1.2.
Reception of a noiseless receiver detecting a weak nearby channel is corrupted by
this transmitters’ “tail” noise [Craninckx98b]. Similarly, if a receiver uses a noisy
LO signal for the down-conversion, the detected signal is heavily corrupted by the
noise of a nearby channel (Fig. 1.3), even if the transmitted signals are ideal. The
situation is similarly problematic even if no interference (nearby blocker) is present.
The LO imposes the fundamental signal-to-noise ratio limit in, both, the transmit
and receive modes, reducing the communication quality and density with which the
data can be packed within a limited bandwidth [Stauth(08].

Besides the spectral mask of the LO, other relevant parameters are the granularity
and range of the available output frequencies (note that a single LO could be
used to accommodate multiple communication standards in wide frequency range
that potentially necessitate nearby channel separation), LO settling time (wideband
LOs are capable of faster channel hopping), area (cost), and power consumption
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(especially for mobile applications). Typically, these specifications need to be
traded-off within the available LO design space to achieve the desired outcome.

1.1.2 A Polar Transmitter

In a polar transmitter, the LO is not used just for the sinusoidal signal synthesis as
in a Cartesian TX. A polar TX operates with amplitude and phase modulation data
that construct the output signal [StauthOS8] as depicted in Fig. 1.4 and represented
with:

Vout (1) = A(?) - sin(27 frot + ®(1)), (1.2)
where A(?) is the carrier amplitude defined with:

Ar) = \/1 0>+ Q1) (1.3)

and ®(¢) is carrier phase defined with:

B J0)
®(t) = arctan < 1) ) (1.4)
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Fig. 1.4 Principle of polar transmission

In this case, the LO receives a modulation signal ®(z) that represents the desired
transmitted output phase, while an amplitude modulator handles transmitted ampli-
tude information, A(#). Note that the polar TX potentially offers some advantages
over its Cartesian counterpart. It greatly simplifies the TX architecture and allows
low-power implementation of continuous wave systems [Stauth0O8, Razavi98] since
the classical mixers and DACs are eliminated. At the same time, a polar TX
architecture reveals a set of design challenges that need to be addressed.

The purpose of the LO in a polar TX is not only to synthesize an accurate
sinusoid but also to dynamically phase modulate its output. This process can be
rather challenging in the limited LO bandwidth environment, especially in wideband
modulation, and even more so since a fundamental conflict normally exists between
the modulation bandwidth and generated noise. Moreover, not to degrade the quality
of the transmitter signal, the phase and amplitude modulation need to be performed
linearly with high resolution and with accurately matched timing, which is far from
trivial in practice.

1.2 A Phase-Locked Loop (PLL) as an LO

A free-running RF oscillator (for example, a ring or an LC tank-based oscillator)
is susceptible to phase noise and frequency drift with process-temperature-voltage
(PVT) variations. These characteristics are obviously unacceptable for sophisticated
transceivers that necessitate highly accurate LO generation. To overcome the
problem, the LO is normally generated within a PLL. A PLL is a control loop
that uses a high quality crystal reference to lock the (RF) oscillator, stabilize it
(accurately determine the oscillation frequency), and suppress its close-in phase
noise. The strict constraints in terms of its spectrum purity usually elevate a trade off
with the offered functionality (modulation capabilities) and other distinctive features
such as the chip area (in nanoscale CMOS) and power consumption (which is always
critical in battery-limited mobile applications).
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1.2.1 From an Analog to a Mixed-Signal and Digital PLL

PLLs were born as an independent research and design field back in the 1950s
[Gardner66]. Enormous efforts have been directed into their development ever
since, boosting and nurturing the wireless (r)evolution of the past decades. The
initial solutions were purely analog and the first integer-N frequency multiplying
PLLs that made use of feedback division appeared in the 1970s [Sepe70]. The
low-cost, plain vanilla CMOS implementations started to appear in the late 1990s
[Craninckx98a] and were mainly concentrated on achieving satisfactory phase noise
performance using bulky, low-quality passives (inductors).

An example of a classical, frequency-multiplying analog PLL is shown in
Fig. 1.5. At the input of the PLL, there is a Phase-error Detector (PD) that compares
phase difference (time mismatch) between the input reference signal and the divided
output signal coming from the VCO. The PD produces an UP or a DOWN pulse with
duration proportional to the phase error detected. The UP pulse is generated if the
reference leads the feedback signal and the DOWN pulse appears if the situation is
reverse. The PD drives a charge pump, which pumps constant current into the loop
filter during the pulse opening windows. The filter stabilizes voltage which controls
the VCO, correcting for presence of phase errors between the input and the output.
Note that the output frequency is defined with

fout = Nint - fref, (1-5)

where Njy is the divider division factor and frer is the frequency of the reference
signal. Two important notes with respect to this (overly) simplistic top-view on the

Ref VCO
_»
e Up Analog Out >
PFD [Down LPF
Div Divider
/Nim
Refiy _| L L. L
piv LI Ly L. Ll fL, T LLIL
Up
Down

Refiy leads Div Refiy lags Div Phase Match

Fig. 1.5 Classical analog PLL with integer-N frequency multiplication
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loop are the following: (1) for a fixed integer N, the loop can only provide output
frequencies that are fier apart. For modern wireless standards, frequency granularity
is essential. The only way to ensure dense channel selection with the presented loop
is to use a low frequency reference signal. Unfortunately, this results with a need
for large multiplication numbers which in turn yields to phase noise degradation.
The input referred noise contribution is reduced (Sect. 1.2.3) with application of
very narrow bandwidth PLL frequency filtering profiles (which also comes at the
expense of oscillator noise increase). This leads to the second important note:
(2) the presented loop necessitates an area consuming loop filter and large power
consumption to ensure loop stability and optimal noise filtering profile (revisited in
Sect. 1.2.3).

In context of modern PLL development, the introduction of mixed-signal envi-
ronments that exploited principles of AX modulation for fractional-N frequency
synthesis [Riley93] was a major breakthrough. This first digital signaling technique
in PLLs enabled arbitrarily small frequency granularity at the output (independent
of the reference frequency) through fast digital modulation of the division modulus.

The basic operation of a classical, mixed-signal PLL with fractional- N frequency
multiplication is depicted in Fig. 1.6. The fundamental difference with the prior
loop is in the programmable divider. The division number is continuously dithered
between two or several integer values to achieve an average division by Nfrc. The
VCO output frequency appears thus exactly at:

foutszrac'fref~ (1-6)
Ref VCO
(& —>
N Up Analog Out

Nfrac

Div | Programmable Divider
/Ninl

Ref LML
piv d LT LI L L
Up

Down \}\\Z > l

1 !
Zero-mean average  Division number modulates
quantization residue  the feedback signal’s period

Fig. 1.6 Classical mixed-signal PLL with fractional-N frequency multiplication in phase lock
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The pseudo-random dithering, applied through the A¥ modulator, shapes the divi-
sion quantization error” to high frequencies. This residue (i.e., the instantaneously
detected PD errors) is suppressed by the loop’s low-pass filter.

The frequency granularity is independent of the reference frequency in AX
PLLs, hence they can operate at higher reference clocks in comparison to the
integer-N implementations with equal minimal output frequency separation. With
smaller multiplication numbers, the reference contributes less to the phase noise (see
Sect. 1.2.3), hence the loop bandwidth can be increased and the filtering capacitor
size is decreased for area savings (and faster settling).

The availability of low-noise, fractional-N synthesis had a great impact on the
performance of low-cost frequency synthesizers for use in consumer products.
Immediately, a lot of attention has been brought to A% modulators in context of
PLLs. They were already extensively used in oversampling data conversion systems
and the history of expertise led to a fast progress.

Soon, the need for suppressing the quantization noise imposed a fundamental
bandwidth versus phase noise trade-off in AX fractional-N PLLs. A related
problem that was soon brought under attention was the mismatch, and hence
nonlinearity in the charge pump-based phase detection. Any kind of nonlinearity
presence in the phase comparison path leads to potential folding of the out-
of-band noise. For example, high-pass-shaped AX spurs can be aliased to low
frequency, thus degrading the PLL in-band noise [Lacaita07]. To address these
problems, systems were devised with special care taken on the CP transfer function
linearization and compensation for the AX quantization fractional residue. In
[PamartiO4, Huh04, Meninger06, Gupta06] additional digital calibration circuitry is
brought to address these problems. The techniques employ fractional residue DAC
feed-forward compensation and/or PD/CP linearization, possibly with its adaptive
calibration [Gupta06], or simply increase the modulation speed, hence reducing the
quantization noise [Huh04]. These digitally intensive techniques have to be devised
carefully with respect to time and amplitude mismatch (power trade-off), but can
rather successfully compensate for the described problems.

The biggest breakthrough in recent PLL research is without a doubt the intro-
duction of the All-Digital Phase Locked Loop (ADPLL) [StaszewskiO4] that uses
time-mode signal processing instead of the analog (voltage) processing (as depicted
in Fig. 1.7). In this environment, the phase error between the input and output is
not measured by the classical Charge Pump (CP)-based phase/frequency detector
but quantized by a time-to-digital converter (TDC). The digital information about
the error is then processed in the digital loop, with a digital loop filter that drives a
Digitally-Controlled Oscillator (DCO) instead of a VCO.

A digital PLL offers extreme area savings (since the loop filter can be imple-
mented in the digital domain), ease of scaling, and compliance with digital, but

2The period of the divider’s output is continuously modulated with accuracy of a single (or several)
VCO periods. AY order determines the number of division factors used, i.e., with how many
different VCO periods is the divider’s output period modulated.
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DCO

Digital PI Out
Filter

Refiy =
TDCout
TDC >

Nfrac

Div | Programmable Divider
/N int

Fig. 1.7 Simplified digital PLL in phase lock. A programmable AX driven divider is used in the
feedback as in the mixed-signal PLL from Fig. 1.6

comes at the expense of design effort, since the design of time quantizers (TDCs)
is far from trivial [Borremans10, Vengattara09]. Nevertheless, the ADPLL had
an enormous influence on recent research [HsuO8, Temporitil0, Yaol3, Kim13],
revealing in its heritage space for many novel ideas and possible approaches for
wideband frequency synthesis. The TDC-based phase detector, used in digitally
intensive ADPLLs, has a finite resolution and introduces quantization in the phase-
error information. The example from Fig. 1.7 shows a digital PLL that uses a
programmable divider in the feedback, driven by a AX modulator (in fractional-N
mode), similarly to the aforementioned mixed-signal PLL with an analog loop filter.
In this architecture, the AX quantization noise (pseudo-periodically modulated
divider period) still remains an issue that disturbs the loop. This disturbance can
be compensated by a narrow-band loop, however, this comes at the expense of
lessened oscillator noise suppression (Sect. 1.2.3). Similarly to the mixed-signal
CP-based implementations described above, the AX residue can be compensated
within the loop too, but here, the compensation is attained digitally. Intuitively,
since the time-quantization error introduced by the divider and measured by the
TDC is predictable, it can be simply subtracted as a digital number from the TDC
output. For an accurate match during the compensation, TDC gain (LSB) must be
precisely known, which can still represent a challenge, especially in PVT susceptible
environments. A TDC is also prone to nonlinearities in the quantizing process. The
consequence of such a behavior is in-loop phase noise and also, very often, spurious
performance degradation. This effect is, in fact, very similar to the consequences of
CP nonlinearity in classical, analog implementations. An assortment of powerful,
complex digital randomization and calibration techniques has been introduced to
compensate for these shortcomings and limitations.
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1.2.2 Small Signal Model of a PLL

The classical CP PLL with a block diagram from Fig. 1.6 can be represented in its
static operating point with a small signal phase-domain model from Fig. 1.8. In this
section we briefly analyze several PLL transfer functions which prove to be relevant
for understanding of the PLL’s noise filtering capabilities (Sect. 1.2.3). The goal is
to provide an intuitive understanding on how the oscillator phase is controlled and,
importantly, how its phase noise is filtered by the loop. We will also show that the
“clean-up” of the RF oscillator’s noise is limited by the loop’s imperfections, i.e., by
the noise generated within the loop and by the noise in the reference signal.

OreR, Pvco, Pprv, and P, represent the small signal input and output phase
of the PLL,? divider output phase, and detected phase error, respectively. The CP-
LPF cascade has typically a proportional-integral (PI) characteristic, as depicted
in Fig. 1.8, below the model. In frequency domain, this means that the amplitude
transfer experiences a —20dB/decade roll-off, from the origin up to the w,
frequency, where the zero is positioned. The dashed line in the plot represents
amplitude transfer for an optionally added pole (at ) in the loop filter. In this case,
the cascade’s amplitude transfer function continues with a —20 dB/decade roll-off
after wp.

Fig. 1.8 Small phase-domain

. - Orer ) Kvco | dour
signal model of a classical ,( ) ‘UG » LPF(s > - >
PLL and illustration of the - < ©) S
important transfer functions.

Note that the axes are
logarithmic
(I)D[V I/N
Gcp LPE(s)
(O xﬂ)p (,0;
Gow(s) .
v O
Hiu(s) =——
§)=——— >
i 1+GoL(s) @
N-GoL(s) -
Hip(s) = 4G \
ou(s) 2 m;

3Note that the loop settles to a condition where @ is a zero-mean signal, i.e., where ®Prgr = Ppyv.
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The open loop gain (GoL) is defined as the gain from the PLL’s input to the
output of the divider (where the loop is cut for the sake of the analysis).

GoL = Gep - LPE(s) - KV€O | ;] (1.7)
Gcp in Eq. (1.7) represents the CP gain, LPF(s) is the loop’s filter transfer function,
and Kvco is the VCO’s gain in rad/(sV). Bode plot (amplitude) of the G, transfer
function (Fig. 1.8) is easily obtained by observing the plot for the Gcp - LPF(s)
cascade: an additional pole in the origin (integrating behavior of the VCO) results
with the GoL’s initial —40dB/decade slope that is partially straightened by the
zero at w; (to a —20dB/decade slope). In the presence of the aforementioned high
frequency pole, the amplitude transfer drops again by —40dB/decade after w,.
Note that the total number of poles within the open loop determines the PLL’s
order (for example, with the added pole, the presented loop is of order three).
Moreover, the PLL discussed here is of type-two, since in open loop it uses two
poles at DC (i.e., two integrating stages). The unity gain frequency w, (and later
the PLL’s bandwidth) is defined at the position where the Gor, passes through the
gain of one (0dB). Note that for stability (and phase margin), w, needs to be at
approximately four times higher frequency than w, and at approximately four times
lower frequency than w,, if present [Craninckx98b].

Finally, two important transfer functions for the PLL’s noise filtering capabilities
(revisited in the following Sect. 1.2.3) are presented next. Hyp, the PLL’s high-pass
transfer function from the oscillator’s output, to the output of the PLL is given with:

1

Hyp = .
Hp 14+ GoL

(1.8)
The amplitude Bode diagram of Hyp is depicted in Fig. 1.8. Gor approaches infinity
near the origin and drops with —40 dB/decade with frequency increase. For Hyp, the
behavior is thus inverse, the amplitude is compressed to the negative infinity in the
origin and it grows with an initial 40 dB/decade slope. At w, the slope changes to
20dB/decade. As Gor, amplitude reduces at higher frequencies, Hyp approaches
one (near wy).
Hi p is the PLL’s low-pass transfer from input to the output, defined with:

_ N-GoL

Hip =
P 1+ GoL

(1.9)

and depicted in Fig.1.8. The graph can be obtained by multiplying the two
previous Bode plots for Gor, and Hyp. The amplitude is simply constant (since the
multiplied functions have opposing behavior) until w,. This frequency represents
the PLL’s bandwidth. At higher frequencies the amplitude transfer experiences a
—20dB/decade roll-off that increases to —40 dB/decade roll-off in the presence of
the second pole at @,,. In other words, the PLL is a low-pass filter for the input phase
signal.
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1.2.3 Phase Noise in PLLs

The output spectral mask of the frequency synthesizer is probably the most
important characteristic. In this section, we briefly review phase noise generation
and filtering properties within a PLL that deteriorate the ideally pure sinusoidal
oscillator output. The analog PLL is compared to a digital architecture in its phase
noise filtering capabilities.

In phase lock (Fig.1.9), there is ideally no input or output phase deviation
over time. In reality, the VCO oscillation is imperfect, its frequency, i.e., phase
accumulation fluctuates over time. This effect can be described by phase noise
and So,o represents the phase noise spectrum at the VCO output (measured in
rad? /Hz). Other analog building blocks within the loop generate noise as well, Scp
and Sy pr are the charge pump and loop filter noise spectra, expressed in A?/Hz and
V2 /Hz, respectively [Lacaita07]. The divider is similarly imperfect, its output phase
noise spectra is indicated by S¢,. Note that S, can contain AY. modulated
quantization noise in fractional division. Not even the crystal oscillator reference is
ideal, Soyg represents its phase noise spectrum (in rad® /Hz).

For a better understanding of the noise filtering within the loop, it is useful to
segregate the noise sources, referring them to the input or the output of the system
in an open loop configuration [LacaitaQ7]. The open loop reference, divider, and
charge pump noise can be referred to the input of the system as:

Scp rad’
OL
Sd)in = S<I>REF + S‘:I)DIV + (GCP)2 |: Hz s (110)

where Gcp is the charge pump gain. Similarly, S¢y, and SLpr can be referred to
the output of the system:

Kvco)® rad?
Sg(lfm = Sdyco + SLPF - < 2t ) T (1.11)

where Kvyco is the gain of the VCO’s varactor (in Hz/V) and f is the offset
frequency.
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Fig. 1.10 Output and input
referred noise profiles (solid
line) with corresponding PLL
filtering (dashed line)

The PLL output phase noise spectrum can then be expressed as:
Soe = Se, - | Hupl” + Sg& - | Hipl*. (1.12)

From Eq. (1.12) it can be seen that the output referred noise is high-pass filtered. The
case is completely opposite for the input referred noise which is low-pass filtered in
transfer to the output. The art of optimal noise filtering (for a given PLL type and
order) is in Hyp, i.e., HLp bandwidth selection (w,). The goal is to minimize the
overall noise contribution to the output.

Typically, the dominant output referred noise is the RF oscillator’s phase noise
(Soyco)- A classical LC-based oscillator’s phase noise profile is indicated in the top
part of Fig. 1.10. Note that the phase noise increases towards the origin [Razavi96]
with a 20 dB/decade slope (or a 30 dB/decade slope as the 1/f noise over-dominates
the white noise contribution within the oscillator). Thanks to the closed loop, this
noise is suppressed by Hyp below the PLL’s bandwidth w,,. Choosing a larger PLL
bandwidth is thus beneficial for VCO phase noise filtering.

The dominant input referred noise is typically the CP (Scp) noise and the
reference phase noise (So,). In fractional multiplication, the added quantization
noise in Sep;,, imposes a large limitation as well. These sources are filtered by
Hip hence, choosing a smaller PLL bandwidth reduces their contribution to the
overall output noise. Note that the input referred noise is multiplied by N? in
the transfer to the output at low (in-band) frequency offsets. This, for example,
means that operating at high multiplication numbers normally necessitates small
loop bandwidth (which is unfortunate for the oscillator noise filtering).

By observing Eqs. (1.10) and (1.12), it can be noted that increasing the phase-
error detection gain, i.e., CP gain (G¢p) in this example, helps with its in-band noise
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suppression.* To ensure the same phase margin, i.e., pole-zero separation, increase
of the CP gain (phase-error detection gain) must be accompanied by increase of the
filtering capacitor (area cost) or decrease of the Kyco (frequency tracking range
cost). This example serves as a proof that the PLL system properties (stability,
phase margin, lock time) need to be co-optimized with its phase noise filtering
properties—and the design process is normally iterative.

Phase noise generation can be analyzed for a digital PLL of the same type
and order (Fig.1.11). A digital PLL, as described in Sect.1.2.1 uses no CP-
based phase/frequency error detection but a TDC in the comparison path. All
the information processing following the TDC up to the DCO is digital and thus
“noiseless.” Even though a digital loop avoids addition of CP or analog filter noise, it
introduces quantization noise. Namely, a TDC has finite resolution and it quantizes
the input information with limited accuracy—producing just like any data converter,
a quantization error. The quantization noise spectrum is indicated by S¢ . and
can be assumed white. Similarly, the DCO which can be modeled as a VCO driven
by a DAC operates in the presence of quantization residue, as well. The (otherwise
noiseless) DAC then outputs a quantization noise spectrum indicated by Sqpac. In
comparison to an analog loop, a digital PLL can operate with a large error detection
gain GTpc, i.e., with a high resolution TDC, without any area cost, since the digital
loop filter size is small (insignificant in comparison to a corresponding analog filter
equivalent). Design of high resolution TDCs is far from trivial however, and they
typically come at the cost of added power consumption and circuit complexity.
Nevertheless, the trade-offs improve with technology scaling. This is similarly true
for the digitally controlled oscillation that typically makes use of fine capacitive
banks for frequency tuning (achievable metal density improves with technology
scaling). Since the TDC noise is input referred, it is scaled by the PLL multiplication

S¢ gIDC SqDAC Sg) yco

Sy Grpe LPF -(:l)» K;CO .Gl_}sﬂl

\4

? I/N
Ssprv
Fig. 1.11 Phase noise generation in a typical digital PLL

4The improvement is somewhat limited since for higher gain Gcp, the CP current must increase
which also leads to a higher local noise generation of the CP.
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Fig. 1.12 Comparison of recent integer-N (black) and fractional-N (gray) PLLs in power-vs-RMS
jitter trade-off FOM. Note that better results appear in bottom left of the figure. The black circles
indicate the subsampling PLL architecture (see Sect. 1.3.1)

number in transfer to the output. It dominates the in-band noise (just like the CP
noise for the analog PLL), while out-of-band it is filtered by Hyp.

The phase noise generation within the loop as described above complicates in
the presence of nonlinear phase-error detection path, i.e., PFD/CP nonlinearities
in analog PLLs [Meninger05] and TDC nonlinearity in digital PLLs [Straayer08],
especially in fractional-N synthesis where the loop needs to handle the division
quantization error residue (see Sect. 1.2.1), i.e., larger PD input range.

The AXY modulated S, noise injection into the system becomes in the
presence of the nonlinear phase-error detection “colored” by the digital division
factors used. This type of correlation between digital inputs and analog output
errors leads to generation of spurious content [LacaitaQ7]. The recent state of the
art offers a rich variety of solutions for LO generation, both in digital and in analog
domain that deal with this issue in several ways (see Sect. 1.2.1). Nevertheless,
the solemnity of the described problem is probably best visible by observing the
recent art (Fig. 1.12) in frequency synthesis, where a significant performance gap
still exists between the integer-N and fractional-N frequency synthesis.

1.3 Motivation and Research Objectives

1.3.1 A Subsampling PLL

In the early stage of the project this book was based on, central interest was brought
to the subsampling PLL introduced in 2009 by Gao [Gao(09]. A subsampling loop
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Fig. 1.13 Operation of a subsampling PLL

fundamentally differs from the classical analog PLL in the following characteristics:
(1) the loop is divider-less; (2) the loop does not use a classical CP in the phase
comparison path. The subsampling PLL operation is briefly analyzed starting from
Fig. 1.13.

The loop operates by direct subsampling of the high frequency RF output
waveform at the reference rate. The phase-error detection is performed by the
PD sample and hold circuit, which transforms time information (phase error) into
voltage, storing it across a capacitor C. The voltage amplitude is approximately
linearly proportional to the detected phase error.” If there is no mismatch between
the input and the output phase, the output sinewave is sampled exactly at the zero-
crossing and the stored voltage amplitude is zero. The sampled voltage biases
a transconducting stage (GM), controlling the amplitude of the current pumped
into the loop filter. The loop filter can be implemented in the same fashion as in
the classical analog PLL. Its purpose is to provide stable drive for the controlled
oscillator that corrects for existing imbalance between the input and the output
phase.

The attractive features of a subsampling PLL, compared to a classical analog
PLL, become apparent in analysis of the phase noise generation within the loop
(Fig. 1.14). The PLL operates without a divider in the feedback from the output.
Besides the obvious benefit of divider noise elimination, the charge pump (transcon-
ductor in this case) noise in the subsampling environment becomes independent
of the PLL multiplication factor N [Gao09]. In other words, the loop noise is not
multiplied by N2 in transfer to the output, as in the case of a classical analog PLL.
Note that this is not the case for the reference phase noise, which is still virtually
up-converted by N (as in a classical loop).

5Valid for small signal approximation of a sinusoid around zero.
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Fig. 1.14 Phase noise generation in a subsampling PLL

The noise in the loop is additionally suppressed, thanks to the very high phase-
error detection gain (see Sect. 1.2.3). Namely, in the illustrative Fig. 1.13 the ratio
between the input and output frequency is only two, but in practice the multiplication
to RF necessitates N > 100. High frequency signals have high slew-rate around the
zero-crossing, which directly translates to detection of high amplitudes even for very
small deviations of phase near the sampling event.

Thanks to the loop noise compression features, the reference noise (and input
buffering) prove to contribute with more than 70% of the overall in-band noise at
the subsampling PLL output [Gao(09]. The subsampling PLL is thus mostly limited
by the reference noise (and the RF oscillator noise), which is in fact the desired
outcome in high-performing frequency synthesis involving an architecture whose
loop components do not degrade the output spectral purity. After all, the input crystal
oscillator is the lowest reference noise source available.

As discussed in Sect. 1.2.3 to maintain the type-two PLL’s zero-pole separation
for optimal phase margin, the loop filtering needs to be adjusted for the large,
subsampling PD gain. Since the dominant in-band noise source is the typically
low reference noise, the subsampling PLL enables wideband loop operation (in
MHz range instead in the range of several tens of kHz) which is beneficial for
the oscillator noise filtering (See Sect. 1.2.3), but also for the filter area savings
(since the filtering capacitor needs not to be excessively large). Still, to avoid a
relatively large capacitor in the filter, the detection gain can be on purpose reduced
by time-invariant pulsing of the transconductor (without a large compromise in in-
band phase noise). The current is then not fed to the loop filter continuously over a
complete reference cycle, but only pulsed during a fraction of the reference period
[Gao09].

Thanks to the amplitude-based phase-error detection, the PD path becomes
resilient to the typical nonlinearities in the charge pump. Mismatch between UP
and DOWN pulses from the classical PLL is not applicable in a subsampling PLL
[Gao10] since the loop settles inherently to a condition of zero-mean instantaneous
output current (7) (Fig. 1.13). In integer- N mode, charge pump nonlinearity is not a
fundamental issue, nevertheless, this feature lies in contrast to classical PLLs, which
due to the CP nonlinearity often suffer from unwanted output spurs in fractional-N
modes (this is similarly true for digital PLLs that make use of imperfect, and often
nonlinear TDCs). These characteristics will be revisited soon.
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Elimination of the divider leads to power-efficiency improvements, especially
at high output RF frequencies that need large division for down-scaling and
comparison to the reference period. For a fair comparison, one should note that
the subsampling loop cannot discriminate between frequencies that are integer-N
apart and therefore needs a frequency acquisition circuit (with a divider) in parallel
to the main loop [Gao09]. The auxiliary loop can however be automatically disabled
in phase lock for power savings.

All these features made the proposed subsampling architecture to stand out
within the state of the art (see Fig.1.12), which was mainly overrun by digital
and digitally intensive solutions. Even though the loop is in essence analog, this
relatively simple solution is compatible with modern digital CMOS technologies
that typically offer good switches, and dense metal capacitors. Finally, the sub-
sampling PLL achieves a very high PLL Figure of Merit (FOM) (that trades off
jitter performance for power) and shows extreme potential® for LO synthesis, with
one fundamental limitation: it enables exclusively integer-N operation, making it in
principle useless for the modern wireless standards that necessitate high frequency
granularity. Moreover, since the loop has no modulation capabilities, it cannot be
used in its original form for any kind of polar processing.

1.3.2 Objectives of the Book

The main objective of this book is to build upon the attractive characteristics of
a high-performance subsampling PLL (as described in the previous subsection)
and to extend its functionality with fractional-N operation and phase modulating
capabilities. A subsampling PLL architecture offers inherently better integer-N
environment, i.e., a better starting point for accurate frequency synthesis. The
fractionalization needs to be carefully approached, not to degrade the original
performance of the loop (during fractional synthesis or modulation). With this
assumption in mind, it should be possible to enable low-noise fractional synthesis
with state-of-the-art FOMs.

The history of modern PLL development (Sect. 1.2.1) shows a great amount of
design effort pushed for similar purpose into the classical (both analog and digital)
loop development. There is a large variety of techniques in the state of the art that
can be investigated to reach this goal. The biggest opportunity in this context might
fall in line with the latest design paradigm shift from the voltage-domain processing
to time-domain processing that happened with the introduction of modern ADPLLs.

SMaybe the best proof for the potential this system has is in today’s frequency synthesis state of
the art. The current record holders in PLL FOM, presented at ISSCC 2018, are two (sub)sampling
PLLs [Sharkial8, Sharmal8]. Moreover, the subsampling architecture has been successfully and
widely applied for high-performance integer-N LO synthesis since its introduction, in digitally
intensive configurations [Rul3], ring-oscillator-based [Sogol12] loops, at millimeter frequencies
[Szortykal4], and in automotive radar systems [Yil3].
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The approach is built on the assumption that in modern CMOS, the available voltage
headroom for quantization continuously reduces, which is not necessarily the case
for the timing information, which is independent or even improves in modern digital
nodes [Staszewski06]. This approach led to designs with best fractional-N PLL
FOMs currently available.

Can a subsampling PLL enable fractional-N synthesis and phase modulation?
How to ensure that the pristine output spectrum of an integer-N subsampling
PLL remains uncorrupted by quantization noise in fractional-N frequencies? Is
the application of highly efficient time-domain processing techniques (typically
available in TDC-based digital PLLs) an option? Assuming that the loop becomes
capable of fractional-N synthesis with high performance, could it then also be used
for phase/frequency modulation in a Polar TX environment? Can accurate digital-
to-modulated output conversion be achieved through a subsampling loop, despite
challenges such as injection gain/time mismatch, nonlinearities, and cross-distortion
mechanisms between the amplitude and phase modulation paths? And finally, can
the loop maintain its performance across PVT variations, and operate reliably in a
wide range of applications?

The goal is to explore systems which can challenge or outperform recent art in the
field, extending successful principles of subsampling to new areas of LO generation
and modulation. The questions above are answered in this book throughout the
following chapters.

1.4 Book Outline

This book presents three 28 nm CMOS ICs that enable fractional frequency syn-
thesis, self-calibrated fractional synthesis/wideband phase modulation, and highly
spectrally efficient polar transmission, respectively, all based on a subsampling
phase-error detection core that ensures low-phase noise operation and power
efficiency.

In Chap. 2, we start by exploring principles of fractional synthesis using a digital-
to-time converter (DTC) in a subsampling PLL. It will be shown that the benefits
of the time-domain signal processing in frequency synthesis (well known from
the area of digital PLLs) are applicable in the subsampling environment, without
loss of the original loop’s PLL properties. A DTC, as a core building block of
the proposed PLL, transforms digital information into time delay—which is used
for reference clock modulation, ensuring zero-crossing sampling even with non-
integer ratio’s between the input and the output frequency. The DTC should bring
as little as noise as possible into the circuit; therefore, it is carefully optimized for
low random and quantization noise operation. The presented PLL complies with the
most advanced digital PLLs (at the moment of publication), but it still operates with
a performance gap between integer and fractional operation mode. Confronting this
limitation paved the road for innovation described in the following chapters.
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In Chap. 3, we build upon the presented fractional synthesizer by extending its
digital processing capabilities. These are used to deal with imperfections of the DTC
(in terms of its nonlinearity) that proved to be the most sensitive block in the phase-
error comparison path. To reduce fractional spurs and noise folding, we develop
techniques for background self-calibration. These techniques are purely digital and
based on single bit PD error extraction. The principles of predistortion are used for
minimization of the performance gap between integer- N and fractional- N operation
modes, in PVT variation susceptible environments. Moreover, the basic loop is
enhanced for subsampling PLL-based frequency/phase modulation. We propose a
background-calibrated, two-point injected phase modulator that efficiently operates
with wide modulation bandwidths. Both, the frequency synthesizer and the phase
modulator challenge recent art in the field in terms of measured jitter-power trade-
off and measured EVM.

In the final technical Chap.4 of this book, we present how to digitize the
synthesizer and expand the background-calibrated phase/frequency modulator into
a full polar TX. The digitization is carefully developed so that the added digital
PLL quantization noise does not degrade the overall performance, and even
more importantly, so that the loop still operates with virtually no performance
gap between the integer and fractional synthesis modes. The phase modulator
necessitates a block with amplitude modulating (AM) capabilities for polar signal
processing (see Fig. 1.4). We implement the amplitude modulator using a nonlinear
digital PA (DPA) class. In contrast to a classical polar TX, this DPA is implemented
as a part of the phase-locked loop. Thanks to the subsampling phase-error detection
core, it is possible to track amplitude of the output oscillation in the background and
consequentially any nonlinearities in the AM-to-AM conversion. On top of this,
the presented loop compresses undesired cross-correlation mechanisms of AM-to-
PM distortion. To distinguish it from a typical polar TX architecture, we name the
presented system as subsampling polar transmitter. This work achieves highly linear,
low-noise digital-to-transmitted signal conversion which in turn enables complex
modulation and high spectral efficiency with large data throughput.

In the final Chap. 5, we summarize the presented material, list the book contribu-
tions, and propose a future outlook with guidelines on how to improve the material.
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Chapter 2 )
A Digital-to-Time-Converter-Based Shethie
Subsampling PLL for Fractional

Synthesis

2.1 Introduction

The phase noise of the frequency synthesizer sets a limit to the achievable data rate
or to the total radio power consumption, as one can often be traded for the other. This
is equally true for high-throughput applications like LTE-Advanced or for sub-mW
Internet-of-Things nodes. Traditionally, a frequency synthesizer has been an analog
system, but analog performance, unfortunately, had degraded with last decade of
CMOS scaling. This trend is only expected to continue with the development of
logic-centric technologies.

The answer to this problem from the PLL community came in the form
of the loop digitization. In other words, the PLL had to become as digital in
nature as possible. The breakthrough and success of the first generation all-digital
PLLs (ADPLL) [Staszewski04] has paved the way towards potentially scalable
synthesizers. The intensive research of digital PLLs has led to systems such as
[Tascall] that deliver excellent performance at low power in an attractive, self-
calibrating environment. And, although this trend of migrating functionality into
the digital domain will only continue, the remaining analog blocks of a digital
PLL, such as TDC and VCO, still form the fundamental phase noise performance
bottleneck.

In this chapter, we build upon the subsampling PLL proposed in 2009 in
[Gao09b], which stands in stark contrast to digital PLLs with its analog core. This
loop still remains a leading design in recent state of the art in terms of phase noise
as well as FOM. This competitive performance is achieved by removing the two
classical contributors to phase noise in an analog PLL: the frequency divider and
the charge pump. Additionally, thanks to a very high phase-error detection gain,
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remaining noise generators within the loop are strongly suppressed. Interestingly,
the advantage of an analog subsampling PLL is that it does not require high-
performance analog building blocks. There is also no need for high-accuracy
matching (like in classical charge pumps and phase/frequency error detectors) or
for precise timing.

Unfortunately, the original subsampling PLL did not enjoy much popularity in
its original form. Its inherent Integer-N operation is simply unacceptable for modern
communication standards that necessitate high-frequency granularity.

In this chapter, we propose a solution that enables fractional-N operation of
a subsampling PLL. This is done using a digital-to-time converter (DTC) in the
system that cancels accumulated fractional residue during operation. Note that
cancellation of the systematic errors is equivalent to phase-error measurements
using a TDC in digital PLLs. We will show how DTC enables fractional-N lock,
while retaining the key benefits of subsampling operation.

The subsampling PLL is in essence a system containing a VCO, loop filter, a
switch, and a capacitor (Fig.2.1). Note that even in deeply scaled technologies,
where analog performance degrades, these components continue improving. Adding
a DTC into the system does not change this, since it can be implemented as a few
inverters and a capacitor bank. In this way, we arrive at a simple solution that can
be truly technology independent.

This chapter is based on the material reported in [Markulic14, Raczkowskil5]
and is organized as follows. Section 2.2 explains the time-domain operation of a
subsampling PLL and introduces a method for enhancing it to achieve a fractional-N
lock. Section 2.3 examines the relevant system-level challenges that arise when
using a practical, performance-limited DTC. Section 2.4 describes the circuit
implementation of the fractional-N subsampling PLL and Sect.2.5 presents the
performance of the fabricated test chip. Finally, conclusions are drawn in Sect. 2.6.
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2.2 Fractional-N Operation of a Subsampling PLL

To understand the concept behind enhancing a subsampling PLL for fractional-N
multiplication, we start with analysis of the basic, integer-N subsampling PLL.

2.2.1 Time-Domain Analysis of a Subsampling PLL

The starting point to the analysis is the basic subsampling PLL consisting of a VCO,
a sampler that operates at a reference clock, a transconductor (Gy ), and a Low
Pass Filter (LPF) (Fig.2.1). Compared to the classical mixed-signal PLL, there is
no frequency divider and the PFD/charge pump are replaced by the sampler and
the Gy. Phase detection happens by direct sampling of the VCO waveform with a
rate dictated by the reference clock. The sampled voltage is converted into an error
current, which is fed to the LPF. In the PLL’s lock state, the phase error between the
VCO and the reference is zero, and hence the sampled voltage is zero and no current
flows to the LPF. No correction is necessary. In presence of a phase error, the error
current is nonzero and a function of the phase error. The relation between the phase
error Agyco the output current ig,, is sinusoidal [Gao09b], though for small phase
deviations it can be defined simply as fss = AA ;\G/MO = Avco * &m, Where Avco
is the amplitude of the VCO and g, is the transconductance of the Gy. Contrary
to a classical PLL, the phase detection circuits do not need to have high analog
performance. Sampler nonlinearity or clipping can be tolerated, since the sampling
point is always close to the zero-crossing of the sampled voltage. Furthermore, the
output charge is produced by the Gy and the error information lies in the magnitude
and sign of the resulting current and not in a variable current pulse duration (like in
a conventional PLL). Finally, leakage of the sampler is corrected by the loop if the
opening of the Gy output happens always with the same delay with respect to the
sampling event [Gao10].

It is evident that the subsampling loop can only synthesize integer-N multi-
plications of the reference frequency. There is no phase modulation in the loop
whatsoever, and the only stable point is when the zero-crossings of the VCO
waveform match the timings of the edges of the reference (note that the loop cannot
even distinguish between frequencies integer-N apart, which is also a problem
addressed later). There is no divider in this loop, which means that the traditional
method of applying AX modulation to the divider [Riley93] is out of reach.

2.2.2 Enhancement of a Subsampling PLL to Enable
Fraction-N Mode Operation

The basic subsampling PLL cannot synthesize fractional-N frequencies, because
it lacks any phase modulation mechanism in the loop. There are in principle four
nodes that can be considered in Fig. 2.1 to introduce a phase modulating element.
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Addition of a divider in the feedback path would consequentially eliminate the
PLL’s detection gain advantage which is certainly undesirable. Moreover, a divider
in the loop contributes to noise and power. Application of any costly operation at
RF is not an attractive solution since it inevitably leads to power consumption and
phase noise increase, as well. A residue DAC could be used, as in [Swaminatha07]
to correct the phase errors, but the solution requires a DAC matched to the loop gain
and it might be cumbersome considering the small linear phase-error detection range
of a subsampling PLL. Final option is phase modulation of the reference clock,
which is, in fact, equivalent to modulating a frequency divider in the feedback path
of a classical PLL. Instead of adapting the phase of the divided fractional-N signal
to match phase of the reference, we adapt the phase of the reference to match the
phase of the fractional-N frequency of the VCO.

Assume, as an example, that the VCO works at a target fractional-N frequency
that is different from an integer-N by 0.25 (e.g., in Fig.2.2, N = 1.75). In the
first cycle, the sampling event appears at the same time as in the integer-N mode.
Then, in the second cycle, a timing error of 0.25 - Tyco is present. To still sample at
the zero-crossing of the VCO waveform and to keep the loop in lock, the sampling
event needs to be delayed by the same 0.25- Ty co. In the third cycle, the timing error
increases by an additional 0.25 - Tyco, up to 0.5 - Tyco and delay of the sampling
event is readjusted accordingly. In the fourth cycle, the delay is 0.75 - Tyco. Finally,
in the fifth cycle, sampling should happen at 1 - Tyco after the reference edge.
However, simply skipping a VCO cycle yields the same effect, since the sampler
does not discriminate between multiples of the VCO periods. In other words, on the
fifth cycle, sampling is aligned with the integer-N time again (0 - Tyco).!

Fig. 2.2 Implementation of
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INote that the skipping operation is possible thanks to the sinusoidal detection gain of the
subsampling PLL, which repeats every Tyco.
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Importantly, since the desired fractional-N frequency of the PLL and the
reference frequency are known, it is always possible to calculate the position (ideal,
targeted, in the absence of noise) of any of the following zero-crossings with
absolute precision. This means that if an ideal delay generator were implemented,
the PLL would be completely spur-less, unlike the traditional analog A¥ PLL.
Additionally, the tuning range of the delay generator only needs to cover a
single VCO period, since the calculations “wrap around” as in the aforementioned
example.

2.2.3 Digital Modulator for the Fractional-N Subsampling
PLL

The delay that needs to be inserted into the reference path can be calculated
precisely based only on the multiplication factor N and the reference period Trer.
The digital computation of the necessary phase adjustment is depicted in Fig.2.3.
The difference of the targeted multiplication factor and its integer-quantized value
is computed initially. The subtraction result represents the timing error that the
phase detection is going to make in the following sampling event, scaled to the
number of VCO periods. A first-order AX modulator is used to generate the integer
quantization of N. The quantization error (Diff in Fig.2.3) is in this way a zero-
mean stream that is easily accumulated. The desired “phase wrapping” behavior
is achieved without any additional circuitry. In the second operation point, the
quantization error is accumulated, just as the PLL accumulates the phase difference
between the VCO and the reference. At this point, it is possible to tell with absolute
precision what the necessary delay will be in any of the following cycles. By
observing Fig.2.3, it is noticeable that the accumulated error is reset every time
the AY modulator overflows towards the neighboring integer. Note that instead of
calculating the Diff signal based on the AX modulator, an overflowing accumulator
could just intake the fractional residue as an input. This however reduces the
randomization capabilities in the DTC as explained later.

Fig. 2.3 Digital computation N Diff . Acc
flow of the DTC modulator M z i
for N =1.75 ;
S
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2.3 Implementation Limitations and Their Mitigation

If a fractional-N subsampling PLL, as described in the previous section, were
implemented with an ideal DTC, it would have the same performance as an
integer-N subsampling PLL. This lies in stark contrast to the case of a traditional
mixed-signal PLL, where there is an unavoidable penalty associated with the divider
modulation noise (that needs to be filtered). Any practical implementation of the
fractional-N subsampling PLL system will, however, be limited in a number of
ways. The biggest contributor to these limitations is the DTC. We deal with the
DTC implementation challenges one by one in the following sections, proposing
adequate solutions.

2.3.1 DTC Quantization

A DTC, as any data converter, has a finite resolution. To scale the output of the
accumulated phase error to a digital tuning code, the output of the accumulator in
Fig. 2.4 needs to be multiplied by a factor (LSBI;‘? Nirac)* Even in a noiseless system,
the sampling moments will occur with accuracy limited by the LSB of the DTC and
the resulting error current will be fed into the LPF, thereby modulating the VCO
and creating spurs.

One solution to the problem of limited DTC resolution is obvious: the quantiza-
tion noise resulting from the DTC’s limited resolution should be well below other
noise sources. Additionally, adjusting the computed digital word to the available
LSB steps is a standard modulation problem, where AX modulators are often used.
As such, the purpose of the second AX modulator (Fig.2.4) in this context is to
shape the quantization noise beyond the PLL bandwidth. Thanks to the fact that
the AX stream is perfectly accurate on average, the average PLL frequency is
also accurate, with no visible modulation. Here, we propose to use an all-pass AX
modulator [Schreier05], which shapes the quantization noise without affecting the
DTC modulation signal.

Fig. 2.4 Digital DTC N
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The resulting DTC quantization noise power spectral density can be expressed
as single sideband phase noise by:

27 LSB )2 1

L(f) = 101og;, {( 712 Toee

dB
2 sin(nfTREF)]z} [ HZC} R

FRrEF
at in-band PLL output, where LSB represents the DTC LSB delay, Tyco is the VCO
period, Frer and Trgr are the crystal reference frequency and period, respectively,

and f is the frequency offset. The term [2 sin(7fT; REF)]2 comes from first-order
AY shaping [Schreier05], at reference rate. If the DTC quantization error is set to
0.5 ps, then the in-band (500 kHz) phase noise at 3.6 GHz output (40 MHz reference)
appears at —148 dBc Hz™!. This value suggests that quantization noise can easily be
kept under the thermal noise floor in a DTC-based subsampling PLL.

Equation 2.1 assumes a uniform Gaussian quantization noise distribution. This
assumption does not strictly hold for a periodic saw-tooth input quantized by a first-
order AY and results in additional spurs. This is most pronounced for fractional
residue offsets that are in-band near the loop cut-off, where the DTC sees a fast
varying input without the benefit of PLL filtering. The quantization error of such
a signal has a significant amount of energy stored within spurious tones, typically
at harmonics of the fractional residue . f. Such tones, induced by “colored,” i.e.,
repetitive DTC quantization errors, can appear as fundamental (fractional) spurs in
the output spectrum.

Another modification to the basic system that helps to mitigate the problem
of limited DTC resolution is to use a MASH modulator [Schreier05] in the
beginning of the computation path (Fig.2.4). A MASH modulator provides better
randomization of the generated code, which helps in reducing spurious content.
Compared to a first-order A X, the generated codes have a larger range, which results
in a larger delay range of the DTC.? Looking at the randomization in time domain,
it is possible to note that by generating delays larger than one Tyco and sampling
one of the neighboring VCO zero-crossing to compensate for the same targeted
fractional residue, the sampling data becomes decolorized. This happens because
the VCO accumulates slightly different fractional residue at the new moment of
sampling, which means that the instantaneous quantization error produced by the
DTC becomes different, too. Another way of looking at this effect can be the
following: randomizing DTC codes provides an effect similar to dynamic element
matching, since, e.g., four DTC codes are used in MASH 1-1-1 mode to generate
the same effective sampling phase, their average timing is effective and the apparent
DTC (quantization) errors are randomized.

2A first-order AY generates modulation of only 1. This means that the DTC operates with delays
of up to a single VCO period. A popular MASH 1-1-1 modulator has an output range of 7, which
is reduced after some filtering in the phase accumulator.
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2.3.2 A DTC Versus a TDC in Fractional Frequency Synthesis

A DTC exploits time-domain signal processing rather than voltage-domain signal
processing which is a trend often seen in recent digital PLLs [StaszewskiO4] that
exploit time-to-digital conversion. Introduction of the digital PLLs did open up
new opportunities in the area of fractional frequency synthesis. A TDC is used in
these systems to measure the existing phase error and the error is digitally (area
efficient) filtered. A DCO is used instead of a VCO for phase-error control. Notably,
the quantization error of the TDC used for phase-error detection limits the spectral
purity of such PLLs [Borremans10, Temporiti10]. The minimum time-quantization
step of the TDC is typically related to the minimum gate delay defined by the
physical technology used. Even in advanced 28-nm CMOS it is approximately 10 ps,
which is enough to limit the PLL phase noise performance.

A DTC, on the other hand, can easily operate with a resolution on the order
of 100fs [Rul5, Markulic14] as presented in Sect.2.4.2, and as suggested in the
section above, which is fundamentally superior to a TDC in the same technology. In
general, the phase modulating capabilities of a DTC can be used for digital PLLs,
too, in the feedback path of the PLL [Marzinl12, Tascal 1], or in the reference path
[Pavlovicl1, Maruccil4]. In either case, the DTC is used to cancel the phase error
induced by the fractional-N residue. It enforces a near-to-zero phase-error regime
of the PD, which relaxes the PD design in terms of its range. Recent designs that
use a DTC-TDC combination for phase-error comparison exploit this DTC favoring
trade-off [Pavlovicl 1, Chillaral4, Zhuang12]. An extreme case of this are the 1-bit,
Bang-Bang TDC PLLs [Marzin14, Tascal 1], and MDLLs [Maruccil4, Maruccil5].

2.3.3 DTC Offset and Gain Error

If the DTC is placed in the path of the reference, any fixed delay (offset) it introduces
will propagate towards the output of the PLL. However, this offset is rarely an issue
and can be made small by proper design of the DTC.

DTC gain can be defined as the amount of delay in seconds per LSB code.
Because the DTC is analog in nature and susceptible to PVT variations, the absolute
gain will be unknown and varying with time and temperature. Gain error in the
delay steps will introduce incorrect (not near-zero) sampling and hence noise and
spurs in the spectrum of the PLL. It is critical to enable automatic background
calibration, which will track the gain variations and compensate in either analog
or digital domain.

An automatic DTC gain calibration (Fig.2.5) can be designed similarly to
the popular least-mean-square (LMS)-based mechanisms used in digital PLLs
[Tascall, Levantinol3]. Simply stated, the sign of the sampled voltage error needs
to be extracted and correlated with the change in direction of the DTC word. An
intuitive explanation of the process can be given by considering a situation where
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the modulator “tells” the DTC to sample later, but due to a DTC gain error the
samples are consecutively produced “early”—from this process, it is possible to
detect that the DTC gain is too low. After accumulation, the correction word can be
applied as a scaling factor to the computation path of Fig. 2.4. After the correction
loop converges, there is no penalty on phase noise. Figure 2.6 shows a simulation
result where a 10% gain error was applied to the DTC. This error introduces a large
ripple in the sampled voltage, which in turn results in large spurs at the output of the
PLL. After the DTC gain is corrected, the sampled voltage converges back to zero.

2.3.4 DTC Nonlinearity

Just as in any data converter, the DTC suffers from nonlinearity. This nonlinearity
will naturally increase noise and create spurious content at the output of the PLL.
For example, simulations show that a 0.5-ps/LSB DTC with a systematic INL of 1
LSB results with in-band spurs of approximately —47 dBc, when a multiplication
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factor of 250 is used from a 40-MHz reference. This value is purely indicative, since
the spur level depends also on the particular nonlinearity shape (i.e., order), delta-
sigma modulation order, range of the DTC used, etc. Many techniques for improving
linearity which are present for DACs are also applicable in the DTC design. For
example, careful layout of the tuning element is of highest priority. Advanced
nanometer-scale technologies offer a significant advantage in this regard, thanks to
the ever-improving lithography resolution. Matching improves with technology for
the same area of a capacitor array. Dynamic element matching (DEM) can be also
used to improve the linearity of the array [Chang14]. In addition, it is worth noticing
that the third-order MASH modulator, generating codes for the DTC, effectively
introduces averaging to the DTC nonlinearity, since there are multiple codes spaced
all along the range of the DTC that can be used to sample the same phase offset.

2.3.5 DTC Phase Noise

In this section, we propose a solution to enhance an integer-N subsampling PLL
by placing a phase modulator (DTC) in the path of the reference. Unfortunately,
the phase noise contribution of the DTC adds directly to the phase noise of the
reference. Ultimately, the in-band phase noise of the subsampling PLL is limited by
the phase noise of both the reference and the DTC, since both pass the system in the
same way. Therefore, great care must be taken to minimize the DTC’s contribution
to phase noise, otherwise the unique phase noise advantages of the subsampling
architecture will be lost. Here, scaling of CMOS technology is again on our side,
since transistors are getting faster with every node, reducing jitter and phase noise.

For example, simulations show that with a DTC that operates from a 40-MHz
reference with a —155-dBc/Hz noise floor, induces at 10 GHz® a PLL in-band noise
floor of approximately —107 dBc/Hz.

2.4 Circuit Implementation

The subsampling phase locked loop can only detect phase errors, which makes
it susceptible to false locking at any N. Therefore, a frequency-acquisition loop
is required in addition to the subsampling loop [Gao09b] (see Fig.2.7). A simple
conventional PLL easily fulfills this requirement. It can be disabled once frequency
has been acquired in order to save power. Another option is to put the loop in a low-
power mode (not available in this design). This increases robustness of the system
in nonstandalone environments.

3PLL multiplication factor N is 250 in this example, and phase noise is multiplied by N2 in transfer
to the output (in PLL band).
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Fig. 2.8 The subsampling PLL always locks into a state that guarantees zero output current, even
in the presence of offset and mismatch

Common to both, the frequency and phase acquisition loop are the low-pass
filter (LPF) and the VCO. For the purpose of demonstrating the concept of the
fractional- N subsampling PLL, we opt for the simplest LPF design—a passive third-
order lead-lag filter. Such a simple filter can cause increase in reference spurs and is
often avoided in classical charge-pump-based PLLs. Spurious content can increase
because the varying level of tuning voltage can introduce mismatches between the
currents of the charge pump. In this design, however, any offset in currents of the
Gy is compensated by a slight modification of the locking point (Fig. 2.8). A locked
condition always means zero output current of the Gy. If changes to the output level
cause an input referred offset of the Gy, the PLL will adapt its locking phase to
compensate for this offset. Tunable resistance in the LPF has been implemented to
be able to change the bandwidth of the PLL.
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2.4.1 Implementation of the Subsampling Loop

The subsampling loop consists of a VCO buffer, a sampler, and a Gy. Additionally,
the DTC provides the required phase modulation. Figure 2.9 shows the circuits
along the subsampling path.

A VCO buffer is inserted in order to reduce the kickback effect from the sampler
to the VCO [Gao10] and to interface the signal levels between the blocks. In this test
chip, to accommodate for changing phase noise requirements of a software-defined
radio, we have implemented a low-noise VCO that can be operated from a variable
supply as high as 1.8 V. Therefore, the input buffer needs to convert the level
between the high-voltage VCO domain (max. 1.8 V) and the core domain (0.9 V).
Additionally, the signal processed by the buffer needs to remain roughly sinusoidal
in shape, so that the detection gain (and hence loop gain) can be controlled. The
buffer is implemented with a tunable capacitive attenuator and a source follower
pair (see Fig.2.9). The tunable attenuator is built with metal-oxide-metal (MOM)
capacitors and provides additional tuning of loop gain. The buffer is also the largest
contributor to power consumption in this loop, as it needs to process a GHz-range
signal.

The sampler is built around an NMOS switch and a small MOM capacitor. In
total, taking into account the input capacitance of the Gy, the sampling capacitance
is 20 fF. Thermal KCT noise can be neglected because it is already suppressed by the
large detection gain. The implemented sampler uses an auxiliary sampler operating
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SF buffer LPF

Delay code DTC
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T aux sampler
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sampler

from other half circuit
(SF buffer + sampler)

Fig. 2.9 Simplified schematic of the subsampling loop
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in inverted phase to the primary sampler in order to reduce load variability of
the VCO.

Since the implemented VCO can operate from the IO voltage, the tuning voltage
also has a range larger than the core voltage. Therefore, the output stage of the
GMm needs to provide translation from the low-voltage domain of the sampler to the
high-voltage domain of the LPF and the VCO. This translation is done in current
domain between the first and the second stage of the Gy (Fig. 2.10). The first stage
is a simple differential pair providing the necessary transconductance, whereas the
second stage implements a charge pump-like output. Identically to [Gao09b], the
detection gain is so large that duty-cycling is required in the output stage of the Gy.
Pulsing is done with a simple digital pulse generator that opens the output switches
of the Gy1. Importantly, variations in the pulse width merely change the loop gain.
A solution to varying loop gain and loop bandwidth would be to implement a loop
bandwidth tracking. The solution of [Marzin14] could be attractive here, since it
uses the same error signal as the DTC gain compensation.

An important part of the system is the background correction of DTC gain.
As said earlier, the error signal from within the PLL is present in the sign of the
sampled voltage. However, this is true only if no mismatches are present in the
system. If there are any mismatches in the phase detection circuitry (VCO buffers,
samplers, and Gyp), the PLL will adjust the locking phase (and sampled voltage) so
that the output current of the Gy is zeroed (Fig. 2.8). Therefore, the gain correction
mechanism requires detection of the sign of output current. This is why the output
stage of the Gy is realized using cascodes. The slightest imbalance of current in the
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output branch results in a large swing of voltage at the output node. Using a simple
clocked comparator to detect the sign of this swing in relation to vtune voltage is
sufficient to obtain information about the sign of the output current.

2.4.2 Implementation of the Digital-to-Time Converter

A real DTC [Markulic14] limits the performance of a fractional-N SSPLL in several
ways, as discussed in Sect. 2.2.3. Any deviation of the actual sampling moment w.r.t.
the ideal one introduces noise in the system. Obviously, the first limit is the DTC
resolution. The linearity of an implemented DTC is equally important as INL and
DNL in the DTC transfer function lead to an increased, code-dependent quantization
error. The DTC is in fact part of the PLL’s phase-error comparison path, where any
nonlinearity induces potential noise folding and spurs. Furthermore, the DTC phase
noise sets the in-band phase noise of the FNSSPLL: since the DTC is at the input of
the system, its phase noise is multiplied by N2 when transferred to the PLL output,
where N is the PLL multiplication number (here: 48 dB as N = 250).

Another key performance metric in the design is noise in the supply. Care must
be taken that any noise (coming from, e.g., digital switching in the PLL) does not
modulate delay generated by DTC. Since the DTC is implemented as a digital
delay line, as discussed here (an inverter with a tunable load), any supply noise
becomes potentially part of the delay signal. This holds in the other direction as
well, i.e., it is equally important that the DTC itself does not disturb the power
supply (there should be no code-dependent power consumption) to avoid influence
on the sensitive analog subsampling path.

We target in this design a 10-bit DTC, that is based on linear RC settling that
accurately determines a 0.55-ps delay step. The designed DTC does not limit the
FNSSPLL in-band phase noise performance because of its low phase noise floor
and suppression of the 1/f noise component. To increase power supply immunity,
high driving strength buffers are put on a regulated supply. Thanks to the high DTC
performance at low power, as presented in the following sections, the in-band phase
noise of the PLL challenges recent DPLLs that typically invest a lot power in the
TDC design for the same goal.

2.4.2.1 Delay Control Block

The architectural overview of the DTC is given in Fig.2.11 [Markulic14]. The
crystal oscillator signal is brought to the REF node, where it is transformed into a
fast rise/fall time square wave signal by input buffers. The DTC output is at the node
sampling clock, where the falling edge controls the sampler’s hold state, providing
phase-error information used in the loop correction mechanism. Note that the rising
DTC output edge need not to be “noise free” since it generates no information in
phase comparison.



2.4  Circuit Implementation
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Fig. 2.12 (left) Basic delay block; (right) delay block in the proposed DTC

The input buffers drive the delay control block which could be realized as an
inverter with controllable load (see Fig.2.12—on the left). The output node (Vx)
transition speed is dependent on the load capacitance and the inverter strength
(ignoring parasitics and assuming a steep input slope). Transitions are ideally
noiseless, i.e., always equal for a given code. We concentrate on the relevant
high-to-low (HTL) output (VX) transition. According to the theory presented in
[Levantino04], white and flicker phase noise at such a delay element output are
proportional to:

kTC kT t4el
Lyhire ¢ 101og ( four L) « 10log ( fout oW ) : (2.2)
Liis Lais
C? 2K 2K
c 101 101 23
flicker X og (fout Id215 WLf) x og (foutfdelay WLf) (2.3)
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where Igis is the discharging current set by the inverter driving strength, fou is the
signal frequency, K is a technology constant, W and L are the transistor width, and
length and f is the frequency offset from the reference. tgelay, the targeted delay, is
proportional to chi

The white noise contribution at the highest delay can be suppressed below,
e.g., —160dBc/Hz by increasing the discharging current. To keep the same delay
step, the load is increased accordingly, and hence the dynamic power consumption
Cy VZZ)D Sfout increases.

From Eq. (2.3), it is visible that the flicker noise contribution grows quadratically
with frequency. Furthermore, the 1/f corner is pushed to high frequencies in newer
technologies (such as 28-nm CMOS). The phase noise profile of a delay element
as depicted left in Fig.2.12 is, therefore, limited by the flicker noise (at offsets
corresponding to the PLL loop bandwidth). One can try to suppress the flicker
contribution by (heavily) over-sizing the inverter both in length and width. This
increases load for the input buffers, which then need to have a higher driving
strength to preserve fast switching and low phase noise. That leads to a larger
supply ripple generated by the buffers and hence larger modulation of the VGS
of the discharging nMOS. This in turn leads to linearity degradation.

To reduce this effect, we introduce a resistor above the NMOS which now acts as
a switch, as depicted on the right in Fig.2.12. The exponential discharging is thus
determined by the corresponding RC time constant. The delay is, however, a linear
function of capacitance. A resistor sets the discharging slope and hence contributes
to the output phase noise; however, it generates no 1/f noise. The nMOS transistor
can have minimal length and operate merely as a switch, immediately after the
relevant transition. The switch resistance is an order of magnitude lower compared
to the discharging resistor, hence it has marginal influence, white and 1/f noise
wise, on the discharging slope. Since the load is now smaller, the input buffers can
be reduced in size, too. Furthermore, the supply ripple only modulates the nMOS
switch resistance (small compared to the main resistor) which does not significantly
affect the delay. Following the same phase noise analysis for this improved delay
element leads to:

kTC R? kT Tgelay R
Lyhite o< 101og ( fout© ) ) o 101og ( fou 5 ) : (2.4)
VDD VDD

where R is the resistor value and Vpp is the supply voltage of the delay element and
Jout 1s the signal frequency. Based on (2.4) and the targeted minimal delay step of
0.55 ps (10-bit DTC), we size the R = 180 €2 and unit C = 3 {F to lower the noise of
this stage to —160 dBc/Hz for maximal delay, leaving margin for noise contributions
from other blocks.

To further improve the robustness against generation of supply ripples, a
complementary delay element similar to the one described is added. This twin
circuit is driven by the same input buffer and fed with codes complementary to the
main delay element as shown in Fig. 2.11. In this way, we equalize the amount of
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charge pulled from the supply in every transition, avoiding any kind of dependence
between code and supply ripple. Furthermore, during the pre-charging transition
of the delay element the main and the complementary branch are connected via a
pMOS switch. This helps equalizing the voltage levels at Vx before the relevant
HTL transition.

To suppress mismatch-based errors for the chosen unit size, the capacitor array
employs 545 bit segmentation. For cancellation of processing gradient-based errors,
we implement a common-centroid scheme. For a compact layout, we further exploit
the arrays property of a shared top plate. The bottom plate is devised in three
levels of metal fingers completely surrounded by the top plate. The inner fingers are
interconnected with the minimal size nMOS switch only on the metal level below.

2.4.2.2 Comparator and Output Buffer

After the delay control block, we employ a simple CMOS inverter as a comparator
to restore steep slopes ensuring low phase noise. Ideally, the comparator instan-
taneously toggles after its input signal reaches the threshold level. This toggling
moment is unfortunately dependent on the input slope shape [Auvergne00] which
degrades the linearity of a high dynamic range DTC as described next.

Namely, as the input slope of the comparator becomes flatter, the comparator
experiences short-circuiting operation range before the PMOS starts taking over as
the only conducting transistor in the low-to-high output transition (see Fig.2.13a).
Consequentially, the comparator output gets parasitically pre-charged before its
input crosses the threshold level. The effect is ever more pronounced for higher
DTC input codes, i.e., for slower transitions at the comparator input. Notably, the
time needed for the comparator output to reach threshold of the following stage
(with respect to the input threshold crossing event) becomes nonlinearly shorter with
DTC input code increase. The resulting transfer curve nonlinearity then typically has
a shape depicted in Fig. 2.13b.

Another important parasitic effect is that the switching of the comparator
produces supply ripples that appear at delay (code)-dependent instants. Injection of
this code-dependent ripple in the signal path, or parasitic coupling towards the rest
of PLL, can degrade the spectral purity of the overall system. Both of the problems,
the nonlinear DTC transfer curve and the code-dependent power consumption, are
addressed through introduction of the regulated supply in the system.

2.4.2.3 Regulated Supply

To protect the overall supply, the tunable regulated supply shown in Fig. 2.14 is used
for the comparator and the first inverter in the chain. The regulated supply consists
of a constant current source biasing a diode-connected transistor. A capacitor of 4 pF
is used for additional decoupling of the regulated supply node. The regulated supply
is set at 720 mV to ensure saturation of the current source while VDD is 0.9 V.
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At the moment of toggling, charge is instantaneously pulled from the capacitor,
and not from VDD. The dip in the regulated supply node is suppressed by the gain
of the current source before reaching the top supply. The constant current restores
the regulated voltage level. The restoration speed is set by the time constant defined
by the diode transistor transconductance and the decoupling capacitance size. The
dynamic charge flow is in this way kept within the structure itself.
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The regulated supply can partially compensate the DTC’s code vs. delay
transfer function corrupted by the comparator’s input slope dependency. Since the
comparator’s short-circuiting duration frame becomes larger with higher codes,
the instantaneous drop of regulated voltage at the node REG increases, too (see
Fig.2.14). The regulated supply restores this drop, as mentioned above, with a time
constant defined by the capacitor and the diode-connected NMOS. The comparator
exits the short-circuiting region before the regulated supply voltage fully restores.
This means that the PMOS operates as a current source (when the NMOS is off)
with a code-dependent overdrive voltage. The overdrive is lower for the higher
input codes (that induce a larger REG dip—as seen in Fig. 2.14). This in turn slows
the output transitions down for higher input codes—which opposes the nonlinear
behavior induced by the parasitic output pre-charging (see the subsection above).
By careful regulated supply—comparator codesign, the INL error of the DTC can be
kept within few LSBs. The regulated supply is fully tunable and can be switched
off by shorting the regulated node to VDD so that its influence can be verified in
measurements.

2.4.3 Implementation of the VCO

The VCO used in this PLL is the class-B structure of Fig.2.15 taken over from
[Hershbergl4]. A digital varactor utilizing ultra-low V7 thin oxide transistors
provides 6-bit digital coarse frequency tuning, and an analog thick-gate oxide
varactor provides fine tuning. The cross-coupled —g,, transistors, Mc, see the full
VCO swing and are implemented as thick oxide devices. A digitally tunable tail
resistor can be used to trade power consumption for phase noise performance.

Fig. 2.15 Class-B VCO Vooa
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Fig. 2.16 Proposed and
conventional switched
capacitor structures. The
proposed cell (a) is used to
implement the digital varactor
of the VCO. (a) Proposed
switched capacitor cell. (b)
Conventional cell of
[Sjoland02]

The digital varactor unit cell with “bottom-pinning bias technique” used in this
VCO is illustrated in Fig.2.16a. Compared to the widely used conventional cell
of [Sjoland02], shown in Fig. 2.16b, the proposed structure has a number of advan-
tages, particularly in the context of nanoscale CMOS technology[Hershberg14].

In the on-state (EN = 1), the proposed switched capacitor cell operates very
similarly to the conventional cell: the switch Mgy differentially shorts nodes V4
and Vp together and the linear (MOM) capacitors Cy add to the overall tank
capacitance of the VCO. However, in the off-state, the Mpyy transistors provide
a “bottom-pinning” functionality, setting the DC bias levels of the cell such that
voltage stress on the devices can be minimized [Hershbergl4]. Additionally, this
structure naturally produces the highest off-state Q possible, since all leakage is
dynamically compensated by the pinning transistors. The proposed cell also benefits
from its compact, NMOS-only implementation. As seen in the simplified cell layout
of Fig.2.15, it can be realized as a single composite NMOS block placed between
the two unit capacitors. By comparison, the conventional cell uses both PMOS and
NMOS transistors and a polysilicon resistor, which cannot be abutted. In this design,
there are 15 thermometrically switched capacitor cells, together with a half and a
quarter cell.
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Fig. 2.17 Architecture of the frequency-acquisition loop
2.4.4 Implementation of the Frequency-Acquisition Loop

The frequency-acquisition loop (Fig.2.17) has been implemented with a chain of
divide-by-2/3 circuits [Vaucher00], a traditional 3-state PFD, enhanced with a large
deadzone following [Gao09b] and a very simple charge pump. The first stage
of the divider is made with CML logic [Szortykal4], since the VCO frequency
can reach >12 GHz, but the following stages of the divider are standard CMOS
gates. The divider itself is driven by the same MASH A modulator used in the
digital block of the subsampling path (see Fig.2.3). The charge pump does not
require any mismatch correction, since during frequency acquisition its phase noise
performance is irrelevant. Once the frequency acquisition is complete, the loop
automatically becomes inactive thanks to the increased dead zone in the PFD and
can be completely shut down, saving power.

In general, the loop components for both the phase- and the frequency-
acquisition loop can be made very simple and do not require neither good precision,
nor good matching, nor low noise. This makes the system suitable for deeply scaled
technologies where analog performance is low and also for very-high-frequency
applications, where accuracy may be a problem.

2.5 Experimental Results

Prototype chip of the fractional-N subsampling PLL. was manufactured in 1P9M
28-nm bulk digital CMOS technology and occupies an area of 1 mm? (Fig.2.18).
The active area of the PLL is obviously smaller, dominated by the low-noise VCO
which occupies 500 x 250 wm. The chip is powered by 0.9V and 1.8V supplies.
The 1.8 V supply is used for the IO interface, the charge pump, and the Gy stage.
The VCO is designed to work with a low-dropout regulator (LDO) operating at
1.8 V. This LDO, however, is not present on chip and for the results shown below
the VCO runs from an unregulated 0.9-V supply. Power consumption (excluding the
50-ohm output drivers and powering down the PFD-based loop) is 13 mW, where
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the DTC and Gy consume 0.5 mW and 0.6 mW, respectively, the VCO 8 mW, the
source-follower VCO buffer 1 mW, and the digital controller 2.5 mW. The digital
controller was neither optimized for power nor for area and includes additional
testing circuitry that cannot be clock-gated.* The VCO frequency tuning spans from
9.2 GHz to 12.7 GHz [Hershberg14] with sensitivity to analog voltage that reaches
200 MHz/V around 10 GHz (Fig. 2.19). The out-of-band phase noise can be lowered
by 2dB at the cost of additional 10 mW [Hershberg14] if the VCO is running at
1.4V (Fig.2.20).

Oscilloscope measurements of the DTC show INL and DNL of less than 1.5 LSB
and 0.8 LSB, respectively (Fig.2.21). The nominal time resolution is 550 fs, which
was confirmed via output of the DTC gain estimation algorithm.

4For instance, the digital controller features a full lookup table of the DTC, which is built with
10k flip-flops. The LUT was programmed with a perfectly linear mapping. It was, therefore, not
necessary.
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2.5.1 Measured Phase Noise Performance

Phase noise was measured using an Agilent ES052B signal analyzer with an external
7-GHz downconverter. A sample phase noise result around a carrier frequency of
10 GHz showing the fractional-N spectrum with the worst-case spur (880kHz)
is shown in Fig.2.22. For comparison, the integer-N phase noise is visible as a
memory trace, showing little degradation in the fractional-N mode. The in-band
(200 kHz) phase noise reaches —104 dBc/Hz in the fractional-N mode. If bandwidth
of the PLL is extended beyond optimum of RMS jitter, the in-band phase noise
level can drop to —108 dBc/Hz. The noise at low offset frequencies is a . noise of
the reference chain and the DTC. Also, the regulated supply of the DTCf is adding
some filtered L noise.

The integrated phase noise in fractional-N mode spans between —40dBc and
—38 dBc depending on the fractional number. In integer-N mode, it reaches —41 dBc.
Phase noise integration was done from 10 kHz to 60 MHz and includes all spurs. No
compensation or correction was applied to the system, apart from the online DTC
gain correction. The PLL is working in a MASH 1-1-1 mode. Jitter was extracted
from the integrated phase noise and is shown versus fractional codes in Fig.2.23.
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Fig. 2.22 Measured phase noise for a worst-case fractional-N scenario. For reference, the integer-
N phase noise trace is shown as well



2.5 Experimental Results 47

290

T
280 ° y
270 R M%) ,
260 -% ® .
250} Q@ (5;5%
240 @
230 g
22(2)-12 2-11 2-10 2-9 2-8 2-7 2-6 2-5 2-4 2-3 2-2 2-1

RMS Jitter (fsec)

Fractional part of the multiplier

—65 I I
10kHz 100kHz 1MHz 10MHz

Spur frequency offset

230 ‘
225} [¢) @
220} ® [o)e} R
215 e
210 ° g
2051 ¢ e o ]
200 - o E

195 L L L L L L L
9.0 9.5 10.0 10.5 11.0 11.5 12.0 12.5 13.0

Carrier frequency (GHz)

Fractional spur level (dBc)

RMS Jitter (fsec)
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With out-of-band fractional multiplication, the RMS jitter reaches 230fs. When
working in integer-N mode, the synthesizer achieves RMS jitter of only 204 fs.
Integer-N RMS jitter is reported against VCO tuning range in Fig.2.23. Settling
time (with a fractional step of 20 MHz) is below 2 us. Locking time from a free-
running VCO (with preselected band) is below 12 ps. No automatic band selection
mechanism is present on chip. Once in subsampling phase lock, the PLL keeps its
stable operating point (hold in range) with slow variations of the output frequency in
the approximate range of 40 MHz (determined with the KVCO). Since the locking
process of this PLL had not been investigated, we lack additional investigations on
the lock-in and pull-in range. The PLL successfully locks for any starting point with
<40-MHz difference to the targeted frequency.

Spurious response was measured using a Rohde & Schwartz FSQ26 spectrum
analyzer and is shown in Fig.2.24. The worst-case in-band fractional spur is
—43 dBc. The reference spur is —60 dBc. The low measured integer-N spur proves
that the relatively large sensitivity of the varactor (200 MHz/V) did not lead to any
unexpected spectrum degradation.
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Fig. 2.25 Measured effect of DTC gain mismatch. 1% error in gain was intentionally applied

Figure 2.25 shows the effect of enabling the DTC gain correction mechanism.
Without correction, phase noise is simply not acceptable. If 1% error is intentionally
introduced to the optimal DTC gain, large spurs can be observed. Finally, optimal
performance is obtained if the background calibration is tracking the DTC gain.

Figure 2.26 shows the effect of the MASH modulator. Higher DSM order is
preferable; however, it increases the required range of the DTC.
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2.5.2 Remaining Fractional Spur

The integrated jitter is degraded when a fractional spur appears in-band. This spur is
directly proportional to the multiplication factor: fspuroffset = fref - (N — floor(N)).
We believe that one of the reasons for a large in-band spur is the nonregulated supply
of the VCO. The VCO is designed to be operated together with an LDO, which is
not present on this chip. The sensitivity to the supply of the VCO is in fact higher
than sensitivity to the tuning voltage. In high-power mode of the oscillator (1.4 V),
the supply sensitivity is reduced and the fractional spur drops at approximately
—49dB.

The second contributor to the fractional spur is the DTC nonlinearity as depicted
in Fig.2.21 and discussed in Sect.2.5.3. Similarly to a nonlinear charge pump in
classical analog PLLs, the DTC represents bottleneck for linearity in the phase-
error detection path of a subsampling PLL. Introducing the nonlinear curve from
Fig.2.21 in the modeled subsampling PLL environment results in simulated spur
levels that fit to the measurements.

2.5.3 DTC-Related Measurements

The effective DTC area is 0.04 mm? (Fig.2.27) and it operates at 0.9V supply,
consuming up to 0.580mA. There is a dedicated path to measure the DTC as a
standalone circuit. Measurements of the DTC transfer curve proved to be rather
challenging since the DTC resolution (LSB = 550fs) is below the resolution
of available oscilloscopes. In order to correlate measurements of the same static
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Fig. 2.27 Micrograph of the
DTC

transfer curve, a high number of averages had to be taken. A transfer curve has been
extracted from 70 different measurements by Agilent oscilloscope 86100D/86112A.
The averaged measured INL and DNL are represented in Fig. 2.21. Measurements
of the DTC transfer curve have been made using high-speed oscilloscope and a large
number of averages. The minimal propagation time of the signal through the DTC
is 560 ps, and the maximal delay is 1.11 ns. The DTC delay range covers 5 VCO
periods at 9.2 GHz.

DTC performance characterization in terms of phase noise, supply rejection,
and linearity is further investigated throughout measurements of the PLL spectrum
profile. VCO operates in a low-noise mode on a separate 1.4-V supply. This allows
investigating the limitations of the system mainly set by the DTC. As indicated
above, the in-band phase noise of a fractional-N subsampling PLL is dominated by
the DTC noise. It is multiplied by N? when transferred to the PLL output. Measured
PLL output phase noise profiles for different settings of the DTC are depicted in
Fig.2.28. We give direct measurements of the DTC phase noise, too. These show a
1/f component that overdominates the white noise. This is because only the falling
edge was optimized for phase noise, and hence, the PLL in-band is not limited by the
DTC 1/f corner. The white noise floor of the DTC is at —156 dBc/Hz for minimal,
and —154 dBc/Hz for maximal delay, directly setting the PLL in-band performance.
While the PLL is driven in integer-N mode, the DTC is transparent, i.e., driven by
a constant code. The in-band phase noise is, of course, best for minimal delay. The
in-band phase noise level at 300 kHz in integer- N operation (when N is 250 and the
PLL output at 10 GHz) is —106 dBc/Hz. For a forced maximal DTC delay, the PLL
in-band phase noise increases with 2 dB.

When operating in fractional-N mode, the PLL in-band phase noise does not
significantly degrade and is around —105 dBc/Hz. However, some spurious content
appears (mainly limited by the DTC now, since the VCO operates on the higher
supply). The overall system performance in terms of spurious content and total
RMS jitter (10k—30M) is summarized in Fig. 2.29. The figure shows how the system
behaves for every synthesized fractional frequency between 10 and 10.0035 GHz
with a step of 15.26kHz. Above that, fractional spurs are outside of the PLL
bandwidth and are negligible. The plots show the worst fractional spur level,
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Fig. 2.29 Measured PLL performance with DTC regulation ON (black dot) and OFF (open circle).
(a) Worst fractional spur. (b) RMS jitter. (¢) In-band phase noise

integrated RMS jitter and in-band phase noise level, respectively, with the regulated
supply enabled and disabled. With supply regulation disabled, the worst fractional
spur is at —43 dBc, the worst integrated RMS jitter is at 303 fs, and the in-band phase
noise is —105.5dBc. Enabling supply regulation gives —49-dBc worst fractional
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Fig. 2.30 Figure-of-merit comparison of recent fractional-N synthesizers

spur, 270-fs worst integrated jitter, and —105-dBc/Hz in-band phase noise level.
Clearly, the measurements show that the system benefits from the supply regulation,
and that a supply ripple influences the overall system performance.

2.5.4 Performance Summary and Comparison to the State
of the Art

Generally applied figure-of-merit [Gao09a] of PLL synthesizers is defined as

RMS jitter 2 /Power
FoM = 10 - log Is W imw

Table 2.1 and Fig. 2.30 show the summary of performance and FoM comparison for
a few recent low-jitter fractional-N synthesizers. Figure-of-merit of the presented
fractional- N subsampling PLL reaches —241.5 dB with out-of-band worst-case spur
or —240 dB with the spur in-band. Excellent FoM is achieved thanks to the very low
phase noise, but also thanks to the simplicity of the subsampling loop which can
be designed low power. Compared to [Changl4], which is also a DTC-enhanced
subsampling PLL, in-band phase noise (after scaling to 10 GHz) is close to 6 dB
lower, which may be a benefit of working with a 28-nm technology. On the
other hand, nanometer-scale technologies suffer from large } noise, which in our

(2.5)
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case, dominates noise profile of the DTC. Our FoM is only slightly better than
[Levantino13], though achieved for almost three times larger N and with a three
times larger bandwidth. The design is on-par with the lowest-jitter digital PLL in
[Yaoll], though consuming only a third of its power and not using a reference
doubler.

2.6 Conclusion

In this chapter, we have proposed a methodology of enhancing the low phase
noise subsampling PLL to work with fractional-N multiplication factors. This
methodology introduces a digital-to-time converter in the path of the reference
clock, assisted by a simple digital controller. Open-loop modulation of the DTC
is possible thanks to the fact that the quantization error introduced by the integer-N
PLL is known a priori. We propose an effective online calibration mechanism to
adjust the modulation to the PVT variations of the DTC. Moreover, we propose a
number of techniques to improve spurious performance of the system limited by the
resolution of the DTC.

A fractional- N subsampling PLL prototype reaches 280 fs of RMS jitter in worst-
case fractional spur scenario and 204 fs in integer- N mode while consuming 13 mW.
The synthesizer has a tuning range from 9.2GHz to 12.7 GHz. Compared to the
state-of-the-art synthesizers (see Table 2.1), it can be seen that this work falls within
lowest phase noise analog fractional-N synthesizer to date. The in-band phase noise
level of —104 dBc/Hz challenges state of art of all fractional-N synthesizers.

The following two chapters take this basic fractional-N subsampling PLL and
develop it in two directions: (1) We recognize that the loop can still be optimized
for performance gap minimization between integer-N and fractional-N operation.
As shown in Chap. 3, this can be achieved by digital linearization of the phase
comparison path. (2) In the second step (Chap.4), we perform loop digitization.
The FNSSPLL is in its basic form a digitally intensive PLL with an analog loop
core (loop filter). With a digital loop, we could still achieve additional area savings;
however, this should not come at a compromise in performance.
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Chapter 3 )
A Background-Calibrated Subsampling Shethie
PLL for Phase/Frequency Modulation

3.1 Introduction

The PLL presented so far (Chap. 2) describes a divider-less loop, based on a
high-gain subsampling phase-error detection core that can enable low phase noise
(low-jitter) operation in integer-N and in fractional-N modes. The two modes,
however, still operate with a substantial performance gap between them. This
chapter proposes ways of closing this gap. The goal is to maintain the same levels
of spectral purity as in integer-N mode by ensuring low fractional quantization-
error residue and highly linear phase-error detection through error randomization
and background calibration.

Furthermore, the chapter presents ways of implementing an FNSSPLL-based
phase modulator. Wide-band phase modulation is achieved despite the fact that
a PLL operates with limited bandwidth. Thanks to the devised background cal-
ibration, the system provides extremely high accuracy of the modulated signal
(expressed in terms of error-vector magnitude or EVM), overcoming typical
limitations normally imposed by the PLL phase noise, mismatch, and nonlinearity
in the digital-to-modulated phase conversion. The described environment can, as
such, be used as basis for the phase-modulating path of a polar transmitter that can
potentially enable higher-order modulation schemes which maximize the spectral
efficiency, achieving high bit/s/Hz values.

The chapter is based on material from [Markulic16a, Markulic16b].

3.1.1 PLL-Based Phase Modulation

A typical phase modulator for a polar TX is based on a fractional-N PLL with a
bandwidth carefully selected for optimal filtering of phase noise from the oscillator
and reference, including in-loop and quantization noise. The basic concept of AX
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division factor dithering for fractional synthesis [Riley93] can easily be extended to
achieve phase modulation. Modulation through the single injection point is limited
by the PLL low-pass filtering. For wideband modulation, the loop bandwidth can
obviously be increased. This however comes at the price of suboptimal phase noise
filtering. The problem of limited modulation bandwidth can be to some extend
prevailed by accurately matched data predistortion [PamartiO4, Perrott97] (see
Fig.3.1). The digital predistortion filter needs thus to accurately model inverse of
the PLL filtering profile. This can be rather challenging in analog environments that
are unfortunately rather susceptible to environmental changes, i.e., PVT variations.
Moreover, for higher modulation bandwidths (i.e., data rates much larger than
the loop bandwidth), strong data predistortion is necessary at high frequencies.
This easily induces clipping in the phase-error comparison path (PD) that leads to
nonlinear PLL behavior and consequential performance degradation.

A much more convenient wideband modulation technique is two-point injection,
depicted in Fig.3.2, adopted by, e.g., [DiirdodtO1], for analog PLLs. The basic
principle is to inject the modulation signal simultaneously in front of the VCO
(point-two) and in the reference path, through a programmable divider (point-one).
The VCO frequency instantaneously changes with respect to the modulation signal.
At the same time, the divider changes its division factor to compensate for the
frequency shift, matching the divided output to the input phase/frequency. In case
of an accurate match between the two injection points, there is an overall all-pass of
the data to the PLL output. The phase-error detector and therefore the loop sense no
disturbance due to the modulation.

Two-point injection can be analyzed in frequency domain. Injection point-two
has a high-pass profile to the PLL output, while point-one implements a low-pass.
There is an all-pass transmission of the modulation data to the PLL output if the
bandwidths of the two profiles match.
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—_ ]

\% ARt
pp |STOr LF ©

Fdiv = Fref Programmable
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N.frac —(+

Modulation 1

Data PLLp

Digital Predistortion

Fig. 3.1 Basic principle of single-point phase/frequency modulation with data predistortion.
PLLtF stands for the PLL phase signal transfer function from the input to the output. Note that
modulation data propagates through the whole loop
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Fig. 3.2 Basic principle of two-point phase/frequency modulation. Note that the modulation data
propagates from the point-two to the output, but does not propagate through the loop (cancellation
in point-one)

Digital PLLs [StaszewskiO4] that exploit time-to-digital conversion rather
than voltage-domain phase-error processing during frequency synthesis opened
up new opportunities in PLL-based phase modulation [StaszewskiO4, Boosl1,
Mehtal0, Marzin12]. A digital PLL offers good control over the mostly digital loop
[Marzin14], and hence it becomes easier to match the modulation injection paths
[Marzin12]. Unfortunately, as discussed in Sect. 2.3.2, the quantization error of
the TDC used for phase-error detection in digital PLLs typically limits the spectral
purity of the phase modulator.

3.1.2 A DTC-Based Fractional-N Subsampling PLL for Phase
Modulation

For extremely low noise performance, a phase modulator could use a DTC-based
fractional-N subsampling PLL as proposed in [Raczkowskil5, Markulic14] and
presented in previous chapter. A DTC indeed offers low time quantization excess
(see Sect. 2.3.2), while the subsampling phase-error detection core maintains very
high phase-error detection gain. This gain suppresses all the in-loop phase noise
generators. Since wide PLL bandwidths can be used for VCO phase noise filtering,
the loop reaches an optimum in which the output spectral purity is mainly limited
by reference noise.
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Fig. 3.3 Basic principle of two-point phase/frequency modulation in a DTC-based PLL. The
modulation data propagates from the point-two to the output, but does disturb the loop (cancellation
in point-one)

To enable two-point modulation with a fractional-N subsampling PLL, based on
a DTC (Fig. 3.3), the problem of injection path matching must be addressed, as well
as the challenge of injection point nonlinearity neutralization, both in an analog
environment [Markulic16a].

In the following sections, we present a two-point phase modulator in 28-
nm CMOS which uses an analog fractional-N, DTC-based subsampling PLL
(FNSSPLL). In Sect. 3.2, we start with a quick overview of the FNSSPLL and
introduce digital DTC nonlinearity randomization and self-calibration enhance-
ments. Section 3.3 presents the two-point phase modulation capabilities of the
FNSSPLL, where the modulation inaccuracies are continuously calibrated in the
background. Finally, Sect. 3.4 reports system measurements, followed by conclu-
sions in Sect. 3.5.

3.2 A Self-Calibrated DTC-Based FNSSPLL

3.2.1 Basic Operation of the FNSSPLL

Figure 3.4a depicts a simplified schematic of an FNSSPLL, as described in Chap. 2.
For convenience, we briefly summarize the operation of the loop here. The high-
frequency VCO output sinewave is directly subsampled at the reference rate in this
loop, near the zero-crossing. The Gm produces a current linearly proportional to
the sampled voltage which represents the phase difference between reference and
VCO phases. That current is steered to the low-pass filter during a fixed signal-
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independent pulse width time window [Gao09b], and results in appropriate VCO
control adjustment. A frequency acquisition loop (Chap. 2) is implemented for
initial frequency lock (not shown in the figure for simplicity). The DTC with ps
accuracy serves for fractional residue compensation during fractional-N synthesis. It
forces near-to-zero voltage sampling by dynamically adjusting the delay, i.e., phase
of the reference signal (Fig. 3.4b), such that the PD gain remains determined by the
linear part of the sinewave (near the zero-crossing). The DTC requires low phase
and quantization noise since its noise is multiplied by N in the transfer to the PLL
output [Markulic14]. Moreover, any kind of nonlinearity in the phase comparison
path (nonlinear DTC) induces noise folding and fractional spurs [Levantino14].

+— 10.1-12.4
GHz

Hﬁ]—rlh Carrier

/ Nth VCO period

| Zero-Crossing
| sampling edge
I

Atby DTC
(b)

Fig. 3.4 A DTC-based fractional-N subsampling PLL. (a) Simplified schematic. (b) Time-domain
operation
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3.2.2 The Random-Jump for DTC Quantization Noise
Randomization

The DTC input code calculation chain is depicted in Fig. 3.5a. This digital compen-
sation ensures that subsampling events still occur near a zero-crossing, even for a
noninteger PLL multiplication number N.f. The fractional part of the multiplication
number is accumulated and creates a periodic saw-tooth signal Acc. After appropri-
ate scaling, the required value DTC_code_frac is truncated to map on the available
discrete codes of the DTC. This truncation is typically performed by a AX stage
which shapes the quantization noise.

In this design, we propose a DTC delay calculation method which removes
the colored noise distribution from the DTC quantization error. A pseudo-random
integer is added to the original Acc value (Fig.3.5a) to enforce the DTC to

To DTC
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Fig. 3.5 (a) DTC input code calculation path in the fractional-N subsampling PLL with pseudo-
random bit sequence (PRBS) generated random integer number (Random-Jump); (b) DTC input
with and without Random-Jump calculation path in the time domain. (¢) Generation of fractional
spurs because of DTC INL
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sample random neighboring VCO zero-crossings. The subsampling operation is not
altered since phase lock does not discriminate between adjacent integer-N periods
[Raczkowskil5], and the phase information captured by the subsampler is nearly
identical in either case. However, by dithering the exact VCO period with which
to subsample, different DTC input codes that induce different quantization errors
can now be used for the same fractional residue. A direct consequence of this
is a “decolored” quantization noise spectrum. This is shown in Fig.3.5b for a
random integer jump in the range [0:4] generated by the pseudo-random binary
sequence (PRBS). The method does not induce additional quantization noise in the
system, since the quantization error remains within 0.5 ps, but the spurious content
is masked. The resulting spectra are indicated in Fig. 3.6. The method necessitates
a DTC with a larger range that covers multiple VCO periods, unless a multiphase,
e.g., a quadrature VCO is used. Note that this randomization method has a similar
purpose as a higher-order AX modulator at the beginning of the computational
path (for details refer to Sect. 2.3.1). The fundamental difference is that the DC-
biased AX modulator produces a periodic signal (independent of the modulators
order)—and the periodicity of the signal is directly dependent on the PLL fractional
multiplication number. Simplest case for this is the illustrated 1%'-order modulator
in Fig. 3.5b, without randomization. The periodicity of the random jump algorithm
(based on a PRBS) virtually does not exist (the sequence repeats at a very slow
rate which is completely independent of the fractional multiplication number). This
in turn leads to better randomization. The random integer addition is also more
practical since its range is easily controlled (while the range of a AX modulator
depends on its order).
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Fig. 3.6 A 10-bit 0.5ps LSB DTC’s quantization noise spectrum around a 10 GHz fractional
carrier (40 MHz x 253 + 2~7) before the PLL filtering (in-band) without and with randomization
(a) linear DTC (b) nonlinear DTC (1 LSB INL error). A randomized nonlinear DTC increases
in-band noise floor masking the shaped (AX) quantization noise. Note that a smooth, first-order
nonlinearity is used in this example. In the presence of higher-order nonlinearities, spurs are only
suppressed and not completely masked by noise
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3.2.3 The Random-Jump for DTC Nonlinearity Randomization

Any nonlinearity in the phase-error comparison path of a PLL will also induce frac-
tional spurs and noise folding. In the context of analog PLLs, this problem typically
originates from a nonlinear charge pump [Meninger06, LacaitaQ7]. Similarly, in
classical digital PLLs where an analog PFD is replaced by a TDC, the TDC causes
similar issues [Borremans10, Temporitil0, StaszewskiO5].

In DTC-based PLLs, this problem arises due to the nonlinearity of the DTC, since
the delay through the DTC affects the phase-error detection. Intuitively, if the DTC
has a pronounced integral nonlinearity (INL), by application of a periodic signal
at its input (Fig. 3.5¢) during fractional synthesis, the DTC will create periodical
errors. The periodicity is related to the fractional multiplication number and results
in spurs at the fractional residue frequency and its harmonics [Levantino14]. Again,
the Random-Jump mechanism described earlier helps with spurious tone reduction
by removing periodicity from the DTC INL-induced errors. For example, with
[0:4] jump range, there are five different DTC codes and five different INL errors
at five different zero-crossings which can be used for the same residual phase
compensation. The cost of randomization is now, unfortunately, a higher noise floor,
i.e., the spur energy is spread, not removed. Nevertheless, the reduction of spurs can
be of greater importance than increased noise if the in-band noise is not a limitation,
as is the case for many low-power medium performance PLLs.

Figure 3.6 shows the DTC error-induced phase noise (in-band, without PLL
filtering) for a fractional 10-GHz VCO output in a simulation with a nonlinear
DTC (2 LSB INL), both with and without randomization. Clearly, to correct the
spurs without raising the phase noise floor, the spurs themselves must be reduced,
meaning that better DTC linearity is required.

3.2.4 Self-Calibration of the DTC Nonlinearity

Instead of directing design effort into analog DTC linearization [Rul5, Markulic14]
for low spur content at the PLL output, in this design we propose digital self-
calibration. If the DTC INL is known (measured a priori), predistortion can be used
to remove the predictable errors (see Fig.3.7a). Since we use a 10-bit LSB DTC
from Sect. 2.4.2, a 10-bit Look-Up Table (LUT) could be employed in front of the
DTC. The LUT stores the INL value at every DTC code. At a given cycle, the
appropriate INL error is simply subtracted from the original DTC input code. With
this correction to the nonlinear DTC, the sampler correctly samples near the VCO
zero-crossing restoring spur-free PLL operation.

For accurate predistortion, the DTC INL needs to be measured. This is not
a trivial task, especially for small DTC time steps (on the order of 100fs)
[Palattellal5]. Moreover, the DTC transfer curve is very sensitive to process and
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Fig. 3.7 (a) Concept of FNSSPLL DTC predistortion based on a lookup table (LUT); (b)
predistortion principle: LUT stores a curve which mimics inverse of the DTC nonlinearity

environmental variations, meaning that the correct predistortion values will drift
over time. It is therefore mandatory to have a digital self-calibration which runs in
the background while the PLL operates normally.

The central phenomena used for self-calibration is the correlation between
the DTC input code and the instantaneously detected phase error. Namely, if
the DTC is nonlinear, the sampler will trigger at an offset from the VCO zero-
crossing (Fig.3.8). The nonzero sampled voltage that results is proportional to
the timing error at that particular DTC code (plus noise from other sources). The
transconductor then outputs a nonzero current into the loop filter. This error current
contains information about the DTC (INL) timing error per particular code. The
main idea of the proposed calibration scheme is to track the average value of this
current' for each DTC input code, and to use this information to construct an
accurate predistortion function that linearizes the DTC.

Measuring the magnitude of the current produced by the transconductor is
cumbersome. Instead, we extract only its sign. This is enough to determine if the
sampling instance came before or after the VCO zero-crossing at the respective DTC
code. These two situations are depicted in Fig. 3.8. The sign information is used to
gradually update the INL LUT (Fig.3.9a) using a sign least mean square (LMS)
algorithm. The current error sign is in every cycle initially extracted by a comparator.
The digital (&1) value is then scaled by 27X << 1 and finally integrated to the
appropriate LUT address defined by the DTC input code. While the PLL operates,
the LUT coefficients gradually change towards their optimal values at a convergence

! Alternatively, it is possible to track the sampled voltage. However, in the presence of transcon-
ductor offset, the sampled voltage is no longer a valid representation of the phase error. The Type-2
Subsampling loop settles in a zero-phase-offset condition which translates to a zero-current state
and not in the zero-sampled-voltage state [Gaol0].



66 3 A Background-Calibrated Subsampling PLL for Phase/Frequency Modulation

Ideal sampling edge
Nth-VCO -Ae " with
Reference Ideally delayed reference period -~
edge edge
+Ae or -Ae

+Ae results in negative
Gm current,

I

I -Ae results in negative
\J/ Gm current.

A

I

I

Vsamp

—

_l_] - current

I
I
I
+ current 1 I
I
I

Ideal sampling event: —.I—.
Zero-crossing Ideal Atl +Ae
DTC

Fig. 3.8 The sign of the Gm output current is correlated to the error of the DTC code

INL/Gain INL/Gain
calibrated calibrated
DTC in DTC in

B DTC in

code

INL Calibration Block
DTC in

code LuT T
[0:1023] LuT E
2
z c(0) £
£ 2
P I 2
29 k] z2—® )
ST g|INL Compensation < @ 3 - D
<
<z < | Value . 8
. S =
Current Sign: - & Current Sign: =
+lor-1 - 2 +lor-1 2
for LUT ] for LUT £ ¢(30)
updating kB updating K| GBIy
(a) (®)
DTC INL LuT coefficients
s = Real DTC INL
h ¥ Estimated DTC INL/
— 1
= 2
A
) 2 05
o ]
g £ o1
£ £
= 5
& = -05
,HE-
-1
1.5
5 10 15 20 25 30 35 0 200 400 600 800 1000
Time [ms] Code
(©) (d

Fig. 3.9 (a) Digital self-calibration of the DTC with a 1024-entry LUT; (b) digital self-calibration
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of the FNSSPLL with 32-entry LUT-based DTC calibration with a nonlinear DTC, and (d) final
INL estimates

speed dependent on K (Fig. 3.9b). They settle to values that accurately represent the
DTC INL, and only move if the INL changes (due to PVT), because the error sign
becomes a zero-mean stream per particular code once converged.
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To reduce complexity and area, we implement a 32-entry piece-wise-linearized
equivalent of the 1024 entry LUT, as shown in Fig.3.9b. The 32 correction
coefficients are spread across 1024 DTC INL values, with linear approximation in-
between. The error cancellation is negligibly compromised if the INL curve changes
monotonically between two neighboring correction coefficients. In every cycle, the
coefficients are updated based on the extracted error sign. The correction value is
formed by linearly approximating between the floored and ceiled LUT address,
i.e., by approximating between the two instantaneous read-outs from the LUT.
To visualize this approximation, a straight gray line is indicated between the “*”
symbol (representing 32 LUT correction values) in Fig.3.9d. This approximation
obviously only tracks the “global” INL characteristic of the DTC transfer curve,
and cannot compensate for localized DNL errors for every code. But since the DTC
capacitive load array has been sized with intrinsic matching for 10-bit accuracy, such
remaining errors are negligible. We reuse the DTC architecture from the previous
design (Fig.2.11). The overall DTC nonlinearity is dominated by analog effects
such as RC-input-slope-dependent (from the delay stage) comparator delay, which
typically results in DTC INL curve similar to the exemplary Fig. 3.9b that can indeed
be calibrated in the proposed way.

Another concern is supply ripple in the DTC, or more specifically colored supply
noise which could be coupled into the delay path that uses digital gates as described
in Sect. 2.4.2. This DTC uses a replica of the sensitive delay stage, in parallel to
the main delay path, to ensure that there is no code-dependent power consumption
(colored supply noise). In other words, the amount of charge pulled from the
supply remains consistent at every reference cycle. Moreover, the comparator in
the DTC can optionally work on a regulated supply to avoid code-dependent time
switching instant and the related supply bounce. By taking these precautions, the
DTC nonlinearity remains unaltered over time. Any other (noncolored) supply noise
in the DTC can still exist and can create phase noise, and hence it is necessary to
use enough DTC supply decoupling. Finally, the output DTC buffers generate steep
slopes to minimize phase noise at the sampler or any dependency of the DTC on
VCO frequency/swing.

A simulation of the FNSSPLL during the background calibration process is
shown in Fig.3.9¢c for a DTC with 3-LSB INL error. The tap 2K gain is set to
2713 for a calibration time of approximately 15ms, with correction coefficients
initialized to zero. Simulations show that there is insignificant impact on the circuit
performance with INL correction resolution below approximately 0.1% of an LSB.
Precision in the actual implementation is over-designed and in the order of 0.003%
of an LSB.

Although not the focus of this work, obviously initializing the LUT to previously
acquired values will reduce the convergence time, since the calibration must then
only settle whatever small PVT-related changes have occurred in the interim,
i.e., the experienced A INL. Also, gear-shifting techniques by initially operating
with a larger tap gain will speed up the settling. Since the DTC nonlinearity
is independent of the VCO operating frequency/swing, recalibration for different
output frequencies is not needed, only background tracking for slow supply and
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temperature variations. Finally, in the absence of spurs (due to calibration) the
dithering effect of the Random-Jump technique no longer increases the noise floor
appreciably.

The linear gain error of the DTC is another effect that must be calibrated,
which can be done using separate background calibration algorithm, as described
in Sect. 2.3.3. Here, a separate algorithm is not necessary, since it is automatically
accounted for in the LUT coefficient update procedure. Just as DTC INL error
affects the sampling of the VCO zero-crossing, so does DTC gain error, and as a
result, any gain error is removed by the predistortion function provided by the LUT.
The gain correction algorithm from Sect. 2.3.3 is still implemented in this design for
comparison purposes. It can be run for gain error cancellation but never in parallel
with the presented gain/INL calibration algorithm.

3.2.5 Extraction of the Current’s Sign and Comparator Offset
Compensation

Figure 3.10 depicts the main transconductor and the subcircuit used to extract the
sign of its current. The subsampled VCO voltage biases the input pair which then
steers a proportional current into the loop filter during pulser opening windows.
After that pulse, the same current is steered into a sign extracting node within the
given reference period. Since the capacitance at the sign extracting node Vextract is
kept low (e.g., below 100fF), a high-voltage swing can be expected there. This is
beneficial for the dynamic comparator [Malkil4] which senses the node potential in
comparison with Vfollow. The output of the comparator is interpreted as +1 or —1.
Importantly, the node Vextract is reset to Vipf potential, through a unity gain buffer.
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Fig. 3.10 Gm transconductor and current extraction mechanism schematic and operation time
diagrams
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Any input-referred offset in the comparator is destructive for DTC INL calibra-
tion. Its presence will cause the error sign signal to have a nonzero mean, even when
the PLL settles into its zero phase-offset condition (type-II loop). Consequently, the
DTC INL calibration block receives a stream of plus-ones and minus-ones with a
shift in their mean value that the LUT interprets as error and corrects. This results in
a slow drift of the LUT correction coefficients at a speed proportional to the offset
level. We solve this with digital background compensation (Fig. 3.11a) that cancels
the comparator-induced offset before sending the error sign to the INL calibration
block, thereby restoring the average error sign value to zero in the settled state.
This is achieved by periodically overruling the Error Sign bit with a fixed high or
low value to bring the average output back to zero. The overrule period should be
proportional to the magnitude of the offset.

To determine this period, the raw Error Sign output is fed into an integrator,
which gradually begins to accumulate in the direction related to the offset sign. Its
output drives another integrator (after appropriate scaling by u << 1) which will
eventually overflow at a rate depending on the magnitude of the comparator offset.
The overflow flag is used to address an MUX, steering the appropriate artificial error
sign value to the INL calibration algorithm. The original Error Sign signal stream is
“cleaned” of offset by these periodic injections of override values, which stops the
coefficient drift. The first integrator settles to a value which is proportional to the
offset.

This algorithm runs in the background in parallel to the INL calibration. If
override injections are triggered infrequently, they appear as low-level noise to the
INL calibration and are averaged out. However, an excessive amount of offset results
in the integrator overflowing frequently, which dilutes the useful information about
INL error. For normal settling of the algorithm, the offset has to be kept below 1o
of the full input swing (assuming Gaussian distribution at the comparator input with
standard deviation o). This is easily achieved by good analog design and layout.
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Fig. 3.11 (a) Digital background offset calibration implementation. (b) Background offset cali-
bration simulation with 0.15¢0 comparator input swing offset. When the loop settles, the overflow
flag is activated approximately every 10th cycle
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Another important detail is that the system indeed requires two integrators
connected in series. An alternative implementation with only a single integrator
would not be able to track offset in the background. A single integrator would
overflow with frequency proportional to the offset but also dependent on the
integration gain. To overflow at the exact frequency of interest, this gain would need
accurate manual tuning, which is inappropriate for this application.

3.3 Two-Point Phase Modulator Based on the FNSSPLL

The synthesizer is also enabled with functionality for high-speed (10 Mb/s), high-
performance (<—40dB at 10.24 GHz) GMSK phase modulation. The objective is to
exploit the subsampling architecture’s excellent phase noise performance for high
fundamental EVM performance during modulation.

Similar to other fractional-N PLLs, phase modulation can be achieved by direct
modulation of the DTC. The DTC can force controlled “phase errors” (modulation
signal) into the loop by purposely moving away from the VCO zero-crossings. The
modulation signal is then transferred to the PLL output, although due to the presence
of the loop filter the achievable data rate is limited by the loop bandwidth. Higher
data rates could be enabled by predistortion of the modulation signal [Perrott97]
in front of the DTC. However, the predistortion transfer function is not easily
determined since it depends on inaccurate analog components. Furthermore, it can
initiate clipping in the PD: the linear range of the subsampling PD is valid only for
small phase errors.

To achieve data rates above the loop bandwidth, we use two-point modulation,
following similar principles discussed in [StaszewskiO4, Mehtal0, Marzin12]. To
realize the second injection point (point-two), we add a separate 8-bit, 50-kHz/L.SB
frequency modulating bank in the VCO (Fig.3.12) that enables 10-Mb/s GMSK
modulation. Since the modulating bank is clocked at Frgr (40 MHz), the highest
reasonable modulation bandwidth is 20 MHz, according to the Nyquist-Shannon
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Fig. 3.12 Simplified two-point modulation schematic based on the FNSSPLL and time-domain
modulation operation
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sampling theorem. We restrict the speed of GMSK to 10 Mb/s to avoid degradation
by the spectral replicas. During modulation, the input data is sent through a GMSK
modulator which generates a frequency modulating signal for the VCO’s modulat-
ing fDAC, inducing appropriate instantaneous frequency shifts. In the time domain,
this means that the VCO instantaneously changes its period and the amount of
accumulated phase over one reference period changes. Therefore, the DTC receives
the same modulation signal (expressed in phase) on top of the regular fractional
residue compensation signal. It must delay the sampling event by an amount that
will keep the VCO zero-crossing sampling unperturbed. Importantly, there are no
phase errors in the PD induced by the modulation. The modulation signal transfers
unfiltered to the output, i.e., the injection between the two points is cancelled within
the PD (sampler) and the loop does not “sense” the modulation data.

3.3.1 Modulating fDAC INL Calibration

The EVM of this modulation scheme can be strongly degraded in the presence
of nonlinearities and gain errors in the digital-to-modulated phase conversion that
occurs in both the DTC and the modulating fDAC. The DTC INL calibration as
explained in Sect. 3.2.4 is readily reused here. Indeed, during two-point FNSSPLL
modulation the zero-crossing subsampling condition still holds, and the PD works
within its linear range. The DTC input code and phase error remain correlated in
the presence of INL in the same way as in the synthesizer mode. The modulator’s
injection point-one (DTC) can, therefore, already be randomized and background
calibrated. We show next that a similar algorithm can be implemented for calibration
of the modulating fDAC at injection point-two.

Nonliterary of the modulating fDAC arises due to capacitor mismatch and
nonlinear capacitance-to-frequency conversion in the LC tank. We use an INL back-
ground calibration technique to linearize its behavior (Fig. 3.13). In the presence of
nonlinearity (or gain error), the instantaneous frequency shift induced by the fDAC
will be wrong, i.e., the modulated PLL output period will be larger or smaller than
expected. This leads to the DTC sampling away from the ideal zero-crossing (late
or early) and, consequently, to the transconductor injecting an error current into
the loop filter. This current and its extracted sign is strongly correlated with the
fDAC input code, and can be exploited for fDAC self-calibration (Fig.3.13). To
linearize the fDAC, we use a predistorting 16-value LUT that linearly approximates
between 256 unique fDAC inputs. To correctly correlate the PD error with the fDAC
input code, it is necessary to track the derivative of the PD error since the VCO
integrates the phase and the modulation signal appears in the frequency domain.
The correction coefficients are again gradually increased/decreased (depending on
the PD sign) at appropriate addresses, until they converge to positions that cancel
out the fDAC nonlinearity, i.e., where the PD output becomes a zero-mean stream
per particular fDAC input code. Since DTC and fDAC INL calibration loops cancel
uncorrelated static errors independently of each other, they can run simultaneously
in the background.
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Fig. 3.13 fDAC calibration implementation details

As in the case of the DTC, correction for gain error of the fDAC is also inherently
covered by this background calibration technique, since gain error also disturbs
the zero-crossing condition of sampler. The LUT correction coefficients are simply
adjusted in the background for appropriate gain-error cancellation, on top of the INL
correction. Alternatively, a dedicated background calibration algorithm (as proposed
in [Marzin12] and Sect.) can be enabled that serves only for initial gain calibration.
The latter algorithm is used only for comparison purposes and it is not run in parallel
to the presented one.

3.3.2 Delay-Spread Cancellation

Besides the gain match and linearity requirements, accurate phase modulation
necessitates minimal “delay spread” between injection points. This effect originates
from mismatch in the time instant at which the modulation signal is injected into
the two points. For example, we expect the VCO to instantaneously change its
operating frequency (with respect to input code) exactly at the rinsing edge of the
reference signal, which is the same edge at which the DTC reacts. This change is
obviously noninstantaneous, i.e., the VCO operates for a small portion of time in
transition between the original and the new, desired frequency. Simulations show
that the consequential time mismatch (the VCO accumulates the desired amount
of phase a little later than originally expected) is small (approximately 100 ps),
constant, and not data dependent. Since this spread is small in comparison to the
full period of the reference clock cycle (throughout which the VCO accumulates the
major part of the phase), the 10-MHz GMSK data remains substantially unfiltered
by the loop. In this case thus, even without any compensation, the DTC still samples
near the zero-crossing. The degradation imposed by the delay spread is proportional
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to the modulation speed. With the same amount of delay spread, i.e., time injection
mismatch between the two points, the accumulated error grows proportionally with
the modulation speed. Simulations show that at 10-MHz modulation BW (used in
this design), delay spread imposes no issues (degradation masked below other circuit
noise) as long as it is in the order of 100 ps, for EVM close to —40dB around a 10-
GHz carrier.

A more severe example of delay spread happens in an optional operating mode
of the PLL, where the VCO changes its oscillation frequency on the falling edge
of the clock (instead of on the rising edge). The VCO thus accumulates the amount
of phase as desired by the modulation process—in between the falling edges of the
clock, while the DTC still operates from the rising edge. Without the appropriate
compensation in the DTC path, this leads to undesired data filtering, i.e., to a
situation where the sampler detects modulated phase as an error.

A delay-spread cancellation algorithm (see Fig. 3.14) similar to the one proposed
in [Marzinl2] has been implemented and is functional on chip. The goal is to
inform the DTC about the exact moment at which the VCO changes its operating
frequency, with respect to the reference edge at which the DTC reacts. The DTC
then produces a modified phase-error compensation signal that takes delay spread
into account. The zero-crossing subsampling is still maintained, and the modulation
data propagates to the output without filtering. The operation principle of the delay-
spread cancellation algorithm is as follows: in the presence of no delay spread,
the coefficient c is set to 0, and the two-tap filter in Fig.3.14 has no influence on
the phase data propagation. In the presence of a delay spread, the two-tap filter
predistorts the DTC input code to compensate for the effect itself in the digital
domain. To do that, the coefficient ¢ needs to be set to (tvco — toTc)/ TREF, Where
ptc and tyco stand for the delay from the reference edge at which the DTC and
VCO react, respectively, and Trgr is the reference period. In this way, the code
sent to the DTC compensates for the exact phase integration that happened before
its triggering, with respect to both frequencies at which the VCO operated in the
previous cycle. For the algorithm to operate in the background, the coefficient c is
set (while the modulator operates normally) by correlating the detected error sign
with the appropriate modulation data. The product of this two signals is integrated
over time (with a very small gain K < 1) in order to slowly adjust c. Once when
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c settles to the appropriate value that compensates the delay spread, the input to
the correlator becomes a zero mean product (and ¢ only dithers around the optimal
value). The algorithm can still be left to operate in the background tracking potential
environmental changes. As discussed above, the simulations show that there is no
impact on the circuit performance with resolution of ¢ below approximately 0.4%.
Precision in the actual implementation is over-designed and in order of 0.01%.

3.4 Experimental Results

A complete system overview is depicted in Fig.3.15. The prototype IC was
fabricated in TSMC 28-nm bulk digital CMOS technology, with an active area of
0.25 mm? (Fig. 3.16). It operates on 0.9V and 1.8 V supplies (IO interface and the
Gm stage). Optionally, the VCO can be put in a high-power/performance mode at a
1.4 -V supply.

The frequency synthesizer consumes 5.6 mW in total, of which 1.8 mW is for the
loop components, 2.7 mW for the VCO, and 1.1 mW for digital circuitry. The VCO
tuning range is 10.1-12.4GHz. The PLL output spectrum profile is first compared
in modes with and without DTC Random-Jump (Fig. 3.17). An approximate 2 MHz
BW was chosen as a compromise between VCO in-band noise suppression and
reference path noise floor. As expected, turning the randomization algorithm on
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Fig. 3.15 DTC-based FNSSPLL capable of self-calibrated fractional synthesis and two-point
modulation
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Fig. 3.17 A comparison between PLL output phase noise profile without and with DTC random-
jump. Spurs are indicated in dBc (the DTC INL calibration is not enabled). The higher-order spurs
disappear with randomization; however, the dominant spur remains only substantially suppressed
and is not completely masked by noise. This is due to a larger, higher-order DTC nonlinearity (note
that the DTC uses no supply regulation in these measurements)

dithers the fractional spurs, spreading their power across the spectrum. Higher
harmonics disappear and the fundamental spur decreases. The cost is, of course,
a higher in-band noise floor.

The background calibration of the DTC nonlinearity is enabled next, in parallel
with the Random-Jump dithering and comparator offset compensation, which
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(a) (b)

Fig. 3.18 Measured output phase noise profile: (a) low-power VCO, and (b) high-power VCO.
The integration range for RMS jitter calculation is 10kHz—40 MHz and includes all spurs
(including worst fractional and integer)

significantly improves the output spectral purity. The measured in-band phase
noise around a close-to-integer fractional 11.72-GHz carrier is —107.9dBc/Hz
(Fig.3.18a). The measured RMS jitter is 198 fs with an integration range from 10
kHz to 40 MHz and all spurs (worst fractional and integer-N) included. In integer-
N mode, the RMS jitter is 176fs (only 22fs below) which proves that the
system’s nonidealities were well identified and successfully mitigated in this
design. The measured spurious performance is shown in Fig.3.19. The worst
fractional spur before calibration appears at —41 dBc but drops by 15.6dB after
calibration to —56.6dBc. The reference spur is at —69 dBc. The PLL achieves
a competitive —246.6/—247.6dB FOM (worst-case/best-case fractional-N mode).
Integer-N FOM, with the digital circuitry disabled, is —248.5dB. Moreover, the
PLL can run in high-performance mode where the VCO operates at up to 22.4 mW
from a 1.4-V supply (Fig.3.18b). The RMS jitter (all spurs included) is then
between 167 and 147 fs for worst-case fractional and integer-N mode. The small
20 fs difference, or 1 dB in terms of total integrated phase noise, shows again a well-
calibrated environment. The in-band phase noise drops to —113.1dBc/Hz. Due to
excessive VCO power consumption, the FOM is now reduced to —242.6/—241.5dB
in the worst/best case. A summary of the PLL performance and comparison to other
similar work [Chen15, Huang14, Gao09a] is depicted in Table 3.1.

During modulation, we operate the VCO in high-power mode. The modulating
fDAC was mistakenly designed to produce 5 times larger LSB than targeted
(241 kHz/LSB instead 50 kHz/LLSB) at low power, i.e., at low output VCO swings.
By running the VCO in high-power mode (6.4-22.4mW), the LSB reduces to 113—
83 kHz/LSB. This is due to an increased swing at the VCO output which minimizes
the effective AC [fF] of a digital cell [Hung06] in the modulating fDAC. With
a higher power consumption cost, we ensure that the fDAC quantization noise
does not limit the EVM performance. Figure 3.20 shows the measured 10-Mb/s
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GMSK spectrum and constellation with all the background calibration algorithms
enabled, around a fractional carrier close to 10.24 GHz. The modulated output has
an undistorted spectral profile with bandwidth larger than 10 MHz even though the
PLL loop BW is approximately 2.5 MHz. The best EVM RMS with DTC/DAC
calibration is at —40.5dB, which is only 1.9dB above the fundamental limit of
the total integrated phase noise of a high-power mode synthesizer. Notably, EVM
scales with 20log; (N) which means that the modulator would provide —49.6-dB
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Fig. 3.20 GMSK spectrum and EVM with self-calibration enabled (10 Mb/s, close to a 10.24-GHz
fractional carrier)
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Fig. 3.21 Measured EVM at different fractional offsets with and without calibration

EVM at 3.6 GHz. To prove the importance of calibration, we show EVM at different
fractional offsets (Fig. 3.21) with and without calibration. Using only gain correction
results on average in 8-dB EVM improvement. The DTC and fDAC INL calibration
results in additional 7-dB EVM improvement (6 dB after DTC calibration and then
additional 1 dB after fDAC calibration). Enabling the delay-spread algorithm does
not change the results, as predicted. The DTC INL calibration proves to have a
larger impact on the overall system performance. The overall performance overview
and comparison to state-of-the-art is given in Table 3.2, with a note that this phase
modulator’s EVM is state of the art and exceeds similar work.
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3.5 Conclusion

We have presented a DTC-based FNSSPLL that achieves state-of-the-art perfor-
mance during synthesis (—246.6/—247.6-dB FOM worst-case/best-case fractional-
N mode) and wideband, 10-Mbit/s GMSK modulation (—40.5-dB EVM around a
10-GHz carrier) in 28-nm CMOS. This performance is derived from the analog
subsampling phase-error detection core and efficient digital background calibration.
This PLL can be used for low-power, low-noise LO synthesis. In the modulator
mode, the system prototype offers an attractive solution for accurate, wideband
phase modulation that can be used as part of a polar transmitter.

The presented low-jitter PLL operates without any significant performance gap
between integer and fractional modes and enables wideband modulation. With
respect to this, we recognize that the loop can still be improved in a different direc-
tion: digitization, which should ideally come without compromise in performance.
Replacing the analog core (analog loop filter) of the FNSSPLL with a digital one
can still add to area savings. Additionally, the phase modulator could be employed
in a highly accurate polar transmitter architecture. These challenges are explored in
the following chapter.
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Chapter 4 )
A Background-Calibrated Digital Shethie
Subsampling Polar Transmitter

4.1 Introduction

Today’s wireless community is facing the problem of spectral scarcity. With
many communication standards sharing the same environment, it becomes highly
desirable to make use of spectrally efficient links. The upcoming 802.11ax WI-FI
standard, for example (backward compatible with 802.11g/n/ac), envisions complex
1024 QAM constellation schemes with modulation bandwidths greater or equal
to 80MHz, with OFDM and close sub-carrier spacing around 2.4 and 5 GHz
[Working Gr17]. The linearity and noise specifications of the supporting radio front-
ends become in this context extremely challenging.

On the transmit side, polar architectures have proved to be attractive, digital-
friendly solutions [Bal6, Fuldel7, Madogliol7, Zhengl5] that can make use of
power efficient amplitude modulators [Chowdhuryll, Yool3] ensuring overall
system power efficiency. At the same time, for high spectral purity, the digital-to-
transmitted signal conversion needs to be stringently linear, substantially uncor-
rupted by the quantization or environmental noise. Unfortunately, the efficient
PA architectures come typically at the price of distorted Amplitude Modulation
(AM) [Chowdhuryll, Chowdhuryl2]. The problem of nonlinearity is similarly
present in wideband PLL-based Phase Modulation (PM) as described in Sect. 3.3.
To overcome these difficulties and to ensure linearity, transmitters make use of
offline predistortion [Madogliol7, Zhengl5, Chowdhuryl1, Yooll] correcting in
the digital domain for the presence of AM-to-AM, PM-to-PM nonlinearities, or
cross-correlation mechanisms such as AM-to-PM distortion.

For accurate predistortion, it is not enough to rely on estimates from simulations
since they are prone to modeling inaccuracies. Moreover, a silicon implemented
chip is sensitive to PVT variations, hence an optimal predistortion setting is likely
to fluctuate over time. Measurement-based predistortion (that covers all possible
PVT variations) can significantly increase production/testing expense in large vol-
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ume fabrication. Background tracking and distortion cancellation (self-calibration)
become therefore an attractive system feature, especially in environments that make
use of complex constellations, where no linearity related compromise is allowed.

In this chapter, we present a polar transmitter which consists of a low-noise
digital subsampling PLL that allows two-point PM and a DPA for AM. The
architecture of the proposed system, unlike in a typical polar transmitter, places the
DPA within the phase-locked loop. This means that the PLL’s phase-error detection
mechanism, i.e., subsampling happens directly at the DPA output, instead of at the
VCO output. Thanks to that, the phase-locked loop becomes sensitive not only
to phase errors but also to modulation amplitude. This feature enables accurate
system linearization and (AM-to-PM) distortion filtering. Analog nonidealities
such as PM-to-PM, AM-to-AM can be detected and cancelled digitally, in the
background, while the transmitter operates normally. To highlight this system’s
attribute and to distinguish it from a typical polar transmitter (where the PLL and
amplitude modulator are separated), we refer to it as: the background-calibrated
digital subsampling polar transmitter, SSPTX.

In Sect.4.2, we introduce the system’s architecture and discuss the SSPTX
prototype specifications. The study of background linearization and distortion sup-
pression techniques enabled by the proposed architecture are discussed in Sect. 4.3
and 4.4, respectively. Analog building blocks are presented in Sect.4.5. Measured
results are discussed in Sect.4.6. The paper is summarized in the concluding
Sect. 4.7.

4.2 System Overview

A simplified block diagram of the proposed digital SSPTX followed by its small
signal phase-domain model is depicted in Fig. 4.1.

4.2.1 A Digital Fractional-N Subsampling PLL

The system operates as a PLL when there is no modulation, in which the phase-error
detection is performed by the subsampling mechanism (see Fig.4.2a), described
throughout the Chaps.2 and 3 of this book, well known in analog subsampling
PLLs [Gao09b, Markulic16a, Markulic16b, Raczkowskil5, Markulic14]. In the PLL
mode, where no AM or PM is present, we assume AM(z)=1 and Awned = O,
i.e., the code sent to the DPA is constant, and there are no modulation data injected
in the phase/frequency modulation path through the DAC nor the DTC. The high
frequency VCO output is buffered through the DPA that ideally has no influence on
the phase signal propagation to the output. The DPA drives a 50 €2 load (antenna)
and its output is a sinewave, since the matching network filters the unwanted
harmonics. This sinusoidal DPA output is subsampled at the reference rate and the
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Fig. 4.1 (a) Simplified block diagram of the proposed digital SSPTX. (b) Small signal phase-
domain model: gnprc, gnapc, and gnpac represent quantization noise signals from the DTC,
ADC, and the DAC, respectively. ¢ptc contains, both, fractional residue compensation information
and phase modulation data. Awpoeq is the scaled frequency modulation data that are perfectly
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Fig. 4.2 Basic SSPTX phase-error detection principle in PLL and TX modes. (a) DTC delay for
fractional error compensation ensures near-to-zero crossing sampling. Gpp is linearly proportional
to the DPA output slew rate. (b) DTC delay for fractional error and PM compensation ensures
near-to-zero crossing sampling. Two point AM injection ensures constant Gpp
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exact sampling edge is controlled by a DTC. The DTC is transparent during integer-
N PLL operation while, in fractional-N operation mode, it serves for fractional
residue compensation. In other words, the DTC systematically delays the sampling
instant by an a priori known value to force near-to-zero voltage sampling during
fractional-N lock (Chap. 2). If there is no mismatch between the input and the output
phase, the output sinewave zero-crossings are sampled, i.e., the ADC outputs a zero.
If there is some mismatch between the output and the input phase, a non-zero voltage
is subsampled, and the ADC produces a code linearly proportional (small signal
approximation) to the detected phase error. This code is digitally low-pass filtered
and sent into a DAC to adjust the VCO’s output phase, forcing a zero-phase-offset
condition between the input and the output of the PLL. The DAC controlled VCO
is modeled as a DCO in Fig. 4.1 for simplicity.

The phase-error detection gain is, specifically for a subsampling PLL, directly
proportional to the PLL output amplitude [Gao09b] and in this context it is defined
by:

Gpp = Appa - KaDCs 4.1

where Appa stands for DPA output amplitude and K aopc is the ADC conversion gain
(we assume for now a loss-less sampler and no amplification in front of the ADC).
Thanks to the fact that Gpp can be set to a large value, analog subsampling PLLs
operate in a condition where the in-band noise generators are highly suppressed
[Gao09b, Gaol5]. The PLL output becomes then mainly corrupted by the VCO
noise which can be efficiently filtered in a wide-PLL-bandwidth configuration
since the reference noise is typically low. This likely enables high phase noise
performance and PLL. FOM [Gao09a].

A digital subsampling loop differs performance-wise from its original analog
predecessor in added quantization noise at several nodes in the system. To achieve
the same performance level in a digitized loop the quantization error residue is
carefully handled, as addressed next.

The DTC quantization noise (see Sect. 3.2 from Chap. 3) is randomized by the
random jump algorithm and shaped by a delta-sigma modulator, hence it has very
little influence in-band, while out-of-band it is compensated by the low-pass PLL
filtering. Moreover, as shown later in Sect. 4.2.3, the DTC quantization noise can be
subtracted in the digital domain from the sampled phase-error information, avoiding
its propagation to the output all together.

The ADC quantization error transfer function to the PLL output is given by:

Pvco (2) 1 GoL (2)

= . , 4.2)
gnapc (z) AM - Appa - Kapc 1+ GoL (2)
where GoL (z) is the open loop gain defined as:
Kpco - Trer - 27!
GoL (z) = Appa - Kapc - LPF (2) - ; 4.3)

1+ z1
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where L P F(z) is the loop filter transfer function, AM is the amplitude modulation
data (set to 1 in PLL mode), and Trgr is the period of the input clock. The
ADC quantization noise is low-pass filtered and compressed by Gpp. A high
Gpp value therefore ensures no degradation in-band. The ADC quantization not
being the performance bottleneck can be motivated by pointing to PLLs with high
performance even in bang-bang phase-error detection mode [Tascal 1] where only a
single bit phase-error data converter (instead of a multi-bit ADC) is used in a DTC-
based PLL. In other words, the ADC only quantizes the DTC error residue, which is
already small enough, hence the quantization levels are relaxed. Finally, a high Gpp
from (Eq.4.1) imposes no issues with loop stability since the digital low-pass filter
can be easily adjusted (whereas an analog loop might necessitate a large capacitive
filter).

The last quantizer in the digitized subsampling loop that potentially degrades
performance with respect to a purely analog subsampling PLL implementation is
the DAC driving a varactor in the VCO, effectively implementing a DCO (see model
in Fig.4.1). Note that the DCO output phase quantization noise is high-passed in
transfer to the output. In this design, the DAC is implemented with a AX modulator
(clocking at the reference rate) in front of it, to randomize and shape the quantized
residue. Thanks to the fact that we make use of a DAC driving a varactor (to achieve
digital frequency control), it is possible to implement a second analog pole in the
system. This is done by a simple RC filter at the DAC output that suppresses the
high-passed DAC quantization noise (see Fig.4.4 and the basic PLL loop). The
filter thus ensures an additional 20 dB/decade noise roll-off after the second pole.
Finally, the DAC quantization noise can be kept low enough in this environment
(see Sect.4.2.3) since a varactor can normally be sized to low sensitivity.

4.2.2 Phase/Frequency and Amplitude Modulation

The system makes use of the two-point injection scheme so that the phase/frequency
modulation bandwidth is not limited by the PLL cut-off [Markulicl16a, Marzin14].
This allows data independent loop filtering profile setting that ensures optimal phase
noise management with respect to the low-passed (DTC, reference) and high-passed
(VCO) noise contributors. Namely, the frequency modulation data Awmeg sent to
the TX output through the DAC-VCO-DPA chain is cancelled by the DTC (®prtc)
in the phase-error detector (sampler) so that the loop remains undisturbed, while the
data travels to the output unaltered. This is achieved by sending the same modulation
data (with opposite sign), expressed as accumulated phase, to the DTC—which
then re-adjusts the delay for zero-crossing sampling. Due to this, the small signal
approximation for PD gain still holds, as given by Eq. (4.1). In frequency domain,
the DAC injection path implements a high-pass, while the DTC injection path
implements a low pass to the output—which when added together ensure an all-
pass phase/frequency data transfer [Marzin12].
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The DPA is placed within the PLL, after the VCO. An ideal DPA does not
induce any nonidealities in the phase signal propagation path. This is relevant for
the subsampling process which remains unaltered with respect to an implementation
where the VCO output is subsampled (Fig.4.2a), as in a subsampling PLL-based
phase/frequency modulator (see Chap. 2). On the other hand, the DPA modulates
amplitude of the output sinewave, as desired by the polar modulation process. The
amplitude modulation signal from Fig.4.1 can therefore take any instantaneous
value from the rational number range <0,1] representing amplitude levels at the
TX output between zero power (0) and full power (1), with appropriate number of
quantized levels in between. The DPA amplitude change over time could induce
phase-error detection gain (Gpp) fluctuations (see Fig. 4.2 which depicts the effect
for some two AM codes X and Y) and a consequential PLL bandwidth modulation.
To avoid this, the amplitude modulation data are also used in scaling of the
ADC output, through a simple digital division. One might describe this process
as two-point amplitude modulation since (similarly to two-point phase/frequency
modulation) the same data are injected in two places within the loop with a
cancelling effect. The goal is to transfer the AM data to the output without any
data bandwidth limitation or any disturbance of the loop.

The AM data changes over time in a pseudo-random fashion. Even though the
loop dynamics remain constant (two-point AM injection), the ADC quantization
noise and the sampler noise filtering are influenced by AM. In the noise transfer
to the output, as described by Eq. (4.2), the AM value can be modeled with the
amplitude modulation signal’s mean. This value depends on the desired constella-
tion and related Peak-to-Average Power Ratio (PAPR). For example, in 1024 QAM
with equal occurrence probability of every symbol, the amplitude modulation data
distribute at the range <0,1] as shown in Fig.4.3. The mean of distributed values
(0.44 in this case) is then used in Eq. (4.2) to model influence of the appropriate
noise generators and to re-adjust the loop parameters if necessary.

To ensure modulation quality guaranteed by the PLL phase noise floor (within the
desired modulation BW), the quantization error induced by the modulating DAC and
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Fig. 4.3 Generic 1024 QAM constellation (left) and distribution of used amplitudes with uniform
occurrence probability of any symbol (right)
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the amplitude modulator (DPA) should be small enough. The total integrated phase
noise (limited by environmental noise) translates then directly into the measured
EVM.

4.2.3 Prototype Targets and Building Block’s Specifications

A detailed overview of the system’s block diagram is depicted in Fig.4.4. This
prototype’s target is a visible 1024 QAM constellation at 2.5 MHz bandwidth (with
possible extension to 10 MHz) around a 5.5 GHz carrier. Note that the far-out noise
is not optimized in this design, we concentrate exclusively on the in-band accuracy
expressed in terms of EVM. !

To reach the targets we reuse the 10-bit DTC with 0.5 ps/LSB from Sect.2.4.2,
ensuring that the integrated DTC quantization noise remains at least 20 dB below
the total integrated phase noise of the PLL.

We opt for a 6bit ADC with Kapc = 1.5 LSB/mV to cover the complete range
of possible phase errors without clipping at peak output amplitudes of Appa = 1.25
V (12dBm). A signal amplifier with a gain of A compensates for sampler loss.

The VCO operates at central frequency of 11 GHz (with targeted 20% tuning
range) and is divided by 2-5.5 GHz before it drives the DPA. This feature enables
harmonic rejection mixing in the DPA as discussed later in Sect.4.5.2. During
phase modulation, the output phase may necessitate shifts as large as = radians
in a single clock cycle, to reach any desired point in the constellation. The
largest corresponding instantaneous carrier frequency shift can then be extracted
from: Awmod - TREF = %7, i.e., Afmod = F£1/(2Trgr) (note that the DAC is
clocked at the reference rate in this system). The DAC produces aliases around
harmonics of FRrgr, hence the largest modulation bandwidth allowed by the Nyquist
criterion is Frgr/2. Here we restrict the PM bandwidth to Frgr/4. The DAC-VCO
combinations provide a 50 kHz/LSB frequency step (around 11 GHz carrier), with
11-bits, covering in total a range of £25.6 MHz after VCO’s output division by
2. The Least Significant Bit (LSB) weight ensures that the integrated quantization
noise remains substantially below the total Integrated Phase Noise (IPN) of the PLL.
The amplitude modulator (DPA) operates with 10 bit resolution.

Note that a subsampling loop cannot discriminate between frequencies that are
N - Frgr apart from each other. To ensure accurate frequency acquisition, this PLL
makes use of a Phase/Frequency Detection (PFD) mechanism which runs in parallel
to the subsampling loop, with a predefined dead-zone [Gao09b]. In the presence
of frequency difference between the desired and current PLL output, the PFD loop
produces appropriate UP/DOWN pulses (after enough phase error is accumulated)
that are scaled and then integrated in the loop filter (see Fig. 4.4). After the correct

TAn obvious way to improve the far-out noise is to use a higher clock speed for the phase
modulating DAC, more than the 40 MHz crystal oscillator reference used now.
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Fig. 4.5 (a) Simulated PLL performance—quantization noise only (green) and all noise sources
included (blue) at a fractional 5 GHz output (Fref = 40 MHz). (b) Simulated output constellation
of a linear system as depicted in Fig. 4.4 at 2.5 MHz modulation bandwidth and 1024 QAM with
all modeled noise sources enabled

frequency had been acquired (or is close enough to the solution), the subsampling
loop takes over and the PFD loop is disabled for power savings.

Figure 4.5a shows simulated spectral profile of the proposed PLL during
synthesis of a fractional channel around 5 GHz. Results indicated in green show a
simulation where no thermal nor 1/f noise is present, i.e., the output is corrupted
solely by quantization noise. The overall integrated quantization phase noise is
<—60dBc, which is well below the expected thermal (and flicker) contributions.
Indicated in blue is the PLL output when all the modeled noise sources are included.
The crystal oscillator phase noise floor is modeled with —165 dBc/Hz at 40 MHz
while the simulated DTC noise floor is at —160dBc/Hz. A sampling capacitor of
20fF is assumed for modeling of the sampler’s kT/C noise. The VCO noise models
are fit to match measured VCO phase noise performance from [Hershberg14] (that
is reused in this design). The target is to achieve <—47 dBc IPN around 5 GHz that
ensures a visible 1024 QAM constellation. The simulated constellation of a fully
linear transmitter is depicted in Fig. 4.5b), during 2.5 MHz bandwidth modulation
with 1024 QAM, around a 5 GHz carrier. The 25 Mbit/s data transmission is mainly
corrupted by phase noise, hence the measured EVM of —48 dB resembles to the
level of the PLL’s total integrated phase noise (the 1dB degradation comes from
added AM/FM quantization errors).

4.3 Digital Linearization Techniques

The transmitter had to this point been considered ideal. Any nonidealities in the
digital-to-transmitted output conversion will result in a disturbance that is sensed
by the loop, either as a phase error, a Gpp gain (bandwidth) modification, or a
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combination of these two. The disturbances at the scaled phase-error detector output
can be correlated with the injected signal to identify and digitally null the distortion
mechanisms.

Distortion is typically a consequence of analog nonlinearities (such as
DAC/DTC/DPA INL), or cross-correlation/mismatch between two different
injection points in the loop (such as AM-to-PM distortion or two-point injection
mismatch). The following sections identify typical culprits for TX’s output signal
corruption and explain ways to mitigate them through self-linearization, during
normal TX operation.

4.3.1 PM-to-PM Background Calibration

The SSPTX loop gets disturbed by colored noise in the presence of a gain-
inaccurate/nonlinear DTC and/or modulating DAC, or similarly, in the presence of
timing mismatch between the data injection in the two PM points. These effects
were analyzed in Sect. 3.2 in a phase modulating analog subsampling PLL, where
background calibration is proposed to mitigate the undesired behavior. Indicated
mechanisms fall under the category of PM-to-PM distortion in context of the SSPTX
(since they result in nonlinear translation of the ideal digital PM signal to the real
and corrupted PM output). Techniques applied in Sect. 3.2 are similarly reused here
in a digital loop.

As long as the phase modulation is linear, there is no correlation between the
input DTC/DAC codes and the detected phase error ($ 4 in Fig. 4.4). This changes
in the presence of gain-imbalanced or nonlinear DTC/DAC and the correlation can
then be tracked and minimized through digital background calibration. The process
is similar to the one described in Sect. 3.2, independently of AM in the SSPTX,
since the ® 4 sign used for error tracking remains unbiased by potential PD gain
(Gpp) fluctuations.

The principle of predistortion remains similar to the one described in Sect. 3.3.1,
and is summarized here: if the code dependent error is predictable at any code,
original input data may be modified to avoid making the error in the first place.
The modified digital input then induces the desired analog effect [Markulic16b,
Levantino14]. The correction coefficients used per input code may be stored in a
LUT. To avoid making an excessively large LUT with 2" coefficients (where N is
the data converter’s number of bits) a limited set of correction coefficients is instead
spread across the full input dynamic range, with suitable approximation in between
[Markulic16b].

In this design we recognize that the predistortion can be optimized with respect to
the particular DAC architecture. For example, to reduce potentially large INL/DNL
excess, designers often opt for segmented arrays that offer a good compromise
between area/routing efficient binary and matching/linearity superior thermometric
implementations [VDB13]. In segmented DACs, the transfer curve often exhibits
specific INL shape that has “saw-tooth” alike behavior, since the systematic
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Fig. 4.6 DAC INL background calibration algorithm (7 and B stand for the DAC’s number of
thermometrically and binary coded bits, respectively): (a) implementation; (b) ideal (gray) and
ideal interpolated (black) INL predistortion curve for B =4,and T = 7

nonlinearity (of an, e.g., varactor in this design) combines with the largest DNL
errors at the transition between the segmented parts (of an, e.g., resistive DAC array
in this design). This behavior is exemplified in Fig.4.6a for a 11 bit modulating
DAC with 4 bit thermometric (7') and 7 bit binary (B) segmentation, which is used
here (see Sect.4.5.1.4).

In contrast to the implementation from Sect. 3.3.1, the LUT correction coeffi-
cients are here grouped in pairs of two, to create neighboring correction segments
that match the used DAC segmentation (see Fig.4.6b). With this correction coef-
ficient grouping (instead of a simple piece-wise linear mapping across the full
DAC range as in Sect.3.3.1), the predistortion principle becomes more suitable
for converter arrays with segmented sections. Assume a segmented array with T
most significant bits (MSBs) implemented thermometrically and B least significant
bits (LSBs) implemented in a binary switching scheme. The correction coefficients
c[0 : (2-2T — 1)] are then used at the input codes n - 28 and [(n + 1) - 28 — 1],
where 7 is an integer from [0, 27 —1]. For the input codes that fall in-between the
ones represented by the coefficients c, a linear interpolation between the nearest pair
is used. The compensation values (C O M) subtracted from the original input code,
in, are then calculated as:

conm ([} (18]

for every clock cycle. In practice this means that 2 neighboring coefficients
predistort for binary segments with piece-wise linear spread. The mathematical
manipulations behind the computation of the C O M value are easily implemented in
the digital domain (multiplication in powers of two only need a shift operator). The
final correction coefficient estimates are depicted by a red * symbol in Fig. 4.6 b for
the presented 4-bit thermometric 4- 7-bit binary segmented DAC array. The straight



96 4 A Background-Calibrated Digital Subsampling Polar Transmitter

red line in-between the coefficients represents linearly approximated values used at
the appropriate input codes (x-axes).

The LUT correction coefficients are updated in the background. At every clock
cycle, the measured phase error @4 sign is differentiated (data injected in the
frequency domain, but measured in the phase domain [Markulic16b]), scaled (by
27K) and then accumulated to the appropriate LUT address, determined by the
used input code. As the algorithm runs in the background, the coefficients slowly
change and then settle to a value which accurately cancels the nonlinearity. The
measured phase error @4 then becomes a zero-mean stream per certain input
code, and the correction curve is stabilized as depicted in Fig.4.6b, in red. The
calibration speed is determined by K, i.e., by the gain with which the sign of the
detected phase error is scaled before accumulation at the desired address. Note
that increasing the calibration speed normally leads to more noise in the correction
process. Visualization of the background correction coefficient estimation process
can be found in Sect.4.3.3.

The background INL correction is similarly implemented for the DTC (see
Sect. 3.2.4), except that the LUT addressing is driven by DTC input codes (indepen-
dently of DAC input). Note also that there is no differentiation of the detected error
and that there is no need for segmented correction as for the DAC since the DTC
was optimized for 10-bit matched capacitor array (systematic DTC nonlinearity
is not dominated by mismatch). The final PM-to-PM distortion mechanism, the
two-point error injection mismatch (or delay spread) is background cancelled as in
[Marzin12]. Note that the PM-to-PM correction algorithms can independently run
in the background since they cancel orthogonal problems (as discussed in Sect. 3.2).

4.3.2 AM-to-AM Distortion Background Calibration
4.3.2.1 Background Gpp Estimation

In this section we explain how the DTC produced quantization errors can be used
to estimate the exact analog value of Gpp (that is dependent on the output RF
amplitude, as explained in Sect. 4.2). The DTC quantization errors can be subtracted
digitally from the ADC output so that they do not propagate through the loop, since
they are predictable and since they contain no useful phase-error information (note
the DTC quantization error compensation block in Fig.4.4). This process can be
executed with high accuracy with respect to the DTC (quantization error estimate)
since its gain is known and background calibrated (see Sect.4.3.1). The absolute
accuracy of phase-error detection gain (Gpp) is, however, difficult to predict at
design time. Note that for now we assume linear AM scaling from <0:1], or O to
100% of output amplitude.
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indicated in gray within the SSPTX; (b) background calibration with 10% gain error

During amplitude modulation, as depicted in Fig.4.7, the same amount of time
error, or DTC quantization excess in this context, leads to a different sampled
voltage error, since the DPA output operates at different amplitudes and the PD
detection slope changes around the ideal zero-crossing. For accurate compensation
in the digital domain, it is hence necessary to scale the original time deviation (DTC
quantization error) by the appropriate instantaneous AM code and the original Gpp
value (see Fig.4.8a).
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The detected phase error, ® 5, under the influence of DTC quantization error At
can be expressed as:

1
Op = AT2nfN G - AM;ea1 — Gpp - AM) 4.5
B wf AM (1 + Gop) (GpDreal real PD ) 4.5)

where Gppreal - AMreq) represent the analog phase-error detection gain and AM
amplitude scaling, respectively, that may differ from the expected digital values
Gpp - AM. f is the operating frequency of the DPA and Gor. is the PLL open
loop gain defined with Eq. (4.3). Note that expression 4.5 represents a small signal
approximation valid when the PLL locks, and when the DTC quantization errors are
small enough. To minimize ® g, Gppreal - A Mreal needs to correspond to Gpp - AM.
To address this issue, we propose self-estimation of the Gpp value in the digital
domain, as depicted in Fig.4.8. The goal is to minimize correlation between the
quantization signal At and the phase-error detector output ® . If there is no gain
error, the Gpp value is simply scaled by the integer 1 and the integrator in the
correction loop receives a zero-mean stream, since ®p is then not at all influenced
by At. The scaling value changes if a gain error is present in the system. The
integrator slowly drifts as in Fig. 4.8b (speed determined by the coefficienta << 1)
in the positive or negative direction, depending on the gain error sign, and then
finally saturates at the desired position. As the gain error disappears, the input to
the integrator becomes a zero-mean stream again. In other words, the PD gain
is digitally scaled to fit the Gpprear value. The digital estimate can later be used
for optimal scaling of the loop filtering properties. The algorithm can run in the
background continuously tracking potential environmental changes, or it can be
disabled once when the correct estimate is acquired.

Note that different training sequences could be used instead of the DTC
quantization errors to achieve the same result. For example, larger timing errors
could be on purpose induced in the system to produce more information, i.e., larger
detected error amplitudes. This principle is useful at lower AM codes where the
information is limited by the given ADC resolution. Care must be taken to still
approximately operate in the linear range of the PD. Simulations show that by
application of the first order A¥ modulator in front of the DTC, as depicted
in Fig.4.4, enough information is produced for the Gpp calibration algorithm to
consistently converge at all the AM codes used in 1024 QAM. A second order A X
modulator that has a larger output swing can be optionally used to speed up the
calibration and produce more information at low AM codes.

4.3.2.2 Background DPA INL Cancellation

The described Gpp background calibration successfully resolves potential gain
mismatch, but the same principle can also be extended for compensation of
nonlinear AM;ea scaling, or in other words, for background predistortion of a
nonlinear DPA. Figure 4.9a exemplifies a transfer function of a nonlinear DPA
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(simulated 10-bit class D~' DPA model similar to [Chowdhury12]). Constellation
diagram of a transmitter employing the DPA for amplitude modulation is clearly
distorted, as shown in Fig.4.9b. The constellation points do not appear in circles
linearly distanced from the constellation center, which consequentially imposes
heavy degradation of the measured EVM. Instead of pushing effort into analog
linearization that typically comes with an efficiency, complexity, and area expense,
we make use of digital background calibration, as explained next.

Predistortion of the 10-bit DPA proposed in this design is implemented through
a 16 position LUT, as depicted in Fig.4.10 (note that the DPA uses a 4-bit
thermometric and 6-bit binary segmentation, hence 7 = 4 and B = 6). Instead
of sending the original input code to the DPA, predistorted inputs are used, which
force accurate digital to amplitude conversion. In other words, if the DPA amplitude
error is known at every code, it is always possible to choose a digital input that



100 4 A Background-Calibrated Digital Subsampling Polar Transmitter

results with the desired output amplitude. The 16 correction coefficients are simply
linearly spread across the full input range and they represent values that need to be
subtracted from the original input to achieve the desired DPA response.

The central phenomena used for populating the LUT (i.e., for implementation of
the background calibration process) are the correlation between ® g and At signals
per particular AM input code (Fig.4.10). The ®p signal represents the detected
phase error, ideally perfectly free of DTC quantization error (At) influence, as
explained in the previous section. In time domain, this means that the ®p signal,
as shown by (4.5), remains a zero-mean pseudo-random stream of data. If, however,
AM scaling is nonlinear, this stops being true across certain amplitudes. In other
words, the ®p and At signals correlate at AM inputs that induce nonlinear
amplitude scaling. To track this, the product of ®p and At is at every cycle
accumulated to the appropriate AM-determined address in the LUT, as shown in
Fig.4.10. The correction coefficients therefore change over time (speed determined
by the tap gain factor 2~X). They propagate towards the point where the nonlinear
AM scaling becomes accurately compensated. The values within the LUT then
saturate, and the ®p and At signal product becomes a zero-mean stream, per
particular input DPA code. The final AM-to-AM predistortion estimation curve
ideally settles to the values indicated in Fig.4.10 by the red * symbol. Piece-
wise linear approximation is used at the codes in-between. Visualization of the
background calibration process can be found in Sect. 4.3.3. The algorithm can be
enabled in the background, as the transmitter operates normally, since it does not
interfere with its operation. This correction loop compensates gain mismatch as
well, hence it does not operate in parallel to the PD gain error estimation. In other
words, the DPA INL calibration loop gets enabled after the Gpp estimation settles
(and freezes the gain estimation).

4.3.3 Phase-Domain Matlab Simulations of Background
Calibration

Figure 4.11 shows full system simulation with all the background calibration
algorithms enabled simultaneously. The DTC, DAC, and DPA nonlinearities are
modeled as described in the section above. The algorithms run independently and
do not influence each other since the nonlinearities that are being cancelled produce
disturbances that can be correlated to separate/independent digital inputs. In other
words, there is a single optimal position to which all the loops converge to maximize
the desired error suppression. The correction coefficients are continuously updated
in the background and, as visible from the figure, at about 150 ms of operation time
they settle to the desired positions, predicting accurately the necessary predistortion
profile. The simulation is on purpose prolonged for the algorithms to run in the
background, tracking potential environmental change. Since there is no modeled
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distortion fluctuation over time, the correction coefficients simply dither around the
optimal position. If the estimation gain is low, the added noise in the TX path is
negligible.

Figure 4.12a shows output constellation before the background calibration is
enabled. The output is clearly heavily distorted both in amplitude and in phase
domain. After the calibration is enabled, the constellation is linearized as the
correction algorithms formulate optimal predistortion curves (Fig. 4.12b).

4.4 Built-in AM-to-PM Distortion Filtering

Besides that it enables background AM-to-AM distortion calibration, there exists
a second benefit of placing the amplitude modulating block within the PLL. An
important disturbance mechanism often encountered in transmitters is AM-to-
PM distortion [Yooll, Chowdhuryl1]. In the moderate/high output power range,
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Fig. 4.12 SSPTX (a) before and (b) after the background calibration is enabled

this effect may easily lead to spectral leakage and EVM degradation. Amplitude
dependent power consumption, amplitude dependent DPA load characteristics, or
amplitude dependent magnetic coupling between the VCO and DPA are just some
of the typical culprits for the unwanted outcome.

The problem of AM-to-PM distortion is typically neutralized through pre-
distortion [Yooll, Chowdhury11]. Measurement-based predistortion can be time
consuming and costly, especially when covering PVT variations. Moreover, predis-
tortion becomes increasingly complex in the presence of memory effects, i.e., when
AM-to-PM leakage is not purely static but depends on an arbitrary number of
previous AM samples (at some arbitrary weight).

In the SSPTX, the DPA-produced phase deviations are high-pass filtered in
transfer to the output, in the same fashion as for the VCO originated phase noise.
This system’s property comes directly as a consequence of placing the DPA in series
to the VCO, where the transfer function of the phase signal to the output behaves as
depicted and numerically expressed in Fig. 4.13a. The suppression of the unwanted
AM induced phase deviation signal ®ppy is frequency dependent. Low frequency
AM-to-PM distortion is strongly suppressed. As the frequency of ®ppa increases,
the suppression rolls off with 20dB per decade, until it disappears at frequencies
above the PLL cut-off.

Frequency content of ®pps depends on the AM excitation signal and on the
distortion mechanism properties (see Fig.4.13b). To verify the performance of
distortion suppression in a SSPTX, we introduce a static AM-to-PM distortion
curve (simulated class D~! DPA) in the Matlab simulation environment as given in
Fig. 4.14a. Note that this is the simplest form of distortion that excludes any memory
effects in the system. The PLL loop bandwidth is set to approximately 5 MHz,
while the PLL modulation BW remains at 2.5 MHz. As predicted, SSPTX efficiently
suppresses undesired behavior, achieving approximately 3 dB better result in terms
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of EVM than a typical polar TX with the amplitude modulating block out of the
loop—the AM induced phase rotation from Fig.4.14b is significantly reduced in
the SSPTX (Fig. 4.14c).

4.5 Analog Building Blocks

4.5.1 Subsampling Path: From Sampler to Code

A simplified overview of the SSPTX subsampling path is depicted in Fig.4.15a.
Phase-error detection is performed directly at the DPA output, where the signal
can be represented by a (constant amplitude and frequency) sinewave, between the
samples. The timing diagram of the phase-error detection and data handling process
is summarized in Fig. 4.15b.

The DTC [Markulic14] delays the sampling event with respect to the crystal
oscillator input rising edge. The minimal delay imposed by the DTC is approx-
imately 500ps, while the highest value in its output dynamic range reaches
approximately 1 ns. After a sample is acquired, the sampler done signal goes high
and triggers the dynamic amplification of the sampled signal. The amplifier uses 2 ns
to provide a valid input for the ADC. The timing window for the analog-to-digital
conversion is 5 ns wide. The ADC resolves 6 bits in this time frame. After the ADC
done pulse, the phase-error detection process is reset and the digital subsystem starts
phase-error information processing. There is 4.5 ns dedicated for the digital filter to

" .
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Fig. 4.15 SSPTX (a) subsampling path block diagram and (b) timing diagram
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provide new digital output in front of the falling edge of the clock, at which the
transmitter acquires new values for the DACs.

4.5.1.1 Sampler

The sampler operates at the high-power DPA output, hence it is important to take
care of its reliability, linearity (signal independence), and potential sensitivity to
supply disturbances, not to introduce any distortion in the transmitted signal. The
peak DPA output power target is 12dBm which translates to max 2.5V peak-to-
peak over a 50 €2 load.

The sampler schematic is presented in Fig.4.16. The sampler is directly con-
nected to the DPA output, differentially at both sides with a twin dummy structure
to equalize loading of the DPA and make it independent of the sampling phase
[Gao10]. The structure operates in two phases. In the track phase M2 switch is
closed, and M1 switch is opened. Capacitors C1 (DC blocking) and C2 and the
resistors embody an attenuating network that divides the input signal swing by an
approximate factor of 12 as it propagates to the top plate of C2. The attenuation
is strong enough to ensure linear tracking, independent of AM signal, even for
the largest DPA output power. Moreover, the same mechanism ensures only a
small portion of the DPA output current flows through the structure (avoiding
potential large signal problems). Note that the sampler should not introduce any

Cl1 R1
DPA
out +_”_' * * 1 c

Vsamp
outt
R2
Ml M2
Vsamp drive  Vsamp drive
Cl R1

_' _L Vsamp
dummy+

Ml M2

Vsamp drive Vsamp drive

Fig. 4.16 Sampler schematic. Note that the figure shows only single path sampling (with a dummy
for load equalization) while in reality sampling is differential at both DPA sides
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AM-to-AM, or AM-to-PM distortion in the track phase, i.e., signal tracking should
be consistent at the given modulation BW. The parasitic amplitude/phase signal
deviation introduced by the structure at the bandwidth of interest is insignificant
in post PEX verification. In hold phase, the M2 switch from Fig. 4.16 opens, storing
charge in the C2 capacitor. To avoid large amplitude swing across C2 that can
potentially induce charge leakage through M2, we make use of switch M1 that
closes in this phase. This architecture enables pseudo-differential sampling, in
which charge leakage cannot be dismissed as a common mode signal. Top plate
of C2 remains grounded and experiences very little swing. The sampled voltage is
then readily used from the bottom plate of C2 for the input stage of the dynamic
amplifier, in front of the ADC.

Although not under investigation of this work, direct sampling at the DPA output
might result with down-conversion of the environmental noise picked up by the
antenna (for example, large neighboring blockers). This problem can be addressed
with careful matching network design in the future.

4.5.1.2 Signal Amplifier

The amplifier schematic is depicted in Fig.4.17. In the sampler tracking phase (see
Sect.4.5.1.1) input is set to common mode ground, biasing a pMOS differential pair.
This is the reset phase for the amplifier, when the ®reset is high (switches closed)
and ®amplify signal is low (switches open). The amplifier output is set by Vgs of
M2 which is designed to be around VDD/2, as desired by the comparator of the
Successive Approximation Register (SAR) ADC in the following stage.

In the hold phase of the sampler, ®reset switches are opened and the amplifier
moves into amplification mode. The differentially sampled voltage (Vsampa —
Vsamp B) is held at the amplifier’s input and the ®amplify switches are closed. The

Ibias

Vsam A Vsam B
P~ Mia Mib o
pamplify pamplify
e e

Prst
d)r‘e/set k ) d)res;t Out B

=T Canc M2a M2b I Canc

Out A

Fig. 4.17 Signal amplifier schematic
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differential current now flows through the output capacitors and the amplifier gain
is defined with:

_ 8m.M1

A=
Capc

- TAMP, 4.6)

where g, m1 is the input differential’s pair transconductance, Capc is the ADC
input capacitance, and tamp is the amplification time. The tamp amplification
window can be digitally tuned, to manipulate with the desired amplification factor.
In the presence of mismatch, the amplifier can exhibit certain amount of offset that
can be cancelled offline. This is achieved in the calibration mode where the input
pair is shorted to ground and the transistors M2 (a and b) are digitally tuned to cancel
the unwanted behavior. Monte Carlo analysis is used to confirm that the tuning range
available can cover 3o of statistically possible gain/offset variations.

Another important aspect is the amplifier linearity, as it ensures no degradation in
phase-error-to-digital code conversion. Fortunately, as the PLL locks, the amplifier
operates with low-amplitude inputs (zero-crossing sampling), where distortion
is typically low. System level simulations show that the standard deviation of
detected phase errors is o; = 0.4 ps, which translates to o; = 1.4mV for the
sampled input values (at 5.5 GHz with DPA output amplitude of 1.25 V and sampler
attenuation of 12). Amplifier output voltage stays between [—43 mV:43 mV] during
the nominal amplification by 8. This output maps to the [-48 mV:48 mV] ADC (6
bit 1.5mV LSB) input range (see Sect.4.5.1.3) with few millivolts of overhead to
avoid clipping.” Simulations show that such an amplifier introduces below 0.5 LSB
of INL in the phase-error detection path (assuming a 1.5mV LSB ADC and
aforementioned limited output swing), and does not impose any significant influence
on the TX output.

45.1.3 ADC

The design of the ADC is based on the final stage of the 10bit, 300MS/s SAR
ADC reported in [Malkil6] to implement a 6 bit 1.5 mV/LSB ADC used here. The
relaxed time constraint of 5ns to resolve 6 bits enables use of only a single low-
noise comparator from [Malkil6]. The SAR ADC uses a DAC with differential
feedback to ensure constant common mode input voltage during the conversion.
The total input capacitance (including layout parasitics) seen by the amplifier is
approximately 830fF, and is used as such in Eq.(4.6) to calculate the amplifier
gain. The DAC array is constructed from a unit capacitance of 0.5 fF that ensures
99% yield for 9.3 ENOB matching, which is more than enough to guarantee that
ADC does not induce any distortion in the phase-error detection path of the SSPTX.

2Theoretically this clipping can still appear, however, it is statistically a very rare event that does
not influence the average EVM.
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4.5.14 DAC

The VCO contains two equivalent DAC driven analog varactors that are indepen-
dently controlled by the loop filter and the digital modulator, respectively (see
Fig.4.4). We opt for DAC-driven-varactor oscillation control, rather than for a
digital varactor bank since the former offers accurate step control (low LSB values),
and simpler layout—the resistive DAC can be put out of the VCO core (that contains
the varactor), while a digitally controlled bank necessitates normally integration
within it. A negative consequence of this choice is a rather nonlinear digital-to-
capacitance, i.e., digital-to-frequency conversion, typical for wide dynamic range
varactors. This normally imposes no issue for the loop-filter-controlled varactor
that operates with very low input swings (and is used exclusively for phase noise
filtering). The modulating DAC will, however, distort the transmitted phase. The
problem is in context of a SSPTX solved with digital background predistortion (see
Sect.4.3).

The DAC-based varactor control is depicted in Fig.4.18. The 11-bit DAC
architecture is segmented in 7bit binary and 4 bit thermometric sections. The
binary coded section is implemented in a classical R-2R ladder architecture, while
the thermometric section uses simple resistive division (and a unit cell R). The
switches connect the resistors (2R for binary and R for thermometric section)
to either VDD or VSS, with respect to the input digital code. This creates an
effective voltage division between VDD to VSS, and an analog output voltage that is
linearity proportional to the input code. Unit resistor size R is 40k€2, and the cell’s
width/length are chosen for a statistical 11-bit matching.

Note that change of the DAC output voltage is not instantaneous. On the contrary,
a R-2R DAC often produces (code dependent) output voltage glitches during
switching, since the newly applied state (code) needs to propagate through the
resistive network that is potentially rich in parasitics. The largest simulated settling
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XOi, New codes are applied to the DAC
Varactor in at the falling reference edge
the VCO
N e B
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Critier P k I N
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new code application ~ DAC settles to a new value
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Fig. 4.18 DAC schematic and operation principle
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time of the DAC is approximately 2ns. To overcome this issue and not to allow
any glitch energy dependent phase accumulation, we separate the DAC from the
varactor at the switching instant. As depicted in Fig.4.18, the switch opens and
disconnects the DAC from the varactor before the new code is applied. During
the switch opening time window, the DAC output settles. The switch is then again
closed, and the new voltage is applied to the varactor input. To avoid code dependent
settling time influenced by amplitude dependent switch resistance, we make use of
bootstrapped switch control. Thanks to bootstrapping, the switch resistance is an
order of magnitude smaller than the constant DAC output impedance (R/15) and
independent of the input signal. The size of the Cgjer capacitance from Fig. 4.18 is
selected independently for the two banks. The loop filter driven varactor uses this
capacitor in combination with the input impedance for implementation of the second
PLL pole, and its size is approximately 8 pF. The phase modulating path, however,
uses only a 1 pF capacitor, not to impose filtering on the transmitted data. Note that
the non-instantaneous frequency shift of the VCO is compensated digitally with
background delay spread cancellation as described in Sect. 3.3.2.

Note that the delta-sigma modulator in front of the DAC is not oversampled in
this design, hence the analog high frequency pole is necessary for compression of
the shaped quantization noise.

4.5.2 Inverse Class-D DPA with Harmonic Rejection Mixing
(HRM)

The presented SSPTX incorporates an inverse class-D DPA (D’l) [Chowdhury12].
This switching PA structure in its original form (depicted in Fig.4.19) makes use
of a single LC tank that is integrated in the output matching network (balun). For a
maximized PA efficiency, this network ensures zero voltage switching where the LO
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Fig. 4.19 Inverse class-D (D_l) DPA. (a) Simplified schematic. (b) Model
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driven switch is carefully closed only as the voltage across it equals zero. In other
words, the square wave shaped current through the switch is set out of phase with
the sinusoidal output voltage waveform. A theoretical 100% drain efficient structure
assumes infinitesimally small switch impedance and, importantly, no output current
(odd or even) harmonic leakage into the load [Chowdhury12]. The target of this
design is to operate above 10 dBm peak power with a 0.9V supply and a 50 Ohm
load. For the proof-of-concept of the SSPTX, however, the DPA is not optimized
for efficiency.

To enable amplitude modulation, the switch is changed into a digitally controlled
parallel array. Note that linear code increase results with nonlinear resistance scaling
(since switches are connected in parallel) and thus with nonlinear amplitude control.
The unwanted behavior is resolved through background predistortion, as described
in Sect.4.3.2. Moreover, the structure’s sensitivity to AM-to-PM cross-distortion
(the nonideal switches operate under significantly different conditions between low
and high amplitudes) gets attenuated by inherent SSPTX filtering as described in
Sect. 4.4.

The AM-to-AM background calibration algorithm in this system relies on linear
subsampling-based error extraction. Subsampling is unavoidably susceptible to
down-folding of DPA’s harmonical content. The matching network naturally filters
the unwanted LO replicas, however, this process is quality factor dependent and thus
imperfect.

The harmonics are likely to appear at the odd multiples of the fundamental tone,
since the DPA is pseudo-differentially driven by a square wave. The subsampled
fundamental sinewave shape is imperfect. Simulation-based study shows that as
long as the harmonics scale linearly with the fundamental, that is, if the amplitude
ratio and relative phase between the harmonics remain constants over AM codes,
there is no influence on the SSPTX (besides a small Gpp change, which is neverthe-
less background tracked). A realistic, nonlinear structure, however, likely exhibits
different AM-to-AM (and/or AM-to-PM) transfer mechanisms for the fundamental
and the upper harmonics, respectively. The consequence can potentially be false
AM-to-AM detection. Intuitively, if the harmonics are strong enough, the predistor-
tion algorithm tracks linearity information about them (even though this information
is not useful)—false AM-to-AM detection happens if this information differs from
the information related to the fundamental tone. Fortunately, simulations show
that the SSPTX output remains unbounded by these effects (no significant EVM
degradation) as long as the ratio between the fundamental LO component and its
harmonics is large enough (>30 dB).

The square wave driven switching pair of the typical class D' DPA induces
differential square wave current flow, as illustrated in Fig.4.20a. The voltage
waveform at the output contains odd harmonics of the fundamental tone. The DPA
can optionally use harmonic-rejection-mixing (HRM) to avoid this [WeldonOl,
Lin14, Mensink05]. The basic idea is to modify the current waveform so that it
does not contain the 3rd and the 5th harmonic. This can be achieved by mixing the
50% and 25% duty cycle rectangular drive (see Fig.4.20b). The 25% duty cycle
current opening window needs to fall exactly in the middle of the 50% duty cycle
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Fig. 4.20 Typical versus harmonic rejection mixed class D~! DPA. (a) Operation principle of a

typical inverse class-D DPA. (b) Operation principle of an inverse class-D DPA with harmonic
rejection mixing

opening window and the ratio of currents over a half-phase has to be (+/2+1)/4/(2)
[WeldonO1]. Note that any phase or amplitude imbalance results with imperfect
cancellation. To achieve at least 30 dB of suppression, the current amplitude scaling
error should be below 10% and the phase error below 1.5° [WeldonO1].

We make use of a secondary switch bank that is put in parallel to the original
array to enable HRM (Fig.4.20b). The two 10 bit banks are physically identical,
they make use of a 290 nm wide unit cell switch (28 nm in length) in a 6 LSB binary
and 4 MSB thermometric segmentation. The switches are driven by AND gates that
mix code with the LO signal, as desired by the polar amplitude modulation process.
Note that the AM data is latched by the LO low-phase, so that no AM is permitted
during the switch ON phase. One pseudo-differential bank receives the 50% duty
cycle LO drive, while the other operates based on a 25% duty cycle LO signal input
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Fig. 4.21 HRM signals generation. (a) Harmonic rejection mixing implementation. (b) Harmonic
rejection mixing waveforms

(delay adjusted). Instead of analog switch size scaling for the desired amplitude
ratio over a period (nonlinear behavior), we use digital control. The ratio of codes
is easily configured in the digital domain, where a LUT determines scaled version
of the codes sent to the 50% duty-cycled bank (with respect to the codes sent to the
25% duty-cycled bank) ensuring desired switch impedance ratio over an LO period
and strong HRM.

Although DPA’s drain efficiency is not optimized in this design, the following
observation can be made: (1) harmonics represent unnecessarily wasted power
(no useful information), hence minimizing them can potentially maximize the
efficiency; (2) HRM class D™ DPA can also operate in zero voltage switching
condition.

The buffering from the conceptual schematic in Fig. 4.21 is implemented through
custom made digital logic. The input and the output of the divider are DC shielded,
with a fully reconfigurable DC biasing network to enable accurate duty cycle control
of the signals driving the DPA. The inverters in the path are scaled in a tapered
configuration to ensure a reliable square shape driving the final DPA buffer. A
digitally controlled delay line is used on the 50% duty cycle signal to make it fall
exactly in the middle of the 25% duty cycle signal’s ON phase. To ensure correct
phase matching we implement a 7 bit, 0.4 ps/LSB delay line. The addition of HRM
in the structure obviously has a power repercussion, since the LO buffering became
more complex.

The balun is integrated on chip. Full thick metal stack is used to implement the
coils, ensuring low resistivity and a quality factor of 12 across the frequencies of
interest. The size of the inductors in the primary and secondary are 380 pH and
410 pH, respectively. To achieve the maximal power transfer across the full range
of output frequencies from 5 GHz to 6 GHz, the balun needs resonant frequency
tuning. This is achieved by placing a tunable digital varactor bank in parallel to the
primary inductor. The bank is 4 bit wide (plus a half-cell) with 90 fF/LSB. Note that
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a 200 fF MOM capacitor is fixed in the primary and a capacitor of 1.2 pF is fixed in
the secondary.

The complete DPA architecture is illustrated in Fig.4.22. Note that the digital
processor determines AM1 and AM2 input codes independently. The accurate ratio
of codes that ensures desired current scaling for strong HRM can be experimentally
determined and fixed. Similarly, the delay r which ensures desired phase matching
for HRM is fixed experimentally.

4.6 Measured Results

The SSPTX was fabricated in 28 nm bulk digital CMOS with the chip size of
2.62mm? and an active area of approximately 50%. One of the measured die’s
micrographs is shown in Fig. 4.23. The chip operates from a 0.9V supply, while
the IO interface uses a separate 1.8 V supply.

4.6.1 Digital Subsampling PLL Measurements

We analyze performance of the background-calibrated PLL first, when no modula-
tion is present in the system, with 2 different VCO setting modes: (1) high-power
and (2) low-power mode. The DPA is set to a constant mean output power of
7dBm. A fractional-N output around 5.6 GHz (with in-band spurs) is synthesized
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Fig. 4.23 Die micrograph
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Fig. 4.24 Measured phase noise of the PLL. (a) High-power VCO mode. (b) Low-power VCO
mode

from a 40 MHz crystal reference. Figure 4.24 shows measured phase noise. In high-
power VCO mode, the PLL operates with 168.4fs RMS jitter (—47.6dBc IPN).
Note that the integration range (10kHz—40MHz) includes all spurs. The in-band
noise floor is in this mode —111.8dBc/Hz. In low-power VCO mode, the RMS
jitter and in-band noise floor are 193.4fs (—46.2dBc IPN) and —110.9 dBc/Hz,
respectively. Thanks to the background-cancelled PD nonlinearities (DTC), the PLL
operates with virtually no difference between integer-N and fractional-N modes
(AIPN <0.25dB). Spurious content is similar in both modes and reported through
Fig.4.25. The integer-N spur level is —66 dBc. Its origin is in-band, since it can be
reduced by choosing a lower PLL bandwidth (with suboptimal noise filtering as a
consequence).The worst case measured fractional-N spur is at —66 dBc, which is the
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residue spur limited by accuracy of devised DTC predistortion and potentially other
parasitic effects such as supply noise/coupling. Note that the performance of the
PLL as shown in Fig. 4.24 matches the performance of the analog subsampling PLL
as presented in Chap. 3 (see Fig. 3.18). The measured jitter (frequency independent)
is similar in the compared systems, both, in low and in high-power modes. This
stands as a proof that the loop digitization was successful and that there is no added
phase noise degradation between the analog and the digital loop, as desired.
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The overall DC current consumption of the PLL loop from a 0.9V supply is
as follows: DTC, signal amplifier, and ADC consume 1.3 mA, DAC consumes
0.3mA, digital consumes 2.2mA, and the VCO consumes 5.6 mA/10.3 mA in
low-power/high-power modes. If we exclude from the PLL power budget the LO
buffering and DPA that are used for delivering power to the 50 2 output load, the
subsampling PLL loop operates with total 12.7mW/8.5mW in high-power/low-
power modes. This results with a competitive fractional-N PLL FOM? of —245dB
(with 0.5dB Iess in high-power mode).

4.6.2 Digital Subsampling Polar TX Measurements

The SSPTX performance is initially analyzed at 2.5 MHz modulation bandwidth.
Figure 4.26 shows TX output spectrum at —2.7 dBm average power. The measured
EVM is —41.3dB, which enables a clear 1024 QAM constellation. The measured
Adjacent Channel Leakage Ratio (ACLR)1/2 is —36/—38 dB. This level of accuracy
was predicted by simulations and proves that the distortion mechanisms had been
identified and compensated well—note that all the calibration loops are operating
simultaneously in the background. Figure 4.27 shows the TX output spectrum at
1.2 dBm average output power (1024 QAM). The EVM degrades to —40.1 dB EVM
which is likely due to an increased amount of AM-to-PM distortion present in
the system (discussed later). The measured ACLR1/2 is —35/—38 dB. The average
power can be increased further with similar consequence, for example, at 3.7 dBm,
the EVM drops to —37.1 dB which is still enough for a clear 256 QAM constellation.
To prove the importance of the devised algorithms, we report measured EVM in
steps, as an increasing number of nonidealities is cancelled in the background (see
Table 4.1). The table clearly shows that enabling background calibration results
with at least 14 dB improvement in measured EVM. Figure 4.28 shows measured
predistortion curves as settled in the background.

Measurements disclose that with the increase of the DPA’s average output power
delivered to the load, the quality of the transmitted signal drops. As stated earlier,
this is likely due to increased cross-distortion between the AM and PM path.
First, the DPA has a simulated fixed AM-to-PM distortion profile as shown in
Fig.4.14, a constant output phase dependence on the used AM amplitude. Second,
AM-to-PM distortion can be dynamic as well, for example, the DPA can pull the
VCO, i.e., influence the speed at which the direct frequency modulation happens
at the VCO output—in dependence with the AM code change. As discussed
in Sect.4.4, the SSPTX filters AM-to-PM distortion in-band. Figure 4.29 shows
EVM dependence on the SSPTX bandwidth setting, at 3.7 dBm average TX output
power, where AM-to-PM is more pronounced. A clear improvement is seen for the

RMSjiller
S

2
3FOMpy 1, = 1010g,, [( 1?2&,) ( ) ) :| as defined in [Gao(09a].



4.6 Measured Results 117

Ang B dBm _ RMS4 Merl 5 559 436 798.10 He Fowsr -2.7L1 dim

LegMag

.@‘.‘A‘_ i m —@3‘5—‘ @!'inr

Trace B Mer  1: S 559 436 798,10 Hz Fower =-2.711 dBm
Mkr 2a1: -3 779 220.58 Hz Power -35.67 dB
Mkr 3a1: 3 778 839.11 Hz Pover -36.85 dB
Mer 4a1: -7 558 059.69 Hz Power -37.624 dB
Mex Sa1: 7 557 678.22 Hz Power =37.893 dB
Ring B30 v/
v e, Ty
'I_“;J L S Bt e o T B o 'p‘
‘e ')
KK P
4 ye|
K T
K T
K 3
¥ el
'y )
3 X
K o
Y F
Ky LA
K 2y
¥ i
f 4y
K 3.
K 3 A
i p |
548 K T
m « e
o o
K =y
¥ .
K iy
x Ty
K ;9|
. 2
(4.4 p. B
KT L)
:‘ r 4 L8888
A AV SO L
-1.3437635 1.36953951

Fig. 4.26 SSPTX output at —2.7 dBm average power (1024 QAM). EVM =—41.3dB

increased PLL bandwidth, even at frequency cut-offs that are beyond the optimal
phase noise filtering point (about 1.2 MHz as seen in Fig. 4.24). In other words,
SSPTX enables, in contrast to a classical polar TX, an additional degree of design
freedom: optimal loop filtering setting for highest transmission quality that includes
AM-to-PM distortion suppression.

The importance of background calibration becomes pronounced in time-variant
environments. Figure 4.30 shows measured EVM with £5% variation in the
supply, around the nominally calibrated 0.9 V point. Without environmental change
tracking, the EVM increases as the original distortion estimates fluctuate with the
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Fig. 4.27 SSPTX output at 1.2 dBm average power (1024 QAM). EVM =—40.1dB

Table 4.1 EVM verification at 2.5 MHz modulation BW with increasing number of background
calibration algorithms

—2.7dBm 1.2dBm 3.7dBm
Average power/constellation 1024 QAM 1024 QAM 256 QAM
No calibration > —27.3dB > —26.1dB > —22.0dB
+ AM-to-AM calibration —35.4dB —32.4dB —31.7dB
+ DTC INL calibration —40.1dB —37.0dB —35.4dB
+ DAC INL calibration —41.3dB —40.1dB —37.1dB
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supply level shift. This problem is resolved with background error cancellation
enabled by the SSPTX. Note that the continuous calibration does not disrupt the

transmitted signal.

At modulation bandwidth much larger than the loop bandwidth, the SSPTX loses
AM-to-PM filtering capabilities. Hence, to ensure a visible 256 QAM constellation
at 10 MHz bandwidth modulation, the SSPTX had to operate at very low average
AM powers (—4dBm). As shown in Fig.4.31, the transmitter then produces
—35.4dB EVM. This degrades at higher output powers, for example, at —1.3 dBm
average output power, the measured EVM is —32.3dB which is enough only for
a visible 64 QAM constellation. Note that the calibration continuously operates
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Fig. 4.32 HRM performance as a function of the AM scaling factor and relative phase delay
between the 50% and 25% duty-cycled LO signal. (a) AM =1023. (b) AM=512

in the background, independently of modulation bandwidth. Figure 4.31 also
shows aliases around the 40 MHz DAC clock. To improve the spectral profile, a
higher clock rate should be employed (and better means for AM-to-PM distortion
cancellation).

The HRM performance is evaluated by running the DPA at a constant output
frequency (in phase lock) as a function of the scaling factor (i.e., the weight ratio
between the code sent to the 50% (bank 1) and 25% (bank 2) LO duty-cycled switch
bank) and the delay at which the 25% LO opening window appears with respect to
the 50% one (see Sect.4.5.2). The evaluated results are reported in Fig.4.32 for
suppression of the 3rd LO harmonic, at 2 separate full scale DPA output amplitudes
(code 1023 and code 512). At maximum code (1023) sent to the bank 2, the best
suppression (60dB) is achieved with the amplitude scaling factor of 0.25 (bank
1 receives 0.25 times the full scale code of the bank 1) and a phase separation
of approximately 22 ps. Similarly at code 512, the best suppression (59dB) is
achieved with the amplitude scaling factor of 0.35 (bank 1 receives 0.35 times the
full scale code sent to the bank 1) and a similar phase separation. The measured
results show that the HRM can be successfully achieved over the complete range of
output powers with pure digital scaling of the AM codes. A negative consequence of
scaling down the used bank 1 codes is output power degradation. In other words, less
power delivered in the 50% duty-cycled window is not compensated by delivering
more in the 25% duty-cycled window. This can be addressed in a redesign and was
not under optimization in this proof-of-concept implementation. The SSPTX shows
no degradation as long as the harmonic suppression is higher than approximately
30dB (see Sect.4.5.2), hence the measured quality of the transmitted signal (EVM)
remains independent of HRM scaling used. The peak DPA output power is 11 dBm
with the drain current consumption of 69 mA (20% drain efficient).

The DC current consumption from a 0.9 V supply during SSPTX transmission is
as follows: digital consumes 10 mA, VCO consumes 7 mA, DACs consume 0.4 mA,
and ADC, signal amplifier, and DTC consume 2.3 mA. The LO buffering and DPA
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Table 4.2 SSPTX performance summary and comparison to other recent TX architectures

This work [Bal6] [Fuldel7] | [Boosl1]?
Architecture SSPTX Polar TX | Polar TX | Polar TX
Technology [nm] 28 40 65 28
Supply [V] 0.9 1 1.2/2.5 1.3/1.1/1
Freq [GHz] 5.5+ 10% 0.75-0.93 [0.8-2.1> [2.3-2.8
BW [MHz] 25110 2 3.84 10
Poutyyerage [dBm] —2.7/1.1/3.7 11 —4.0/—1.3 0 6 6
QAM 1024/1024/256 11 256/64 64 n.a. n.a.
EVM [dB] —41.3/—40.3/-37.2 I =35.2/-32.2 | =27 —29.1 —33.6
Consumption [mW] | —46.5/55/59 1l 46 -7 72.5¢ n.ad
Poutye,x [dBm] 11 8 8 12

2 At LTE10 high band

b Paper indicated 2G/3G

¢ Only RFDAC consumption at 6 dBm (no LO buffering or digital interface consumption)
4 44 mA at —18 dBm unclear from which VDD

average consumption depends on the desired delivered output power. At —2.7 dBm
average output power, 1024 QAM, the current consumption is 25 mA for the LO
buffering and 7 mA for the DPA. At 1.2 dBm average output power, 1024 QAM, the
current consumption is 25 mA for the LO buffering and 11 mA for DPA. And at
the reported 3.7 dBm average output power, 256 QAM, the LO buffering consumes
29 mA while the DPA pulls 17 mA. Note that different power levels were achieved
by digital scaling of the AM codes.

In summary, thanks to the linearized environment that allows high order con-
stellation schemes, the delivered data throughput by the SSPTX is highly efficient:
1.86nJ/bit (1024 QAM at 2.5MHzBW and average DC power consumption of
46.5mW). At I0MHzBW and 256 QAM, we reach very low 0.58nJ/bit. An
overview of the SSPTX performance is shown in Table 4.2 with a brief comparison
to other architectures. Note that this TX achieves lowest EVM at highest QAM
complexity, while it operates at higher frequency band where integrated phase noise
imposes larger limitations and power aided efficiency is normally smaller.

4.7 Conclusion

We have presented the first implementation of a subsampling polar transmitter that
consists of a low-noise phase modulating digital subsampling PLL and an inverse-
class-D digital power amplifier for amplitude modulation. The DPA is, unlike in
a typical polar transmitter, placed within the PLL and the phase-error detection
happens directly at the DPA output. The SSPTX is sensitive not only to phase
errors, but also to modulation amplitude. The feature enables distortion filtering and
accurate linearization. AM-to-PM distortion is suppressed by the loop operation
and AM-to-AM, PM-to-PM distortion are detected and cancelled digitally in the
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background, while the transmitter operates normally. Thanks to the highly linearized
environment, the architecture enables use of complex constellation schemes (1024
or 256 QAM) with 2.5/10 MHz modulation bandwidth around a 5.5 GHz carrier,
ensuring spectrally efficient data throughput that is ubiquitously desired in the
existing and upcoming wireless links.
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Chapter 5 )
Conclusion and Future Outlook Chack for

5.1 Summary

Thanks to the extreme connectedness of today’s world, it is easier than ever to
transfer information and to communicate.' Wireless links normally use transceivers
with a local oscillator in their heart that is typically implemented as a PLL. Reliable
and pristine PLL output frequency beat is of crucial importance for the efficient
spectrum usage—and higher-order modulation schemes (at large bandwidths) are
required to satisfy the end-users growing hunger for fast data throughput. The PLL’s
phase noise and spurious content indeed impose the fundamental limit to the density
with which the information can be transmitted. Besides the exclusive LO generation,
aPLL can be the basis for compact and power-efficient polar transmission. Polar TX
architecture is an attractive, digitally intensive solution that simultaneously comes
with a set of severe design challenges (such as bandwidth limitation and linearity)
that need to be carefully tackled when targeting high-speed communication. This
book offers contributions to the state of the art in fractional frequency synthesis and
polar transmitter design. The presented material is built around three 28-nm bulk
CMOS IC prototypes that investigate and push the boundaries of the field.

The first design (Chap.2) explores opportunities behind a subsampling PLL
architecture. This divider-less loop makes use of a phase-error detection mechanism
(subsampling) with extremely high gain that efficiently compresses in-band PLL
noise. The loop therefore permits extension of the PLL filtering bandwidth, which
is beneficial for the VCO’s phase noise filtering profile. This in turn leads to
minimization of the overall integrated noise and very low jitter. In fact, the integer-N
subsampling PLL proves to be a leading architecture for low noise and for power
vs. performance tradeoff. Unfortunately, this synthesizer had originally no phase

IThe quality of information content is out of this book’s scope.
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modulating capabilities, i.e., no functionality for fractional synthesis and hence it
had very little use for modern wireless standards. The VCO’s output zero-crossing
detection by subsampling at the reference rate (for detection of phase mismatch) is
indeed only functional for integer ratio between the input and the output frequency.
We present how to enable fractional-N operation using a subsampling PLL by
introduction of a digital-to-time converter (DTC) in the reference path of the PLL.
The DTC exploits time rather than voltage-domain processing, which is a trend
repeatedly seen in the recent time-to-digital (TDC) based digital PLLs. A DTC,
in contrast to a classical TDC, easily reaches fine resolution (low quantization
noise) that is fundamental for high performance. Its purpose is to dynamically
compensate for the fractional residue between the input and the output frequency,
by instantaneously delaying the reference sampling edge. We propose one of the
first DTC designs suitable for digitally intensive frequency synthesis, with special
care drawn to analysis of its linearity, phase noise, and supply noise rejection. The
goal is naturally to maintain all the benefits of subsampling while operating in the
fractional-N multiplication mode. The newly developed FNSSPLL operates in the
9.2-12.7-GHz range with 280 fs of RMS jitter in the worst-case fractional-N modes.
With a 40-MHz crystal oscillator reference, the measured in-band performance of
the PLL is —104 dBc/Hz. This measure stands as a proof of the concept. At the
moment of publication, no other fractional-N PLL design reported better in-band
noise. The reported FOM of the PLL is —240dB, at 13-mW power consumption.
In the second design (Chap. 3), we address the fundamental limitations of the
newly proposed loop to minimize the performance gap between integer-N and
fractional-N subsampling modes. To achieve this, the FNSSPLL must operate
without nonlinearities in the phase comparison path (and without large or data-
dependent quantization noise excess). Note that for example, in typical analog
PLL’s these problems originate within the linearity of the charge pump, while in
digital loops, the TDC becomes typically the major culprit for the performance
degradation (because of its nonlinearity and/or limited resolution). In a DTC-based
subsampling FNSSPLL, it is of course the performance of the DTC that sets the
bottleneck for the PLL’s output spectral purity. In the first design, we worked
towards analog resilience of the DTC to different degradation mechanisms, such
as code-dependent supply noise or its nonlinearity. Similarly, we optimized the
DTC’s quantization error, keeping it below the environmental noise. In this design
we explore digital DTC background calibration and randomization techniques to
improve inherit performance of the DTC. We develop algorithms that rely on
a simple single-bit (bang-bang) error extraction at the output of the PLL’s PD.
The digital information about the error can be correlated to the instantaneously
used DTC input codes to continuously track its behavior. Simultaneously, we use
this information to determine optimal code predistortion that nulls the undesired
nonlinearity in its origin. Thanks to the digital calibration that tracks PVT in the
background, the second prototype shows almost no performance gap between the
integer and fractional modes. The designed PLL operates around 10.1-12.4 GHz
with best-/worst-case RMS jitter of 176/197 fs at 5.6 mW power, achieving FOMs
that exceed —247 dB and challenge state of the art in PLL design. Moreover, within
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the same IC prototype we extend the basic loop and propose the first subsampling
PLL-based phase/frequency modulator. To achieve wide-band phase modulation,
we make use of two-point modulation. To avoid signal degradation, the injection
paths need to be accurately matched, both in injection gain and in the time instant at
which the modulation data is injected. The linearization techniques proposed earlier
are similarly adopted in modulation mode (DTC and modulating DAC background
calibration) to achieve high accuracy in terms of EVM. The mixed mode phase
modulator operates at 10-MHz GMSK modulation bandwidth with up to —40.5dB
EVM, which surpasses similar work within the state of the art.

The third IC prototype (Chap. 4) of this book introduces a Digital Subsampling
Polar Transmitter (SSPTX) as a novel architecture that offers several advantages
with respect to a classical polar TX. The new system build-up starts by digitization
of the FNSSPLL. We make use of an ADC that converts information about sampled
phase error into digital data and feeds it to a digital loop filter. This stands as a point
of contrast to an analog loop in which the sampled error biases a transconductor that
feeds current into a (area consuming) filtering capacitor. The loop filter produces a
control signal for the DCO that is built from a reference clocked resistive DAC
and a varactor. The Chap. 4 describes how the added quantization noise can be
handled to avoid performance degradation with respect to the analog loop. The
digital subsampling PLL can operate as a phase modulator in a fully background-
calibrated environment that was build based on the previously developed techniques.
To enable polar data signaling, the phase modulator needs to be complemented
by an amplitude modulator, typically implemented as a digital power amplifier
(DPA) in polar transmitters. The DPA is normally the most power hungry part of
a transmitter, hence maintaining its power efficiency is utmost importance. Highly
power-efficient DPAs are unfortunately prone to distortion. They typically exhibit
AM-to-AM nonlinearity and AM-to-PM cross-talk that can severely degrade the
output signal quality, increasing obviously the measured EVM. We make use of
such a DPA (inverse class-D DPA) within the devised Polar TX, however, instead
of simply cascading the DPA with the PLL, the DPA is in our system part of
the closed subsampling loop. This means that the phase-error detection happens
directly at the DPA output, instead of at the VCO output. The phase-error detector
becomes in this way additionally sensitive to the modulation amplitude. This feature
is exploited in two directions. First, since the AM signal accuracy can be tracked,
we propose mechanisms that enable background AM-to-AM distortion cancellation
by digital data predistortion. The second benefit is compression of AM-induced
PM since the DPA effectively becomes part of the phase lock that filters output-
referred errors. Thanks to the proposed environment which is capable of complete
and independent self-linearization in continuously changing environments (PVT
tracking), we demonstrate one of the first wireless polar architectures capable of
synthesizing a 1024-QAM constellation with <—41-dB EVM. The chip operates
with 2.5/10-MHz modulation bandwidths consuming approximately S0 mW (the
exact number depends on the desired output power) from a single 0.9-V supply
and from a single 40-MHz input clock reference. The newly proposed environment
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offers great spectral efficiency and an attractive solution for a low-cost bulk CMOS
wireless digital transmitter.

5.2 Contributions

This book is built around three IC prototypes in 28-nm bulk CMOS that push
limits of the art in digital frequency synthesis and polar transmitter design. Book
contributions are summarized below.

The first IC prototype (Chap. 2) implements a Digital-to-Time converter (DTC)-
based fractional-N subsampling PLL.

* We present how to enhance the low-jitter, divider-less PLL with a high-gain
subsampling phase-error detection core for fractional-N synthesis using a DTC.
A DTC is used as a phase modulator in the reference path of the PLL. The
block exploits time-domain rather than voltage-domain signal processing, with
very low quantization error excess and permits high (in-band) phase noise
performance.

*  We propose one of the first DTC implementations suitable for high-performance
frequency synthesis in advanced digital nodes. Special care has been dedicated
to the DTC linearity, phase noise performance, and supply noise rejection.

In the second IC prototype (Chap. 3), we propose a background-calibrated
environment that ensures pristine fractional-N PLL output spectrum.

* We analyze and reveal typical distortion mechanisms in a DTC-based fractional-
N frequency synthesizer.

*  We develop digital algorithms that can run in the background as the PLL operates
normally, to compensate for the nonlinearities in the phase comparison path
(DTC) by pure digital predistortion. In this way, the analog subsampling PLL
operates with virtually no performance gap between integer-N and fractional-N
modes.

* We present the first subsampling PLL-based frequency/phase modulator. Highly
accurate two-point phase injection is achieved thanks to the background-
calibrated environment.

In the third IC prototype (Chap. 4), we present a digitized DTC-based subsam-
pling PLL as part of a novel transmitter architecture, a digital subsampling polar
TX.

e We present how to digitize an analog DTC-based subsampling PLL without
compromise in phase noise performance and with all the benefits (area savings,
and loop control) of a digital loop.

e We develop a Polar TX that uses an amplitude modulator (DPA) within the
phase lock. The subsampling phase-error detection path becomes thus sensitive
to both, amplitude and phase errors. This enables inherent AM-to-PM cross-
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distortion compression. Moreover, we develop algorithms that use this property
for automatic background calibration of AM and PM distortion within the
loop. The developed system offers highly linear environment that permits very
complex modulation schemes and pristine output spectrum.

5.3 Future Outlook

There are several areas that can be explored to improve the presented material and
to build on top of it. A small summary of those is presented next.”

5.3.1 Lock Time Optimization in a Subsampling PLL

When the analog (Chaps. 2 and 3) or digital (Chap. 4) fractional-N subsampling
PLL operates in lock, it does not effectively discriminate between channels that
are integer-N apart. To cope with the issue, the systems make use of a frequency
acquisition loop with a dead zone. This loop runs in parallel to the subsampling
loop, ensuring that the VCO settles to the desired frequency before the phase lock
(subsampling) takes over. The dead zone is in our designs set to Trgr/2, where
Trer stands for the period of the reference clock. This means that the frequency
acquisition loop reacts only if the equivalent amount (Trgr/2) of phase error
between the input and the output gets accumulated. The gain of the frequency
error detector is set to higher values than the subsampling PD gain, so that it
overrules any information from the subsampling loop in the presence of a frequency
error. Once when the frequency is locked, the acquisition loop can be disabled.
Locking process has not however been optimized in the proposed designs. The
ratio of gains for optimal acquisition time, or dead-zone size optimization (potential
power vs. performance trade-off) are still areas that can be explored. Moreover,
an interesting aspect is PLLs behavior in the presence of a lost lock. Would it be
possible to find an alternative to the power-consuming frequency acquisition loop
so that the subsampling loop can operate independently? In the presented standalone
ICs, the frequency acquisition loop can be disabled since there is no pulling. This
scenario may change in situation where the PLL operates in the same environment
with, e.g., an instantaneously switching power circuit nearby. Resilience to these
effects (without necessity of running the frequency acquisition loop in parallel)
could be a great added feature to the described PLLs.

2Summarizing future work hopefully helps with letting go of the book writing, for the curse of ir
could always be better. .. is not an easy one to confront. I hope that the paragraphs written here
fall into a view of someone who can still get the opportunity to walk the paths that we had no time
for.
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5.3.2 Towards Higher Modulation Bandwidths and Better
Out-of-Band Noise Rejection

The presented phase modulators of Chaps. 3 and 4 operate at 10-MHz highest
modulation bandwidth. In an ideally matched two-point injection scheme, the phase
modulation bandwidth (and the highest data rate) is only limited by the modulating
DAC clock rate (Nyquist criteria), i.e., by the update speed with which the VCO
changes its operating frequency. In the presented designs, phase/frequency (and later
amplitude) modulation path operate at a 40-MHz reference clock rate. The 10-MHz
bandwidth is used as a value safely below the theoretical 20-MHz limit (FcrLk /2).

The ratio between Fcpx and Fyop (wWhere Fep g stands for the modulating DAC
clock rate and Fyop is the highest frequency component of the modulation data,
respectively) is also relevant with respect to the out-of-band noise rejection. As the
ratio increases, the rejection is improved, since higher order digital filtering (higher
number of the FIR shaping coefficients) can be enabled. Moreover, just as in the case
of any data converter, clocking at the higher rate pushes the (sinc filtered) aliases of
the original data to higher frequencies.

To increase the modulation speed, or to improve the out-of-band noise rejection,
the modulating DACs necessitate higher clock rate. This clock can be generated
by division from the VCO operating frequency or completely independently, by
reference frequency multiplication. In both cases, one can expect a raise in power
consumption (and potentially a drop in system efficiency), since more circuitry
needs to operate at higher speeds. Fortunately, since most of the described consump-
tion is digital, the degradation is expected to lower with advance of technology. The
former approach with VCO frequency division is easier with respect to added design
effort, however, special care needs to be taken since a modulated VCO output is
used to create the data clock. This lies in contrast to a simple situation when the
clock is derived from the constant reference input (by frequency multiplication), as
in the latter case. This approach has other negative aspects, for example, generating
an additional frequency reference comes at a cost of power and area consumption,
especially if extremely low jitter is targeted. Simply put, and additional PLL might
be needed to clock the original PLL.

In context of the proposed SSPTX architecture (see Chap. 4), an additional
issue that arises with increased modulation rate is the more pronounced AM-to-
PM distortion. The SSPTX is indeed mostly resilient to modulation bandwidth
increase since the principles of PM-to-PM and AM-to-AM calibration remain
intact. This unfortunately does not hold for AM-to-PM cross-distortion suppression,
since it mostly has effect within the PLL bandwidth (approximately 2.5 MHz). To
overcome this, in theory, similar principles as proposed in Sect. 4.3.2.2 for AM-
to-AM predistortion could be applied to overcome AM-to-PM. As discussed there,
the SSPTX uses the amplitude-modulating block within the loop. This means that
any AM-induced PM appears as a phase error within the system, at the PD output,
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correlated to the instantaneously used AM code.® This property can be used to
systematically track influence of the AM on the phase error. Similarly as in the case
of AM-to-AM distortion correction, this can be utilized to populate a predistortion
LUT that modifies the original PM data sent to the VCO so that it compensates
for the phase errors that are induced by the AM. With this algorithm enabled, the
SSPTX becomes a fully calibrated environment that tracks PVT variations, even at
large modulation bandwidths.

5.3.3 Towards Higher TX Efficiency

In Chap. 4, we present a novel polar TX architecture that is fully background
calibrated with respect to AM-to-AM, PM-to-PM, and potentially AM-to-PM
distortion (as discussed above). These benefits should enable a highly efficient
system that exploits a nonlinear, switched mode DPA. In the presented design,
we make use of a nonlinear, inverse-class D DPA for amplitude modulation. This
architecture can, in theory, be 100% efficient; however, it had not been optimized in
this proof of concept system for that purpose. An eventual redesign should involve
efficiency optimization that exploits the fact that the nonlinearities are background
calibrated at the system level. The overall optimization target can thus be the energy
efficiency of the system, i.e., the value in Joule’s per bit (that also grows with greater
modulation complexity).

5.3.4 Towards Other Modulation Schemes

The developed algorithms for digital-to-transmitted signal calibration are not
bound to any modulation principle and can be (in some form) applied to other
modulators. For example, the FNSSPLL-based phase-modulator could be used as
basis for a Frequency-Modulated Continuous Wave (FMCW) radar. This example
is highlighted on purpose since the radar applications are recently gaining on
importance [Yeol6, Wul4] with the extremely fast developments in the automotive
industry (and environment-aware or autonomous driving). In FMCW applications,
it is necessary to generate highly linear, several hundreds of MHz wide, slowly
changing (period in microseconds) frequency chirps. This is a very challenging
task in nonlinear capacitance-to-frequency conversion environments introduced
by the typical LC-based VCOs. In this case, it becomes useful to predistort the
modulation data, instead of investing effort into analog linearization techniques.
The proposed mechanisms (see Sect. 4.3.1) can readily be applied in this context—

3The effect becomes increasingly complex in the presence of memory effects, i.e., if the induced
error is not instantaneous but it depends on certain amount of previous AM samples.
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potentially reducing the necessary calibration time (background-calibrated instead
of measurement-based calibration) in changing environments (automotive is espe-
cially demanding with respect to PVT coverage). A note that must be taken here
is that the developed algorithms manipulate the digital data to achieve linear phase
response of the signal, while FMCW radars necessitate linear frequency response.
The modeling and predistortion principles should therefore be accordingly adjusted.
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